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Preface

In the past two decades, CMOS technology has rapidly embraced the field of analog inte-
grated circuits, providing low-cost, high-performance solutions and rising to dosinate the
market. While silicon bipolar and III-V devices still find niche applications, only CMQS
processes have emerged as a viable choice for the integration of today’s complex mixed-
signal systerns. With channel lengths projected to scale down to 0.03 um. CMOS technology
will continue to serve circuit design for probably another two decades.

Analog circuit design itself has evolved with the technology as well. High-voltage, high-
power analog circuits containing a few tens of transistors and processing smail, continuous-
time signals have gradually been replaced by low-voltage, low-power systems comprising
thousands of devices and processing large, mostly discrete-time signals. For example, many
analog techniques used only ten years ago have been abandoned becausz they do not lend
themselves to low-voltage operation.

This book deals with the analysis and design of analog CMOS integrated circuits, em-
phasizing fundamentals as well as new paradigms that students and practicing engineers
need to master in today’s industry. Since analog design requires both intuition and rigor,
each concept is first introduced from an intuitive perspective and subsequently treated by
carefui analysis. The objecrive is to develop both a solid foundation and methods of ana-
lyzing circuits by inspection so that the reader lears what approximations can be made in
which circuits and how much error to expect in each approximation, This approach also
enables the reader to apply the concepts to bipolar ¢ircuits with little additional effort.

[ have taught most of the material in this book both at UCLA and in industry, pelishing
the order, the format, and the content with every offering. As the reader will see throughout
the book, I follow four “golden rules™ in writing {and teaching): (1) 1 explain why the reader
needs to know the conceprt that is to be studied; (2) 1 put myself in the reader’s position
and predict the questions that he/she may have while reading the material for the first time;
{3) With Rule 2 in mind, [ pretend to know only as much as the (first-time) reader and
try 10 “grow” with him/her. thereby experiencing the same through process; (4) I begin
with the “core” concept in a simple (even imprecise) language and gradually add necessary
modifications to arrive at the final {precise) idea. The last rule is particularty important in
teaching circuits because it allows the reader to observe the evolution of a topology and
hence learn both analysis and synthesis,

" Thetextcomprises 18 chapters whose contents and order are caretully chosen to provide
a natural flow for both self-study and classroom adoption in quarter or semester systems.

ix



Preface

Unlike some other books on analog design, we cover only a bare minimum of MOS device
physics at the beginning, leaving more advanced properties and fabrication details for later
chapters. To an expert, the elementary device physics treatment may appear oversimplified,
but my experience suggests that (a) first-time readers simply do not absorb the high-order
device effects and fabrication technology before they study circuits because they do not
see the relevance; (b) if properly presented, even the simple treatment proves adequate for
a substantial coverage of basic circuits; (¢) readers learn advanced device phenomena and
processing steps much more readily affer they have been exposed to a significant amount
of circuit analysis and design.

Chapter 1 provides the reader with motivation for learning the material in this book.

Chapter 2 describes basic physics and operation of MOS devices.

Chapters 3 through 5 deal with single-stage and differential amplifiers and current mir-
rors. respectively, devetoping efficient analytical tools for quantifying the behavior of basic
circuits by inspection.

Chapters 6 and 7 introduce two imperfections of circuits, namely, frequency response
and noise. Noise is treated at an early stage so that it “sinks in” as the reader accounts for
its effects in subsequent circuit developments.

Chapters 8 through 10 describe feedback, operational amplifiers, and stablllty in feed-
back systems, respectively. With the useful properties of feedback analyzed, the reader
is motivated to design high-performance, stable op amps and understand the trade-offs
between speed, precision, and power dissipation.

Chapters 11 through 13 deal with more advanced topics: bandgap references, elemen-
tary switched-capacitor circuits, and the effect of nonlinearity and mismatch. These three
subjects are included here because they prove essential in most analog and mixed-signal
systems today.

Chapters 14 and 15 concentrate on the design of oscillators and phase-locked loops,
respectively. In view of the wide usage of these circuits, a detailed study of their behavior
and many examples of their operation are provided.

Chapter 16 is concermned with high-order MOS device effects and models. emphasizing
the circuit design implications. If preferred, this chapter can directty follow Chapter 2 as
well. Chapter 17 describes CMOS fabrication technology with a brief overview of layout
design rules.

Chapter | 8 presents the layout and packaging of analog and mixed-signal circuits. Many
practical issues that directly impact the performance of the circuit are described and various
techniques are introduced.

The reader is assumed to have a basic knowledge of electronic circuits and devices, e.g.,
pn junctions. the concept of small-signal operation. equivalent circuits. and simple biasing.
For a senior-level elective course, Chapters | through 8 can be covered in a quarter and
Chapters 1 through 10 in a semester. For a first-vear graduate course. Chapters | through
11 plus one of Chapters 12 through 15 can be taught in one quarter, and the first 16 chapters
in one semester.

The problem sets at the end of each chapter are designed to extend the reader’s un-
derstanding of the material and complement it with additional practical considerations. A
solutions manual is available for instructors.

Behzad Razavi
July 2000
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' Chapter 1

Introduction to Analog Design

1.1 Why Analog?

It was in the early 1980s that many experts predicted the demise of analog circuits. Digital
signal processing algorithms were becoming increasingly more powerful while advances
in integrated-circuit (IC) technology provided compact, efficient implementation of these
algorithms in silicon. Many functions that had traditionally been realized in analog form
were now easily performed in the digital domain, suggesting that, with enough capability in
IC fabrication, all processing of signals would eventually occur digitally. The future looked
quite bleak to analog designers and they were seeking other jobs.

But, why are analog designers in such great demand today? After all, digital signal
processing and IC technologies have advanced tremendously since the early 1980s, making
it possible to realize processors containing millions of transistors and performing billions
of operations per second. Why did this progress not confirm the earlier predictions?

While many types of signal processing have indeed moved to the digital domain,
analog circuits have proved fundamenrally necessary in many of today’s complex, high-
performance systems. Let us consider a few applications where it is very difficult or even
impossible to replace analog functions with their digital counterparts regardless of advances
in technology.

Processing of Natural Signals Naturally occurring signals are analog—at least at a
macroscopic level. A high-quality microphone picking up the sound of an orchestra gener-
ates a voltage whose amplitude may vary from a few microvolts to hundreds of millivolts.
The photocells in a video camera produce a current that is as low as a few electrons per
microsecond. A seismographic sensor has an output voltage ranging from a few microvolts. .
for very small vibrations of the earth to hundreds of miilivolts for heavy earthquakes. Since
all of these signals must eventually undergo extensive processing in the digital domain, we
observe that each of these systems consists of an analog-to-digital converter (ADC) and
a digital signal processor (DSP) [Fig. 1.1(w1]. The design of ADCs for high speed, high
precision, and low power dissipation is one of many difficult challenges in analog design.
In practice, the electrical version of natural signals may be prohibitively small {ur direct
digitization by the ADC. The signals are also often accompanied by unwanted, out-of-band
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Figure 1.1 (a) Digitization of a natural signal, (b) addmon of amphﬁca-
tion and filtering for higher sensitivity.

interferers. The front end of Fig. 1.1(a) may therefore be modified as shown in Fig. 1.1(b),
where an amplifier boosts the signal level and an analog filter suppresses the out-of-band
components. The design of high-performance amplifiers and filters is also a topic of active
research today.

Digital Communications Binary data generated by various systems must often be
transmitted over long distances. For example, computer networks in large office buildings
may transmit the data over cables that are hundreds of meters long.

What happens if a high-speed stream of binary data travels through a long cable? As
illustrated in Fig. 1.2, the signal experiences both attenuation and *“distortion,” no longer re-
sembling a digital waveform. Thus, a receiver similar to that of Fig. 1.1(b) may be necessary
here.

Lossy Cable
Vino—4 >—o Vour

=  Figure 1.2 Auentuation and distor-
tion of data through a lossy cable.

In order to improve the quality of commun.cation. the above system may mcorporate
“multi-level”—rather than binary—signals. For example. if, as shown in Fig. 1.3, every
two consecutive bits in the sequence are grouped and converted to one of four levels, then
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Figure 1.3 Use of multi-level signalling to reduce the re-
quired bandwidch.

each level is twice as long as a bit period, demanding only Aalf the bandwidth required for
transmission of the binary stream. Utilized extensively in today’s communication systems,
multi-level signals necessitate a digital-to-analog converter (DAC) in the transmitter to pro-
duce multiple levels from the grouped binary data and an ADC in the receiver to determine
which level has been transmitted. The key point here is that increasing the number of levels
relaxes the bandwidth requirements while demanding a higher precision in the DAC and
the ADC.

Disk Drive Electronics The data stored magnetically on a computer hard disk is in
binary form. However, when the data is read by a magnetic head and converted to an
electrical signal, the result appears as shown in Fig. 1.4. The amplitude is only a few
millivolts. the noise content is quite high, and the bits experience substantial distortion.

= U UL LT

Retrieved _MW—-NV\‘VVA +

Data | 2m
- 4
t

Figure 1.4 Data stored in and retrieved from a hard disk.

v

Thus, as illustrated in Fig. 1.1, the signal is amplified, filtered, and digitized for further
processing. Depending on the overall system architecture, the analog filter in this case may
in fact serve to remove a significant portion of the noise and the distortion of the signal. The
design of each of these building blocks poses great challenges as the speed of computers
and their storage media continues to increase every year. For example, today"s disk drives
require a speed of 500 Mb/s. ‘

Wireless Receivers The signal picked up by the antenna of a radio-frequency (RF)
receiver. e.¢.. a pager or a cellular telephone, exhibits an amplitude of only a few microvolts
and a center frequency of 1 GHz or higher. Furthermore, the signat is accompanied by large
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Interferers
Desired
Signal
/V\ Figure 1.5 Signal and interferers re-
ceived by the antenna of a wireless
f receiver.

interterers (Fig. 1.5). The receiver must therefore amplify the low-level signal with minimal
noise, operate at a high frequency, and withstand large unwanted components. Note that
these requirements are necessary even if the desired signal is not in “analog” form. The
trade-offs between noise, frequency of operation, tolerance of interferers. power dissipation,
and cost constitute the principal challenge in today’s wireless industry.

Optical Receivers For wransmission of high-speed data over very long distances, cables
generally prove inadequate because oﬂ'heir limited bandwidth and considerable attenuation.
Thus, as illustrated in Fig. 1.6, the data is converted to light by means of a laser diode and
transmitted over an optical fiber, which exhibits an extremely wide band and a very low

Opticai Fiber

Transmitter a ) Receiver

Photodiode

Laser Diode

Figure 1.6 Optical ﬁbér system,

loss. At the receive end, the light is converted to a small electrical current by a photodiode.
The receiver must then process a low-level signal at a very high speed, requiring low-noise,
broadband circuit design. For example, state-of-the-art optical receivers operate in the range
of 10 to 40 Gb/s.

Sensors Mechanical, electrical, and oprical sensors play a critical role in our lives. For
example. video cameras incorporate an array of photodiodes to convert an tmage to current
and ultrasound systems use an acoustic sensor to generate a voltage proportional to the
amplitude of the ultrasound waveform. Ampiification, filtering. and A/D conversion are
essential functions in these applications.

An interesting example of sensors is the accelerometers employed in automobiles to
activate air bags. When the vehicle hits an obstacle, the drop in the speed is measured as
acceleration and, if exceeding a certain threshold, it triggers the air bag release mechanism.
Modermn accelerometers are based on u variable capacitor consisting of a fixed plate and
a deflectable plate [Fig. 1.7(a)]. The deflection and hence the value of the capacitor are
proportional to the acceleration, requiring a circuit that accurately measures the change
in capacitance. The design of such intertace circuits is quite difficult because for typical
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Figure 1.7 (a) Simple accelerometer, (b) differential accelerometer.

accelerations, the interplate capacitance may change by less than 1%, demanding a high
precision in the measurement. [n practice, the structure of Fig. 1.7(b) is used to provide two
capacitors that change in opposite directions. reducing the task to the measurement of the
difference between two capacitances rather than the absolute value of one.

Microprocessors and Memories Today's microprocessors and memories draw upon
a great deal of analog design expertise. Many issues refated to the distribution and timing
of data and clocks across a large chip or among chips mandate that high-speed signals be
viewed as analog waveforms. Furthermore. nonidealities in signal and power interconnects
on the chip as well as package parasitics require a solid understanding of analog design.
In addition, semiconductor memores employ high-speed “sense amplifiers” extensively.
necessitating many analog techniques. For these reasons, it is often said “high-speed digital
design is in fact analog design.” o

The foregoing applications demonstrate the wide and inevitable spread of analog circuits
in modem industry. But. why is analog design difficult? We make the following obsecvations.
(1) Whereas digital circuits entail primarily one wrade-off between speed and power dissipa-
tion, analog design must deal with a multi-dimensional trade-off consisting of speed, power
dissipation, gain, precision, supply voltage. etc. (2) With the speed and precision required
in processing analog signals, analog circuits are much more sensitive to noise, crosstalk.
and other interferers than are digital circuits. {3) Second-order effects in devices influence
the performance of analog circuits much more heavily than that of digital circuits. (4) The
design of high-pecformance analog ctrcuits can rarely be automated, usually requiring that
every device be “hand-cratied.” By contrast. many digital circuits are automatically syn-
thesized and laid out. i3) Despite tremendous progress, modeling and simulation of many
effects in analog circuits continue to pose difficulties, forcing the designers to draw upon
expertence and intuition when analyzing the results of a simulation. (6) An important thrust
in today’s semiconductor industry is to design analog circuits in mainstream IC technolo-
gies used to fabricate digital products. Developed and characterized for digital appli_ations.
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such technologies do not easily lend themselves to analog design, requiring novel circuits §
and architectures to achieve a high performance.

1.2 Why Integrated?

The idea of placing multiple electronic devices on the same substrate was conceived in the§
late 1950s. Tu 40 vears. the technology has evolved from producing simple chips containing §
a handful of components to fabricating memories accommodating more than one billion
transistors as well as microprocessors comprising more than 10 million devices. As Gordon
Moore (one of the founders of Intel) predicted in the early 19705, the number of transistors
per chip has continued to double approximately every one and a half years. At the same §
time, the minimum dimension of transistors has dropped from about 25 un, 1n 1960 1o about §
0.18 wm in the vear 2000, resulting in a tremendous improvement in the speed of integrated
CIrcuits, __

Driven by primanly the memory and microprocessor market, integrated-circuit tech-
nologies hava also embraced analog design extensively, affording a complexity, speed. and §
precision that would be impossible to achieve using discrete implementations. Analog and 3
mixed analo2/digital integrated circuits containing tens of thousands of devices now rou- :
tinely appear in consumer products. We can no longer build a discrete prototype to predict §
the behavior and performance of modern analog circuits. '

1.3 Why CMOS?

The idea of metal-oxide-silicon field-effect transistors (MOSFETS) was patented by 1. E.
Lilienfeid in the earlv 1930s—well before the invention of the bipolar transistor, Owing
to fabricatioa limitations, however, MOS technologies became practical much later. in the
earty 1960s. with the first several generations producing only n-type transistors. It was in
the mid-1960s that complementary MOS (CMOS) devices (i.e., both n-type and p-type
transistors) were introduced, initiating a revelution in the semiconductor industry.

CMOS rechnologies rapidly captured the digital market: CMOS gates dissipated power
only during switching and required very few devices, two atributes in sharp contrast 10 |
their bipolar or GaAs counterparts. It was also soon discovered that the dimensions of
MOS devices could be scaled down more easily than those of other types of transistors.
Furthermore. CMOS circuits proved to have a lower fabrication cost.

The next obvious step was to apply CMOS technology 1o analog design. The low cost of
fabrication und the possibility of placing both analog and digital circuits on the same chip
5o as to improve the overall performance and/or reduce the cost of packaging made CMOS
technology attractive. However, MOSFETs were quite slower and noisier than bipolar tran-
sistors. finding limited application.

How did CMOS technology come to dominate the analog market as well? The principal
force was device scaling because it continued to improve the speed of MOSFETs. The
intrinsic speed of MOS transistors has increased by more than three orders of magnitude in
the past 30 vears. becoming comparable with that of b.polar devices even though the latter’
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have also been scaled (but not as fast). Multi-gigahertz analog CMOS circuits are now in
production.

1.4 Why This Book?

The design of analog circuits itself has evolved together with the technology and the per-
formance requirements. As the device dimensions shrink, the supply voltage of integrated
circuits drops, and analog and digital circuits are fabricated on one chip, many design issues
arise that were unimportant only a decade ago. Such trends demand that the analysis and
design of circuits be accompanied by an in-depth understanding of their advantages and
disadvantages with respect to new technology-imposed limitations.

Good analog design requires intuition, ngor, and creativity. As analog designers, we
must wear our engineer’s hat for a quick and intuitive understanding of a large circuit, our
mathematician's hat for quantifying subtle, yet important effects in a circuit, and our artist’s
hat for inventing new circuit topologies.

This book describes modern analog design from both intuitive and rigorous angles. It
also fosters the reader’s creativity by carefully guiding him/her through the evolution of
each circuit and presenting the thought process that occurs during the development of new
circuit techniques.

1.5 General Concepts
1.5.1 Levels of Abstraction

Analysis and design of integrated circuits often require thinking at various levels of ab-
straction. Depending on the effect or quantity of interest, we may study a complex circuit
at device physics level, transistor level, architecture level, or system level. In other words,
we may consider the behavior of individual devices in terms of their internal electric fields
and charge transport [Fig. 1.8(a)}, the interaction of a group of devices according to their
electrical characteristics [Fig. 1.8(b)], the function of several building blocks operating as
a unit [Fig. 1.8(c)], or the performance of the system in terms of that of its constituent
subsystems [Fig. 1.8(d)). Switching between levels of abstraction becomes necessary in
both understanding the details of the operation and optimizing the overall performance. In
fact, in today’s IC industry, the interaction between all groups, from device physicists to
svstem designers, is essential to achieving a high performance and a low cost. In this book,
we begin with device physics and develop increasingly more complex circuit topologies.

1.5.2 Robust Analog Design

Many device and circuit parameters vary with the fabrication process. supply voltage, and
ambient temperature. We denote these effects by PVT and design circuits such that their
performance remains in an acceptable range for a specified range of PVT varations. For
example, the supply voltage may vary from 2.7 V 10 3.3 V and the temperature from (°
to 70°. Robust analog design in CMOS technology is a challenging task because device
parameters vary significantly’from wafer to water.
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Figure 1.8 Abstraction levels in circuit design: (a) device level, (b) circuit level, (c) architecture level,
(d) system level.
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1.5.3 Notations

The voltages and currents in integrated circuits typically contain a bias component and a
signal component. While it is desirable to employ a notation that distinguishss between
these quantities, in practice other difficulties arise. For example, if the drain bias current of
a transistor is denoted by /p and the drain signal current by i p, then the Laplac: transform
of ip, Ip(s). may be confused with /p unless it is always accompanied by s. Furthermore,
it is confusing to write the low-frequency gain of a circuit as v, /vin = —gxRo and the
high-frequency gain as Vo / Vin = —gm Rp/(1 + RpCLs).

In this book, we denote most voltages and currents by uppercase letters, making it clear
from the context which component thev represent. For example, {5, Vs, and Vy denote
bias, signal. or bias+signal quantities. For input and output voltages, we use V., and Vo,
respectively.



Chapter 2

Basic MOS Device Physics

In studying the design of integrated circuits, one of two extreme approaches can be taken:
(1) begin with quantum mechanics and understand solid-state physics, semiconductor device
physics. device modeling, and finally the design of circuits; (2) treat each semiconductor
device as a black box whose behavior is described in terms of its terminal voltages and
currents and design circuits with little attention to the internal operation of the device.
Experience shows that neither approach is optimum. In the first case, the reader cannot
see the relevance of all of the physics to designing circuits, and in the second, he/she is
constantly mystified by the contents of the black box.

In today’s IC industry, a solid understanding of semiconductor devices is essential,
more so in analog design than in digital design because in the former, transistors are
not considered as simple switches and many of their second-order effects directly im-
pact the performance. Furthermore, as each new generation of IC technologies scales
the devices. these effects become more significant. Since the designer must often decide
which effects can be neglected in a given circuit, insight into device operation proves
invaluabte.

In this chapter, we study the physics of MOSFETs at an elementary level, covering
the bare minimum that is necessary for basic analog design. The ultimate goal is still
to develop a circuit model tor each device by formulating its operation. but this is ac-
complished with a good understanding of the underlying principles. After studying many
analog circuits in Chapters 3 through 13 and gaining motivation for a deeper understanding
of devices. we return to the subject in Chapter 16 and deal with other aspects of MOS
operation.

We begin our study with the structure of MOS transistors and derive their /'V char-
acteristics. Next, we describe second-order effects such as body effect, channel-length
modulation. and subthreshold conduction. We then identify the parasitic capacitances
of MOSFETSs, derive a small-signal model, and present a simple SPICE model. We as-
sume that the reader is familiar with such basic concepts as doping, mobility, and
pn junctions,
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2.1 General Considerations
2.1.1 MOSFET as a Switch

Before delving into the actual operation of the MOSFET, we consider a simplistic model of -
the device so as to gain a feeling for what the transistor is expected to be and which aspects -
of its behavior are important.

Shown in Fig. 2.1 is the symbol for an n-type MOSFET. revealing three terminals:
gate 1G), source (S). and drain (D). The latter two are interchangeable because the device is

Gate

_-l—_ Figure 2.1 Simple view of 1 MOS
Source ———' ——e Drain  device.

symmetric. When operating as a switch, the transistor “connects” the source and the drain
together if the gate voltage. Vi, is “high” and isolates the source and the drain if Vg is
“low.”

Even with this simplified view, we must answer several questions. For what value of
Vi does the device turn on? In other words, what is the “threshold™ voltage? What is the
resistance between S and D when the device is on (or off)? How does this resistance depend
on the rerminal voltages? Can we always model the path between S and D by a simple linear
resistor? What limiis the speed of the device?

While all of these questions arise at the circuit level, they can be answered only by
analvzing the structure and physics of the transistor.

2.1.2 MOSFET Structure

Fig. 2.2 shows a simplified stfucture of an n-type MOS (NMOS) device. Fabricated on a
p-type substrate (also called the “bulk” or the “body™), the device consists of two heavily-
doped n regions forming the source and drain terminals, a heavily-doped (conductive) piece

p—-substrate -

Figure 2.2 Srructure of a MOS device.



Sec. 2.1 General Considerations 11

of polvsilicon' (often simply called “poly’™) operating as the gate, and a thin layer of silicon
dioxide (8i0,) insulating the gate from the substrate. The useful action of the device occurs
in the substrate region under the gate oxide. Note that the structure is symmetnic with respect
to S and D.

The dimension of the gate along the source-drain path is called the leng:h. L. and that
perpendicular to the length is called the width, W. Since during fabricatior. the $/D junc-
tions “side-diffuse.” the actual distance between the source and the drain :s slightly less
than L. To avoid confusion. we write, L.gs = Lyrawn — 2Lp, where Ly is the “eftective™
length. Ly,awn is the total length,? and L is the amount of side diffusion. As we will see
later, L,;s and the gate oxide thickness, ¢,y, play an important role in the performance of
MOS circuits. Consequently. the principal thrust in MOS technology devzlopment is to
reduce both of these dimensions from one generation to the next without dsgrading other
parameters of the device. Ty pical values at the time of this writing are L.ss * 0.15 umand
Loy 2 30 f\ In the remainder of this book, we denote the effective length by L.

If the MOS structure is symmetric, why do we call one n region the source and the
other the drain? This becomes clear if the source is defined as the terminal that provides the
charge carriers (electrons in the case of NMOS devices) and the drain as the terminat that
collects them. Thus, as the voltages at the three terminals of the device vary, the source and
the drain may exchange roles. These concepts are practiced in the problems at the end of
the chapter.

We have thus far ignored the substrate on which the device is fabricated. In reality,
the substrate potential greatly influences the device characteristics. That is. the MOSFET
is a four-terminal device. Since in typical MOS operation the S/D junction diodes must
be reverse-biased, we assume the substrate of NMOS transistors is connectad to the most
negative supply in the system. For example, if a circuit operates between zero and 3 volts,
Vow.nsios = 0. The actual connection is usually provided through an ohmic p™ region, as
depicted in the side view of the device in Fig. 2.3.

1
N

p-substrate

Figure 2.3 Substrate connection.

In complementary MOS 1 CMOS) technologies, both NMOS and PMOS tunsistors are
available. From a simplistic view point. the PMOS device is obtained by nzgating all of

!Polx silicon is silicon in amorphous rmon-crystal) form. As explained in Chapter 17. when " gate silicon is
grown on top of the oxide. it cannot form a crystal.

>The subscript “drawn” is used because this is the dimension that we draw in the layout 3 the transistor
i Section 2 4.1 .
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the doping types (including the substrate) [Fig. 2.4(a)}, but in practice. NMOS and PMOS
devices must be fabricated on the same wafer, i.e., the same substwrate. For this reason, one
device type can be placed in a “local substrate,” usually called a “well.” In most of today's
CMOS processes, the PMOS device is fabricated in an n-well [Fig. 2.4(b)]. Note that the
n-well must be connected to a potential such that the S/D junction diodes of the PMOS
transistor remain reverse-biased under all conditions. In most circuits. the n-well is tied to
the most positive supply voltage. For the sake of brevity, we sometimes call NMOS and
PMOS devices “NFETs” and “PFETs.” respectively.

Fig. 2.4(b) indicates an interesting ditference between NMOS and PMOS transistors:
while all NFETSs share the same substrate. each PFET can have an independent n-well. This
Hexibility of PFETS is exploited in some analog circuits.

2.1.3 MOS Symbols

The circuit symbols used to represent NMOS and PMOS transistors are shown in Fig. 2.5.
The symbols in Fig. 2.5(a) contain all four terminals, with the substrate denoted by “B”
(bulk) rather than "'S™ to avoid confusion with the source. The source of the PMOS device
15 positioned on top as a visual aid because it has a higher potential than its gate. Since in
most circuits the bulk terminals of NMOS and PMOS devices are tied to ground and Vpy,
respectively, we usually omit these connections in drawing [Fig. 2.5(b1]. In digital circuits,
1t is customary to use the “switch™ symbels depicted in Fig. 2.5(c) for the tWo types, but we
prefer those in Fig. 2.5(b) because the visual distinction between S and D proves heipful in

I
|
(b
Figure 2.4 (a) Simple PMOS device, (b) PMOS inside an n-well.
understanding the operation of circuits.
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Figure 2.5 MOS symbols.

2.2 MOS I/V Characteristics

In this section, we analyze the generation and transport of charge in MOSFETs as a function
of the terminal voltages. Our objective is to derive equations for the 'V characteristics such
that we can elevate our abstraction from device physics level to circuit level.

2.2.1 Threshold Voltage

Consider an NFET connected to external voltages as shown in Fig. 2.6(a). What happens as
the gate voltage, Vg, increases from zero? Since the gate and the substrate form a capacitor,

-~
+0.1V = +0' v

w[o © © o 6l

+ e e e e‘@\?f
p-substrate - F p-substrate Negative lons
(a) (b)
-t
+0.1V
Icox
I
p-substrate N p-substrate Electrons

© {d
() @

Figure 2.6 (a) A MOSFET driven by a gate voltage, (b) formation of deplztion region, (c) onset of inversion. (d) formation

of inversion layer.
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as Vi becomes more positive, the holes in the p-substrate are repelled from the gate area,
leaving negative ions behind so as to mirror the charge on the gate. In other words, a
depletion region is created [Fig. 2.6(b)]. Under this condition, no current flows because no
charge carriers are available.

As Vg increases, so do the width of the depletion region and the potential at the oxide-
silicon interface. In a sense, the structure resembles two capacitors in series: the gate oxide
capacitor and the depletion region capacitor [Fig. 2.6(c}). When the interface potential
reaches a sufficiently positive value, electrons flow from the source to the interface and |
eventually to the drain. Thus, a “channel” of charge carriers is formed under the gate oxide
between S and D, and the transistor is “turned on.”” We also say the interface is “inverted.” !
The value of Vi; for which this occurs is called the “threshold voltage.” Vrg. If Vg rises
further, the charge in the depletion region remains relatively constant while the channel
charge density continues to increase, providing a greater current from S to D.

In reality, the turn-on phenomenon is a gradual function of the gate voltage, making it
difficult to define Vry unambiguously. In semiconductor physics, the V¢ g of an NFET is
usually defined as the gate voltage for which the interface is “as much n-type as the substrate
is p-type.” It can be proved [1] that?

Vi = bus + 205 + 22 (2.1)
Cox 5
where @y is the difference between the work functions of the polysilicon gate and the
silicon substrate, ®r = (kT /q) In(N;us/n:), g 18 electron charge, N, is the doping con-
centration of the substrate, Q. is the charge in the depletion region, and C,,, is the gate
oxide capacitance per unit area. From pn junction theory, Qu., = /4q€, | PF. Vo, where
¢;; denotes the dielectric constant of silicon. Since C,; appears very frequently in device
and circuit calculations, it is helpful to remember that for 1,, & 50 A, C,, ~ 6.9 {fF/um?.
The value of C,, can then be scaled proportionally for other oxide thicknesses.

In practice, the “native” threshold value obtained from the above equation may not be
suited to circuit design, e.g., Vry = 0 and the device does not turn off for Vg = 0. For
this reason, the threshold voltage is typically adjusted by implantation of dopants into the
channel area during device fabrication. in essence altering the doping level of the substrate
near the oxide interface. For example, as shown in Fig. 2.7, if a thin sheet of p~ is created,
the gate voltage required to deplete this region increases.

e s o o 2 2

Figure 2.7 Implantation of p*

p—substrate
dopants to alter the threshold.

The above definition is not directly applicable to the measurement of Vr . In Fig. 2.6(a),
only the drain current can indicate whether the device s “on™ or “off,” thus failing to reveal
at what V¢ the interface is as much n-type as the bulk is p-type. As a result, the calculation

*Charge trapping in the oxide is neglected here,
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of Vrg from I/V measurements is somewhat ambiguous. We return to this point later but
assume in our preliminary analysis that the device turns on abruptly for Vgs > Vry.

The tum-on phenomenon in a PMOS device is similar to that of NFETSs burt with all of
the polarities reversed. As shown in Fig. 2.8, if the gate-source voltage becomes sufficiently

-0y

Figure 2.8 Formation of inversion layver in a PFET.

negative, an inversion layer consisting of holes is formed at the oxide-silicon interface,
providing a conduction path between the source and the drain.

2.2.2 Derivation of I/'V Characteristics

In order to obtain the relationship between the drain current of a MOSFET and its termtinal
voltages. we make two observations.

First, consider a semiconductor bar carrying a current / [Fig. 2.9(a)]. If the charge density
along the direction of current is ; coulombs per meter and the velocity of the charge is
v meters per second, then )

[ =04 v (2.2)

To understand why, we measure the total charge that passes through a cross section of the
bar in unit time. With a velocity v, all of the charge enclosed in v meters of the bar must flow
through the cross section in one second [Fig. 2.9(b)]. Since the charge density is Q. the

total charge in v meters equals Q- v. This lemnma proves useful in analyzing semzconductor
devices.

v meters
- =

=

One second latar
{a) {b)

Figure 2.9 (a) A semiconductor bar carrying a current 7, (b snapshots of the carriers ane second
apart.
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Figure 2.10 Channel charge with (a) equal source and drain voltages, (b) unequal source and drain voitages.

Second, consider an NFET whose source and drain are connected to ground {Fig. 2.10(a)}.
What is the charge density in the inversion layer? Since we assume the onset of inversion
occurs at Vg5 = Vry, the inversion charge density produced by the gate oxide capacitance
is proportional to Vgs — Vry. For Vgs = Vry, any charge placed on the gate must be
mirrored by the charge in the channel. vielding a uniform channel charge density (charge
per unit length) equal to

Qs = W, (Vgs ~ Vra), (2.3)

where C,. is multiplied by W 1o represent the total capacttance per unit length.

Now suppose. as depicted in Fig. 2.10(b). the drain voltage is greater than zero. Since
the channel potential varies from zero at the source to Vp at the drain, the local voltage
difference between the gate and the channel varies from Vg to Vg — Vp. Thus, the charge
density at a point x along the channel can be written as

Qulx) = WC,  [Vgs — V(x) = Vryl, ‘ (24

where V(x)is the channel potential at x.
From (2.2). the current is given by

Ip = —WC, | Vgs — V() ~ Vrylv, (2.5)
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where the negative sign is inserted because the charge carriers are negative and v denotes
the velocity of the electrons in the channel. For semiconductors, v = p E. where u is the
mobility of charge carriers and E is the electric field. Noting that E(x) = —dV/dx and
representing the mobility of electrons by u,, we have

dVix)
dx
subject to boundary conditions V(0) = Oand V(L) = Vps. While V(x) can be easily found

from this equation, the quantity of interest is in fact 7p. Multiplying both sides by 4V and
performing integration, we obtain

Ip = WCo{Vgs — V(x) ~ Vrglu, (2.6)

L Vos
f Ipdx = WCoun[Vos — V(x) — VrgldV. (2.7)
x=0 V=0

Since Iy is constant along the channel:

W 1
Ip = iu-ncoxf [(Vcs ~ Vra)Vps — E‘Vés] . (2.8)

Note that L is the effective channel length.

Ioh

Triode Hgg!on

EE Z v
= - DS

[ l

7 % Figure 2.11 Drain current versus
£ & S

drain-source voltage in the triode region.

Fig. 2.11 plots the parabolas given by (2.8) for different values of Vg;. indicating that
the “current capability” of the device increases with V. Calculating 3/, /81 ps. the reader
can show that the peak of each parabola occurs at Vps = Vgs — Vry and the peak current is

| w
!D.nra.r = ;#RCO,\:"L"(VGS - VTH)Z- {29)

We call Vgs — Vry the “overdrive voltage™ and W/ L the “aspect ratio.” It Vs < Vg5 —
Vry. we say the device operates in the “triode region.”

+Sometimes called the “effective voltage.”
3This is also called the “linear region.”
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Equations (2.8) and (2.9) serve as the foundation for analog CMOS design, describing
the dependence of I upon the constant of the technology, £t,Co:, the device dimensions, W
and L, and the gate and drain potentials with respect to the source. Note that the integration
in (2.7) assumes u, and Vry are independent of x and the gate and drain voltages, an
approximation that we will revisit in Chapter 16.

If in (2.8), Vps « 2(Vgs — Vry). we have

w
Ip #ncon(VGS - Vru)Vps. (2.10)

that is, the drain current is a /inear function of Vps. This is also evident from the character-
istics of Fig. 2.11 for small Vpg: as shown in Fig. 2.12, each parabola can be approximated
by a straight line. The linear relationship implies that the path from the source to the drain
can be represented by a linear resistor equal to

|
Ron = (2.11)

7 )
UnCox Z(VGS ~ Vry)

A MOSFET can therefore operate as a resistor whose value is controlled by the overdrive
voltage [so long as Vps « 2(Vis — Vry)l. This is conceptually illustrated in Fig. 2.13.
Note that in contrast to bipolar transistors, a MOS device may be on even if it carries no

ID A VGSS

Figure 2.12 Linear operation in deep triode region.

G

_T_ Vas
s—JT p > s»—i‘—— D Figure2.13 MOSFET asacontrolled

linear resistor. -

current. With the condition Vpg « 2(Vgs — Vry), we say the device operates in deep triode
region.

Example 2.1

For the arrangement in Fig. 2.14(a), plot the on-resistance of M; as a function of V5. Assume
1aCox = 50 uAINV?. W/L = 10, and Vry = 0.7 V. Note that the drain terminal is open.
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i
VlG ROI’I
+ My
1V :
: 17V Vo
(a) (b)

Figure 2.14

Solution

Since the drain terminal is cpen, /p = 0 and Vps = 0. Thus, if the device is on. it operates in the
deep triode region. For Vg < IV + Vry, My isoffand Ry = o0. For Vg > 1 V + Vrpy, we have

1
T S0pA/VEX 10V ~ 1V =0TV)

(2.12)

Rf}ﬂ

The result is plotted in Fig. 2.14(b).

The utility of MOSFETs as controllable resistors and hence switches plays a crucial role
in many analog circuits. This is studied in Chapter 12.

What happens if in Fig. 2.11 the drain-source voltage exceeds Vs — Vrg? In reality,
the drain current does not follow the parabolic behavior for Vps > Vgs — Vryg. In fact,
as shown in Fig. 2.15, I becomes relatively constant and we say the device operates in
the “saturation” region.® To understand this phenomenon, recall from (2.4) that the local

ink .
o Saturation Region
— Vass
. Vasa
— ; Vasi
z E E Vo
S % X DS
Voo |
- o L]
2 3 3
» oy o=

Figure 2,15 Saturation of drain current.

6Note the difference between saturation in bipolar and MOS devices.
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Figure 2.16 Pinch-off behavior.

density of inversion layer charge is proportional to Vgs — V(x) — Vrg. Thus, if V(x)
approaches Vgs — Vry, then Q4(x) drops to zero. In other words, as depicted in Fig. 2.16,
if Vs is slightly greater than V55 — Vg, then the inversion layer stops at x < L, and we
say the channel is “pinched off.” As Vpy increases further, the point at which Q4 equals
zero gradually moves toward the source. Thus, at some point along the channel, the local
potential difference between the gate and the oxide-silicon interface is not sufficient to
support an inversion layer.

With the above observations, we re-examine (2.7) for a saturated device. Since Qy is
the density of mobile charge, the integral on the left-hand side of (2.7) must be taken from
x =0tox = L', where L’ is the point at which ¢ drops to zero, and that on the right from
Vix)=0to V{x) = Vgs ~ Vry. As aresult:

1
Ip = —u.C

> (VGS — Vru), (2.13)

ax LJ,

indicating that 7p is relatively independent of Vpg if L' remains close to L.
For PMOS devices, Eqs. (2.8) and (2.13) are respectively written as

% 1
Ip=—upC— {(Vcs — Vra)Vps — 5 Vos:l (2.14)
and
1 W
Ip = 2#;; ox T —(Vgs — Veu). (2.15)

The negative sign appears here because we assume /p flows from the drain (o the source,
whereas holes flow in the reverse direction. Since the mobility of holes is about one-half
to one-fourth of the mobility of electrons, PMOS devices suffer from lower “current drive”
capability.
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Figure 2.17 Saturated MOSFETs operating as current sources.

With the approximation L ~ L', a saturated MOSFET can be used as a current source
connected between the drain and the source (Fig. 2.17), an important component in analog
design. Note that the current sources inject current into ground or draw current from Vob.
In other words, only one terminal of each current source is “floating.”

Since a MOSFET operating in saturation produces a current in response to its gate-
source overdrive voltage, we may define a figure of merit that indicates how well a device
converts a voltage to a current. More specifically, since in processing signals we deal with
the changes in voltages and currents, we define the figure of merit as the change in the drain
current divided by the change in the gate-source voltage. Called the “transconductance”
and denoted by g,,, this quantity is expressed as:

ofp
9 VGS V DS .const.

-
= “ncox'i'(VGS — Vru). (2.17)

In a sense, g, represents the sensitivity of the device: for a high g,., a small change in
Vs results in a large change in /. Interestingly, g,, in the saturation region is equal to the
inverse of R,, in deep triode region.

The reader can prove that g, can also be expressed as

Bm = \, 2:“-!1Ca,t_L"ID (218!

> .
- (2.19)
Vos — Vry

Plotted in Fig. 2.18. each of the above expressions proves useful in studying the behavior
of g,, as a function of one parameter while other parameters remain constant. For example.
(2.17) suggests that g, increases with the overdtive if W/L is constant whereas (2.19) im-
plies that g,, decreases with the overdrive if /p, is constant. The concept of transconductance
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Vas— Vrn Io Vos— Vi
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Figure 2.18 MOS transconductance as a function of overdrive and drain current.

can also be applied to a device operating in the triodz region, as illustrated in the following
example.

- Example 2.2

For the arrangement shown in Fig. 2.19, plot the transconductance as a function of Vps.

’D[
Vb._l M-| VDS

Imh

Vo - ViH Vps

Figure 2.19

Solution

It is simpler to study gn as Vpg decreases from infinity. So long as Vps = Vp — Vry, My isin
saturation, /p is relativety constant, and, from (2.18), so is gm. For Vps < Vb — V14, M| isin the
triode region and:

2 1 W
&m = TVes li#ncax‘i_ [2(VGs ~ Vry)Vps — Vg)s” (2.20)
W
= p‘.nCm?VDg. (2.21)

Thus. as plotted in Fig. 2.19, the transconductance drops if the device enters the triode region. For
amplification, therefore, we usually employ MOSFETs in saturation.

The distinction between saturation and triode regions can be confusing, especially for
PMOS devices. Intuitively, we note that the channel is pinched off if the difference between
the gate and drain voltages is not sufficient to create an inversion layer. As depicted concep-
tually in Fig. 2.20, as Vg — Vpp of an NFET drops below Vry, pinch-off occurs. Similarly,
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Saturatlon Edge of Triode Region Saturation Edge of Triode Region
+
+ - o+ EI’THN
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$ * +
- [Vrup]

(a) ' (b)

Figure 2.20 Conceptual visualization of saturation and triode regions.

if Vp — Vi of a PFET is not large enough (< |Vrgpei), the device is saturated. Note that
this view does not require knowledge of the source voltage. This means we must know a
priori which terminal operates as the drain.

2.3 Second-Order Effects

Our analysis of the MOS structure has thus far entailed various simplifying assumptions,
some of which are not valid in many analog circuits. In this section, we describe three
second-order effects that are essential in our subsequent circuit analyses. Other phenomena
that appear in submicron devices are studied in Chapter 16.

Body Effect In the analysis of Fig. 2.10, we tacitly assumed that the bulk and the source
of the transistor were tied to ground. What happens if the bulk voltage of an NFET drops
below the source voltage (Fig. 2.21)? Since the S and D junctions remain reverse-biased,
we surmise that the device continues to operate properly but certain characteristics may

p-substrate ' - T V<0

Figure 2.21 NMOS device with negative bulk voltage.

change. To understand the effect, suppose Vs = Vp = 0, and Vi is somewhat less than
Vra so that a depletion region is formed under the gate but no inversion layer exists. As
Vg becomes more negative, more holes are attracted to the substrate connection, leaving a
larger negative charge behind, i.e., as depicted in Fig. 2.22, the depletion region becomes
wider. Now recall from Eq. (2.1) that the threshold voltage is a function of the total charge
in the depletion region because the gate charge must mirror Q4 before an inversion layer is
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Figure 2.22 Variation of depletion region charge with bulk voltage.

formed. Thus, as Vg drops and Q4 increases, Vry also increases. This is called the "body
effect” or the “backgate effect.”
It can be proved that with body effect:

Vru = Veuo + v (VI2®r + Vsal — V2051, @.2)

where Vryo is given by (2.1), v = /2g¢€:i Nsup/ Cox denotes the body effect coefficient,
and V3 is the source-bulk potential difference [1]. The value of ¥ typically lies in the range
of 0.3 t0 0.4 V1/2,

Example 2.3

In Fig. 2.23(a), plot the drain current if Vy varies from —o0 to 0. Assume Vrygo = 0.6V, y =04
V2 and 20F = 0.7 V. :

(a) 'b)

Figure 2.23

Solution

If Vi is sufficiently negative. the threshold valtage of M) exceeds 1.2V and the device is off. That is.

12V =0.6-+04 (\/0.7 — Vi — Y07} (2.23) -
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and hence Vy1 = —4.76 V. For Vx| < Vx < 0, Ip increases according to

1 w £ 72
Ip = sunCox 5 [VGS - Vruo—vy (\/2‘1’1-' -~ Vx - ﬁ‘I’F)] - (2.24)

Fig. 2.23(b) shows the resulting behavior.

For body effect to manifest itself, the bulk potential, V.5, need not change: if the source
voltage varies with respect to Vj,;, the same phenomenon occurs. For example, consider
the circuit in Fig. 2.24(a), first ignoring body effect. We note that as V;,, varies, V,,,, closely
follows the input because the drain current remains equal to /;. In fact, we can write

1—1 C W(v 1% Ve ) (2.25)
1—2#:1 o.rL i oul TH.) » .-

concluding that V;, — Vo, is constant if J, is constant [Fig. 2.24(b)].

At A

) Ic)

Figure 2.24 (a) A circuit in which the source-bulk voltage varies with input level, (b) input
and output voltages with no body effect, (¢) input and output voltages with body etfect.

-

Now suppose the substrate is tied to ground and body effect is significant. Then, as Vi,
and hence V,,, become more positive, the potential difference between the source and the
bulk increases, raising the value of Vry. Eq. (2.25) therefore implies that Vi, — Vj, must
increase so as to maintain [p constant [Fig. 2.24(c)]. :

Body effect is usually undesirable. The change in the threshold voltage, e.g.. as in
Fig. 2.24(a), often complicates the design of analog (and even digital) circuits. Device
technologists balance N;,; and C, to obtain a reasonable value for y.

Channel-Length Modulation In the analysis of channel pinch-off in Section 2.2, we
noted that the actual length of the inverted channel gradually decreases as the potential
difference between the gate and the drain increases. In other words, in (2.131. L" is in fact a
function of Vps. This effect is called “channel-length modulation.” Writing L' = L ~ AL,
ie.,1/L = (1 + AL/L), L. and assuming a first-order relationship between AL/L and
Vpssuchas AL/L = AVps. we have, in saturation,

1 W .
Ip ~ ;uucaxz—(VGs — Vra)y (1 + AVps), (2.26)
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Figure 2.25 Finite saturation region
= slope resulting from channel-length
Vos  modulation.

where A is the channel-length modulation coefficient. Illustrated in Fig. 2.25, this phe-
nomenon results in a nonzero slope in the Ip/Vps characteristic and hence a nonideal
current source between D and S in saturation. The parameter A represents the relative
variation in length for a given increment in Vpg. Thus, for longer channels, A is smaller.

With channel-length modulation, some of the expressions derived for g,, must be mod-
ified. Equations (2.17) and (2.18) are respectively rewritten as

w
8m = MHCOXZ(VGS — VruX1 + 2Vps). (2.27)
20, Co(W/LY
_ [ (W/L) D (2.28)
14+ AVps

while Eq. (2.19) remains unchanged.

Example 2.4

Keeping all other parameters constant, plot I'n/ Vps characteristic of a MOSFET for L = L, and
L=2L,.

Solution
Writing

1 w .
1o = 3itaCor (Vo5 ~ Vi)' (L +7.Vps) (2.29)

|
|

and & = 1/L, we note that if the length is doubled, the slope of Ip vs. Vps is divided by four because |
31p/8Vps o A/L & 1/L* (Fig. 2.26). For a given gate-source overdrive, a larger L gives a more

i -
o4 ~ L= L

»  Figure 2.26 Effect of doubling chan-
Vos  nel length. -

ideal current source while degrading the current capability of the device. Thus, W may need 10 be
increased proportionally.
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The linear approximation AL /L & Vpg becomes less accurate in short-channel transis-
tors, resulting in a variable slope in the saturated Ip/ Vpgs characteristics. We return to this
issue in Chapter 16.

The dependence of Ip upon Vps in saturation may suggest that the bias current of
a MOSFET can be defined by the proper choice of the drain-source voltage, allowing
freedom in the choice of Vgs — Vry. However, since the dependence on Vps is much
weaker, the drain-source voltage is not used to set the current. The effect of Vpgs on Ip is
usually considered an error and it is studied in Chapter 5.

Subthreshold Conduction In our analysis of the MOSFET, we have assumed that the
device turns off abruptly as Vg5 drops below Vrg4. In reality, for Vg = Viy, a “weak”
inversion layer still exists and some current flows from D to S. Even for Vg5 < Vry,
Ip is finite, but it exhibits an exponenrial dependence on Vg {2, 3). Called “subthreshold
conduction,” this effect can be formulated for Vps greater than roughly 200 mV as

Vs
Ip = Ipexp —, (2.30)
b 0 p;VT

where ¢ > 1 is a nomideality factor and V¢ = kT /g. We also say the device operates in
“week inversion.” Except for ¢, (2.30) is similar to the exponential /¢/ Vg relationship in
a bipolar transistor. The key point here is that as Vs falls below Vry, the drain current
drops at a finite rate. With typical values of ¢, at room temperature Vs must decrease
by approximately 80 mV for /p to decrease by one decade (Fig. 2.27). For example, if a

Square
Law
log/p &

9% Exponential /

2y

o

Q

@

u+ --------

ey —~— - Figure 2.27 MOS subthreshold char-
80 mv YTH Yas acteristics.

threshold of 0.3 V is chosen in a process to allow low-voltage operation, then when Vg is
reduced to zero. the drain current decreases by only a factor of 10*7°. Especiaily problematic
in large circuits such as memories, subthreshold conduction can result in significant power
dissipation {or loss of analog information).

It is appropriate at this point to return to the definition of the threshold voltage. One
definition is to plot the inverse on-resistance of the device R;n‘ = puC, (W/LWVgs— V)
as a function of Vs and extrapolate the result to zero, for which Vs = Vry. In rough
calculations, we often view Vr g as the gate-source voltage yielding Ip/ W = lpA/umin
saturation. For example, if a device with W = 100 pum operates with {p = 100 A itisin
the vicinity of the subthreshold region. This view is nonetheless vague, especially as device
length scales down in every technology generation.



28

Chap. 2 Basic MOS Device Physics

We now re-examine Eq. (2.18) for the transconductance of a MOS device operating in
the subthreshold region. Is it possible to achieve an arbitrarily high transconductance by
increasing W while maintaining /p constam? Is it possible to obtain a higher transconduc-
tance than that of a bipolar transistor (/¢ / Vr) biased at the same current? Equation (2.18)
was derived from the square-law characteristics fp = (1/2), Cox (W, L) Vs — 797
However, if W increases while [ remains constant, then Vs — Vg and the device enters
the subthreshold region. As a result, the transconductance is calculated from {2.30) to be
gm = Ip /(¢ Vr), revealing that MOSFETS are inferior to bipolar transistors in this respect,

The exponential dependence of Ip upon Vs in subthreshold operation may suggest
the use of MOS devices in this regime so as to achieve a higher gain. However, since
such conditions are met by only a large device width or low drain current, the speed of
subthreshold circuits is severely limited,

Voltage Limitations MOSFETSs experience various breakdown effects if their terminal
voltage differences exceed certain limits. At high gate-source voltages. the gate oxide breaks
down irreversibly, damaging the transistor. In short-channel devices. an excessively large
drain-source voltage widens the depletion region around the drain so much that it touches that
around the source, creating a very large drain current. (This effect is called “‘punchthrough.”)
Other limitations relate to “hot electron effects” and are described in Chapter 16.

2.4 MOS Device Models

2.4.1 MOS Device Layout

For the developments in subsequent sections, it is beneficial to have some understanding of
the layout of a MOSFET. We describe only a simple view here, deferring the fabrication
derails and structural subtleties to Chapters 17 and 18.

The layout of a MOSFET is determined by both the electrical properties required of the
device in the circuit and the “design rules” imposed by the technolog;-'. For example, W/L
is chosen to set tue transconductance or other circuit parameters, while the minimum L is
dictated by the process. In addition to the gate, the source and drain areas must be defined
properly as well.

Shown in Fig. 2.28 are the “bird eye’s view” and the top view of a MOSFET. The gate
polysilicon and the source and drain terminals are typically tied to metal raluminum) wires
that serve as interconnects with low resistance and capacitance. To accomplish this. one or
more “contact windows” must be opened in each region, filled with metal, and connected
to the upper metal wires. Note that the gate poly extends beyond the channel area by some
amount to ensure reliable definition of the “edge™ of the transistor.

The source and drain junctions play an important role in the performance. To minimize
the capacitance of S and D, the tota! area of each junction must be minimized. We see from

be large enough 10 accommedate the contact windows and is specified by the technology
design rules.’

“This dimension is typically three to four times the minimum allowable channel length.
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Channel
Area

1§
Wi Contact
- windows
- -
Ldrawn
(a) (b)
Figure 2.28 Bird’s eye and vertical views of a MOS device.
Example 2.5
Draw the layout of the circuit shown in Fig. 2.29(a).
E F E Aluminum
0 ;
E
A o—][L M, | 1 My
c
¢ t-: My M,
B o—] M, N
[ ] My
F
N
(a) (b}
Figure 2.29
Solution

Noting that My and M> share the same S/D junctions at node C and M3 and M3 also do so at node
N. we surmise that the three transistors can be laid out as shown in Fig. 2.29(b). Connecting the
remaining terminals, we obtain the layout in Fig. 2.29(c). Note that the gate polysilicon of M3 cannot
be directly tied to the source maierial of M. thus requiring a metal interconnect.

2.4.2 MOS Device Capacitances

The basic quadratic I/V relationships derived in the previous section along with corrections
for body effect and channel-length modulation provide a reasonable model for understand-
ing the “dc” behavior of CMOS circuits. In many analog circuits, however, the capacitances

associated with the devices must also be taken into account so as to predict the “‘ac” behavior

as well.
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s Figure 2,30 MOS capacitances.

We expect that a capacitance exists between every two of the four terminals of a MOSFET
(Fig. 2.30).! Moreover, the value of each of these capacitances may depend on the bias con-
ditions of the transistor. Considering the physical structure in Fig. 2.31(a), we identify the
following. (1) Oxide capacitance between the gate and the channel. C, = WLC,,; (2) De-
pletion capacitance between the channe] and the substrate, C; = WL./ge;N,up/ (3P F ),
(3} Capacitance due to the overlap of the gate poly with the source and drain areas, C; and
C4. Owing to fringing electric field lines, C3 and C4 cannot be simply written as W L p Coxs
and are usually obtained by more elaboiate calculations. The overlap capacitance per unit
width is denoted by C,,; (4) Junction capacitance between the source/drain areas and the
substrate. As shown in Fig. 2.31(b), this capacitance is usually decomposed into two compo-
nents: bottom-plate capacitance associated with the bottom of the junction, C;, and sidewall
capacitance due to the perimeter of the junction, Cj,,. The distinction is necessary because
different transistor geometries yield different area and perimeter vatues for the $/D junctions.
We typically specify C; and C,,, as capacitance per unit area and unit length, respectively.
Note that each junction capacitance can be expressed as C; = Cjo {1 + Vg/Pg]™, where
Vg 1s the reverse voltage across the junction, ® is the junction built-in potential, and m is
a power typically in the range of 0.3 and 0.4.

#The capacitance between S and D is negligible.

Inversion Depletion
p-substrate kayer Layer

(a} thy

Figure 2.31 (a) MOS device capacitances. (b) decomposition of S/D junction capacitance into bottom-plate and
sidewall components.
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Example 2.6
Calculate the source and drain junction capacitances of the two structures shown in Fig. 2.32.
Drain
Terminal M
w
2
Source
Terminal
(a) (b)
Figure 2.32
Solution
For the transistor in Fig. 2.32(a)}, we have
Cpp=Csg = WECI- -.—:’.(W+E)Cj5w, {(2.31)
whereas for that in Fig. 2.32(b),
W W
W W
Cspg =2 ?ECJ'%--(?-FE C”w (2.33)
= WEC'J--PE(W—EE}C_,-M. (2.34)

Called a “folded” structure, the geometry in Fig. 2.32(b} exhibits substantiallv less drain junction

capacitance than that in Fig. 2.32(a) while providing the same W/ L.

In the above calaculations, we have assumed tha: the total source or drain perimeter, 2(W + E),
is multiplied by C ;. In reality. the capacitance of ta¢ sidewall facing the channel may be less than
that of the other three sidewulls because of the charreal-stop implant (Chapter 7). Nonetheless, we
typically assume all four sides have the same unit capz:itance. The error resulting from this assumption
is negligible because each node in a circuit is connectzd to a number of other device capacitances as

well.
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Figure 2.33 Variation of gate-source and gate-drain capacitances versus Vgs.

We now derive the capacitances between terminals of a MOSFET in different regions of
operation. If the device is off, Csp = Cas = Cor W, and the gate-bulk capacitance consists
of the series combination of the gate oxide capacitance and the depletion region capac-
itance, i.e., Cgg = (WLC,x)Ca/(WLCs + Cy), where L is the effective length and
Cy = WL/qési Nop /(@D F). The value of Csp and Cpp is a function of the source and
drain voltages with respect to the substrate.

If the device is in deep triode region, i.e., if S and D have approximately equal volt-
ages, then the gate-channel capacitance, W LCyy, is divided equally between the gate
and source terminals and the gate and drain terminals. This is because a change AV in
the gate voltage draws equal amounts of charge from S and D. Thus, Cgp = C35 =
WLC, /2 + WCo.

If in saturation, 2 MOSFET exhibits a gate-drain capacitance of roughly WC,.. The
potential difference between the gate and the channel varies from Vg at the source to
Vos — Vry at the pinch-off point. resulting in a nonuniform vertical electric field in
the gate oxide along the channel. It can be proved that the equivalent capacitance of
this structure excluding the gate-source overlap capacitance equals 2W LCo. /3 {1]. Thus,
Cgs = 2W L5 Coi /3+WC,,. The behavior of Cop and Cgs in different regions of opera-
tion is plotted in Fig. 2.33. Note that the above equations do not provide a smooth transition
from one region of operation to another, creating convergence difficulties in simulation
programs. This issue is revisited in Chapter 16.

The gate-bulk capacitance is usually neglected in the triode and saturation regions be-
cause the inversion layer acts as a “shield” between the gate and the bulk. In other words,

if the gate voltage varies, the charge is supplied by the source and the drain rather than the
bulk.

Example 2.7

Sketch the capacitances of M) in Fig. 2.34 as Vy varies from zeroto 3 V. Assume Vry = 0.6V and
A=y = 0. “

Solution

To avoid confusion, we label the three terminals as shown in Fig. 2.34. For Vx = 0, M, is in the
triode region, Cey = Cegrp = (1/ QWL oy + WO, and Crp is maximum, The value of Cyvp is
independent of Vy. As Vy exceeds | V. the role of the source and drain is exchanged [Fig. 2.75a)],
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eventually bringing M) out of the triode region for Vy > 2V — 0.6 V. The variation of the capacitances
is plotted in Figs. 2.35(b) and {¢}.

2.4.3 MOS Small-Signal Model

The quadratic characteristics described by (2.8) and (2.9) along with the voltage-dependent
capacitances derived above form the large-signal mode! of MOSFETSs. Such a model proves
essential in analyzing circuits in which the signal significantly disturbs the bias points,
particularly if nonlinear effects are of concern. By contrast, if the perturbation in bias
conditions is small, a small-signal model, i.e., an approximation of the large-signal model
around the operating point, can be employed to simplify the calculations. Since in many
analog circuits. MOSFETS are biased in the saturation region, we derive the corresponding
small-signal model here. For transistors operating as switches, a linear resistor given by
(2.11) together with device capacitances serves as a rough small-signal equivalent.

We derive the small-signal model by producing a small increment in a bias point and
calculating the resulting increment in other bias parameters. Since the drain current Is a
function of the gate-source voltage, we incorporate a voltage-dependent current source
equal to g, Vs s [Fig. 2.36(a)]. Note that the low-frequency impedance between G and S is
very high. This is the small-signal model of an ideal MOSFET.

Owing to channel-length modulation, the drain current also varies with the drain-source
voltage. This effect can also be modeled by a voltage-dependent current source [Fig. 2.36(b)},
but a current source whose value linearly depends on the voltage across it is equivalent to

S 5 T WRWEEERITE e T
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Figure 2.36 (a) Basic MOS small-signal model, (b) channel-length modulation represented by a

dependent current source, (c) channel-length modulation represented by a resistor, (d) body effect

represented by a dependent current source.,

a linear resistor [Fig. 2.36(c)). Tied between D and S, the resistor is given by

8Vps

= 2.35
ro 3, (2.35)
= 1 (2.36)
"~ 3Ip/3Vps '
1

== (2.37)

—N-n (VGS - Vry)*-

1

v _ 2.38

e { )

As seen throughout this book, the output resistance, rp, impacts the performance of many
analog circuits. For example, rp limits the maximum voltage gain of most amplifiers.

Now recall that the bulk potential influences the thresheld voltage and hence the gate-
source overdrive, As demonstrated in Example 2.3, with all other terminals held at a constant
voltage, the drain current is a function of the bulk voltage. That is, the bulk behaves as a
second gate. Modeling this dependence by a current source connected between D and §
[Fig. 2.36(d}]. we write the value as g,,» Vs, where g.s = 31p/8Vgs. In the sawration
region, g, can be expressed as:

dlp
dVgs

Bmp = (239)
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w 8Vry
= ncox"“* V -V - . 2.40
H [ (Ves TH)( 3V35) ( )

We also have
Vru  9Vryg

= 241
dVgs dVspg ( )
= -2Qor+ Vi)™ (2.42)
Thus,
Bmb = Bm 4 (2.43)
2/2Pr + Vip
= NG, . {2.44)

where 1 = gn/8m. As expected, gn is proportional to y. Equation (2.43) also suggests
that incremental body effect becomes less pronounced as Vgp increases. Note that g, Vs
and g..» Vgs have the same polarity, 1.e., raising the gate voltage has the same effect as
raising the bulk potential.

The model in Fig. 2.36(d) is adequate for most low-frequency small-signal analyses. In
reality, each terminal of a MOSFET exhibits a finite ochmic resistance resulting from the resis-
tivity of the material (and the contacts), but proper layout can minimize such resistances. For
example, consider the two structures of Fig. 2.32, repeated in Fig. 2.37 along with the gate
distributed resistance. We note that folding reduces the gate resistance by a factor of four.

Figure 2,37 Reduction of gate resis-
fa) (b) tance by folding.

Shown in Fig. 2.38, the complete small-signal model includes the device capacitances
as well. The value of each capacitance is calculated according to the equations derived
in Section 2.4.2. The reader may wonder how a complex circuit is analyzed intuitively if
each transistor must be replaced by the model of Fig. 2.38. The first step is to determine
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the simplest device model that can represent the role of each transistor with reasonable
accuracy. We provide some guidelines for this task at the end of Chapter 3.

Example 2.8

Sketch gy and gpp of My in Fig. 2.39 as a function of the bias current /.

Im

Imb

(a) (b)
Figure 2.39

Solution

Since gm = 2unCoxlW/L)Ip, we have gn & //1. The dependence of gnp upon /) is less
straightforward. As /y increases, Vy decreases and so does Vsg. '

Unless otherwise stated, in this book we assume the bulk of all NFETs is tied to the most
negative supply (usuaily the ground) and that of PFETS to the most positive supply (usually
Vop).

2.4.4 MOS SPICE models

In order to represent the behavior of transistors in circuit simulations, SPICE requires
an accurate model for each device. Over the last two decades, MOS modeling has made
tremendous progress, reaching quite sophisticated levels so as to represent high-order vffects
in short-channel devices,




j Sec. 2.4 MOS Device Models 7

Table 2.1 Level 1 SPICE Models for NMOS and PMQOS Devices.

NMOS Model
LEVEL =1 VIO =07 GAMMA = 0.45 PHI =09
NSUB =9e+14 LD =0.08e-6 UO =350 LAMBDA = 0.1
TOX = 9e-9 PB=0.5 CJ = 0.56e-3 CJ5W = 0.35e-11
MJ = 0.45 MJSW = 0.2 CGDO =0.4e-9 JS=1.0e-8
PMOS Model
LEVEL =1 VIO = -0.8 GAMMA = 0.4 PHI=0.8
NSUB = 5e+14 LD =0.09e-6 UQ =100 LAMBDA = 0.2
TOX = %e-9 PE=09 CJ =0.94e-3 CJSW = 0.32e—11
M) =05 MJSW =03 CGDO =0.3—9 JS=05e-8

In this section, we describe the simplest MOS SPICE model, known as “Level 1,” and
provide typical values for each parameter in the model corresponding to a 0.5-um tech-
nology. Chapter 16 describes more accurate SPICE models. Table 2.1 shows the model
parameters for NMOS and PMOS devices. The parameters are defined as below:

VTO: threshold voltage with zero Vsg (unit: V)

GAMMA: body effect coefficient (unit: V1/2)

PHI: 2& £ (unit: V)

TOX: gate oxide thickness (unit: m)

NSUB: substrate doping (unit: cm~3)

LD: source/drain side diffusion {unit: m)

UQ: channel mobility (unit: cm?/V/s)

LAMBDA: channel-length modulation coefficient (unit: V1)

CJ: source/drain bottom-plate junction capacitance per unit area (unit: F/m>)
CISW: source/drain sidewall junction capacitance per unit length (unit: F/m)
PB: source/drain junction built-in potential (unit: V)

M1I: exponent in CJ equation (unitless)

MISW: expenent in CJSW equation (unitless)

CGDO: gate-drain overlap capacitance per unit width (unit: F/m)

CGSO: gate-source overlap capacitance per unit width (unit: F/m)

JS: source/drain leakage current per unit area (unit: A/m?)

2.4.5 NMOS versus PMOS Devices

In most CMOS technologies, PMOS devices are quite inferior to NMOS transistors. For
example, due to the lower mobility of holes, u,Coy = 0.254,Coy in modern processes.
yielding low current drive and transconductance. Moreover, for given dimensions and bias
currents. NMOS transistors exhibit a higher output resistance, providing more ideal current
sources and higher gain in amplifiers. For these reasons, it is preferred to incorporate NFETs
rather than PFETs wherever possible.
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2.4.6 Long-Channel versus Short-Channel Devices ;
In this chapter, we have employed a very simple view of MOSFETSs so as to understand ;
the basic principles of their operation. Most of our treatment is valid for “long-channel”
devices, e.g., transistors having a minimum length of about 4 zm. Many of the relationships
derived here must be reexamined and revised for short-channel MOSFETs. Furthermore,
the SPICE models necessary for simulation of today’s devices need to be much more sophis-
ticated than the Level I model. For example, the intrinsic gain. g,,ro, calculated from the
device parameters in Table 2.1 is quite higher than actual values. These issues are studied
in Chapter 16.

The reader may wonder why we begin with a simplistic view of devices if such a view
does not lead to a high accuracy in predicting the performance of circuits. The key point is
that the simple model provides a great deal of intuition that is necessary in analog design. As
we will see throughout this book, we often encounter a trade-off between intuition and rigor,
and our approach is to establish the intwition first and gradually complete our understanding
so as to achieve rigor as well,

Appendix A: Behavior of MOS Device as a Capacitor

In this chapter, we have limited our treatment of MOS devices to a basic level. However, the
behavior of a MOSFET as a capacitor merits some attention. Recall that if the source, drain,
and bulk of an NFET are grounded and the gate voltage rises, an inversion layer begins to
form for Vgs &~ Vry. We also noted that for 0 < Vg5 < Vry, the device operates in the
subthreshold region.

Now consider the NFET of Fig. 2.40. The transistor can be considered a two-terminal

—O+ Vg<0

Vg

A

p-substrate Holes Figure .2.40 NMOS operating in ac-
cumulation mode.

device and hence its capacitance can be examined for difterent gate voltages. Let us be-
gin with a very negarive gate-source voltage. The negative potential on the gate attracis
the holes in the substrate to the oxide interface. We sayv the MOSFET operates in the
“accumulation” region. The two-terminal device can be viewed as a capacitor having a
unit-area capacitance of C,, because the two “plates™ of the capacitor are separated by
foy-

As Vg rises, the density of holes at the interface falls, a depletion region begins to form
under the oxide, and the device enters weak iaversion. In this mode, the capacitance consists
of the series combination of C, and Cy,,. Finally, as Vgg exceeds Vry, the oxide-silicon
interface sustains a channel and the unit-area capacitance returns to C,,. Figure 2.41 ptots
the behavior.
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: characteristic of an NMOS device,

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary.

LRI G- e T

2.1, For W/L = 50/0.5, plot the drain current of an NFET and a PFET as a function of |Vs| as
|Vgs| varies from 0 to 3 V. Assume {Vpgs| =3 V.

LR T T

22, ForW/L =50/0.5,and |/p| = 0.5 mA, calculate the transconductance and output impedance
of both NMOS and PMOS devices. Also, find the “intrinsic gain,” defined as g, ro.

2.3. Derive expressions for g, ro in terms of Ip and W/L. Plot g7 as a function of fp with L
as a parameter, Note that A « [/L.

2.4, Plot Ip versus Vg for an MOS transistor (a) with Vpg as a parameter, (b) with Vgs as a
parameter. Identify the break poinis in the characteristics.

2.5. Sketch Ix and the transconductance of the transistor as a function of Vy for each circuit in
Fig. 2.42 as Vy varies from 0 to Vpp. For part (a), assume Vy varies fromOto 1.5 V.

Figure 2.42
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. Sketch Vy as a function of time for euch circuit in Fig. 2.48. The initiz] voltage of each capacitor
. Sketch Vy as afunction of time for each cirenit in Fig. 2.49. The initia] voliage of each capacitor

. The transit frequency, fr, of a MOSFET is defined as the frequency at which the small-signal
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Figure 2.43

Sketch Iy and the transconductance of the transistor as a function of Vy for each circuit iy
Fig. 2.43 as Vy vanes from 010 Vpp.

Sketch Vyur as a function of V4, for each circuit in Fig. 2.44 as V;, varies from 0 to Vpp.
Sketch Vpyr as a function of V;, for each circuit in Fig. 2.45 as V;, varies from 0 to Vpp.

Sketch Vy and Iy as a function of time for each circuit in Fig. 2.46. The initial voltage of C;
isegual o 3 V.

Sketch Vx and /x as a function of time for each circuit in Fig. 2.47. The initial voltages of C
and Cy are equal to 1 V and 3 V, respectively.

is shown.
is shown.

current gain of the device drops to unity while the source and drain terminals are held at ac
ground.
(a} Prove that

_ Bm
21(Cgp + Cis)

(2.45)

Note that f7 does not include the effect of the $/D junction capacitance.
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(a) (b (©)

Figure 2.45

{b) Suppose the gate resistance. Rg, is significant and the device is modeled as a distributed

ic)

set of n transistors each with a gate resistance equal to Rg/n. Prove that the fr of the
device is independent of Rg and still equal to the value given above.

For a given bias current, the minimum allowable drain-source voltage for operation in
saturation ¢an be reduced only by increasing the width and hence the capacitances of the
transistor. Using square-law characteristics, prove that

_ Mn Vo5 —Vryg

fr= =

(2.46)

This relation indicates how the speed is limited as a device is designed to operate with
lower supply voltages.



42

2.14.

2.15.

2.16.

Chap. 2 Basic MOS Device Physics

fx v M1 VDD
x Vpe—] * Ix
VbH M1 I C1 VX
T T I 2
(a) (b} T @
Figure 2.46
Ix Ix
Vx Vx

I I

(b) : (c)

Figure 2.47

Calculate the fr of a MOS device in the subthreshold region and compare the result with those
obtained in Problem 2.13.

For a saturated NMOS device having W = 50 um and L = 0.5 gm, calculate all of the
capacitances, Assume the minimum (lateral) dimension of the $/D areas is 1.5 gum und the
device is folded as shown in Fig. 2.32(b). What is the f7 if the drain current is 1 mA”~

Consider the structure shown in Fig, 2.50. Determine fp as a function of Vg and Vips and
prove that the structure can be viewed as a single transistor having an aspect ratio Wi 2L),
Assume 7. = y = (. -

. For an NMOS device operating in saturation. plot W/ L versus V;5s — Vry it (a) [ p is constant.

{b} g.» is constant.
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Figure 2.49
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2.18. Explain why the structures shown in Fig. 2.51 cannot operate as current sources even though
the transistors are in saturatien.

I 2

[

(a) ) Figure 2.51

2.19. Considering the body effect as “backgate effect,” explain intuitively why y is directly propos-
tional to +/ Ng,p and inversely proportional to C.

2.20. A “ring” MOS structure is shown in Fig. 2.52. Explain how the device operates and estimate
its equivalent aspect ratio. Compare the drain junction capacitance of this structure with that
of the devices shown in Fig. 2.32.

Gate

w Figure 2.52

2.21. Suppose we havereceived an NMOS transistor in a package with four unmarked pins. Describe
the minimum number of dc measurement steps using an ochmmeter necessary o determine the
gate, source/drain, and bulk terminals of the device. N

2.22. Repeat Problem 2.21 it the tvpe of the device (NFET or PFET} is not known.
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2.23, For an NMOS transistor, the threshold voltage is known but 2, C,y and W/L are not. Assume
4 = y = 0. If we cannot measure C,, independently, is it possible to devise a sequence of
dc measurement tests to determine g, Copr and W/L? What if we have two transistors and we
know one has twice the aspect ratio of the other?

2.24, Sketch Iy versus Vyx for each of the composite structures shown in Fig. 2.53 with Vg as o
parameter. Also, sketch the equivalent transconductance. Assume A =y = (.

Figure 2.53

2.25. An NMOS current source with /p = 0.5 mA must operate with drain-source voltages as low as
0.4 V. If the minimum required output impedance is 20 k€2, determine the width and length of
the device. Calculate the gate-source, gate-drain, and drain-substrate capacitance if the device
is folded asin Fig. 2.32 and £ = 3 pum.

2.26. Consider the circuit shown in Fig, 2.54, where the initial voltage at node X is equal to Vpp.
Assuming A = y = 0 and neglecting other capacitances, plot ¥y and Vy versus time if {a)
Vin is a positive step with amplitude Vo > Vry, (b} Vi, 18 a negative step with amplitude

Vo = Vra.
%»VDD
c, .
Y 2
{—Vin

2.27. An NMOS device operating in the subthreshold region has a Z of 1.5. What variation in Vgg
results in a ten-fold change in f5? If Ip = 10 nA, whatis g, 7

2.28. Consider an NMOS device with Vg = 1.5 V and V¢ = 0. Explain what happens if we
continually decrease Vp below zero or increase Vs, above zero.

€y

—i

Figure 2.54
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Chapter 3

Single-Stage Amplifiers

Amplification is an essential function in most analog (and many digital) circuits, We amplify
an analog or digital signal because it may be too small to drive a load, overcome the noise
of a subsequent stage. or provide logical levels to a digital circuit. Amplification also plays
a critical role in feedback systems (Chapter 8).

In this chapter, we study the low-frequency behavior of single-stage CMOS amplifiers.
Analyzing both the large-signal and the small-signal characteristics of each circuit, we -
develop intuitive techniques and models that prove useful in understanding more complex
systems. An important part of a designer’s job is to use proper approximations so as to
create a simple mental picture of a complicated circuit. The intuition thus gained makes
it possible to tormulate the behavior of most circuits by inspection rather than by lengthy
calculations.

Following a brief review of basic concepts, we describe in this chapter four types of
amplifiers: common-source and common-gate topologies, source followers, and cascode
configurations. In each case, we begin with a simple model and gradually add second-order
phenomena such as channel-length modulation and body effect.

3.1 Basic Concepts

The input-output characteristic of an amptlifier is generally a nonlinear function (Fig. 3.1)
that can be approximated by a polynomial over some signal range:

v(r) =y 4+ onx(t) + Gax (1} 4+ — oy X(t) x) <X < X, (3.1

The input and output may be current or voltage quantities. For a sufficiently narrow range
of v,

y(1) = ag + oy xie), (3.2

where &g can be considered the operating (bias) point and «; the small-signal gain. So
long as oy x(f) <« ap. the bias point is disturbed negligibly, (3.2) provides a reascnable

47
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» Figure3.1 Input-outputcharacteristic
X4 X2 X of a nonlinear system.

b

approximation, and higher order terms are insignificant. In other words, Ay = o) Ax,
indicating a linear relationship between the increments at the input and output. As x(1)
increases in magnitude, higher order terms manifest themselves, leading to nonlinearity
and necessitating large-signal analysis. From another point of view, if the slope of the
characteristic (the incremental gain) varies with the signal level, then the system is nonlinear.
These concepts are described in detail in Chapter 13.

What aspects of the performance of an amplifier are importam? In addition to gain and
speed, such parameters as power dissipation, supply voltage, linearity, noise, or maximum
voltage swings may be important. Furthermore, the input and output impedances determine
how the circuit interacts with preceding and subsequent stages. In practice, most of these
parameters trade with each other, making the design a multi-dimensional optimization
problem. 1Tlustrated in the “analog design octagon” of Fig. 3.2, such trade-offs present many
challenges in the design of high-performance amplifiers, requiring intuition and expertence
to arrive at an acceptable compromise.

Noise —a———=Linearity

. o I
" . o
" P LI
. L 0 A
" . ¥
. : !
0 3 [
- . v +
’ .

Power

Dissipation % 4 L. G&D
input/Output ,---':’:::.,,:" kY * Supply
Impedance Voltage
Voltage
Speed ;
P _ Swings Figure 3.2 Analog design octagon.

3.2 Common-Source Stage

3.2.1 Common-Source Stage with Resistive Load

By virtue of its transconductance, a MOSFET converts variations in its gate-source voltage
to a smail-sienal drain current, which can pass through a resistor to generate an output
voltage. Shown in Fig. 3.3(a), the common-source (CS) stage performs such an operation.
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Figure 3.3 (a) Common-source stage. (b) input-output characteristic, (c) equivalent
circuit in deep triode region, (d) small-signal model for the saturation region.

We study both the large-signal and the small-signal behavior of the circuit. Note that the
input impedance of the circuit is very high at low frequencies.

If the input voltage increases from zero. M, is off and V,,,, == Vpp [Fig. 3.3(b)]. As V3,
approaches Vry, M, begins to turn on, drawing current from Rp and lowering V,,,. If Vpp
is not excessively low, M, turns on in saturation. and we have

. 1 W \ )
vaul = VDD - RD Eﬂ-nco.r I(vm - VTH) ) {3-3]

where channel-length modulation is neglectad. With further increase in Vi, V., drops more
and the transistor continues to operate in saturation until V;, exceeds V., by Vry [point 4
in Fig. 3.3(b)]. At this point,

W

Vi — Vrag = Vpp — RDE.UHC(JX_E(VI'RI — Vra ), (3.4

from which Vi, — Vry and hence V,,, can be calculated.
For Vi, > Vi, M) is in the triode region:

! W 5 -
Vour = Vpp - RDE#HCU.\‘? [26Viy = Vra)Vou =V, 1. (3.5

el
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If V;,, is high enough to drive M, into decp triode region, Vou & 2(Vin — Vrp), and, from §
the equivalent circuit of Fig. 3.3(c),
RUH

, Vo = Ve 3.6
' DD R (3.6)

= Vop (3.7)

W '
1+ Cox 'E RptV, — Vi)

Since the transconductance drops in the triode region, we usually ensure that V,,, >
V.. — Vry, operating to the left of point A in Fig. 3.3(b). Using (3.3) as the input-output
characteristic and viewing its slope as the small-signal gain, we have:

A = 8 Vour (3.8)
v 8v|‘n ‘
W r
= “RD#r:CoxT("m — Vru) (3.9)
= —gnRo. (3.10)

This result can be directly derived from the observation that M; converts an input volt-
age change AV, to a drain current change gmAVi,, and hence an output voltage change
—gm RpAVi,. The small-signal model of Fig. 3.3(d) yields the same result.

Even though derived for small-signal operation. the equation A, = —gu Rp predicts
certain effects if the circuit senses a large signal swing. Since g, itself varies with the
input signal according to gm = ta Cor(W/LYVgs — Vry), the gain of the circuit changes
substantiaily if the signal is large. In other words, if the gain of the circuit varies significantly
with the signal swing, then the circuit operates in the large-signal mode. The dependence
of the gain upon the signal level leads to nonlinearity (Chapter 13), usually an undesirable
etfect.

A key result here is that to minimize the nonlinearity, the gain equation must be a weak
function of signal-dependent parameters such as g.. We present several examples of this
concept in this chapter and in Chapter 13.

Example 3.1

Sketch the drain current and transconductance of M) in Fig. 3.3(a) as a function of the input voliage.
Solution

The drain current becomes significant for Vi, > Vry. eventually approuching Vpp/ Rp if Rontl &
Rp (Fig. 3.4(a)). Since in saturation, g, = My Co(W/L1 Vi, — Vry), the transconductance begins
to fise for Vi, > Vry. In the triode region, gn = wnC.o(W/L)Vps, falling as Vi, exceeds Vini
[Fig. 3.4(b)].

How do we maximize the voltage gain of a common-source stage? Whting (3.10) as

W Vo
Av='— 2 nCn.r_f T ) 311
H 7o T _ ( )
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where Vg p denotes the voltage drop across Rp, we have

Ay = =/ 2p4 Cox LT (3.12)
Thus, the magnitude of A, can be increased by increasing W/L or Vg p or decreasing /p 1f
other parameters are constant. It is important to understand the trade-offs resulting from this
equation. A larger device size leads to greater device capacitances, and a higher Vgp limits
the maximum voltage swings, For example, if Vpp — Vap = Vip — V7, then M, is at the
edge of the triode region, allowing only very small swings at the output (and input). If Vip
remains constant and /p is reduced, then Rp must increase, thereby leading to a greater
time constant at the output node. In other words, as noted in the analog design octagon,
the circuit exhibits trade-offs between gain, bandwidth. and voltage swings. Lower supply
voltages further tighten these trade-offs.

For large values of R p, the effect of channel length modulation in M, becomes significant.
Modifying (3.4) to include this effect,

1 w
vmu’ = VDD - RDE#HCuxE(VfH - VTH)z(l + A‘VOM)’ (313)
we have
avmn‘ W
v = -—R;);L,,Coxz(vm ~ V)1 + AVou)
1 W aV,
—Rp= nC x L V -V 2;\-_95"['- l3l4
1)2)‘.4'« o L( in TH) anu )

Using the approximation fp = (1/2)p, Cox (W/ L)V, — Vry)?, we obtain:

Ay = —Rpgm — RplprAy (3.15)
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and hence

Auz__ﬂﬁﬁ__ (3.16)
| + RD;‘.[D

Since Alp = 1/rp,

‘;R ’
Ay = —gn—2t2 G3.17)
ro— Rp

The small-signal model of Fig. 3.5 gives the same result with much less affort. That is, since

+ * + © VOUt .
+
Vi v Im¥h =, R
o é— - " o b Figure 3.5 Small-signal model of CS
B — - stage including the transistor output re-

sistance.

Em Vl(rOHRD) = _Vam‘ and VI - Vm, we have Vum/Vr'n = _gm(rO “RD) Note that! as
mentioned in Chapter 1, V;,,, V4, and V,,, in this figure denote small-signal quantities.

Example 3.2

Assuming M in Fig. 3.6 is biased in saturation, calculate the small-signal voltage gain of the circuit.
Voo
1
Vout

Vino_l M‘I -

= Figure 3.6

Solution

Since /) introduces an infinite impedance, the gain is limited by the output resistance of My
Ay = —gmta. (3.18)

Called the “intrinsic gain” of a transistor, this quantity represents the maximum voliage gain that can
be achieved using a single device. In today’s CMOS technology. g.,ro of short-channe! devices s
between roughly 10 and 30. Thus, we usually assume 1 g, < ro.

In Fig. 3.6, Kirchhoff’s current law (KCL.) requires that /) = /;. Then, how can V;, change the
current of M| if [} is constant? Writing the total drain current of My as

I hl
IDI = ?M::Cn.r(‘/m — Vrxr(l + ;\Vom) (319)

= I, (3.20)
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we note that Vi, appears in the square term and V,,; in the linear term. As V;,, increases, Vg, must
decrease such that the product remains constant. We may nevertheless say “Ip) increases as Vi,
increases.” This statement simply refers to the quadratic part of the equation.

3.2.2 CS Stage with Diode-Connected Load

In many CMOS technologies, 1t 15 difficult to fabricate resistors with tightly-controlled
values or a reasonable physical size (Chapter 17). Consequently, it i1s desirable to replace
Rp in Fig. 3.3(a) with a MOS transistor.

A MOSFET can operate as a small-signal resistor if its gate and drain are shorted
[Fig. 3.7(a)]. Called a “diode-connected” device in analogy with its bipolar counterpart,

] g

+

+
{ Vi CI)ng1 Zro W

(a) (b}

Figure 3.7 (a) Diode-connected NMOS and PMOS devices, (b) small-
signal equivalent circuit.

this configuration exhibits a small-signal behavior similar to a two-terminal resistor. Note
that the transistor is always in saturation because the drain and the gate have the same
potential. Using the small-signal equivalent shown in Fig. 3.7(b) to obtain the impedance
of the device, we write V| == Vy and I'y = Vy/ro + 2. Vy. That is, the impedance of the
diode is simply equal to (1/g.)llro = 1/g,. If body effect exists, we can use the circuit in
Fig. 3.8 to write V| = —Vx, Vp; = —Vx and

Voo i —iu
' v V, = gruV
......... i 1 ) Cégm 1 Erg (‘1@ mb ¥bs

(a) {b)

Figure 3.8 (a) Arrangement for measuring the equivalent resistance of a diode-
connected MOSFET, (b) small-signal equivalent circuit.

Vx
(gm + gmb)VX + r_ - !(X- (321}
0
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It follows that

Yx _ ' (3.22)
[X Em +gmb+f51
)|
- (3.23)
Em + Emb ?
1
~ (3.24)

Em + Sk ’

Interesungly, the impedance seen at the source of M is lower when body effect is included.
Intuitive explanation of this effect is left as an exercise for the reader.

We now study a common-source stage with u diode-connected load (Fig. 3.9). For negli-
gible channel-length modulation, (3.24) can be substituted in (3.10) for the load impedance,

Voo
My
Vout
Vin o M,
Figure 3.9 CS stage with diode-
= connected Toad.
yielding
» . |
Ay = ~gm — (3.25)
Em>2 + Smb2
: 1
— __gnl . (326)
gma 1+ 1 .

where 1 = gup2/&m2. Expressing g, and g,» in terms of device dimensions and bias
currents, we have

\/Q.ru” Co_\'("V/L}H’D! 1
\/2#71 Cur('vV/L }:[DZ 1 + n l

P 7T o)
(W/L»1+n .

This rquation reveals an interesting property: if the variation of i with the output voltage
is neglected, the gain is independent of the bias currents and voltages (so long as M, stavs
in saturation). In other words, as the input and output signal levels vary. the gain remains
relatively constant, indicating that the input-output characteristic is relatively linear.

A, =

(3.27)

and, since 51 = Ips,

(]
rJ
G
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The linear behavior of the circuit can also be confirmed by large-signal analysis. Ne-
glecting channel-length modulation for simplicity, we have in Fig. 3.9

1 W , 1 w )
Eﬁiucox T 1 (Vin = Vi)™ = Eauvncox T , (Voo = Vo — Vriny,  (3.29)
and hence

[(W (W
(-—i—)l(vm - VTH]) = (Z)z(vl[)[) - VOII.' — VTH?_)- (330)

Thus, if the variation of Vry» with V,,, is small, the circuit exhibits a Jinear input-output
characteristic. The small-signal gain can also be computed by differentiating both sides

with respect to Vi,:
W W o Vo, oV
OO e
L i L 2 an avfn

which, upon application of the chain rule dVry2/3Vi, = (0Vrg2/0 Vo )0 Vau /0Vin) =
n{a Vo /3 Vi), reduces to

Wou _ [W/Dy 1
aVin B (W/L)l 1+ "?.

(3.32

It is instructive to study the overall large-signal characteristic of the circuit as well. Bu
let us first consider the circuit shown in Fig. 3.10(a). What is the final value of V,, if [} drop:
to zero? As [ decreases, so does the overdrive of M». Thus, for small [), Vgsa = Vru:
and V,,, = Vpp — Vryo. In reality, the subthreshold conduction in M> eventually bring:
V,u to Vpp if Ip approaches zero, but at very low current levels, the finite capacitance a
the output node slows down the change from Vpp — Vrya to Vpp. This is illustrated ir
the time-domain waveforms of Fig. 3.10(b). For this reason, in circuits that have frequen
switching activity, we assume V,,, remains around Vpp — Vygs when [, falls to smal
values.

Now we return to the circuit of Fig. 3.9, Plotted in Fig. 3.11 versus V;,,, the cutput voltage
equals Vpp — Vrga if Vi, < Vryy. For Vi, > Vg Eq. (3.30) holds and V,,, follows ar
approximaiely siraight line. As V;, exceeds Vs + Vrpyi (beyond point A), M enters the
triode region, and the characteristic becomes nonlinear.

The diode-connected load of Fig. 3.9 can be implemented with a PMOS device as well
Shown in Fig. 3.12, the circuit is free from body effect, providing a small-signal voltag:

gain equal to
n(W/L
A, = - M (3.33
."‘L;I(W/L}E

where channel-length modulation is neglected.
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~¥

VO ut

t
(@) ' (b}

Figure 3.10 (a) Diode-connected device with stepped bias current,
(b) variation of source voltage versus time.

Vout |

Yoo~ Vrh2

Figure 3.11 Input-output characteris-

V. V%F tic of a CS stage with diode-connected
THA1 tn
load,

Voo

{ ll;:”Z

o out
|"’in 0—”: M
1
Figure 3.12 (S stage with diode-

- connected PMOS device,

Equations (3.28) and (3.33) indicate that the gain of a common-source stage with diode-
connected load is a relatively weak function of the device dimensions. For example. to
achieve a gain of 10, ta(W/ L) /[ p(W/L),] = 100, implying that. with u, ~ 2u,. we
musthave (W/L), = 50(W/L),. Inasense, a high gain requires a “strong” input device and
a "weak™ load device. In addition to disproportionately wide or long transistors (and hence
a large input or load capacitance), a high gain translates to another important limitation:
reduction in allowable voltage swings. Specifically. <ince in Fig. 312, I = |Ipal,

(W) v Vi) = il (v, Veya)? (3.3
o A I( GsI — Vi) = p, L), G852 TH2). A4
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revealing that

Vosr — V-
|Vos2 — Vraal ~ A, (3.35)
Vast — Vra

In the above example, the overdrive voltage of M> must be 10 times that of M,. For
example, with Vesit — Ve = 200 mV, and }Vrﬂzl = 0.7 V, we have [Visa| = 2.7V,
severely limiting the output swing. This is another example of the trade-offs suggested by
the anatog design octagon. Note that, with diode-connected loads, the swing is constrained
by both the required overdrive voltage and the threshold voltage. That is, even with a small
overdrive, the output level cannot exceed Vipp — |Vrpy|.

An interesting paradox arises here if we write g, = puCo(W/L}| Vs — Vryl. The
voliage gain of the circuit is then given by

A, =8nl (3.36)
Em2
aCor(W/ L) (Vgs — V-
_ MaCoxlW /LY (Vgs1 — Vi) (3.37)

— wpCod W/LY| Va2 — Vel

Equation (3.37) implics that A, is inversely proporticnal to | Vgs: — Vrgal. It is left for the
reader to resolve the seemingly opposite trends suggested by (3.35) and (3.37).

Example 3.3

In the circuit of Fig. 3.13, M) is biased in saturation with a drain current equal to {|. The current
source f¢ = 0.757; is added to the circuit. How is (3.35) modified for this case?

Solution

Since |Ip2| = I1 /4. we have

Zmi

s
Fi
LFT]
oo
—

AU%_

T
HEm2

4ty (W/L)l

= — : {3.39)
Vo up(W/Ll)y

-

| Voo
1' M, @’S
—
— Vout
V; ﬁﬁ}u

Figure 3.13
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Moreover,

w L) W )
unl\ T (Ves1 — Vrm) ~dpu, 7 ) Vos2 -~ Virpa), (3.40)
l -/

yielding

[Vgs2 ~ Vrama| ﬁi, (A1)

Vosi ~ Ve 4
Thus, for a gnin of 10, the overdrive of M need be only 2.5 times that of M. Allernatively, for a given
overdrive voltage, this circuit achieves a gain four times that of the stage in Fig. 3.12. Inwitively, this
1s because for a given [Vgsz — Vrgot. if the current decreases by a factor of 4, then «W/L); must
decrease proportionally, and g2 = | 24 pCo{W/L)21p3 is lowered by the same factor.

We should also mention that in today’s CMOS technology, channel-length modulation
18 quite significant and, more importantly, the behavior of transistors notably deparis from
the square law {(Chapter 16). Thus. the gain of the stage in Fig. 3.9 must be expressed as

].
Ap = —g, (—“f‘m"?‘oz) . (3.42)
Em?2

where g,,) and g,,» must be obtained as described in Chapter 16.

3.2.3 (S Stage with Current-Source Load

In applications requiring a large voltage gain in a single stage, the relationship A, = ~g,, Rp
suggests that we increase the load impedance of the CS stage. With a resistor or diode-
connected load, however, increasing the load resistance limits the output voltage swing.

A more practical approach is to replace the load with a current source, Described briefly
in Example 3.2, the resulting circuit is shown in Fig. 3.14, where both transistors operate in
saturation. Since tiwe total impedance seen at the output node is equal to g |ro-. the gain is

Voo
Vout '

Figure 3.14 CS stage wilth current-
- source load.

Al' = _gml{r()lurf_):‘_)- (343}

The key point here js that the output impedance and the minimum required {Vpg| of
M, are less strongly coupled than the value and voltage drop of a resistor. The voltage



Sec. 3.2 Common-Source Stage 59

|Vps2minl = |Vos2 — Vraa] can be reduced to even a few hundred millivolts by simply
increasing the width of M. If rg» is not sufficiently high, the length and width of M, canbe
increased to achieve a smaller A while maintaining the same overdrive voltage. The penalty
is the large capacitance introduced by M, at the output node.

We should remark that the output bias voliage of the circuit in Fig. 3.14 is not well-
defined. Thus, the stage is reliably biased only if a feedback loop forces V., to a known
value (Chapter 8). The large-signal analysis of the circuit is left as an exercise for the reader.

As explained in Chapter 2, the output impedance of MOSFETS at a given drain current
can be scaled by changing the channel length. i.e., to the first order, 4 o« 1//. and hence
ro o« L/Ip. Since the gain of the stage shown in Fig. 3.14 is proportional to rg1||F o2, We
may surmise that longer transistors yield a higher voltage gain.

Let us consider M, and M, separately. If L. is scaled by a factor « (> 1), then W may
need to be scaled proportionally as well. This iz because, for a given drain current, Vgs) —
Vrny o 1/ AW/, ie., if Wi is not scaled, the overdrive voltage increases, limiting the
output voltage swing. Also, since g,j & J{W, L)y, scaling up only L, lowers gn-

In applications where these issues are unimportant, Wy can remain constant while L
increases. Thus, the intrinsic gain of the transistor can be written as

= (¥ wcoto— (3.44)
EmiTol = 7 1;“-:: ox DJLID' 3.

indicating that the gain increases with L because A depends more strongly on L than g
does. Also, note that g,,ro decreases as Ip Increases.

Increasing L; while keeping W, constant increases roz and hence the voltage gain, but
at the cost of higher |Vps2| required to maintain M, in saturation.

3.2.4 CS Stage with Triode Load

|

E : A MOS device operating in deep triode region behaves as a resistor and can therefore serve
: as the load in a CS stage. lllustrated in Fig. 3.15, such a circuit biases the gate of M> at
a sufficienily low level, ensuring the load is in deep tricde region for all output voltage

swings.
Voo Yoo
JM 2

Ronz
V,
b +—— Vout E[> = ¥out
Vino—i|s M, Vino— o M,

Figure3.15 CSstage withtriode load.
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Since

i
Ron2 = ' (345)
BpCor(W/L)a(Vpp — Vi ~ {Vrapl)

the voltage gain can be readily calculated.

The principat drawback of this circuit stems from the dependence of R,,a upon u,Ce.. Vy,
and Vryp. Since p1,C,y and Vyyp vary with process and temperature and since generating
a precise value for V), requires additional complexity, this circuit is difficult to use. Triode
loads, however, consume less voltage headroom then do diode-connected devices because
in Fig. 3.15 Vour.max = Vpp whereas in Fig. 3.12, Vourmax = Vop — |Vrurl.

3.2.5 CS Stage with Source Degeneration

In some applications, the square-law dependence of the drain current upon the overdrive
voltage introduces excessive nonlinearity, making it desirable to “soften” the device charac-
teristic. In Section 3.2.2, we noted the linear behavior of a CS stage using a diode-connacted
load. Alternatively, as depicted in Fig. 3.16, this can be accomplished by placing a “degen-
eration” resistor in series with the source terminal. Here, as V;, increases, so do fp and the

Ip

(a) (b)

Figure 3.16 CS stage with source degeneration.

voltage drop across Rs. Thatis, a fraction of V;,, appears across the resistor rather than az the
gate-source overdrive, thus leading to a smoother variation of /5. From another perspec:ive,
we intend to make the gain equation a weaker function of g,,. Since V,,,, = —IpRp. the
nonlinearity of the circuit arises from the nonlinear dependence of / upon V;,,. We note that
OVoue /0Viy = —(3{p/3Viy)Rp, and define the equivalent transconductance of the circuit
as G, = 3/p/0V,,. Now, assuming Ip = f(Vgs), we wrile

afp . .
Gy = V. (2.46)
= _d_f__%il (3.47)
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Since Vg5 = V;,, — IpRs, we have dV55/8Vi, = | — Rs31p/3V,,, obtaining

alp af
G’n = l - R . 3.48
( Sam-,,)avcs | G4%)
But, af/08 Vg5 is the transconductance of My, and
gﬂ’l
Gpn=—7"—. 349
1 + Em RS { )
The small-signal voltage gain is thus equal to
Ay, =-G,Rp (3.50)
_ngD
= —. 3.51
1 + Em RS ( )

The same resuilt can be derived using the small-signal model .of Fig. 3.16(b). Equation
(3.49) implies that as Ry increases, G,, becomes a weaker function of g,, and hence the
drain current. In fact, for Rs » 1/gn., we have G,, = 1/Rg, ie., Alp = AV, /Rs,
indicating that most of the change in V,, appears across Rs. We say the drain current is a
“lineartzed™ function of the input voltage. The linearization is obtained at the cost of lower
gain [and higher noise (Chapter 7)}.

’out
+ 1
+
Vin _; Vj (i; ImV EE!‘O ImibVos

- X -
RS : . .
Figure 3.17 Small-signal equivalent
- . circuit of a degenerated CS stage.

For our subsequent calculations, it is useful to determine G,, in the presence of body effect
and channel-length modulation. With the aid of the equivalent circuit shown in Fig, 3.17,
we recognize that the current through Ry equals /,,, and. therefore, Vi, = V), — L,; Rs.
Summing the currents at node X, we have

Lour = 8n V1 — 8mp Vx — [Oifs (3.52)
= 2u(Vin = Lot Rs) + Gmp(— Lo Rs) — !"‘;’:5. (3.53)
It folfows that
G = %—’— (3.54)
= S’ (3.55)

RS + [i -+ (gm + gnrh)RS]rO -
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Let us now examine the large-signal behavior of the CS stage with Rg = 0 and R 5%
0. For Rs = 0, our derivations in Chapler 2 indicate that /p and g,, vary as shown in
Fig. 3.18(a). For Rg = 0. the turn-on behavior is simitar to that in Fig. 3.18(a) because,

Io gm} o4

- A
T -
I

Vry Vin Viu Vin Ven Vin

{a) (b}

Figure 3.18 Drain current and transconductance of a CS device (a) without and (b) with source
degeneration.

at low current levels, 1/g,, 3> Rs and hence G,, = g,, [Fig. 3.18(b)]. As the overdrive
and therefore g,, increase, the effect of degeneration, 1 + g, Rs in (3.49), becomes more
significant. For large values of Vi, (if M, is still saturated), [p is approximately linear and
G, approaches 1/Rs.

Example 3.4

Plot the small-signal voltage gain of the circuit in Fig. 3.16 as a function of the input bias voltage,
Solution

Using the results derived above for the equivalent transconductance of M| and Ry, we arrive at
the plot shown in Fig. 3.19. For V}, slightly greater than Vrg, 1/g, > Rsand A, = —g, Rp.

Ak
Rp
Ag '
ImAp
e .
Vru Vin  Figure3.19

As Vi, increases, degeneration becomes more significant and A, = —g. Rp /{1 + gmRs). For
large values of Vj,. G, = 1/Rsand A, = —Rp/Rs. However, if Vi, > Vi, + Vpy, that is, if

Rplp > Vru + Vpp — Viy. M) enters the triode regian and A, drops.

Equation (3.51) can be rcwritten as

R

A, = _*1_L‘ (3.56)
— + Rs
Em
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This result allows formutating the gain by inspection. First, let us examine the denominator

of (3.56). The expression is equal to the series combination of the inverse transconduc-

tance of the device and the explicit resistance seen from the source to ground. We call the

denominator “the resistance seen in the source path” because if, as shown in Fig. 3.20,

we disconnect the bottom terminal of Rs from ground and calculate the resistance seen
“looking up” (while setting the input to zero). we obtain Rs+ 1/g,.

Vin°—l
)
Ym
Rs

HS.,.LJ Figure 3.20 Resistance seen in the
Im source path.

Noting that the numerator of (3.56) is the resistance seen at the drain, we view the
magnitude of the gain as the resistance seen at the drain node divided by the total resistance
in the source path. This method greatly simplifies the analysis of more complex circuits.

Example 3.5

Assuming A = y = 0. calculate the small-signal gain of the circuit shown in Fig. 3.21().

Yoo
Ap
Vout
Vin o—‘l M1
[
{a) {b)

Figure 3.21

Solution

Noting that M is a divde-connected device and simplifving the eircuit to that shown in Fig. 3.21b,
we use the above rule to write

Rp

Ap = — 1237

Emi m2
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Another important consequence of source degeneration is the increase in the output
resistance of the stage. We calculate the output resistance first with the aid of the equivalent
circuit shown in Fig. 3.22. Note that body effect is also included to arrive at a genera! result.

Iy
+
=ro égmbvbs (% Vy

Ah

||I—---—-4-_
vy (#9’111"1

Ix
) Figure3.22 Equivalentcircuitforcal-
S culating the output rexistance of u degen-
H erated CS stage.
Since the current through Rs is equal to Iy, V; = —Ix R and the current flowing through

ro is givenby Ix — (gm + 8ms)Vi = Ix +{(8m + 8ms) RsIx. Adding the voltage drops across
ro and R, we obtain

rol/x +{&m + gmp)Rslx] + IxRs = Vy. (3.58)

It follows that
Roye = [1 +(gm + Emp)Rslro + Rs (3.59)
- [I +(gm +gurb)rO]RS +i”'g. (360)

Since tvpically (g, + gmp)ro > 1, we have

err =z (gm + gmb)-"O RS + rop (361)
=[1+ (gm + gmb)RS]rOv (362)

indicating that the output resistance has increased by a factor 1 + (g, + £.m5)Rs. This is an
important and usetul result.

To gain more insight, let us consider the circuit of Fig. 3.22 with Rs = 0 and Rs > 0. If
Rg = 0.then g, Vi = gmpVis = 0and Iy = Vy/ro. Onthe other hand, if Rs > 0. we have
IxRs > Oand V| < 0O, obtaining negative g,, V| and g, Vis. Thus, the current supplied by
Vy is less than Vi /rgp. '

The relationships in (3.60) and (3.62) can also be derived by inspection. As shown in
Fig. 5.23(a). we apply a voltage to the output node. change its value by A V. and measure
the resulting change. A/, in the output current. Since the current through R must change
by Al. we tirst compute the voliage change across Rs. To this end, we draw the circuit
as shown in Fig. 3.23(b} and note that the resistance seen looking into the source of M, is
equal to 1/(g, + gus) [Eq. (3.24)]. thus arriving at the equivalent circuit in Fig. 3.23(c).
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. v
=10
III—I ro |||—<I ro 1
M M grn+ gmb
1 1 _I-"AVHS _L—'Wr——" _I——AVHS
< = L
{a) (b) ' (€)

Figure 3.23 (a) Change in drain current in response to change in applied voltage to drain,
{b) equivalent of (a), t) small-signal model.

The voltage change across Ry is therefore equal to

1

““‘+—'—iJRS '
AVgs = AV g’f Emb : (3.63)
——{Rs+rop
Bm + Ems
The change in the current is
AVgs
Al = 3.64
Ry ( )
|
= AV , (3.65)
[I + (gm + gmb)RS}rO + RS
that is,
AV
Vi (1 +(gm + gmp)}Rslro + Rs. (3.66)

With the foregoing devslopments, we can now compute the gain ofa degenerated CS stage
in the general case, taking into account both body effect and channel-length modulation. In
the equivalent circuit depicted in Fig. 3.24, the current through Rs must equal that through
Rp,i.e.. =V, /Rp. Thus. the source voltage with respect to ground (and the bulk) is equai

0 —Vou Rs/Rp and hence V), = V,,, + V,,,, Rs/Rp. The current through ro can therefore
be written as

!
v [

fro = ——+ — (val +gmbvbs) (3.67)
Rp

v:m.' RS ) RS |
= - - m V'n V. nt m Vou =t 3.
Ro |:g ( in+ Vo fRD + Emb IRD (3.68)
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e * T+ Yout
+
Vin Vi @ Im¥t X1y é ImbYes TR,

Rg

Figure 3.24 Smali-signal model of degenerated CS stage with
finite output resistance.

Since the voltage drop across ro and Rg must add up to V,,,,. we have

Vou
Vour = IroTo — —— Rs (3.69)
Rp
Vom RS RS RS
= - - " an + Vou B m Vou:_"‘ - Vou -, 3.70
RD"O [8 ( :RD)+8b %, ro Ry (3.70)
It folows that
V it - R
o §mro 7D (3.71)

Vie Rp+Rs+ro+(gm+gm)Rsro

To gain more insight into this result, we recognize that the last three terms in the denom-
inator, namely, Rs+ 7o +(gm + &ms ) Rsro, represent the output resistance of a MOS device
degenerated by a resistor Ry, as originally derived in (3.60). Let us now rewrite (3.71) as

A = _gerRD[RS +ro+ (gm + gmb)Rsf‘o] . 1 (3.72)
‘ Rp+ Rs+ro+(8m + gmp)Rsro Rs+ro—1(8m+ 8ms)Rsro _
m R R m =" Sm R
- Emlo p[Rs +ro + (g 8my)Rsro) (3.73)

T Rs 1o +1gu+ gmu)RsTo Rp + Rs+70 + (8~ + gmp)Rsro

The two fractions in (3.73) represeni two important parameters of the circuit: the first is
identical to that in (3.55), i.e., the equivalent transconductance of a degenerated MOSFET:
and the second denotes the parallel combination of Rp and R; +ro + (gm + 8ms ) Rs7 0.
i.e., the overall outpwt resistance of the circuit.

The above discussion suggests that in some circuits it may be easier to calculate the
voltage gain by exploiting the following lemma.

Lemma. In a linear circuit, the voltage gain is equal to -G .. R,,,;, where G, denotes the
transconductance of the circuit when the output is shorted to ground and R, represents
the output resistance of the circuit when the input voltage is set to zero [Fig. 3.25(a)).

The lemma can be proved with the aid of Fig. 3.23 by noting that the output port of a
linear circuit can be modeled by a Norton equivalent. That is. the output voltage is equal
10 =l Rowr» and 1, can be obtained by measuring the short-circuit current at the output,
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FYYN

in{_} fout = Rowt ’ ! out ERout Rout

Figure 3.25 Mlodeling output port of an amplifier by a Norton equivalent. -

Deﬁning Gm = om‘X Vip. we have Vam = _Gm Vin Ro:;r- This lemma proves useful if Gn
and R, can be determined by inspection.

Example 3.6

Calculate the voltage gain of the circuit shown in Fig. 3.26. Assume [ is ideal.

= Figure 3.26

Solution

The transconductance and output resistance of the stage are given by Eqs. (3.55) and (3.60), respec-
tively. Thus,

_ Bmro
Rs +[1+(gm+ gmb)Rslro
= —8m¥rQ. (3.75)

Ay = ({1 + (gm + gms)rolRs +ro) (3.74)

Interestingly, the voltage gain is equal to the intrinsic gain of the transistor and independent of Ry.
This is because, if Iy is tdeal. the current through R cannot change and hence the small-signal voltage
drop across Ry is zero—as if Rg were zero itself.

3.3 Source Follower

Our analysis of the common-source stage indicates that. to achiéve a high voltage gain with
limited supply voltage, the load impedance must be as large as possible. If such a stage is
to drive a low-impedance load. then a “buffer” must be placed after the amplifier so as to
drive the load with negligible loss of the signal level. The source follower (also called the
“common-drain” stage) can operate as a voltage buffer.

Illustrated in Fig. 3.27(a), the source follower senses the signal at the gate and drives



Chap. 3 Single-Stage Amplifiers

Voo
Vi 0——| M1
Vout
RS p
Al VrH Vin
(a) (b}
Figure 3.27 (a) Source follower, and (b) its input-output charac-

teristic.

the {oad at the source, allowing the source potential to “follow” the gate voltage. Beginning
with the large-signal behavior, we note that for Vi, < Vry, M| is off and V,,, = 0. As V;,
exceeds Vry, M) turns on in saturation (for typical values of Vpp) and /p( flows through
Rs [Fig. 3.27(b)]. As V,, increases further, V,,, follows the input with a difference (level
shift) equal to V5. We can express the input-output characteristic as:

1 W

;“"!CO,‘(Z(VfH - VTH - Vour)zRS = ng. (3-76)

Let us calculate the small-signal gain of the circuit by differentiating both sides of (3.76)
with respect to Vi,:

1 W 9 VTH 9 Vour 9 Vour
e ncox""‘z Vm -V - Vuu 1 — - Rs = . .77
gHnCon Vin = Vi ‘)( W V)T, O
Since 3VTH/3V,-,, = nad Vou:/BVins
W
8 Vous tinCox "E‘(Vm — Vry = Vour)Rs
= . ' . (3.78)
" 1+ Nncox"f(vin — Vra ~ Vo )Rs(1 +
Also. note that
w .
Em = tnCox Z(Vm — Vra — Vour). _ (3.79)
Consequently,
m R
§m>3 (3.80)

v 1 + (gm '+"gmb)R5'

The same result is more easily obtained with the aid of a small-signal equivalent circuit.
From Fig. 3.28, we have V., — V| = V,,,,. Vo = — V.. and g,, V) — ZoVour = Vour/Rs.
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. :I.
., t
Vin v (’JP ImYs é) Imb Vbs
)

) 1 out
=R
L S Figure 3.28 Small-signal equivalent
= circuit of source follower.

AV

LR R 1
1+1
! Ven ;;'n Figure 3.29 Voitage gain of source

follower versus input volage.

Thus, Vour/ Vin = gmRs/[1 + (&m + 8ms)Rs].

Sketched in Fig. 3.29 vs. V;,, the voltage gain begins from zero for V, = Vry (thatis,
gm = 0) and monotonically increases. As the drain current and gm increase, A, approaches
8m/(8m + &mp) = 1/(1 + n). Since 7 itself slowly decreases with V,.,;, A, would eventually
become equal to unity, but for typical allowable source-bulk voltages, n remains greater
than roughly 0.2.

Animportant result of (3.80) is that even if Rg = 00, the voltage gain of a source follower
is not equal to one. We return to this point later. Note that M, in Fig. 3.27 does not enter
the triode region if V;, remains below Vpp.

In the source follower of Fig. 3.27, the drain current of M, heavily depends on the input
dc level. For example, if ¥, changes from 1.3 V to 2 V, I, may increase by a factor of 2 and
hence Vgs — Vry by v/2, thereby introducing substantial nonlinearity in the input-output
characteristic. To alleviate this issue, the resistor can be replaced by a current source as
shown in Fig. 3.30(a). The current source itself is implemented as an NMOS transistor
operating in the saturation region {Fig. 3.30ib)].

Voo Voo
V[ﬂ 0-—’ M 1 Viﬂ O—I M 1
Vout Vout
I‘I Vb ."'" M 2

(a) (b)

Figure 3.30 Source follower using an NMOS transistor
as current source.
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Example 3.7

Suppose in the source follower of Fig. 3.30(a), (W/L), = 20/0.5. [, = 200 pA, Vrgo =06 V, !
20p =07V, unCox = S0 uA/VZ and y = 0.4 V2, !
(a) Calculate V,,, for V;, = 1.2 V.
(b) If 1) is implemented as M> in Fig. 3.30(b), find the minimum value of (W/L)2 for which M,
remains saturated.

Solution

(a) Since the threshold voltage of M depends on V,,,, we perform a simple iteration. Noting
that

, 2p
(Vin = Vrg — Vour) = —————— 13.81)

W Al
Ju-ncox (1_)[

we first assume Vry == 0.6 V, obtaining V,,, = 0.153 V. Now we calculate a new Vry as

Vry = Vrao — v(V20r + Vsg — /20F) {3.82)
= 0.635 V. 13.83)

This indicates that V,,,,, is approximately 35 mV less than that calculated above, i.e., V5, = 0.119V,

(b) Since the drain-source voltage of M> is equal to 0.119 V, the device is saturated only if
(Ves — Vra) < 0119 V. With Ip = 200 uA, this gives (W/L)y > 283/0.5. Note the substantial
drain junction and overlap capacitance contributed by M te the output node.

To gain a better understanding of source followers, let us calculate the small-signal
output resistance of the circuit in Fig. 3.31(a). Using the equivalent circuit of Fig. 3.31(b)
and noting that V|, = —Vy, we write

Ix —8mVx ~ gmpVx =0. i3.84)
v,
Voo " " ac M1 ”
?::H M, V_1 ) %_) ImVs é Imb Vs "H

Ix

" Ix .

Aout Vi Y Vx A

6Y) b (¢}

Figure 3.31 Calculation of the output impedance of a source follower.
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[t follows that

|
8m + gmb.

Rour -

(3.85)

[nterestingly, body effect decreases the output resistance of source tollowers. To understand
why, suppose in Fig. 3.31(c), Vx decreases by AV so that the drain current increases. With
no body effect, only the gate-source voltage of M; would increase by AV. With bodv
affect, on the other hand, the threshold voltage of the device decreases as well. Thus. in
i Vgs — Vry)? the first term increases and the second decreases, resulting in a greater change
in the drain current and hence a lower output impedance.

'The above phenomenon can also be studied with the aid of the small-signal model shown.
n Fig. 3.32(a). It is important to note that the magnitude of the current source g, Vps 15

Figure 3.32 Source follower including body effect.

linearly proportional to the voltage across it. Such behavior is that of a simple resistor equal
10 1/gms. yielding the small-signal model shown in Fig. 3.32(b). The equivalent resistor
simply appears in parallel with the output, thereby lowering the overall output resistance.
The reader can show that, without 1/g,;, the output resistance equals 1/g,, concluding
that

1 l
an = _"_ (386)
Em Emb

1

_—— (3.87)
Em + Zmb

Modeling the effect of g.n» by a resistor—which is only valid for source foilowers—also
helps explain the less-than-unity voltage gain implied by (3.80) for Ry = oc. As shown in
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V]I"l V" Im V‘l

L
Im

Figure 3.33 Representation of intrinsic source follower by a Thevenin equivalent.

the Thevenin equivalent of Fig. 3.33,

1
A, = 1;%7" (3.88)
r— + ——
gm gmb
=8 (3.89)
Bm + Emb

For completeness, we also study the source follower of Fig. 3.34(a) with finite channel-
length modulation in M) and M,. From the equivalent circuit in Fig. 3.34(b), we have

1
—llroilirszll R
b

A, = —Ent . (3.90)
' —llro1llrezli R + —
Emb m
Voo F
V ImV
Vlno_i M1 In m " .
out
Vaut 1
Vb._{ Mz H]_ 9'_

(a) (b)

Figure 3.34 (a) Source follower driving load resistance. (b) small-signal cquwalcnt
circuit,
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Example 3.8

Calculate the voltage gain of the circuit shown in Fig. 3.35.

Figure 3.35

Soiution

The impedarnice seen looking into the source of M3 is equal to [1/(gm2 + gms2))lro2. Thus,

1
———_i_——:llrozlfrmH—
Ay = gTz Emb2 lgmbl —. (3.91)
————|\ro2iiro1 | — + —
8m2 + Z8mb2 8mbt  &ml

Source followers exhibit a high input impedance and a moderate output impedance, but
at the cost of two drawbacks: nonlinearity and voltage headroom limitation. We consider
these issues in detail.

As mentioned in relation to Fig, 3.27(a), even if a source follower is biased by an
ideal current source, its input-output characteristic displays some nonlinearity due to the
nonlinear dependence of Vry upon the source potential. In submicron technologies, ro of
the transistor also changes substantially with Vi, thus introducing additional variation in
the small-signal gain of the circuit (Chapter 16). For this reason, typical source followers
suffer from several percent of nonlinearity.

The nonlinearity due to body effect can be eliminated if the bulk is tied to the source. This
is usually possible only for PFETs because all NFETs share the same substrate. Fig. 3.36
shows a PMOS source follower employing two separate n-wells so as to eliminate the body
effect of M,. The lower mobility of PFETs, however, yields a higher output impedance in
this case than that available in an NMOS counterpart.

Source followers also shift the dc level of the signal by Vi, thereby consuming voltage
headroom and limiting the voltage swings. To understand this point, consider the example
illustrated in Fig. 3.37, a cascade of a common-source stage and a source follower. Without
the source follower, the minimum allowable value of Vy would be equal to V51 — Vr g (for
M, to remain in saturation). With the source follower, on the other hand, Vy must be greater
than Vigs: + (Vgsa — Vruys) so that M5 is saturated. For comparable overdrive voltages in
M and M3, this means the allowable swing at X is reduced by V52, a substantial amount.

It is also instructive to compare the gain of source followers and common-source stages .
when the load impedance is relatively low. A practical example is the need to drive an -
external 50-$2 termination in a high-frequency setup. As shown in Fig. 3.38(a). the load can
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n-well
Contacts

(a)

Figure 3.36 PMOS source follower with no body effect.

Voo
Ip
X M,
v, °'_| M Vout
in 1

Figure 3.37 Cascade of source fol-
lower and CS stage.

be driven by a source follower with an overall voltage gain of

- ‘Vourl A RL
Vin 0 RL+ 1/gm

(3.92)

On the other hand. as depicted in Fig. 3.38(b), the load can be included as part of a common-

Figure 3.38 (a) Source follower and (b) CS stage driving a
load resistance.
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source stage, providing a gain of

Vour
Vr' n

]CS A~ Ry (393)

The key difference between these two topologies is the achievable voltage gain for a given
bias current. For example, if 1/gm1 = Ry, then the source follower exhibits a gain of at
most 0.5 whereas the common-source stage provides a gain close to unity. Thus, source
followers are not necessarily efficient drivers.

The drawbacks of source followers, namely, nonlinearity due to body effect, voltage
headroom consumption due to level shift, and poor driving capability. limit the use of this
topology. Perhaps the most common appiication of source followers is in performing voltage
level shift.

Example 3.9

(a) In the circuit of Fig. 3.38(a), calculate the voltage gain if €| acts as an ac short at the frequency
of interest. What is the maximum dc level of the input signal for which M| remains saturated?

Voo Voo
E;' —iE M,
Vino—| M, o Vo
X M,
— ’1 -|-— C1
(a) - ()
Figure 3.39

(b} To accommodate an input dc level close to Vp p. the circuitis modified as shown in Fig. 3.39(b).
What relationship among the gate-source voltages of M) -M3 guarantees that M) is saturated?

Solution

. ¢a) The gain is given by

Ap = —gmilroiliro21/gm2))- (3.94)

Since V,,, = Vop —|Vesz|, the maximum allowable de level of Vi, isequalto Vp o — [V sat+ V.
(by If V., = Vpp, then V¥ = Vpp — Vigs3. For M| to be saterated, Vpp — Voo ~ Vry <
Voo — |Vgsz| and hence Vgsa + Ve = [Vesal- T
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As explained in Chapter 7, source followers also introduce substantial noise. For thig
reason, the circuit of Fig. 3.39(b) is ill-suited to low-noise applications.

3.4 Common-Gate Stage

In commeon-source amplifiers and source followers, the input signal is applied to the gate of;
MOSFET. Itis aiso possible to apply the signal to the source terminal. Shown in Fig. 3.40(a),
a common-gate (CG) stage senses the input at the source and produces the output at the
drain. The gate is connected to a dc voltage to establish proper operating conditions. No
that the bias current of M; flows through the input signal source. Alternatively, as depicted

in Fig. 3.40(b). M, can be biased by a constant current source, with the signal capacitively,
coupled to the circuit. i

Voo
Rp

VDI.I!

Wy

M,
Yin I

H
L]

(b)

Figure 3.40 (a) Common-gate stage with direct coupling at
input, (b) CG stage with capacitive coupling at input.

We first study the large-signal behavior of the circuit in Fig. 3.40(a). For simplicity, let |
us assume that V;, decreases from a large positive value. For V,, > V, — Vry, M is oﬂ'i
and V,,,, = Vpp. For lower values of V;,, we can write i

1 W . |
ip= Efincu.tf(vb — Vin = Vrg), - (3.95) §

if M| is in sawration. As V;,, decreases. so does V,,,. eventually driving M, into the triode §
region if

1 W |
Vop — E,u,,Co_rz—{ Vs = Vin — Vra)Rp = Vy — V. (3.96).

The input-output characteristic is shownin Fig. 3.41. If M| is saturated, we can express the ;

output voltage as : v

1 114 2 . ]
Vour = Vpp — 51nCox "Z'{Vb — Vin — Vru) Rp, o 39D
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Vh;VTH VT' Figure 3.41 .C'ommon-gate input-
output characteristic.

obtaining a small-signal gain of

8 Vour
dVin

W BVry
— 1, Cop (V= Vip = V. 1 ) 1,
1nC. L(b TH)( 3Vm)RD (2.98)

Since 3VTH/8VEn = BVTH/BVSB =n,we have

3 Vour
9 Vin

%2
= #ncox"ERD(Vb = Vin— Vrg)l+1n) {3.99)

= gm(l + MRp. (3.100)

Note that the gain is positive. Interestingly, body effect increases the equivalent transcon-
ductance of the stage.

The input impedance of the circuit is also important. We note that, for A = 0. the
impedance seen at the source of M, in Fig. 3.40(a) is the same as that at the source of
M, in Fig. 3.31, namely, 1/(gm + gms) = 1/[gm(1 + n)]. Thus, the body effect decreases
the input impedance of the common-gate stage. The relatively low input impedance of the
common-gate stage proves useful in some applications.

Example 3.10

In Fig. 3.42, transistor M| senses AV and delivers a proportional current to a 50-Q2 transmission line.
| The other end of the line is terminated by a 50-Q resistor in Fig. 3.42(2) and a common-gate stage in
Fig. 3.42(b). Assume A = y = 0.

(a) Caiculate V,,;/ Vi, at low frequencies for both arrangements.

(b) What condition is necessary to minimize wave reflection at node X?

Solution

(a) For small signals applied to the gate of M), the drain current experiences a change equal to
gm1AVy. This current is drawn from R in Fig. 3.42(2) and M in Fig. 3.42(b), producing an output
voltage swing equal to —gn1 AVx Rp. Thus, A, = —gm Rp for both cases.

(b) To minimize reflection at node X, the resistance seen at the source of M2 must equal 50
and the reactance must be small. Thus, 1/(gm + gms) = 50 Q. which can be ensured by proper
sizing and biasing of M. To minimize the capacitances of the transistor. it is desirable to use a small .
device biased at a large current. (Recall that gm = +/2iinCox(W/L11p.) In addition to higher power- -
dissipation, this remedy also requires a large Vg5 for M3, i
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Av:ﬂ_ﬂ_ o—T

(b}

Figure 3.42

The key point in this example is that, while the overall voltage gain in both arrangements equals J|
—&m1 Rp, the value of Rp in Fig. 3.42(b) can be much greater than 50 Q without introducing |
reflections at point X. Thus, the common-gate circuit can provide a much higher voitage gain than
that in Fig. 3.42(a).

Now let us study the common-gate topology in a more general case, taking into ac-
count both the output impedance of the transistor and the impedance of the signal source.
Depicted in Fig. 3.43(a), the circuit can be analyzed with the aid of its equivalent shown

o * +—° Vout
i @ Igm¥h = ro é o Vos Rp

1 b}

Figure 3.43 (a) CG stage with finite output resistance. (b) small-signal equivalent circuit.

in Fig. 3.43(b). Noting that the current flowing through Ry is equal to —V,,,/Rp, we
have: : : '

L]

Van ' )
Vi— 2ZRs +V,=0. . (3.101)-

Rp
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Moreover, since the current through ro is equal to — V., /Rp — g, V| — gms V1, We can write

“VOH Vou
ro ( L~ gmVi ~ 8»:5"1) - ZRs+ Vip =V, (3.102)
Rp Rp

Upon substitution for V| from (3.102), (3.101) reduces to

- Vour RS Vour RS
- " m Vou . Vr'n - an = Your. 3.103
ro[ o (&m + 8 b)( ‘Ro )] Rp + e )

It follows that

Vour _ (8m + 8modro + 1 Rp
Vfr: r0+(gm+gmb)r0RS+RS+RD‘ .

(3.104)

Note the similarity berween (3.104) and (3.71). The gain of the common-gate stage is
slightly higher due to body effect.

Example 3.11

Calculate the voltage gain of the circuit shown in Fig. 3.44(a) if . # O and y # 0.

Voo
Ap
Vout
V, —iC M e
g 2 o ':> v -
+
M1 VII"I M1 i 'n'.q had
+ - -t -
in() 2 0
Y (b)
Figure 3.44
Solution

We first find the Thevenin equivalent of M. As shown in Fig, 3.44(b), M, operates as a source
follower and the equivalent Thevenin voltage is given by

Embl

Vin. (3.105)

vm.eq =
1

Embl Em1

roi
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and the equivalent Thevenin resistance is

1
Reg =rorj— || —. (3.106)
8mbl | &m1
Redrawing the circuit as in Fig. 3.44(c), we use (3.104) 10 write
I
1% (8m2 + ) 1 e
ros — m
;ur - Em2 + Bmb2 o2 ; : Rp (3.107)
in 1 1
roz + 1 +(gm2 + gms2)ro2) (rm — ——) +Rp  rol|—+—
Embl || Bm1 Emsl &m2

The input and output impedances of the common-gate topology are also of interest. To
obtain the impedance seen at the source [Fig. 3.45(a)), we use the equivalent circuit in

Ix
], »
vy é}gm‘ﬁ %ro é)gmbvbs %RD
Ix =

+

+

Vx

—t—

(b)

Figure 3.45 (a) Input resistance of a CG stage, (b) smali-signal equivalent circuit.

Fig. 3.45(b). Since V; = — Vy and the current throughro isequal to Iy + g, V) + gy V| =
Ix —(8m + gms)Vx, we can add up the voltages across rg and Rp as

Rplx +rolly —(gm + gmp)Vx] = Vy. : (3.108)
Thus,
1% R
X = p*ro (3.109)
IX 1 + (gm + gmb}ro
R |
e 2 + . (3.110)
{8 + &ms)ro Bm + Emb ~

iT48m +&ms)ro > 1. This result reveals that the drain impedance is divided by (gm+8mpiro
when seen at the source. This is particularly important in short-channel devices because
of their low intrinsic gain. Two special cases of (3.109) are worth studying. First, suppose
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Rp = 0. Then,
k VX = 7 311D
It = 1+ (8m + gmp)ro G
i
= . (.11
— — 8n+ &msb
ro

which is simply the impedance seen at the source of a source follower, a predictable result
because if Rp = 0. the circuit configuration is the same as in Fig. 3.31(a).

Second, let us replace Rp with an ideal current source. Equation (3.110) predicts that
the tnput impedance approaches infinir. While somewhat surprising, this result can be
explained with the aid of Fig. 3.46. Since the total current through the transistor is fixed and
equal to 7, a change in the source potential cannot change the device current, and hence
Ix = 0. In other words, the input impedance of a common-gate stage is relatively low oniv
if the load impedance connected to the drain is smail.

Yoo
I4
My
vy, o—{ ro
Ix
Ve (Y

- Figure 3.46 Input resistance of a CG
stage with ideal current source load,

¢l

Example 3.12

Calculate the voltage gain of a common-gate stag2 with a current-source load [Fig. 3.47(a}].

Solution

Letting R p approach infinity in (3.104), we have
Ay = (&m + gmplro + 1. (3.113%

Interestingly, the gain does not depend on Rs. From our foregoing discussion, we recognize that if
Rp — 00, 50 does the impedance seen at the source of M), and the small-signal voltage at node X
becomes equal to V;,. We can therefore simplify the circuit as shown in Fig. 3.47(b). readily arriving
at (3.113).

In order to calculate the output impedance of the common-gate stage, we use the circuit
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Vout

Figure 3.47

in Fig. 3.48. We note that the result is similar to that in Fig. 3.22 and hence

Rour = {[1 +(gm + Emo)rolRs + o} Rp. (3.11

Figure 3.48 Calculation of output re-
sistance of a CG stage.

Exampie 3.13 -

As seen in Example 3.10 the input signal of a common-gate stage may be a current rather thar
voltage. Shown in Fig. 3.49 is such an arrangement. Calculate Vi, /[;,, and the output 1rnpedancc
the circuit if the input current source exhibits an output impedance equal to Rp,

Solution
To find Vour 1in, we replace I;, and Rp with a Thevenin equivalent and use (3.104) o write
L] .

Vou m +1
our (gm + gmplro RpRp. (.01

lin  ro+(gn+gmp)roRp +Rp~Rp
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Voo

Rp
Vout
F—w

l'll‘l Rp

= = Figure 3.49
The output impedance ts simply equal to
Rout = {[1 + (gm + 8mp)rolRp —ro}l Rp. (3.116)

3.5 Cascode Stage

As mentioned in Exampie 3.10 the input signal of a common-gate stage may be a current.
We also know that a transistor in a common-source arrangement converts a voltage signal to
a current signal. The cascade of a CS stage and a CG stage is called a “cascode™! topology,
providing many useful properties. Fig. 3.50 shows the basic configuration: M; generates
a small-signal drain current proportional to V;, and M- simply routes the current to Rp.

Figure 3.50 Cascode stage.

We call M, the input device and M3 the cascode device. Note that in this example, M, and
M, carry equal currents. As we describe the attributes of the circuit in this section, many
advantages of the cascode topology over a simple common-source stage become evident.
First. let us study the bias conditions of the cascode. For M, to operate in saturation,
Vy = Vi, — Vru1 If My and M, are both in saturation. then Vy is determined primarily by

IThe term cascode is believed to be the acronym for “cascaded triodes,” possibly invented in vacuum tube
days. :
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Vp: Vx = Vp — V2. Thus, Vi, — Vigsa > Vi, — Ve and hence Vy, > Vi + Vgsz — Ve |
(Fig. 3.51). For M, to be saturated, V,,.,;, > V, — Vrya, thatis, Vour = Vip — Ve + Vosa - |

Figure 3.51 Allowable voltages in
cascode stage.

Vru, if V is chosen to place M| at the edge of saturation. Consequendy, the minimum
output level for which both transistors operate in saturation is equal to the overdrive voltage
of .M, plus that of M;. In other words, addition of M, to the circuit reduces the output
voltage swing by at least the overdrive voltage of W,. We also say M- is “stacked” on top
of M, .

We now analyze the large-signal behavior of the cascode stage shown in Fig. 3.50 as
Vie goes from zero to Vpp. For V;, < Vryy, M| and M, are off. V.,, = Vpp, and
Vx = V, - Vrys (if subthreshold conduction is neglected) (Fig. 3.32). As V;, exceeds
Vr#1, M) begins to draw current, and V,,,, drops. Since /p; increases. Vs> must increase

"’.'TI-I ] Vv Figure 3.52 Input-output characteris-
™ tic of a cascode stage.

as well, causing Vy to fall. As V;, assumes sufficiently large values, two effects occur: (1)
Vx drops below V;, by Vrgy, forcing M, into the triode region; (2) Vious drops below V,
by Vra2. driving M, into the triode region. Depending on the device dimensions and the
values of Rp and Vj, one effect may occur before the other. For example, if V, is relatively
low, M) may enter the triode region first. Note that if M> goes into deep tnode region, Vy
and 1/, become nearly equal.

Let us now consider the small-signal characteristics of a cascode stage. assuming both.
transistors operate in saturation. If A = 0, the voltage gain is equal to that of a common-
source stage because the drain current produced by the input device must flow through the.
cascode device. [llustrated in the equivalent circuit of Fig. 3.33, this result is mdependent
of the transconductance and body effect of Ma.
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Figure 3.53 Small-signal equivalent circuit of cascode
stage.

Exampie 3.14

Calculate the voltage gain of the circuit shown in Fig. 3.54 if A = 0.

Selution

The small-signal drain current of My, gm1 Vin, is divided between Rp and the impedance seen looking
into the source of M2, 1/(gm2 + gms2). Thus. the current Rowing through M is

(Zm2 + Em2)Rp

Ips = V; . 3117
D2 = B gz + gmb2)RP
The voltage gain is therefore given by
A, = - 8m1(8m: ~ gmp2)RPRp (3.118)

1 4 {g=2+ gmp2)Rp

An important property of the cascode strucrure is its high output impedance. As illustrated
in Fig. 3.55, for calculation of R,,,, the circuit can be viewed as a common-souree stage
with a degeneration resistor equal to rp|. Thus. trom (3.60),

Ry = [1 + (8m2 + 2mp2)ro2lrol + roz. _ (3.119)
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- Figure 3.55 Calculation of output re-
sistance of cascode stage.

th‘—": My
Vi '—“: M,
Vino—| M,

Figure 3.56 Triple cascode.

Assuming gnro 3> 1, we have R,y = (gm2 + gmuz2)r02701. That is, My boosts the output
impedance of M, by a factor of (gm> + Zms2)ro2. As shown in Fig. 3.56, cascoding can |
be extended to three or more stacked devices to achieve a higher output impedance, but |
the required additional voltage headroom makes such configurations less artractive. For
example, the minimum output voltage of a triple cascode is equal to the sum of three
overdrive voltages. -

To appreciate the usefulness of a high output impedance, recall from the lemma in Section
3.2.3 that the voltage gain can be written as G, Rour. Since G, is typically determined
by the transconductance of a transistor, e.g.. M in Fig. 3.50, and hence bears trade-offs
with the bias current and device capacitances, it is desirable to increase the voltage gain by
maximizing R,,;. Shownin Fig. 3.57 is anexample. If both M/ and M, operate in saturarion,

Voo
Iy
Vou‘t
Vo o—[o M,
Vin o—1fo M, .

Figure 3.57 Cascode stage with
current-source load.

then G = gm1 And Roy = (g2 + Zmop2)ro2ron, yielding A, = (g + gmu2)ro22n1701-



gec. 3.5  Cascode Stage 87

Thus, the maximum voltage gain is roughly equal to the square of the intrinsic gain of the
transistors.

Example 3.15

Calculate the exact voltage gain of the circuit shown in Fig. 3.57.

Solution

The actual G,, of the stage is slightly less than g, because a fraction of the small-signal current
produced by M, is shunted to ground by rg. As depicted in Fig. 3.38:

Voo
Iy
" Vour
M,
Vb O—i roz
f'o1
-Imifo1 Vi
(b)
Figure 3.58
r
Tout = 8m1Vin Oll (3.120)
ror + —————|lro2
-8m2 + Emb2

1t follows that the overall transconductance is equal to

- mb3d+ 17
G = 8mirollro2(8mz2 + 8mb: L 3.121)

ro1ro(gm: + 8me2) +rot +ron

and hence the voltage gain is given by

Ayl = Gm Rous ' (3.122)

= gmiro1l(8m2 + gmo2)roz + 1. (3.123)

If we had assumed G = gm, then |Ay| = gmi([1 + (gm2 + gup2)r 021701 +ro2l

Another approach to calculating the voltage gain is to replace V;,, :nd M, by aThevenin equivalent,
reducing the circuit to a common-gate stage. [llustrated in Fig. 3.53(b), this method in conjunction
with (3.104) gives the same result as (3.123). T
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In
lo o Vbze—| %
Vino—] w Vino—{ W w
L aL Vino— T
(a) (b (©)

Figure 3.59 Increasing output impedance by increasing the device
length or cascoding.

It is also interesting to compare the increase in gain due to cascoding with that due to
increasing the length of the input transistor for a given bias current (Fig. 3.59). Suppose, |
for example, that the length of the input transistor of a CS stage is quadrupled while the
width remains constant. Then, since Ip = (1/2)unCor(W/L)(Vgs — Vr ), the overdrive
voltage is doubled, and the transistor consumes the same amount of voltage headroom as
does a cascode stage. That is. the circuits of Figs. 3.59(b) and (c) impose equal voitage
swing constraints.

Now consider the output impedance achieved in each case. Since

ro =+ 21 C WI 1 (3.124)
gmfo = p o.tL DA.ID, ) .

and A « 1/L, quadrupling L only doubles the value of g,,ro while cascoding results in an
output impedance of roughly ( gmro)*. Note that the wansconductance of M, in Fig. 3.59(b)
is half that in Fig. 3.59(c), leading to higher noise (Chapter 7).

A cascode structure need not operate as an amplifier. Another popular application of
this topology is in building constant current sources. The high output impedance yields a
current source closer to the ideal, but at the cost of voltage headroom. For example. current
source [, in Fig. 3.57 can be implemented with a PMOS cascode (Fig. 3.60), exhibiting an
impedance equal to [1 + (g3 + gmb3o3lros + roa. If the gate bias voltages are chosen

Voo

Veas{[“ M,: Cascode
i Current

Vb2°'§'{ M3'5 Source
-------- Vout

Figure 3.60 NMOS cascode ampli-
= fier with PMOS cascode foad.
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properly, the maximum output swing 1s equal to Vpp — (Vesi — Vrg) = (Vgsz — Virga) —
|Vess = Vrasl — [Vgsa — Vraal-

We calculate the voltage gain with the aid of the lemma illustrated in Fig. 3.25. Writing
Gm = &ml and

Rouwr = {[1 + (gm2 + gmb2r02lro1 +roa LY + (8m3 + gmeadroslros +ros},  (3.125)

we have |A,| = g,,| R, For typical values, we approximate the voltage gain as

|A = gmil(8m2rozro)li(gmsrosrod)l. (3.126)

Shielding Property Recall from Fig. 3.23 that the high output impedance arises from
the fact that if the output node voltage is changed by AV, the resulting change at the source
of the cascode device is much less. In a sense, the cascode transistor “shields” the input
device from voltage variations at the output. The shielding property of cascodes proves
useful in many circuits,

Example 3.16

Two identical NMOS transistors are used as constant current sources in a system [Fig. 3.61(a)].
However, due to intemal circuitry of the system, Vx is higher than Vy by AV.

Analog
System

Vor—1 |
i

la: (b)
Figure 3.61

(a) Calculate the resuiting ditference between Ip) and fp; if A # 0,
(b} Add cascode devices to M| and M7 and repeat part (a).

Solution
{a) We have
1 w -
Ipr—ip: = 'i#ucn.t -L—{Vb — Vru)r(Vps1 —AVps2) = (3.127)
I W 3 R
= ‘i“ncox‘f(vb — Vru)y(rAV). (3.128)
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(b) As shown in Fig. 3.61(b), cascoding reduces the effect of Vy and Vy upon /pj and /pj,
respectively. As depicted in Fig. 3.23 and implied by Eq. (3.63), a difference AV between Vy and
Vy translates to a difference AVpg between P and Q equal 1o

roi
AVpg = AV (3.129)
¢ [l +(gm3 + 2madlroalro + ros
AV
> : (3.130)
(§m3 + gmp3)r o3
Thus,
1 w 5 AAY
Ipy —Ipr = spaCor—{(Vo — Vru)” . {3.131)
2 L (gm3 + Bmb3)rod

In other words, cascoding reduces the mismatch between Ip( and 7p2 by (8m3 + 8mp3 ¥ 03:

The shielding property of cascodes diminishes if the cascode device enters the triode
region. To understand why, let us consider the circuit in Fig. 3.62, assuming Vx decreases
from a large positive value. As Vy falls below Vy» — V7 g2, M; requires a greater gate-source

Figure 3.62 Output swing of cascode
stage.

overdrive so as to sustain the current drawn by .M. We can write

Ip: = lﬁncu (E) [2(Vp2 = Vb — Ve (V= Vp) — (Vx = Vp)’L,  (3.132)
2 L/, .

concluding that as Vy decreases, Vp also drops so that /5> remains constant. In other words,
variation of Vy is less attenuated as it appears at P. If Vy falls sufficiently, Vp goes below
Vi1 — Vryi. driving M| into the triode region.

3.5.1 Folded Cascode

The idea behind the cascode structure is to convert the input voltage to a current and
apply the result to a common-gate stage. However. the input device and the cascode device
need not be of the same type. For example, as depicted in Fig. 3.63(a), a PMOS- NMOS
combination performs the same function. In order to bias M) and M. a current source must
be added as in Fig. 3.63(b). The small-signal operation is as follows. If V;, becomes more
positive, |/p,| decreases. forcing /p2 1o increase and hence Vi, to drop. The voltage gain
and output impedance of the circuit can be obtained as calculated for the NMOS- NMOS
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Vil‘l °_|t, M1 —0 Voul Vil"l Ht

(a) ib)

Figure 3.63 (a) Simple folded cascode, (b) folded cascode with proper biasing, (c) folded cascode
with NMOS input.

cascode of Fig. 3.50. Shown in Fig. 3.63(c) is an NMOS-PMOS cascode. The advantages
and disadvantages of these types will be explained later.

The structures of Figs. 3.63(b) and (c) are called “folded cascode” stages because the
small-signal current is “folded™ up [in Fig. 3.63(b)] or down {in Fig. 3.63(c)]. Note that the
total bias current in this case must be higher than that in Fig. 3.50 to achieve comparable
performance.

It is instructive to examine the large-signal behavior of a folded-cascode stage. Suppose
in Fig. 3.63(b), V;, decreases from Vpp to zero. For Vi, > Vpp — |Vra(l, My is off and

M, carries all of /,.? yielding V,,, = Vpp — I Rp. For Vi, < Vpp — |Vra1 !, M, turns on
in saturation, giving

-

1 W 2 s
- Ipy =1 - Eﬂpco.t T (Vop — Vin — 1Vrml) (3.133)
1

As Vi, drops, Im decreases further, falling to zero if Ip; = I,. For this to occur:

1 w '
SHpCox (1") (Voo = Vim = Ve ) = b, _ (3.135
2 1 |

Thus,

Y
Vimi = Vpp — / 1

—_———— — | Vr 1l (3.135
V i Contwry, Vel
If Vi, falls below this level, /py tends to be greater than /) 'and,Ml enters the triode region
50 as to allow Ip| = ;. The result is ploued in Fig. 3.64. _

What happens to Vy in the above test? As Ip; drops, Vy rises, reaching Vi, — Vry; for
Ip» = 0. As M, enters the triode region. V. approaches Vpp.

21f 4y is excessively large. Ma may enter deep triode region, possibly driving /| into the triode region as we'l.
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i : - ' -
Vint Yoo—|Vrm| Vg Vi Voo—|Vruil Vi
Figure 3.64 Large-signal characteristics of folded cascode.

Example 3.17

Calculate the output impedance of the folded cascode shown in Fig. 3.65 where M: operates a5 3
cureent source,

V,
fols] r Rout
Vll"l H M1
M, F—V
Vs »—[, M,
= Figure 3.65
Solution
Using (3.601}. we have
Rour = [1 + (gm2 + gmb2)ro2llro1 ro3)+ro2. (3.136)

Thus, the circuit exhibits an output impedance lower than that of a nonfolded cascode.

In order to achieve a high voltage gain, the load of a folded cascode can be implemented
as a cascode itself (Fig. 3.66). This structure is studied more extensively in Chapter 9.

Throughout this chapter, we have attempted to increase the output resistance of voltage |
amplifiers 50 as to obtain a high gain. This may seem t make the speed of the circuit
quite susceptible to the load capacitance. However, as explained in Chapter 8, a high output

impedance per se does not pose a serious issue if the amplifier is placed in a proper feedback
loop.

3.6 Choice of Device Models

In this chapter, we have developed various expressions for the properties of single-stage
amplifiers. For example, the voltage gain of a degenerated common-source stage can be as

simple as —Rp/(Rs+g,. 1) or as complex as Eq. (3.71). How does one choose a sufﬁmently
accurate device model or expression”?

.k
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Voo
Vba ._";r M

Vbz‘—": M,
Vin°_| M1 *— Voul
I

Figure 3.66 Folded cascode with cas-
code load.

The proper choice is not always straightforward and it is a skill gained by practice, ex-
perience, and intuition. However, some general principles in choosing the model for each
transistor can be followed. First, break the circuit down into a number of familiar topolo-
gies. Next, concentrate on each subcircuit and use the simplest transistor model (a single
voltage-dependent current source for FETs operating in saturation) for all transistors. If the
drain of a device is connected to a high impedance (e.g., the drain of another), then add
ro to its model. At this point, the basic properties of most circuits can be determined by
inspection. [n a second, more accurate iteration, the body eﬁ'ect of devices whose source or
bulk is not at ac ground can be included as well.

For bias calculations, it is usually adequate to neglect channel-length modulation and
body effect in the first pass. These effects do introduce some error but they can be included
in the next iteration step—after the basic properties are understood.

In today’s analog design, simulation of circuits is essential because the behavior of short-
channel MOSFETs cannot be predicted accurately by hand calculations. Nonetheless, if the
designer avoids a simple and intuitive analysis of the circuit and hence skips the task of
gaining insight, then he/she cannot interpret the simulation results intelligently. For this
reason, we say, “Don’t let the computer think for you.”

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vop = 3 V where necessary. All device dimensions are effective values and in microns.

J.1.  For the circuit of Fig. 3.9, calculate the smail-signal voltage gain if (W/L) = 50/0.5,
(W/L)yy = 10/0.5, and dp| = Ip: = 0.5 mA. What is the gain if M3 is implemented as
a diode-connected PMOS device 1Fig. 3,12)?

3.2.  In the circuit of Fig. 3.14, assume |W/L) = 50/0.5, (W ‘L); = 50/2. and [p, = Ips =
0.5 mA when both devices are in <ituration, Recall that 2 = 1/L.
(a} Calculate the small-signal voltage gain.
{b) Calculate the maximum output voltage swing while both devices are saturated.
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33

4.

3.5.

3.6.

3.7.
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39.

3.10.

3.1l
312,

313,

3.14.

3.15,

3.16.
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In the circuit of Fig. 3.3(a), assume (W/L), = 50/0.5, Rp = 2k, and A = 0.

(a) What is the small-signal gain if M is in saturation and /p = | mA? .

{(b) What input voltage places M) at the edge of the triode region? What is the small-signat i
gain under this conditon? '

{¢) What input voltage drives M, into the triode region by 50 mV? What is the smail-signal
gain under this conditon?

Suppose the common-source stage of Fig. 3.3(a) is to provide an output swing from 1 V to

23V Assume (W/L), = 30/0.5. Rp =2kQ,and L = 0.

(a) Calculate the input voltages that yield V. = 1 Vand V,,, =25 V.

ib) Calculate the drain current and the transconductance of M, for both cases.

(¢} How much does the small-signal gain, gm Rp, vary as the output goes from 1 V to 2.5vy?
(Variation of small-signal gain can be viewed as nonlinearity.)

Catculate the intrinsic gain of an NMOS device and a PMOS device operating in saturation

with W/L = 50/0.5and /p| = 0.5 mA. Repeat these calculations if W/L = 100/1.

Plot the intrinsic gain of a satuated device versus the gate-source voltage if (a) the drain current

1s constant, {b} W and L are constant.

Plot the intrinsic gain of a saturated device versus W/ L if (a) the gate-source voltage is constant,
(b} the drain current is constant.

An NMOS transistor with W/ L = 50/0.5 is biased with Vg = +1.2 V and V5 = 0. The drain
voltage is varied from 0 w0 3 V.

{a) Assuming the bulk voltage is zero, plot the intrinsic gain versus Vpgs.

(b) Repeat pan (a) for a bulk voitage of —1 V.

For an NMOS device operating in saturation, plot gm, ro, and gmro as the bulk voltage goes

from 0 to —oo while other terminal voltages remain constant,

Consider the circuit of Fig. 3.9 with (W/L} = 50/0.5 and (W/L)2 = 10/0.5. Assume

i=y=0

{a) At whatinput voltage is M/ at the edge of the triode region? What is the small-signal gain
under this condition?

(b) What input voltage drives M) into the triode region by 50 mV? What is the small-signal
gain under this condition?.

Repeat Problem 3.10 if body effect is not neglected.

In the circuit of Fig. 3.12, (W/L) = 20/0.5. [, = I mA, and /5 = 0.75 mA. Assuming
» = 0, calculate (W/L )2 such that M) is at the edge of the triode region. What is the small-
signal voltage gain under this condition? _

Plot the small-signal gain of the circuit shown in Fig. 3.13 as 15 goes from 0w 0.757). Assume
M) is always saturated and neglect channel-length modulation and body effecr.

The circuit of Fig. 3.14 is designed to provide an output voltage swing of 2.2 V with a bias
current of 1 mA and a small-signal voltage gain of 100. €alculate the dimensions of M) and
Ma,

Sketch Vi, versus Vi, for the circuits of Fig. 3.67 as Vi, varies from 0 1o Vpp. Ideniify
important transition points.

Sketch V,,: versus V;, for the circuits of Fig. 3.68 as Vi, vanes from 0 10 Vpp. Identify
important transition points. '
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Figure 3.67
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R, EE
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Figure 3.68
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3.17. Sketch V,., versus V;, for the circuits of Fig. 3.69 as V;, varies from 0 to Vpp. Identify

important transition points.

Voo
M,

Vin°_|

VOUI

M,

Voo—i

{a)

Vln°_| Ms

VOUI

Vore—{[, M,
Vb2.'_| M,

(c)

Voo
Voo —{{" M,
Vout
Vire—] M,
Viﬂhl M1
(b)
Voo
Vino—{[_ M,
Vb1'_l M,
vOUl
(d) Figure 3.69

3.18. Sketch I'y versus Vy for the circuits of Fig. 3.70 as Vx varies from 0 to Vp p. [dentify important

3.19.

3.20.

transition points.

Voo

{b) - ()

Figure 3.70

Sketch Iy versus Vy for the circuits of Fig. 3.71 as Vy varies from 0 to Vp p. Identify important -

transition points.

-

Assuming all MOSFETs are in suturation, calculate the small-signal voltage gain of each circuit

in Fig. 3.72 (A £ 0,y = 0.




problems a7

Voo

Vb‘l._l M,

Voa—[ M, Vx

(a) (b) (©)

Vm'-{
Me
Vbz*—l M, Voo—i M1

(d) (e) ity
Figure 3.71

Voo

R,
Vout
I_. Vb Vout

Y¥Y
2
—-

(dy

Figure 3.72
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3.21. Assuming all MOSFETS are in saturation, calcuiate the small-signal voltage gain of each circuit
inFig. 3.73 (A £ 0,y = 0).

Voo Voo Voo Voo
M, F—*Vua M,y My Vor*—] My
M, = Vo2 Vout Vout
V N Vin°_| Mz V|I'I°—| Mz Vlno'-{ Mz
ou Vou-t
M, — Vo4 M, M, Vbz._l M,
vin = = ™
(a) {b} {c) (d)
Voo Voo Voo ~ Voo
Vout '
Vino—{ [ M, Vorr [ M, Vore—i[ M, M, v
Vout Vout out
Vo[, M, Vino—i[,, M, Vino—i [ M, Vine [ M, I
(e) ) (g) () '
Figure 3.73.

3.22. Sketch Vx and Vy as a function of time for each circuit in Fig. 3.74. The initial voltage across
Cyisequal to Vpp.

M, - Voo
Verr [, Voo =c,
X
Vbz‘_l M,
(a) 1

Figure 3.74 a

3.23. Inthe cascode stage of Fig. 3.50. assume (W/L); = 50/0.5. «(W/L1>» = 10/0.5, Ip| = Ip2 =
0.5 mA, and Rp = 1 kQ.
(@) Choose Vj, such that My is 50 mV away from the triode region.
(b} Calculate the small-signal voltage gain.
(¢) Using the value of Vj, found in part (a), calculate the maximum output voltage swing.
Which device enters the triode region first as V,,,, falls? '
(d) Calculate the swing at node X for the maximum output swing obtained above.

-

£
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3.24. Consider the circuit of Fig. 3.16 with (W/L); = 50/0.5, Rp = 2k$2, and Rs = 200 2.
(a) Calculate the small-signal voltage gain if Ip = 0.5 mA.
(b) Assuming A = y = 0, calculate the input voltage that places M) at the edge of the triode
region. What is the gain under this condition?

3.25. Suppose the circuit of Fig. 3.15 is designed for a voltage gain of 5. If (W/Ln =20/05.1Ip =
0.5mA,and V, =0 V.
(a) Calculate the aspect ratio of M.
(b) What input level places M| at the edge of the triode region. What is the small-signal gain
under this condition?

(e} What input level places M7 at the edge of the saturation region? What is the small-signal
gain under this condition?

3.26. Sketch the small-signal.voltage gain of the circuit shown in Fig. 3.15 as V, varies from 0 to

Vo p. Consider two cases: (a} M| enters the triode region before M, is saturated: (b) M, enters
the triode region after M- is saturated.

3.27. A source follower can operate as a level shifter. Suppose the circuit of Fig. 3.30(b) is designed
to shift the voltage level by | V,ie., Vip — Vo, =1 V.
(a) Calculate the dimensions of M, and M, if Ip| = Ipz = 0.5mA, V52 — Vg5 =05 V.
andA =y =0,
(b) Repeat part (2) if v = 0.45 V= and V;, = 2.5 V. What is the minimum input voltage for
which M> remains saturated?

3.28. Sketch the small-signal gain, V,,,/ Vi, of the cascode stage shown in Fig. 3.50 as V}, goes
fromOto Vpp. Assume A = y = 0.

3.29. The cascode of Fig. 3.60 is designed to provide an output swing of 1.9 V with a bias current of

05 mA. If ¥y = Oand (W/L))_4 = W/L, calculate Vb1, Vb2, and W/L. What is the voltage
gainif L = 0.5 um?

.
§
5.
i
;In
+




Chapter 4

Differential Amplifiers

The differential amplifier is among the most important circuit inventions, dating back to the
vacuum tube era. Offering many useful properties, differential operation has become the
dominant choice in today’s high-performance analog and mixed-signal circuits.

This chapter deals with the analysis and design of CMOS differential amplifiers. Follow-
ing a review of single-ended and differential operation, we describe the basic differential
pair, and analyze both the large-signal and the small-signal behavior, Next, we introduce
the concept of common-mode rejection and formulate it for differential amplifiers. We then
study differential pairs with diode-connected and current-source loads as well as differential
cascode stages. Finally, we describe the Gibert cell.

4.1 Single-Ended and Differential Operation

100

A single-ended signal is defined as one that is measured with respect to a fixed potential,
usually the ground. A differential signal is defined as one that is measured between two nodes
that have equal and opposite signal excursions around a fixed potential. In the strict sense,
the two nodes must also exhibit equal impedances to that potential. Fig. 4.1 illustrates the
two types of signals conceptually. The “center” potential in differential signaling 15 called
the “common-mode” (CM) level.

tal (b

Figure 4.1 (a) Single-ended and (b) differential signals.
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An important advantage of differential operation over single-ended signaling is higher
immunity to “environmental” noise. Consider the example depicted in Fig. 4.2, where two
adjacent lines in a circuit carry a small, sensitive signal and a large clock waveform. Due to
capacitive coupling between the lines, transitions on line L; corrupt the signal on line L.
Now suppose, as shown in Fig. 4.2(b), the sensitive signal is distributed as two equal and
opposite phases. If the clock line is placed midway between the two, the transitions disturb
the differential phases by equal amounts, leaving the difference intact. Since the common-
mode level of the two phases is disturbed but the differential output is not corrupted. we
say this arrangement “rejects” common-mode noise.

CK

Clock Line

Vx o . o
[ M, 7 b
Signal Line

= Line—to-Line
Capacitance

S5 (S

(a)
vj L
—I[ELM,
- L1
CK»—Dc
vﬁ
—II{M; ks
(b)

Figure 4.2 (a)} Corruption of a signal due to coupling,
ib) reduction of coupling by differential operation.

Another example of common-mode rejection occurs with noisy supply voltages. In
Fig. 4.3(a), if Vpp varies by AV, then V,,, changes by approximately the same amount.
i.e., the output is quite susceptible to noise on Vpp. Now consider the circuit in Fig. 4.3(b).
Here, if the circuit is symmetric. noise on Vpp affects Vy and Vy but not Vy — Vy = V,,,,.
Thus, the circuit of Fig. 4.3(b) is much more robust to supply noise.
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Nworr N Voo
=Rp 2R, Rp¥

—"I M, '—l M, M, I_'
(a) (b}

Figure 4.3 Effect of supply noise on (2) a single-ended circuit. (b a Cifferential circuit.

Thus far, we have seen the importance of employing differential paths for sensitive
signals. It is also beneficial to employ differential distribution for neisy lines. For example,
suppose the clock signal of Fig. 4.2 is distributed in differential form on two lines (Fig. 4.4),

Then, with perfect symmetry, the components coupled from C X and CX to the signal line
cancel each other.

L
cx-—Dc 2

vﬁ Ly

—|%M1

L

Figure 4.4 Reduction of coupled noise by differenzal
operation.

i

(3]

==

3

Another useful property of differential signaling 1s the increase in maximum achievable
voitage swings. In the circuit of Fig. 4.3, for example, the maximum output swing at X of
Y is equal to Vpp — (Vs — Viy), whereas for Vy — Vy, the peak-to-peak swing is equel
10 2[Vpp — (Vs — Vra)l

Other advantages of differential circuits over single-ended counterparts include simpler
biasing and higher linearity (Chapter 13).

While it may seem that differential circuits cccupy twice as much area‘as single-ended
alternatives. in practice this is a minor drawback. Also. the suppression of nonideal effects
by ditferential operation often results in a smaller area than that of a brute-force single-ended

design. Furthermore, the numerous advantages of differential operation by far outweigh the
possible increase in the area.
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4.2 Basic Differential Pair

How do we amplify a differential signal? As suggested by the observations in the previous
section, we may incorporate two identical single-ended signal paths to process the two
phases [Fig. 4.5(a)]. Such a circuit indeed offers some of the advantages of differential

Voo
=R, Rp =
X4—o outt Vour™—¢Y
Vin1o— [, M4 . Mz‘l-j‘_" Vin2

(a)

~Y
~Y

(b}

Figure 4.5 (a) Simple differential circuit, (b) itlustration of sensi-
tivity to the input common-mode level.

signaling: high rejection of supply noise, higher cutput swings, etc. But what happens if
Vint and Vjy; experience a large common-mode disturbance or simply do not have a well-
defined common-mode dc level? As the input CM level, V;, ¢y, changes. so do the bias
currents of M; and M>, thus varyiné both the transcenductance of the devices and the output
CM level. The variation of the transconductance in tzm leads to a change in the smali-signal
gain while the departure of the output CM level from its ideal value lowers the maximum
allowable output swings. For example, as shown in Fig. 4.5(b), if the input CM level is
excessively low, the minimum values of V,,; and Vi, may in fact turn off M| and M;,
leading to severe clipping at the output. Thus, it is important that the bias currents of the
devices have minimal dependence on the input CM level.

A simple modification can resolve the above issue. Shown in Fig. 4.6. the “differential
pair’! employs a current source /55 to make /p; — /pa independent of V', cy. Thus, if
Vim = Vi,2. the bias current of each transistor equz!< f55/2 and the output common-mode

! Also called a source-coupled pair or (in the British literaturs 1 a long-tailed pair.



104 Chap. 4 Differential Amplifiers

VDD

Liid

= Apr  Ap23

bk

Vouri>—1 X Y+— Vourz

V|n1°_’ M, M, = Vinz

Any= Apa= R
Isg '1D1 p2= fip

Figure 4.6 Basic differential pair.

tevel is Vpp — Rplss/2. It is instructive to study the large-signal behavior of the circuit for
both differential and common-mode input vartations.

4.2.1 Qualitative Analysis |

Let us assume that in Fig. 4.6, Vi1 — Vin2 varies from —o0 to +00. If Vi 18 much
more negative than V,,., M| is off, M is on, and Ip; = Igs. Thus, Vouy = Vpp and
Vourr = Vop — Rolss. As Vi is brought closer to Vi, M, gradually tums on, drawing
a fraction of Iss from Rp, and hence lowering V. Since Ip, + Ip> = [Iss, the drain
current of M, decreases and V,,,1 rises. As shown in Fig. 4.7(a), for Vi, = Vi,2, we have
Vourt = Vourz = Vop — Rplss/2. As Vi, becomes more positive than V,,2, My carries a
greater current than does M and V,,, drops below V,,,>. For sufficiently large Vint — Vinas
M) “hogs™ all of /s, turning M, otf. As a result, V,rs = Vpp — Rplss and V,.;» = Vpp.
Fig. 4.7 also plots Vi1 — Vourz versus Vipy — Vina.

Vout1= Yout2
+ RD ,ss

B
e

Vini=Vin2

o
|

~RBplgg

Vin'l_ Vinz
(a) . -

Figure 4.7 Input-output characteristics of a differential pair.

The foregoing analysis reveals two important atiributes of the differential pair. First.
the maximum and minimum levels at the output are well-defined (Vpp and Vpp — Rplss.
respectively) and independent of the input CM level. Second. the small-signal gain
(the slope of Vi1 — Vjuo versus Vi, — Vie2) is maximum for Vi, = Vie2. gradu-
ally falling to zero as |Vi,; — Vip2] increases. In other words, the circuit becomes more |
nonlinear as the input voltage swing increases. For Vi1 = Vi3, we say the circuit is in
equilibrium.
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Now let us consider the common-mode behavior of the circuit. As mentioned earlier.
the role of the tail current source is to suppress the effect of input CM level variations on
the operation of M; and M, and the output level. Does this mean that V;, ¢y can assume
arbitrarily low or high values? To answer this question, we set V;,, = V;,» = Vi, cy and
vary Via.cu from O to Vpp. Fig. 4.8(a) shows the circuit with Iss implemented by an NFET.
Note that the symmetry of the pair requires that V., = V..

Yoo Yoo
R, ARE 2R, ApS
Vout1 =4 X Y& Voutz Vourr >4 X Y Vourz
Vin.cm H»—il_a M, My Vin.cm o——[5 M, Mz:]j
P P |
Vyo—| M, = Rona
{a) (b}
lov o2 v d Voutrr Vourz &
Voo|— ;
x_ Voo-—=Ap
Y1u Vin,cM TH Vin,cm ™ Vin,om

(c)

Figure 4.8 (a) Dirferential pair sensing an input common-mode change. {(b) equivalent circuit if M3 operates in deep
triode region, (¢) common-mode input-output characteristics.

What happens if Vi, cy = 07? Since the gate potential of 3, and M, is not more
positive than their source potential, both devices are off, yielding /p; = 0. This indicates
that M3 is in deep triode region because V, is high enough to create an inversion layer in
the transistor. With /p, = Ip; = 0, the circuit is incapable of signal amplification, and
Vaml = VuurZ = VDD- )

Now suppose V', ¢y becomes more positive. Modeling M3 by aresistor asin Fig. 4.8(b).
we note that M, and M- turnon if Vi, car > Vrg. Beyond this point. /p, and fp; continue to
increase and Vp also rises [Fig. 4.8(¢)]. In a sense, M) and M, constitte a source follower.
forcing Vp to track Vj, ca. For a sufficiently high V;, cu. the drain-source voltage of
Ms exceeds Vg3 — Vrya, allowing the device to operate in satration. The total current
through M, and M- then remains constant. We conclude that for proper operation. Vi, oy =
Vesi + (Vgsa — Vrpa).

What happens if V;, cu rises further? Since V,,, and V,,,1 are relatively constant, we
expect that M, and M- enter the triode region if V;, car > Vour1 +Vra = Vop— Rplss/2+
Vry. This sets an upper limit on the input CM level. In summary. the allowable value of.
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Vin.car 18 bounded as follows:

. )
Ves1 + (Vgss — Vrys) < Viecy < min [VDD - Ro-ﬁ + Vru, VDD] (4.1)

Example 4.1

Sketch the small-signal difterential gain of a differential pair as a function of the input CM level.

Solution

As shown in Fig. 4.9, the gain begins to increase as Vi, cas exceeds Vg, After the taif current source

fo

| .
V1n Vy V2 Yin.cm

Figure 4.9

enters saturation (Vin cy = Vi), the gain remains relatively constant. Finally, if Vi, ca is 0 high
that the iaput transistors enter the triode region (V;, car = V2). the gain begins to fall.

With our understanding of differential and common-mode behavior of the differential
pair, we can now answer another important question: How large can the output voltage
swings of a differential pair be? As illustrated in Fig. 4.10, for M, and M, to be saturated,
each output can go as high as Vpp but as low as approximately Vi, cy — Vry. In other

Figure 4.10 Maximum allowable out-
H put swings in a differential pair’

words, the higher the input CM level, the smaller the allowable output swings. For this.
reason, it is desirable to choose a relatively low Viw.csm. but the precedmo stage may not
provide such a level easily.

An interesting trade-off exists in the circuit of Fig. 4.10 between the maximum value
of Vin.cu and the differential gain. Similar to a simple common-source stage (Chapter 3),
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the gain of a differential pair is a function of the dc drop across the load resistors. Thus, if
Rplss/21s large, Vi, cy must remain close to ground potential.

4.2.2 Quantitative Analysis

We now quantify the behavior of a MOS differential pair as a function of the input differential
voltage. We begin with large-signal analysis to arrive at an expression for the plots shown
in Fig. 4.7.

YT
¥

Vouh o—b oV

Figure 4.11 Differential pair.

For the differential pair in Fig. 4.11, we have V,,,) = Vpp~Rp(Ipiand V > = Vpp —
RpaIm, e, Vourt — Voua = Rp2lps — Rpidpy = Rp{pz2 — Ip) if Rpy = Rpy = Rp.
Thus, we simply calculate 7/p; and Ip; in terms of Vi, and Vj,,, assuming the circuit is
symmetric, M, and M, are saturated, and A = 0. Since the voltage at node P is equal 1o
Vial = Vs and V2 — Vs,

iml — Vina = Vgs1 — Vesa. (4.2)

For a square-law device, we have:

. Il
(Vos = Vi) = == (43)
~ nCa_r
g Hntoe
and, theretore,
. 21
"‘GS = —DW + VTH. (44)
#ncoxz
It follows from (4.2) and (4.4) that
5
Vi = Vip = | Bl _ | 2ot 4.5)
nCox_ rrcox""'
HnCox T HnSox T
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Our objective is to calculate the differential output current, /p| — [p2. Squaring the twg
sides of (4.5) and recognizing that /p, + /p; = f55, we obtain

(Vint = Vo2 = U5 = 2/ Tp1 1), “6
ﬂnCo.r:;:
That is, .
1 W )
E#ncax Z(le — Vi) = Iss = ~2/IpIps. 4.7

Squaring the two sides again and noting that 3{pIp; = (Ip; + Ip2) — iIpy — Ip)? =
1ig — (Ipy — Ip2)*, we amive at

-

, 1 W’ , W "
(IDI - IDQ)" = “Z (Ju'ncm: “}:) (vt'nl - 1"r'ﬂZ)“. + ISSP'anox ‘:L‘_{ Vm} - va)—- (48)

Thus,

1 w al )
Ipy —Ipy = '_P'-rlcnx_i’(vml — Viu2) ¢W —(Viay — Vi2)°. (4.9)

2
#nCo T

As expected, /p; — Ip2 is an odd function of V,,,; — V2, falling to zero for V;,,| = Vi, As
Vi1 — Vina| increases from zero, |/py — {pa| also increases because the factor preceding
the square root rises more rapidly than the argument in the square root drops.”

Before examining (4.9) further, it is instructive to calculate the slope of the characteristic,
i.e., the equivalent G,, of M, and M>. Denoting Ip, — Ip2 and Vi,,; — V2 by Alp and
AV, respectively, the reader can show that

47 s
aal 1 W u.C S;V/L — 28V
{n X
. 2 = H:unco.r_’"' e - (410)
davV,, 2 L 4/ 4

__Mss _ Av
\ w1, CorW/L i

For L\Vm = 0! Gm = \/ﬂJ!CrJ.t(WXL)ISS- Moreover, since Vuml - Vuu:l = RDAI =
RpG, AV, we can write the small-signal differential voltage gain of the circuit in the

equilibrium condition as
W o
|Al] = “HCP\"}:;SSRD- (41[]

21t is interesting to note that. even though /p; and /n: are even functions of their respective gate-source
voltages, fpt — {p2 is an odd function of V) — V2. This effect is studied in Chapter 13.
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Equation (4.10) also suggests that G,, falls to zero for AV, = /27s5/(nCorW/L).
As we will see below, this value of AV, plays an important role in the operation of the
circuit.

Let us now examine Eq. (4.9) more closely. It appears that the argument in the square
root drops to zero for AVi, = 4Iss/(inCoe W/L), implying that Al crosses zero at
two different values of AV;,. This was not predicted in our qualitative analysis in Fig. 4.7.
This conclusion, however, is incorrect, To understand why, recall that (4.9) was derived
with the assumption that both M, and M, are on. In reality, as AV, exceeds a limit.
one transistor carries the entire Jsg, turning off the other.? Denoting this value by AV,

we have Ip, = Iss and AVi, = Vg — Vi because M, is nearly off. It follows
that
o 2
AV = | W (4.12)
]' '.!C x
\J H-Lg 2

For AV;, > AV, M3 is off and (4.9) does not hold. As mentioned above, G,, falls to zero
for AV, = AV,,,. Figure 4.12 plots the behavior.

; t . . -
= aVin +aVin Ay, = AViny +aVine AV,
() (b)

Figure 4.12 Variation of drain currents and overall transconductance of a differen-
tial pair versus input voitage.

Example 4.2

Plot the input-output charactenistic of a differential pair as the device width and the tail current vary.

Solution

Consider the characteristic shown in Fig. 4.13(a). As W' /L increases, AV, decreases, narrowing the
input range across which both devices are on [Fig. 4.13(b)]. As Igg increases, both the input range
and the output current swing increase [Fig. 4.13(c)]. Intuitively, we expect the circuit to become more
linear as fgy increases or W/L decreases.

The value of AV, given by (4.12) in essence represents the maximum differential
input that the circuit can “handle.” It is possible to relate AV, to the overdrive voltage

r

3we neglect subthreshold conduction here,




110

Chap.4  Differential Amplifiery

Iov-1p2 & lpi-1p2 &
T +lss [+ ss
: +AVm1 i +AVII"I1
- Avirﬂ ; Avln 'Avim E Avin
=g ~lgsr
(a) th)
Ip1-1p2 &
"""""" +’ssz
i +AViny
~AVinq L AV,
_1552 """"""
(c)
Figure 4.13

of M, and M- in equilibrium. For a zero differential input. /p; = Ip2 = Is5/2, and
hence

(Vs — Vraho = (4.13)

Thus, the equilibrium overdrive is equal to A Viy1/+/2. The point is that increasing A Vg 10
make the circuit more linear inevitably increases the overdrive voltage of M, and M. For
a given Iy, this is accomplished only by reducing W/ L and hence the transconductance of
the transistors. _

We now study the small-signal behavior of differential pairs. As depicted in Fig. 4.14,
we apply small signals Vi, and V;,; and assume M; and M are saturated. What is the dif-
ferential voltage gain. Vou/(Vin1 — Vin2)? Recall from Eq. (1.11) that this quantity equals
V1nCoclss W LRp. Since in the vicinity of equilibrium, each transistor carries approxi-
mately /ss/2. this expression reduces to g, Rp, where g, denotes the trarisconductance of
M; and M. To arrive at the same result by small-signal analvsis, we employ two different
methods, each providing insight into the circuit’s operation. We assume Rp; = Rps» = Rp-
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Voo
¥Apr Rp¥F
Vout1>—1 X Y+ Vour
M, M,
+ +
Vm-' / v|ﬂ2
- l'ss -
Figure 4.14 Differential pair with
5 small-signal inputs.
Voo
Vlm
F A

{b)

Figure 4.15 (a) Differential pair sensing one input signal, (b) circuit of
(a) viewed as a CS stage degenerated by Mz, (¢) equivalent circuit of (b).

Method | The circuit of Fig. 4.14 is driven by two independent signals. Thus, the output
can be computed bxsuperpomtlon

Let us set V;,,» to zero and find the etfect of V;,,, at X and Y [Fig. 4. 15{.1)] To obtain V.
we note that M| forms a common-source stage with a degeneration resistance equal to the
impedance seen looking into the source of M, {Fig. 4.15(b)]. Neglecting channei-length
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; v
i DD
= Rpt1i A ¥
Vouﬁ ° b X Y s o Vout2

M1§M2|—1
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=~
=1
1

Figure 4.16 Replacing M, by a Thevenin equivalent.

modulation and body effect. we have Ry = 1/gm> [Fig. 4.15(c)] and

Vx -—RD
Vr'nl 1 T 1

(4.14)

Emt gm2

To calculate Vy, we note that M, drives M, as a source follower and replace V;,,; and M,
by a Thevenin equivalent (Fig. 4.16): the Thevenin voltage V;r = Vj,; and the resistance
Ry = 1/gm. Here, M> operates as a common-gate stage, exhibiting a gain equal to

V. R
L= 2 _ . (4.15)
Vinl 1 L
Em2 Em1
It follows from (4.14) and (4.15) that the overall voltage gain for V;,, is
| _2R
(V.\.' - VY)|Duc ta Vinl = I—Dl Vin]s (4.16]
Emi 8m?2
which, for g, = g2 = g, reduces to
(V¥ — Vy)iDue o vin1 = ‘“ngDVinl- (417)

By virtue of symmetry. the effect of V;,, at X and Y is identical to that of Vin1 except
for a change in the polarities:

Ve — V¥ Mbue to vin2 = gnRpVina. (4.18)
Adding the two sides of (4.17) and (4.18) to perform superposition, we have

(VX - VY)ro.r ™~
T = g Rp. 4.19
Vf’n] - Vr'n?. $ b ( )
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Comparison of (4.17), (4.18), and (4.19) indicates that the magnitude of the differential
gain is equal to g. Rp regardless of how the inputs are applied: in Figs. 4.15 and 4.16, the
input is applied to only one side whereas in Fig. 4.14 the input is the difference between
two sources. I is also important to recognize that if the output is single-ended. i.e., it is
sensed between X or ¥ and ground, the gain is halved.

Example 4.3

In the circuit of Fig. 4.17, M2 is twice as wide as M. Calculate the small-signal gain if the bias values
of Vi1 and Vj,2 are equal.

Figure4.17

Solution

If the gates of M and M are at the same dc potzatial, then Vg1 = Vgsrand ips = 2ip) = 2155/3.
Thus, gm1 = \/2#ncox(W/L)‘(SS/3 and gm2 = \/2#ncax(2W/L)2fSS. 3= 2gml- FOHOWing the
same procedure as above, the reader can show tat

2R
Ayl = 1_‘?_1__ (4.20)
..........+ e
Iml ngl
= %;mlRD— {4.21)

Note that. for a given /55, this value is lower than the gain of a symmetric differential pair (with
2W/ L for each device) [Eq. (4.19)] because g,..- is smatler.

How does the gain of a differential pair compare with that of a common-source stage?
For a given total bias current, the value ot g,, in (4.19) is 1/\/5 times that of a single
transistor biased at /s with the same dimensions. Thus, the total gain is proportionally less.
Equivalently, for given device dimensions z0d load impedance. a differential pair achieves
the same gain as a CS stage at the cost of twice the bias current.

Method I If a fully-symmetric differenual pair senses differential inputs (i.e., the two
inputs change by equal and opposite amounts from the equilibrium condition), then the
concept of “half circuit” can be applied. We first prove a lemma.
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Lemma. Considerthe symmetric circuit shownin Fig. 4.18(a), where D) and D; represey

o

(a) ib {c)

Figure 4,18 lllustration of why node P is a virtual ground.

any three-terminal active device. Suppose V;,; changes from Vy to Vg + AV}, and V. from
Vo o Vy — AV, [Fig. 4.18(b)]. Then, if the circuit remains linear, V» does not change.
Assume A = (.

Proof. Letus assume that V| and V; have an equilibrium value of V, and change by AV,
and AV, respectively [Fig. 4.18(c)]. The output currents therefore change by g, AV, and
gmAVa. Since Iy + I = [y, we have g, AV + g AV, = 0,18, AV, = —AVa, We also
know V,,; — Vi = V,,a—Vs,andhence Vo + AV, — (V,+AV) = V- AV, —(V,+ AV,
Consequently, 2AV,, = AV, — AV, = 2AV,. In other words, if V;,; and V;,; change by
+ AV, and — AV, respectively, then V) and V5 change by the same values. i.e., adifferential
change in the inputs is simply “absorbed” by V; and V-. In fact, since Vp = Vi,,; — V), and
sinca V) exhibits the same change as Vi, Vp does not change. a

The proof of the foregoing lemma can also be invoked from symmetry. As long as the
operation rem..ins linear so that the difference between the bias currents of Dy and D; is
negligible, the circuit is symmetric. Thus, Vp cannot “favor” the change at one input and
“ignore" the other.

From vet another point of view, the effect of Dy and D; at node P can be represented
by Thevenin equivalents (Fig. 4.19). If Vry and V7> change by equal and opposite amounts
and Rr, and Ryr» are equal, then Vp remains constant. We emphasize that this is vaiid if
the changes are small such that we can assume Ry, = Ry}

The above lemma greatly simplifies the small-signal analysis of differential amplifiers.
As shown in Fig. 4.20, since Vp experiences no change, node P can be considered “ac
ground” and the circuit can be decomposed into (wo separate halves. hence the term
“half-circuit concept” [1]. We can write Vi /Vipy = —gmRp and Vy /(—Vin1) = —gn Rp
where Vi, and —V,,,; denote the voltage change on each side. Thus, (Vy — Vy)/(2Vi,) =
—2mRp. .

*It is also possible to derive an expression for the large-signal behavior of Vp and prove that for small
Viri — Vin2. Ve remains constant, We defer this calculation to Chapter 14,
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Figure 4.19 Y Replacing each half of
a differential pair by a The\vznin

P equivalent.
-~ HD1 RD2__:— :E RD1 RDsz
Vout1o—3 X Y+ — Vo Vour1o—¢ X Y +—oVour
M, Mo I;M_1-L M, r_-“—|
+ + + +
+Vinq P ~Vim +Vini - = O_ Vin1
- - - - - =1
= lgg = - 5
(a) (b}

Figure 4.20 Application of the half-circuit concept.

Example 4.4

Calculate the differential gain of the circuit of Fig. 4.20(a) if A # 0.

Solution

Applying the half-circuit concept as illustrated in Fig. 4.21, we have Vx/Vin1 = —gmw Rbllror)
and Vy/(—Vin1t = —gm{Rpllroz), thus amriving at (Vx — Vy)/(2Vin) = —gm(Rplir:). where

ro = roi = ro:. Note that Method 1 would require lengthy calculations here.

VDD

.l.l

- 4:

Vout1°_' out2
+V|n1 ; } Vln1

H Figure 4.21

The half-circuit concept provides a powerful technique for analyzing symmetnc differ-
ential pairs with fully differential inputs. But what happens if the two inputs are not fully
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(a)

+ A Vin2= Vin1
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(b)

Ving~ Vina L# + L Vin2™ Viny

- 2
IVin1 + Vin2
- 2

()

2 -

{d)

Figure 4.22 Conversion of arbitrary inputs to differential and common-mode components.

differential [Fig. 4.22(a)}? As depicted in Figs. 4.22(b) and (c). the two mputs V;,,; and V;p,

can be viewed as

Vfr: -V Vi Vi z

le - 1 > in2 inl ‘i‘ in (422)
Vinz = Vel Vinl + Vima

Vipy = —22 . : e (4.23)

Since the second term is common to both inputs, we obtain the equivalent circuit in
Fig. 4.22(d). recognizing that the circuit senses a combination of a differential input and
a common-mode variation, Therefore, as illustrated in Fig. 4.23, the effect of each type
of input can be computed by superposition, with the half-circuit concept applied to the
differential-rnode operation. )

Example 4.3 —

In the circuit of Fig. 4.20(a). caleulate Vy and Vy if Vi1 # — Vi and & # 0.
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M, M
M, M,
Vint= Ving L& % Vinz= Vimi O lss
2 T o Iss - L 2 I

Vint+ Ving/~
2 —

- —t

(a) (b

Figure 4.23 Superposition for differential and common-mode signz s,

Solution

For differential-mode operation, we have from Fig. 4.24(a)

Vinl — Vin2
2

Vina — Vimi

—

Vy = —gm{Rpliro1) (4.

Vy = —gm(Rpllroz) (4.

That is.
Vx — Vy = —gm(RpllroXVin1 — Vin2). 4.

which i3 to be expected.

VDD

-

ERD Ro:

A
"

Vouﬂ e X Yy —4— VOI

'.:‘ = o1 ’ozéJ:I
v()l..lﬂc x Y < out2 M1 _ . M2

!
Vins = Vinz L3 M';:l _ aﬁz +.4 Vina = Vin1 58

2 — é ) 2 i
= lss =
M?é'

LAk
L
I
=]
|
Q
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wy

Lk

A
¥¥Y
|
Q
-k
-
QO
LM

= Vincm= 2 )

(a) (b)

Figure 4.24

For common-mode operation. the circuit reduces to that in Fig. 4.24(b). How much do Vy .
Vy change as Vi, ¢y changes? If the circuit is fully symmetric and [ss an ideal cu=ent source,
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!
currentdrawn by M and M1 from Rp | and Rp, is exactly equal to /55,2 and independent of an.CM.;'
Thus, Vx and Vy experience no change as Vi, ¢~y varies. Interestingly. the circuit simply amplifieg
the difference between V;,; and V;,2 while eliminating the effect of Vin c M. :

—

-

4.3 Common-Mode Response

An important attribute of differential amplifiers is their ability to suppress the effect of
common-mode perturbations. Example 4.5 portrays an idealized case of common-mode '
response. In reality, neither is the circuit fully symmetric nor does the current source exhibit
an infinite output impedance. As a result, a fraction of the input CM variation appears at
the output.

We first assume the circuit is symmetric but the current source has a finite output
impedance, Rss [Fig. 4.25(a)). As Vi, cum changes, so does Vp. thereby increasing the
drain currents of M, and M, and lowering both Vy and Vy. Owing to symmetry, Vy re-
mains equal to Vy and, as depicted in Fig. 4.25(b), the two nodes can be shorted together,
Since M\ and M, are now “in parallel,” i.c., they share all of their respective terminals, the

Voo
=R, Rp =
Vourno— X Y— Voure
P
= fAss
(a)
Voo Voo
=Ry Ap = Rp
2
X Y
Vout
VII"I,CMC I}-— _I Mz Vln‘CMO_I M1+M2
M
1 P Rgg
Ass =
{b} (gl

Figure 4.25 (a) Differential pair sensing CM mnput, tb) simplified
version of (a), (c) equivalent circuit of (b).
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circuit can be reduced to that in Fig. 4.25(c). Note that the compound device. M, + My,
has twice the width and the bias current of each of M, and M, and, therefore, twice their
transconductance. The CM gain of the circuit is thus equal to

‘/()H'f
Avcym = TR (4.27)

/R | > (4.28)
1/(2gm) + Rss
where g,, denotes the transconductance of each of M, and Mz and A =y = 0.
What is the significance of this calculation? In a symmetric circuit, input CM variations
disturb the bias points, altering the small-signal gain and possibly limiting the output voltage
swings. This can be illustrated by an example.

Example 4.6

The circuit of Fig. 4.26 uses a resistor rather than a current source to define a tail current of | mA.

Voo

Adk
nr

tRp  Rp3

w1 >4 X Ye—e

v,

0

Vit o1 M, M, o Vin2

out2

1 mA# Rss

s Figure 4.26

Assume (W/L); 3 = 25/0.5, unCox = S0 uA/V?, Ve =06 V. A=y =0,and Vpp =3 V.

(a) What is the required input CM for which Rgg sustains 0.3 V?

(b) Calculate Rp for a differential gain of 5.

(¢) What bappens at the output if the input CM level is 50 mV higher than the value calculated in
(a)?

Solutien

(a) Since fp; = Ip2 = 0.5 mA, we have

Veost = Vosy = (4.29}

(4.30)

Thus, Vin.cyr = Vgs) + 0.5 V= 1.73 V. Note that Rs5 = 500 Q.

(b) The transconductance of each device is gy = 2paCoxt W/ L) py = 1/(632 €2 | requiring
Rp = 3.16 k2 for a gain of 3.

Note that the cutput bias level is equal to Vpp — IpiRp = 1.42 V. Since Vincar = 173V and
Vry = 0.6 V. the transistors are 290 mV away from the tricde region.
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(¢) If Vi car increases by 50 mV, the equivalent circuit of Fig. 4.25(c) suggests that Vy and Vy
drop bv

Rp/2
AVyxy| = AVip oy ——2 = 431
i x¥ n.CM RSS+ l//(?-gm) { ]
= 50mV x 1.94 (4.32)
= 96.8 mV, (4.3}

Now, M) and M3 are only 143 mV away from the triode region because the input CM level has
increased by 50 mV and the curput CM level has decreased by $6.8 mV.

»

The foregoing discussion indicates that the finite output impedance of the tail current
source results in some common-mode gain in a symmetric differential pair. Nonetheless,
this is usually a minor concern. More troublesome is the variation of the differential output
as a result of a change in V;, cy, an effect that occurs because in reality the circuit is not
fully symmetric, i.e., the two sides suffer from slight mismatches during manufacturing,
For example, in Fig. 4.25(a), Rp1 may not be exactly equal to Rps.

We now study the effect of input common-mode variation if the circuil is asymmetric
and the tail current source suffers from a finite output impedance. Suppose. as shown in
Fig. 4.27, Rp, = Rp and Rp-> = Rp + ARp, where AR denotes a small mismatch and

Voo
Rp = T Ap+ ARp
Vou1®=—9 X Y— Vour
Vincm 0-—»—”%!‘/!1 M2:|I—|
= Rgg
A Figure 4.27 Common-mode response
< in the presence of resistor mizmatch.

the circuit is otherwise symmetric. What happens to Vy and Vy as V,, ¢y increases? Since
M, and M, are identical. /p; and /p increase by {g,, /(1 + 22, Rss)]AV;, cb;. but Vy and
Vy change by different amounts:

Em
AVy = —AV, py———R 4.34
X m.CMl‘+‘2ngSS n ( )
8m
AVy = — AV, cyy—2 (R + ARp). 4.35)
¥ oM l +2grrlRSS P D) (

Thus, acommon-mode change at the input introduces a differenrial component at the output.
We say the circuit exhibits common-mode to differential conversion. This is a critical
problem because if the input of a differential pair includes both a differential signal and
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M, M,
Vin1= Vina A+ + A Vinz= Vin1
2 - / - 2
—— 88 — =
Vini+ Ving
2 -
(a) ' {b
F ]
Figure 4.23 Superposition for differential and common-meode signa.s.
Solution
For differential-mode operation. we have from Fig. 4.24(a)
Vinl — Vin2
Vx = —gm(Ro||ro;)-‘1—2-i"— (4.24)
Vinz — Vim
Vy = —Sm(RD!If'oz)—mz—m- 4.25)
That is.
Vx ~ Vy = —gm(RpllroXVia1 — Vinz), (4.26)
which is 10 be expected.
Voo
= Rg Ap =
Yoo
VOL“1 - x Y — out2
=R Rp = 4
o b H Eroy roe ¥ J:I
Vout1 @ X Y ® Youtz M,y _ Al M

=ror Toz= F lss
Vint =Vina A& 1, N M, K VYin2~Vim

(a}) (b)
Figure 4.24

For common-mode operation. the circuit reduces to that in Fig. 4.24(b). How much do Vyx and
Vy change as Vi, cp changes? If the circuit is fully symmetric and 7gs an ideal cu7ent source, the
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common-mode noise, the circuit corrupts the amplified differential signal by the input CM
change. The effect is illustrated in Fig. $.28.

s ]
o
Yy
Y
o—hhh
TrY
|
o
+ .
£
N
=]

= Ags

=

_:l

9]

=
FOr

Ad

Figure 4.28 Effect of CM noise in the presence of resistor mismatch.

Voo
Rp E =ARp
Vout1 =4 X Y Vour2™
Vincm °—"—||.;M, Mszl—l
(o S‘D Iss
I = Figure 4.29 CM response with finite
= tail capacitance.

In summary, the common-mode response of differential pairs depends on the output
mmpedance of the tail current source and asymmetries in the circuit, manifesting itself
through two effects: variation of the output CM level (in the absence of mismatches) and
conversion of input common-mode variations to differential components at the output. In
analog circuits. the latter effect is much more severe than the former. For this reason, the !
common-mode response should usually be studied with mismatches taken into account. .

How significant is common-mode to differential conversion? We make two observations.
First, as the frequency of the CM disturbance increases, the total capacitance shunting the tail ]
current source introduces larger tail current variations. Thus, even if the output resistance of |
the current source is high, common-mode to differential conversion becomes significant at
high frequencies. Shown in Fig. 4.29. this capacitance arises from the parasitics of the current
source itself as well as the source-bulk junctions of M, and M. Second. the asymmetry in
the circuit stems from both the load resistors and the input transistors, the latter contributing
a typically much greater mismatch,

Let us now study the asymmetry resulting from mismatches between M, and M» in
Fig. 4.30(a). Owing to dimension and threshold voltage mismatches. the two transistors
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Figure 4.30 (a) Differential pair sensing CM input, (b) equivalent circuit of (a).

carry slightly different currents and exhibit uneq_ual transconductances. To calculate the
gain from Vi, cp to X and Y, we use the equivalent circuit in Fig. 4.30(b), writing /p; =
gm(Vincm — Vp)and Ipy = gma(Vip.ce — Vp). That is,

(&m1 + gm2)(Vincsro Vp)Rss = Vp, (4.36)
and

(&m1 + &m2)Rss

Ve = Vincm- (4.37)
(gm}. + 8».2)R55 + 1

We now obtain the output voltages as

Vy = —gmi(Vin.cuy — Ve)Rp ' (4.38)
—&ml
= _ RpVincwum (4.39)
(gm] + gm2)RSS + 1 ‘
and

Vy = =gm(Vincsr — VIR {4.40)
= —8m2 RpVincwy. (4.41)

(8mi + &m2)Rss + 1

The differential component at the output is therefore given by

Eml — Em?
(gml + gmf)RSS + 1

Vy — Vy = — RpViycum. (4.42)

In other words, the circuit converts input CM variations to a differential error by a factor
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equal to

AngD
(gm1 + gm2)Rss + 17

(4.43)

Acy—pm = —

where Acp-py denotes common-mode to differential-mode conversion and Ag, =
Eml — 8m2.

Example 4.7

Two differential pairs are cascaded as shown in Fig. 4.31. Transistors M3 and My suffer from a g,

Voo
= Ap Rp= < Ap Rp=
A B X Yo——o Y,
’ o aut

Figure 4.31

mismatch of Agn, the total parasitic capacitance at node P is represented by Cp, and the circuit is
otherwise symmetric. What fraction of the supply noise appears as a differential component at the
output? Assume A = y =0,

Solution

Neglecting the capacitance at nodes A and B, we note that the supply neise appears at these nodes
with no attenuation. Substituting 1/(C ps) for Rgs in (4.43) and taking the magnitude, we have

Agm Rp

l[Acm—_pum| = (4.44)

1
1+ + 8md)? | —
\:. (gm3 gm4) pr :

The key point is that the effect becomes more noticeable as the supply noise frequency, @, increases,

For mieaningful comparison of differential circuits, the undesirable differential com-
ponent produced by CM vanations must be normalized to the wanted differential output
resulting from amplification. We define the “common-mode rejection ratio” {CMRR) as

Apm

CMRR = . (4.45)

CM-DM
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If only g, mismatch is considered, the reader can show from the analysis of Fig. 4.15 thy

& &m| + Em2 + 4gm]gm2RSS

[Apm| = (4.46):
2 1+ (gml + gm?.)RSS )
where it is assumed V;,; = —V,,,2, and hence

m + m 4 " ”m R .
CMRR = & 8m2 + 38migma Kss @47}
2A8m _

~ BT (1 4 28, Rss). (443
Agm .

where g, denotes the mean value, ie., g = (gm1 + gm2)/2. In practice, all mismatche; §
must be taken into account. '

4.4 Differential Pair with MOS Loads

The load of a differential pair need not be implemented by linear resistors. As with the I.
common-source stages studied in Chapter 3, differential pairs can employ diode-connected §
or current-source loads (Fig. 4.32). The small-signal differential gain can be derived using

|—|_l:I4M3 M‘,L:ljm Vpe I}'T.JMS M4I

+— Voute—1 +— Vout

Figure 4.32 Differential pair with (a) dicde-connected and (b) current-
source loads.

the half-circuit concept. For Fig. 4.32(a).

Ay = ~gmy (gnp|ron]ror) (4.49)
N EmN . (450)
Emp

-
where subscripts N and P denote NMOS and PMOS, respectively. Expressing g, and
2mp interms of device dimensions, we have

(Wi L)
Ay v - (H TSN | 451
V mAW/D)s - (30




sec. 44 Differential Pair with MOS Loads 125

For Fig. 4.32(b), we have

Ay = _gmN(rON”rOP)- (4.52)

In the circuit of Fig. 4.32(a), the diode-connected loads consume voltage headroom. thus
creating a trade-off between the output voltage swings, the voltage gain, and the input CM
range. Recall from Eq. (3.35) that, for given bias current and input device dimensions. the
circuit’s gain and the PMOS overdrive voltage scale together. To achieve a higher gain,
(W/L)p must decrease, thereby increasing |Vgsp ~ Vrypl and lowering the CM level at
nodes X and Y.

In order to alleviate the above difficulty, part of the bias currents of the input transistors
can be provided by PMOS current sources. Ilustrated in Fig. 4.33, the idea is 1o lower the
& of the load devices by reducing their current rather than their aspect ratio. For example,

Voo

Vo] Ma\:ll:l EII:IM4 — ¥y
Ms—5 Tes
S8 85
) 0.8—2" 0 OU,H.O.B—é—
v i Maglh
in
o
v)lgg
‘ Figure 4.33 Addition of current

sources 10 increase the voltage gain.

if Ms and M, carry 80% of the drain current of M 1 and M-, the current through M; and M,
is reduced by a factor of five. For a given {Vgsp — Vryp,. this translates to a factor of five
reduction in the transconductance of M; and M, because the aspect ratio of the devices can
be lowered by the same factor. Thus, the differential gain is now approximately five times
that of the case with no PMOS current sources.

The small-signal gain of the differential pair with current-source loads is relatively low—
in the range of 10 to 20 in submicron technologies. How do we increase the voliage gain?
Borrowing ideas from the amplifiers in Chapter 3. we increase the output impedance of both
PMOS and NMOS devices by cascoding, in essence creating a differential version of the
cascode stage intreduced in Chapter 3. The result is depicted in Fig. 4.34(a). To calculate
the gain, we construct the half circuit of Fig. 4.34(b). which is similar to the cascode stage
of Fig. 3.60. Thus.

[AII B [(gru}-"()jr()l )”{gm.‘-"t?ﬁ-"l’)?)]- (‘153)

Cascoding therefore increases the differential gain substantially but at the cost of consuming
more voltage headroom.
E- As a final note. we should mention that high-gain fully differential amplifiers require a
' means of defining the output common-mode level. For example. in Fig. 4.32(b). the output
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Figure 4.34 (a) Cascode differential pair, (b} half circuit of (a).

common-mode level is not well-defined whereas in Fig. 4.32(a), diode-connected transistors
define the output CM level as Vpp — Vigsp. We retumn to this issue in Chapter 9.

1.5 Gilbert Cell

Our study of differential pairs reveals two important aspects of their operation: (1) the
small-signal gain of the circuitis a function of the tail current and (2) the two transistorsina
differential pair provide a simple means of steering the tail current to one of two destinations.
By combining these two properties, we can develop a versatile building block.

Suppose we wish to construct a differential pair whose gain is varied by a control voltage.
This can be accomplished as depicted in Fig. 4.35(a), where the control voltage defines the

Voo Voo Voo
Rp = = Ap Rp = =R, Rp = B
o o t T oo
) Vout L Vour Vourz, r
o—[5 M, M, o—|o M, M, oAl My M,
vin Vin Vln
O O o
Veont °—‘“__j-M3 Veonts 0_@ I Veont2 ‘*"? Iy
(a) by

Figure 4.35 () Simple VGA. (b) two stages providing variable gain.
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tail current and hence the gain. In this topology, A, = V,,,/ V,,, varies from zero (if Ip3 = 0)
to a maximum value given by voltage headroom limitations and device dimensions. This
circuit is a simple example of a “variable-gain amplifier” (VGA). VGAs find application
in systems where the si gnal amplitude may experience large variations and hence requires
inverse changes in the gain.

Now suppose we seek an amplifier whose gain can be continuously varied from a negative
value to a positive value. Consider two differential pairs that amplify the input by opposite
gains (Fig. 4.35(b)). We now have Voutt/ Vin = —g., Rp and Vour2/ Vi = + 2. Rp, where
&n denotes the transconductance of each transistor in equilibrium. If /; and / vary in
opposite directions, so do Vouri / Vin| and [V,2/ Vi |.

But how should V,,,,; and V,,,» be combined into a single output? As illustrated in Fig.
4.36(a), the two voltages can be summed, producing V,,, = V,;| + Vouor = AV, + AV,

Voo
ApE =Rp
— +
. o Vout
[« 2
Vin
v
o ot oM, M, —LM, M,
Vln an
o— o— .
Veontt ‘*"? Iy Veont2 Q’"? Iy
(b)
Voo y
§ § po
Rp = A, ]
o Rp = =R,
—0 Em —a Voul [, —

=

O
Veontt °‘_”.—.JlM5 Msljl_ovcontz o] Ms M,
T VCOT‘II R_T_Fll_’
O
!
= .

{c) {d)

: ! M, y M,
in in V-n A B
(=2

Figure 4.36 (a) Summation of the output voltages of two amplifiers, (b) sununation in the current
domain. te) use of Ms-M, to control the gain. (d} Gilbert cell.
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=

where A, and A are controlled by V,on; and Vo2, respectively. The actual implementatigg
is in fact quite simple: since V,u = Rplpy — Rplps and Vouz = Rplpa — Rplps, we
have Vour1 + Vowrz = Rp(Ipy + 1ps) — Rp(Ip2+ Ip3). Thus, rather than add Vourg and Vo
we simply short the corresponding drain terminals to sum the currents and subsequently
generate the output voltage [Fig. 4.36(b})]. Note that if /| = 0, then Vour = +8m Rp Vi, ang
if I, = 0, then V,,y = —gm Rp Vi For Iy = I, the gain drops to zero. :

In the circuit of Fig. 4.36(b), Vionr1 and Veonea must vary [ and /> in opposite directiong
such that the gain of the amplifier changes monotonically. What circuit can vary two currents
in opposite directions? A differential pair provides such a characteristic, leading to the
topology of Fig. 4.36(c). Note that for a large | Veonrt — Veonr2|, all of the tail current i
steered to one of the top differential pairs and the gain from V;, to V,,, is at its most positive
or most negative value. For Von1 = Veonr2, the gain is zero. For simplicity, we redraw the
circuit as shown in Fig. 4.36(d). Called the “Gilbert cell” [2], this circuit is widely used in
many analog and communication systems. In a typical design, M,-M, are identical and so
are Ms and Ms.

Example 4.8
Explain why the Gilbert cell can operate as an analog voltage multiplier.

Solution

Since the gain of the circuit is a function of Veone = Veonr1 — Veonr2, we have Vo = Vip - S (Veons).
Expanding f(Veon) in a Taylor series and retaining only the first-order term, & Voon,. we have Vo =
o Vi Veont . Thus, the circuit can multiply voltages. This property accompanies any voltage-controlled
variable-gain amplifier. -

As with a cascode structure, the Gilbert cell consumes a greater voltage headroom than
a simple differential pair does. This is because the two differential pairs M,-M> and M3-My
are “'stacked” on top of the control differential pair. To understand this point, suppose the
differential input, V;,,, in Fig. 4.36(d) has a common-mode level Veyin. Then, V4 = Vg =
Vesson — Vasi, where M - M are assumed identical. For Ms and M, to operate in saturation,
the CM level of Vc‘om- VCM.com- must be such that VCM.mm = vC.-l!.r'n - VGSI + VTHS.ﬁ'
Since Vs - Vrus.e is roughly equal to one overdrive voltage, we conclude that the control
CM level must be lower than the input CM level by at least this value.

In arriving at the Gilbert cell topology, we opted to vary the gain of each differential
pair through its tail current. thereby applying the control voltage to the bottom pair and the
input signal to the top pairs. Interestingly, the order can be exchanged while still obtatning
a VGA. Illustrated in Fig. 4.37(a). the idea is to convert the input voltage to current by :
means of Ms and Mg and route the current through M -My to the output nodes. If, 353
shown in Fig. 4.37(b), Veon, is very positive, then onty M, and M- are on and Vour =,
Sms.o Rp Vin. Similarcly, if Veonr is very negative [Fig. 4.37(c)], then only .M, and M, are 011ii
and Vi = —gns.sRp Vin. If the differential control voltage is zero. then V,,, = 0. The;
input differential pair may incorporate degeneration to provide a linear voltage-to-current:
conversion. 1
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Figure 4.37 (a) Gilbert cell sensing the input voltage by the bottom differential pair, (b) signal path for very
positive Vepn;, (c) signal path for very negative Vegn;.

Problems

Unless otherwise stated. in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. All device dimensions are effective values and in microns.

4.1,

4.2,
4.3.

4.4.

4.5,

4.6.

4.7,
4.8.

Suppose the total capacitance between adjacent lines in Fig. 4.2 is {0 fF and the capacitance

from the drains of M) and M> to ground is 100 {F.

{a) What is the amplitude of the glitches in the analog output in Fig. 4.2{a) for a clock swing
of 3V?

(b) If in Fig. 4.2(b), the capacitance between L and Lj is 10% less than that between Ly and
L3, what is the amplitude of the giitches in the differential analog output for a clock swing

of 3 V?

Sketch the small-signal differential voltagz gain of the circuit shown in Fig. 4.8(a} if Vpp varies
fromOto 3 V. Assume (W/L) 3 =350,05. Vizcy =13 V.and Vp =1 V.

Construct the plots of Fig. 4.8(c) for a dirZerential pair using PMOS transistors.

In the circuit of Fig. 4.10, (W/ L) .» = 30 0.5 and fgs = 0.5 mA.

(a) What is the maximum allowable output voltage swing if Vi, cyy = 1.2V?

{b) What is the voltage gain under this condition?

A differential pair uses input NMOS devices with W/L = 50/0.5 and a tail current of | ma.
(a) What is the equilibrium overdrive voliage of each transistor?

(b} How is the tail current shared between the two sides if Vi, — Vj,2 = S0 mA?

{¢) What is the equivalent G, under this zondition?

(d) For what value of Vi, — Vj,2 does the G, drop by 10%7 By 90%”

Repeat Problem 4.5 with W/L = 25/0.5 znd compare the results.
Repeat Problem +.5 with a tail current of 2 mA and compare the results.

Sketch /py and Ip» in Fig. 4.17 versus Vi.y — Vipa. For what value of Vi, — Viy,2 are the two
currents equal?
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4.9,

4.10.

4.11.

4.12.

4.13.

4.14,

4.15.

4,16.

+.17,

4.18.

4.19.

4,20,
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Consider the circuit of Fig. 4.28, assuming (W/L)| 2 = 50/0.5 and Rp = 2 k2. Suppose
Rgs represents the output impedance of an NMOS current source with (W/Liss = 50/05
and a drain current of 1 mA. The input signal consists of Vip. py = 10 mVpp and Vip cy =
1.5 V +V,(¢), where V,(t) denotes noise with a peak-to-peak amplitude of 100 mV. Assume
AR/R = 0.5%.

(a) Calculate the output differential signal-to-noise ratio. detined as the signal amplitude di-

vided by the noise amplitude.
(b} Calculate the CMRR.

Repeat Problem 4.9 it AR = 0 but M, and M3 suffer from a threshold voltage mismartch of |
mV.

Suppose the differential pair of Fig. +.32(a) is designed with (W/L)| 2 = 50/0.5. (W L4 =

10/0.5.and Fss = 0.5mA. Also. Issis implemented with an NMOS device having (W L)sg =

50/0.5.

(a) What are the minimum and maximum allowable input CM levels if the differential swings
at the input and output are small?

{b) For Viy cm = 1.2V, sketch the small-signal differential voltage gain as Vpp goes from {
to 3 V.

In Problem 4.11, suppose M) and M3 have a threshold voltage mismatch of 1 mV. What is the
CMRR?

In Problem 4.11, suppose W3 = 10 pm but W4 = 11 um. Calculate the CMRR.

For the differential pairs of Fig. 4.32(a) and (b), calculate the differential voltage gain if
Iss = 1 mA, (W/L) 2 = 50/0.5, and (W/L)3 4 = 50/1. What is the minimum allowable
input CM level if Isg requires at least 0.4 V across it? Using this value for Vi, ca. calculate
the maximum output voltage swing in each case.

In the circuit of Fig. .33, assume /55 = 1 mA and W/L = 50/0.5 for all of the transistors.
(a) Determine the voltage gain.

{b) Calculate V such that Ips = Ips = 0.8(Js5/2).

(¢) If I5s requires aminimum voltage of 0.4 V, what is the maximum differential output swing?

Assuming all of the circuits shown in Fig. 4.38 are symmetric, sketch V,,,, as (a) Vipy and Vip2
vary differentially from zero to Vp p. and (b) i,y and Vig2 are equal and they vary from zero
to Vpp.

Assuming ull of the circuits shown in Fig. 4.39 are symmetric, sketch Vp, as (a) V) and Vinl
vary differentially from zero to Vipp. and (b) Vi,; and V,,2 are equal and they vary from zero
w Vop.

Assumine all of the transistors in the circuits of Figs. 4.38 and 4.39 are saturated and A # 0,

caleulate the small-signal differential voltage gain of each circuit.

Consider the ¢ircuit shown in Fig. +.40.

{a) Sketch V. as Viyg and Vi, vary differentially from zero to Vpp.

(b) If » = 0. obtain an expression for the voltage gain. What is the voltage gain if W3 5 =
0.8Ws 47

For the circuit shown in Fig. 4.41. .

(@) Sketch V. Vy.and Vy as Vi, and V;,» vary differentially from zero 10 Vpp.

(b) Calculate the small-signal differential voltage gain.

. Assuming no symmetry in the circuit of Fig. 4.42 and using no equivalent circuits. calculate

the small-<ignat voltage gain (V... 3/ (Viy) — Vip2) if A =0 and y £ 0.
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Figure 4.38

4.22. Due to a manufacturing defect, a large parasitic resistance has appeared between the drain and
source terminals of M| in Fig. 4.43. Assuming » = y = 0, calculate the small-signal gain,
common-mode gain. and CMRR.

4.23, Due to a manufacturing defect, a large parasitic resistance has appeared between the drains of
M, and My in the circuit of Fig. 4.44. Assuming 7. = y = 0, calculate the small-signal gain,
common-mode gain. and CMRR.

4.24. In the circuit of Fig. 4.43. all of the transistors have a W/L of 50/0.5 and M3 and M4 are
to operate in deep triode region with an on-resistance of 2 kQ. Assuming /ps = 20 4A and
A = y = 0, calculate the input common-mode leve] that yields such resistance. Sketch Ve,
and V1 as Vig and Vi vary differentially from 0 to Vpp.

4.25, In the circuit of Fig, +.32(0), (W/L)j—q4 = 50, 0.5 and I55 = 1 mA.
(2} What is the small-signal differential gain?
{b) For Vi, car = 1.3 V. what is the maximum allowable output voltage swing?

4.26. In the circuit of Fig. 4.33. assume M5 and Mg have a small threshold voltage mismatch of AV
and fss has an ourput impedance Ryss. Calculate the CMRR.

13
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Figure 4.40
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Chapter 5
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Passive and Active Current Mirrors

Our study of single-stage and differential amplifiers in Chapters 3 and 4 points to the wide
usage of current sources. In these circuits current sources act as a large resistor without
consuming excessive voltage headroom. We also noted that MOS devices operating in
saturation can act as a current Source:: #

Current sources find other applications in analog design as well. For example, some
digital-to-analog (D/A) converters employ an array of current sources to produce an analog
output proportional to the digital input. Alse, current sources, in conjunction with “current
mirrors,” can perform useful functions on analog signals.

This chapter deals with the design of current mirrors as both bias elements and signal
processing components. Following a review of basic current mirrors, we study cascode
mirror operation. Next, we analyze active current mirrors and describe the properties of
differential pairs using such circuits as loads.

5.1 Basic Current Mirrors

Fig. 5.1 illustrates two examples where a current source proves useful. From our study in
Chapter 2, recall that the output resistance and capacitance and the voltage headroom of a
current source trade with the magnitude of the output current. In addition to these issues.
several other aspects of current sources are important: supply, process, and temperature
dependence. output noise current. and matching witk other current sources. We postpone
noise and matching considerations to Chapters 7 and 13, respectively.

How should a MOSFET be biased so as to operatz as a stable current source? To gain
a better view of the issues, let us consider the simple resistive biasing shown in Fig. 5.2.
Assuming M is in saturation, we can write

!mn’ = “-_)D - VTH) . (51}

1 W/ R
5! L

l*:Co_r_ T
R+ R

This expression reveals various dependencies of /,,, upon the supply. process, and tem-
perature. The overdrive voltage is a function of Vp and Vra: the threshold voltage may

135
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Voo Voo
" @ A |
= 1 oA -
" Vout Y Yout
Vin o M, Vin | M, 'ss &> Voerd
(a) (b)

Figure 5.1 Applications of current sources.

Voo

Figure 5.2 Definition of current by re-
sistive divider.

vary by 100 mV from wafer to wafer. Furthermore. both u, and Vry exhibit temperature
dependence. Thus, /1, is poorly defined. The issue becomes more severe as the device is
biased with a smaller overdrive voltage, e.g., to consume less headroom. With a nominal
overdrive of, say, 200 mV, a 50-mV error in Vi results in a 44% error in the output current.

It is important to note that the above process and temperature dependencies exist even
if the gate voltage is not a function of the supply voltage. In other words, if the gate-source
voirage of a MOSFET is precisely defined, then its drain current is not! For this reason, we
must seek other methods of biasing MOS current sources.

The design of current sources in analog circuits is based on “copying” currents from a
reference, with the assumption that one precisely-definad current source is aiready available.
While this method may appear to entail an endless cvcle, it is carried out as illustrated in
Fig. 5.3. A relatively complex circuit—sometimes requiring external adjustments—is used

Voo

---------------- | 11
Reference :

Generator
/ REFC‘jP---

Figure 5.3 Use of a reference to gen-
erate various currents.
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to generate a stable reference current, /ger, Which is then copied to many current sources
in the system. We study the copying operation here and the reference generator circuit in
Chapter 11.

How do we generate copies of a reference current? For example, in Fig. 5.4, how do
we guarantee /,,, = Izpr? For a MOSFET, if Ip = f(Vgs), where £(-) denotes the

Voo
!rer
IOI.II
Copy
Circuit .
T = Figure 5.4 Conceptual means of
H copying currents,

functionality of Ip versus Vg, then Vg5 = f=Y%JIp). That is, if a transistor is biased at
IrgF. then it produces Vos = f~'(laer) [Fig. 5.5(a)]. Thus, if this voltage is applied
to the gate and source terminals of a second MOSFET, the resulting current is f,,, =
Ff Y Urer) = Iger [Fig. 5.5(b)]. From another point of view, two identical MOS devices
that have equal gate-source voltages and operate in saturation carry equal currents (if A = 0).

Voo
]
I rerF out
w
w M, t
L M, H
(b)

Figure 5.5 (a) Diode-connected device providing inverse
function, (b) basic curren! mirror.

The structure consisting of M, and - in Fig. 5.5(b) is called a “current mirror.” In the
general case, the devices need not be identical. Neglecting channel-length modulation, we
can write

1 W L :
Irer = ',iunc.-.r (—) (Vos — Vru ) (5.2)
L/ |
L W ,
Tour = S1aC o (_L_) Vos — Vra), . (5.3)
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obtaining

_ (W/L) '
= WD), FEF G4

out

The key property of this topology is that it allows precise copying of the current with g
dependence on process and temperature. The ratio of /,,,, and Iz¢¢ is given by the ratio of
device dimensions. a quantity that can be controiled with reasonable accuracy.

Example 5.1

In Fig. 5.6. find the drain current of M. if all of the transistors are in saturation.

Figure 5.6

Solution

We have Ipy = Irer[(W/L)/(W/L)]. Also, |Ip3| = |Ipa| and Ipy = Ip3[(W/L)/(W/L)).
Thus, |Ips| = aBlzegr, where o = (W, L) /(W/L); and 8 = (W /L)4/(W/L)s. Proper choice of a
and 8 can establish large or small ratios between Ipg and /g £ ¢. Forexample, & = 8 = § yields a mag-
nification factor of 25. Similarly, & = 8 = 0.2 canbe utilized to generate a small, well-defined current.

Current mirrors find wide application in analog circuits. Fig. 5.7 illustrates a typical case,
where a differential pair is biased by means of an NMOS mirror for the tail current source
and a PMOS mirror for the load current sources, The device dimensions shown establish a

Yoo
1, ) (e
LP L'P
® Irer 0.41y 0.4/y
¥ H
xt— M M,
N | = :
LN w w
.‘:I.:I 2,1 5]

Figure 5.7 Current mirrors used to bias a differential amplifier.
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drain current of 0.4/ in Ms and Mg, reducing the drain current of My and M, and hence
increasing the gain.

Current mirrors usuaily employ the same fength for all of the transistors so as to minimize
errors due to the side-diffusion of the source and drain areas (L p). For example, in Fig. 5.7.
the NMOS current sources must have the same channel length as M. This is because if.
Lyrawn 18, say, doubled. then L.sf = Lgraws—2L p is not. Furthermore. the threshold voltage
of short-channel devices exhibits some dependence on the channel length (Chapter 16).
Thus, current ratioing is achieved by only scaling the width of transistors.'

We should also mention that current mirrors can process signals as well. In Fig. 5.5(b).
for example, if /g F increases by Al, then [,,, increases by AI(W/L),/(W/L),. That is,
the circuit amplifies the small-signal current if (W/L);/(W/L), > 1 (but at the cost of
proportional multiplication of the bias current).

Example 5.2

Calculate the small-signal voltage gain of the circuit shown in Fig. 5.8.

2
&

(5.8)

- Figur
(5.9)
Solution

The small-signal drain current of M| is equal to gy Vin. S|/
{W/ L), the small-signal drain current of M3 is equal to y
gain of gmj Re{W/L)3/t1W /L),

V. (5.10)

5.2 Cascode Current Mirrors

In our discussion of current mirrors thr &

[n practice, this effect results in signi” P ‘o (5.1hH
length transistors are used so as te %

the current source. For the simr

' fé 33:¢ and accurate value., the
%%, § headroom. For simplicity,

L . .
“ rs are identical. Then, the

R i
S M

PR 2
PR -

i S

Ip, =

'As explained in CF
rather than making a <
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drain current of 0.4/7 in Ms and Mg, reducing the drain current of M; and M, and hence
increasing the gain.

Current mirrors usuaily employ the same length for all of the transistors so as to minimize
errors due to the side-diffusion of the source and drain areas (L p). Forexample, in Fig. 5.7.
the NMOS current sources must have the same channel length as M,. This is because if.
L grawn 15, say, doubled. then Lysf = Lgrauwn—2L p is not. Furthermore, the threshold voltage
of short-channe! devices exhibits some dependence on the channel length (Chapter 16).
Thus, current ratioing is achieved by only scaling the width of transistors.'

We should also mention that current mirrors can process signals as well. In Fig. 5.5(b).
for example, if /£ increases by Al, then [, increases by AI(W/L),/(W/L),. That is,
the circuit amplifies the small-signal current if (W/L),/(W/L); > 1 (but at the cost of
proportional multiplication of the bias current).

Example 5.2

Calculate the small-signal voitage gain of the circuit shown in Fig. 5.8.

= -Figure5.8

Solution

The small-signal drain current of M| is equal to g, Vi, Since Ip2 = fp and Ipy = Ip2(W/L)z/
(W /LY, the small-signal dratn current of M3 is equal to gg Vin(W/L)3/(W/L};, vieiding a voltage
gain of gm RL(W/L)3/(W/L}2.

5.2 Cascode Current Mirrors

In our discussion of current mirrors thus far, we have neglected channet length modulation.
In practice, this effect results in significant error in copying currents, especially if minimum-
length transistors are used so as to minimize the width and hence the output capacitance of
the current source. For the simple mirror of Fig. 5.5(b), we can write

I w 3 .
Ipy = S4uCoy (Z) (Vs — Vru) (1L + aVopsi (3.5)
|

'As explained in Chapter 18. the widths are actually scaled by placing mulliple unit transistors in parallel
rather than making a device svider.
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1 W 4
IDZ = Epncw (_L_) (VGS - VTH)“(I + AVps2). (56)
and hence

Ipp _ (W/Lp 1+AVps
Ipp (W/L)y 1 +AVps

(5.7

While Vps = Vgs1 = Vgsz, Vps2 may not equal Vs, because of the circuitry fed by M,
For example, in Fig. 5.7, the potential at node P is determined by the input common-mode
level and the gate-source voltage of M and M, and it may not equal Vy.

In order to suppress the effect of channel-length modulation, a cascode current source
can be used. As shown in Fig. 5.9(a), if V,, is chosen such that Vy = V. then /,,,; closely
tracks [z g r. This is because, as described in conjunction with Fig. 3.61. the cascode device
~shizlds™ the bottom transistor from variations in Vp. With the aid of Fig. 3.23, the reader
can prove that AVy = AVp/{(gn3 + gms3)roa} Thus, we say that Vy remains close to
V'y and hence fp; = [p; with high accuracy. Such accuracy is obtained at the cost of the
voltage headroom consumed by M. Note that, while L; must be equal to L», the length of
Ms need not be equal to L, and L.

' VDD
P Irer P
Yoo fout fout
"HEF Vb ._I M3 MO |-‘ N ' M3
X Y X Y
M, I—""—_l M, M, I"‘_l M,

(a) {c)

Figure5.8 (a)Cascode currentsource. (b) medification of mirror circuit to generate the cascode
bizs valtage. (¢) cascode current mirror.

How do we generate V,, in Fig. 5.9(a)? Since the objective is to ensure Vy = Vy, we must
guarantee V, — Vg3 = Ve or V), = Vg3 + V. This result suggests that if a gate-source
voltage is added to Vy, the required value of V, can be obtained. Depicted in Fig. 5.9(b), the
idea is to place another diode-connected device, My, in series with M. thereby generatmg
a voltage Vy = Vg0 + Vx. Proper choice of the dimensions of My with respect to those
of M; yields Vigso = Vgss. Connecting node N 1o the gate of M3 as shown in Fig. 5.9(c), .
we nave Voso + Vy = Vgsy + Vy. Thus, if (W . Lh/(W/L)yy = (W/L)/(W/L),, then
Vs: = Vgsoand Vy = Vy. Note that this result holds even if My and M3 suffer from body
effect. :
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Example 5.3

In Fig. 5.10, sketch Vx and Vy as a function of Irg . If Ig£F requires 0.5 V 1o operate as a current
source, what is its maximum value?

Voo
IaeF Vo Vy
l:Y,out
N i My
Y VTHi
1 Irer
(a) (b)
Figure 5.10

Soiution

Since M» and M3 are properly ratioed with respect to Mp and Mg, we have Vy = Vy =
S2UREF N nCox (W /L)1) + Vr 1. The behavior is plotted in Fig. 5.1((b).
To find the maximum value of /g r, we note that

Vv = Vgso +Vast (5.8)

2lrEF L / L
= — — Vv 1% . 9
J#ncox [\/(W)0+ (W)l] *¥rHo T T ©9)

Thus,

Voo — —1 +. /| = — Vrgo— Vru1 =035V, {3.10
oD \/nncm li\/ W/, W), THO — YTHI

and hence

2nCox (Vpp — 0.5V — Vryo — Vru1)?
2 (V(L/ W + VL W)

IREFmax = (5.11)

While operating as a current source with high output impedance and accurate value, the
topology of Fig. 5.9(c) nonetheless consumes substantial voltage headroom. For simplicity,
let us neglect the body effect and assumne all of the transistors are identical. Then, the

N <
B Y
L
- '

Smy
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minimum allowable voltage at node P is equal to

Vv = Vg = Vgso + Vos1 — Vryy (5.1
= (Veso — Vra) + (Vgsi — Vru) + Vra, (5.13)

i.e., two overdrive voltages plus one threshold voltage. How does this value compare with
that in Fig. 5.9(a) if V}, could be chosen more arbitrarily? As shown in Fig. 3.51, V,, could
be so low that the minimum allowable voltage at P is merely two overdrive voltages. Thus,
the cascode mirror of Fig. 5.9(c) “wastes” one threshold voltage in the headroom. This is
because Vpsas = Vs, whereas Vps; could be as low as Vgsy — Vry while maintaining
M- in saturation.

Fig. 5.11 summarizes our discussion. In Fig. 5.11(a), V,, is chosen to allow the lowest
possible value of Vp but the output current does not accurately track /pgr because M, and
M sustain unequal drain-source voltages. In Fig. 5.11(b), higher accuracy is achieved but
the minimum level at P is higher by one threshold voltage.

Voo
P
P
Voo w, Tout# Irer I ner e
+ out= JREF
M
"HEF Vb ._‘i VGS- VTH 3 +
X M Y - MO I_‘—N.‘_i VGS_ VTH
2

+ X Yy -

My A=l Vas- Vru M2

VGS - M1 I.‘h_l VGS

{a) {b)

Figure 5.11 (a) Cascode current source with minimum headroom voltage, (b) head-
room consumed by a cascode mirror.

Before resolving this issue, it is instructive to examine the large-signal behavior of a
cascode current source.

Example 5.4

tn Fig. 5.12(a), assuming all of the transistors are identical, sketch /x and Vg as Vx drops from 3
large positive value.

Solution

For Vx = Vn — Vry. both Ms and M3 are in saturation, fx = Igpr and Vg = Va. As Vyx drops,
which transistor enters the triode region first, M3 or M>? Suppose M- enters the triode region before
M3 does. For this 1o occur. Vps2 must drop and, since V52 is constant. so must {p2. This means
Vi s3 increases while /p3 decreases, which is not possible if M3 is still in saturation. Thus, M3 enters
the triode region first.

As Vy falls below Vy — Vr 4. M3 enters the triode region, requiring a greater gate-source overdrive
to carry the same current. Thus, as shown in Fig. 5.12(b), Vg begins to drop, causing /p2 and hence
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Figure 5.12

Ix 1o decrease slightly. As Vy and Vg decrease further, eventually we have Vg < V4 = Vry, and M» -
enters the triode region. At this point, /p; begins to drop sharply. For Vx = 0, Ix = 0, and M> and
M3 operate in deep triode region. Note that as Vy drops below Vy — Vr g3, the output impedance of
the cascode falls rapidly because g3 degrades in the triode region.

In order to eliminate the accuracy-headroom trade-off described above, we first study the
modification depicted in Fig. 5.13(a). Note that this circuit is in fact a cascode topology with
its output shorted to its input. How can we choose V,, sothat both M, and M- are in saturation?
We must have V, — Vry» < Vx(= Vgsy) for M- to be saturated and Vg — Vg <
Va(= Vp, — Vgs2) for M| to be saturated. Thus.

Vesa+ (Vasi —~ Vryy) < Vo < Vgs) + Vigo. (5.14)

A solution exists if Vo2 + (Vgsi — Vrg1) < Vos) + Vega, ie, if Vgsa — Vrga < Vg,
We must therefore size M- such that its overdrive voltage remains less than one threshold
voltage. )

Now consider the circuit shown in Fig. 5.13(b). where all of the transistors are in
saturation and proper ratioing ensures that Vggs = Vgsu. f Vy = Vger + (Vg —
Vrui) = Viosa + (Vgsa — Vrgs), then the cascode current source Mi-M, consumes min-
imum headroom (the overdrive of M3 plus that of M,) while M, and M5 sustain equal
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Voo
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Figure 5.13 Modification of cascode mirror for low-voltage
operation.

drain-source voltages, allowing accurate copying of Izzr. We call this a “low-voltage
cascode.”

We rust still generate V. For minimal voltage headroom consumption, V,, = Vgg( -
Vry and hence V;, must be equal to (or slightly greater than) Vgsz + (Vgs1 — Vrw)
Fig. 5.14(a) depicts an example, where Ms generates Vggs = Vigso and My together with
Ry produces Vpss = Vgss — Roli = Vg1 — Vry1. Some inaccuracy nevertheless arises
because M5 does not suffer from body effect whereas M- does. Also, the magnitude of R, /|
is not well-controiled.

Voo == Vpp
5 Iy ty

3
%R, M X
’ M
Mg b EM Vi 2
8 i 6 A

D%Ms —i M,

{(a). (b}

Figure 5.14 Generation of gate voltage V- for cascode mirrors.

An alternative circuit is shown in Fig. 5.14(b). where the diode-connected transistor
M7 has a large W/L so that Vgs7 & Vry7. That is. Vpse & Vigse — Vry- and hence
Vs = Vgss + Viose — Vryr. While requiring no resistors, this circuit nonetheless suffers
from similar errors due to body effect. Some margin is therefore necessary 1o ensure M,
and M- remain in saturation,
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Mg Al | TS
A - ?
M o
1 —_ll'_j_ 2 Figure 5.15 Low-voltage cascode us-

ing a source follower level shifter.

We should mention that low-voltage cascodes can also be biased using source followers.
Shown in Fig. 5.15, the idea is to shift the gate voltage of M3 down with respect to Vyy by
interposing a source follower. If M is biased at a very low current density, Ip/(W/L), then
its gate-source voltage is approximately equal to Vry3, i.e.. Vo & Vy — Vg, and

Ve = Ves1 + Vaso — Vras — Vgsa (5.15)
= Vgs1 — Vraa, (3.16)

implying that M is at the edge of the triode region. In this topology, however, Vs % Vg1,
introducing substantial mismatch. Also. if the body effect is considered for Mg, Ms, and
M, it is difficult to guarantee that M, operates in saturation. We should mention that, in
addition to reducing the systematic mismatch due to channel-length modulation, the cascode
structure also provides a high output impedance,

5.3 Active Current Mirrors

As mentioned earlier and exemplified by the circuit of Fig. 5.8, current mirrors can also
process signals, i.e., operate as “active” elements. Particularly useful is a type of mirror
topology used in conjunction with differential pairs. In this section. we study this circuit
and its properties.

First, let us examine the circuit shown in Fig. 5.16, where M, and M, are identical.
Neglecting channel-length modulation. we have /,,, = I;,. i.e.. with the direction shown
for I;, and 1,,,, the circuit performs no inversion. From the small-signal point of view, if
I;y increases by Al, so does /,,,.

Now consider the differential amplifier of Fig. 5.17(a), where a current source in a mirror
arrangement serves as the load and the output is single-ended. What is the small-signal gain,
Ay = Vour/ Vi, of this circuit? We calculate A, using two different approaches,* assuming
y = 0 for simplicity. '

*Note that, owing to the lack of symmetry, the half-circuit concept cannot be applied here.
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Voo
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" Figure 5.8 Current mirtor process-
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Figure 5.17 (a) Differential pair with current-source load. (b) circuit for cal-
culation of G,,, {¢) circuit for calcufation of Royy,.

Writing |A,] = G, R,,, and recognizing trom Fig. 5.17(b) that G,, = I,/ Vin =
(8m1 Vin/2)/ Vin = g /2, we simply need to compute Royr. As illustrated in Fig. 5.17(c), fof |
this calculation, M- is degenerated by the source output impedance. 1/g,,|, of M|, thereby |
exhibiting an output impedance equal t0 {1 + gn2r02X1/gmi.2) + ro~ = Zrm + 1/gm =
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2ro2. Thus, Raye & (2rg3)llros, and

Bmt

|Ay| ~2 "2—[(2?'02)"!’04]. | (5.1

Interestingly, if roa — oo, then A, — gm1roz. This can be explained by the second
approach.

Voo

Figure 5.18 Circuit for caiculation of
Ve/ Vin.

In our second approach, we calculate Vp/V;, and V,,;/ Vp and multiply the results to
obtain V,,,/ Vi,. With the aid of Fig. 5.18,

= ———— (5.18)

where R,, denotes the resistance seen looking into the source of M-. Since the drain of M,
is terminated by a relatively large resistance, roq4, the value of R.q must be obtained from

Eq. (3.110):
| 1
Ry v — + —28 (5.19)
8m2 Bm2To2
1 roa\
= l+—1}. (5.20)
&m2 roz
It follows that
g 1+
-£ =‘__’.'9£. (5.21)
" Vm 2 r_oi
ro2
Note thatif rgs — 0, Vp/ Vi, — 1/2and if rog — o0, then Vp/V,, — L.
We now calculate V,,,;/ Vp while taking r¢» into account. From Fig. 5.19.
Vtmr . 1+ Em2r o2 .
v, = " 7o (5.22)

Fo4
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Voo
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- Figure 5.19 Circuit for calculation of
- Vour/VP-

.. 8m2Fo?
rox’

o4

(5.23)

From (5.21) and (5.23), we have

Foa
14—
Vour roas  8m2roz

Vin - ros ro2 (5.24)

ro2 Fos

_ 8m2loiod (5.25)
2roz + ros

= 22 (2ron)lIroal. (5.26) |

e

In the circuit of Fig. 5.17, the small-signal drain current of M| ts “wasted.” As concep-
tually shown in Fig. 5.20(a), 1t 1s desirable to utilize this current with proper polarity at
the output. This can be accomplished as depicted in Fig. 5.20(b), where M; and M, are
identical. To see how M, enhances the gain, suppose the gate voltage of M| increases by
a smail amount. increasing /p; by A7 and decreasing {p2 by Al. Since :/p3| and hence
|/ps alsoincrease by A/, we observe that the output voltage tends to increase through two
mechanisms: the drain current of M- drops and the drain current of M rises.’ In contrast
to the circuit of Fig. 5.17, here M, assists M> with the voltage change at the output. This
configuration is called a differential pair with active current mirror.* An important property
of this circuit is that it converts a differential input to a stngle-ended ourput.

*The reader may wonder how this is possible if KCL requires that /p2 = |fp4i. The explanation in Example

*It is also called a differential pair with active load.
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(a) (b)

Figure 5.20 (a) Concept of combining the drain currents of M| and M-, (b) realization
of (a).

5.3.1 Large-Signal Analysis

Let us study the large-signal behavior of the circuit. To this end, we replace the ideal tail
current source by a MOSFET as shown in Fig. 5.21(a). If Vi, is much more negative than
Vinz, M| is off and so are M3 and M. Since no current can flow from Vpp, both M- and M
operate in deep triode region, carrying zero current. Thus, V,,, = 0.3 As Vi approaches
Vin2, M/ turns on, drawing part of /ps from M3 and turning M4 on. The output voltage then
depends on the difference between /p, and /p;. For a small difference between V| and
Vin2, both M5 and M, are saturated. providing a high gain [Fig. 5.21(b)]. As V}, becomes
more positive than Vi, Ip1, |{p3l, and |{p.} increase and Ip; decreases, eventually driving
M, into the triode region. If V,,; — Vj,; is sufficiently large, M; turns off, M, operates in
deep triode region with zero current, and V,,, = Vpp. Note that if Vin| > V¢ + Vrg, then
M| enters the triode region.

The choice of the input common-mode voltage of the circuit is also important. For M; to
be saturated, the output voltage cannot be less than V;,, ¢y — Vrx. Thus, to allow maximum
output swings, the input CM level must be as low as possible, with the minimum given by
Vs 2+ Voss.min. The direct relationship between the input CM level and the output swing
in this circuit is a critical drawback.

What is the output voltage of the circuit when Vi, = V;,2? With perfect symmetry,
Vo = Vi = Vpp — |Vgs3l. This can be proved by contradiction as well. Suppose, for
example, that V,,, < V. Then. due to channel-length modulation, M| must carry a greater
current than M- (and M, a greater current than Ms). In other words, the total current through
M, is greater than half of /5s. But this means that the total current through M1 also exceeds
Iss/2. violating the assumption that .M, carries more current than M;. In reality. however,
asymmetries in the circuit may result in a large deviation in V., possibly driving 3, or
M, into the triode region. For example. if the threshold voltage of M- is slightly smaller

5If Wiy i greater than one threshold voltage with respect to ground, Ms may draw a small current from My,
raising V,,,, slightly.
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Voo }----;
/ High Gain
/ Region

Vin1=Vin2

(b)

Figure 5.21 (a)Differential pair with active current mirror and realistic current source.
(by large-signal input-output characteristic.

than that of M,, the former carries a greater current than the latter even with V;,; = Vin2,
causing V,,, to drop significantly. For this reason, the circuit is rarely used in an open-loop
configuration to amplify small signals.

Example 5.5

Assuming perfect symmetry, sketch the output voltage of the circuit in Fig. 5.22(a) as Vpp varies
from 3 V to zero. Assume that for Vpp = 3 V all of the devices are saturated.

{b)

Figure 5.22

Solution

For Vpp = 3 V, symmetry requires that Vi, = Vp. As Vpp drops, so do Vg and V,,, with 2
slope close to unity [Fig, 5.22(b)]. As Vr and Vo, fall below —1:5V —Vyyy, My and M- enter the

. triode region. but their drain curvents are constant if Ms is saturated. Further decrease in Vpp and

hence V¢ and V,,, causes Vg5 and V52 to increase, eventuaily driving M5 into the triode region.
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Thereafter, the bias current of all of the transistors drops, lowering the rate at which V,,,, decreases.
For Vpp < |Vrypl, we have Vyyr = 0.

5.3.2 Small-Signal Analysis

We now analyze the small-signal propertiés of the circuit shown in Fig. 5.21(a), assuming
y = 0 for simplicity. Can we apply the half-circuit concept to calculate the differential gain
here? As illustrated in Fig. 5.23. with small differential inputs, the voltage swings at nodes

Voo

M, |"‘_"_“—‘-JM4
\j\ X Y
/\/D_M|1 "o1p'oz :In::o\/\

N -
Iss Figure 5.23 Asymmetric swings in
a differential pair with active current
H ’ mirror.

X and Y are vastly different. This is because the diode-connected device M yields a much
lower voltage gain from the input to node X than that from the input to node Y. As a result,
the effects of Vx and Vy at node P (through rp, and rg;, respectively) do not cancel each
other and this node cannot necessarily be considered a virtual ground. We compute the gain
using two different approaches.

In the first approach, we write |A,| = G, Ry, and obtain G,, and R, separately.
For the calculation of G, consider Fig. 5.24(a). The circuit is not quite symmetric but

Ma jh—
X
v,
"'_;L‘H M,

(b)

Figure 5.24 (a) Circuit for calculation of G,,,;I (b} cirqﬁit_qf (a) with node P grounded.

LI =
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because the impedance seen at node X is relatively low and the swing at this node smal|,
the current returning from X to P through rg, is negligible and node P can be vieweq
as a virtual ground [Fig. 5.24(b)]. Thus, Ip, = |Ips] = |Ipsl = 8mi2Vin/2 ang
Ips = —8m12Vin/2, yielding I = —gm 2V, and hence |G| = gmi.2- Note that, by
virtue of active current mirror operation, this value is twice the transconductance of the
circuit of Fig. 5.17(b).

Calculation of R, s less straightforward. We may surmise that the output reststance of
this circuit is equal to that of the circuit in Fig. 5.17(c), namely, (2rg2)||rps. In reality, how.
ever, the active mirror operation yields a different value because when a voltage is applied to
the output to measure R,,,, the gate voltage of M, does not remain constant. Rather than draw
the entire equivalent circuit. we observe that, for small signals, /55 is open [Fig. 5.25(a)},
any current flowing into M, must flow out of M, and the role of the two transistors can be

; z
e — T -
Im3 l | 03 =
i,
Ix
Axy |
hak -+~
2r01.2 Ovx
(a) (b)

Figure 5.25 (a) Circuit for calculating Ry, (b) substitution of M; and M> by a resistor.

represented by aresistor Ryy = 2rpo, > [Fig. 5.25(b)]. As a consequence, the current drawn
from Vy by Rxy is mirrored by M3 into My with unity gain. We can therefore write:
v v -

X + =, (5.27)

Fou

Iy =2 1
2rola+ —

ml

ros

where the factor 2 accounts for current copying action of Mz and M;. For 2rp12 »
(1/gm3}ll¥o3. we have

Rmu = rp2 Hr04- (528)

The overal! voltage gain is thus equal to |A,| = GuRo: = &m1.2(roz2llros). somewhat
higher than that of the circuit in Fig. 5.17(a).

The second approach to calculating the voltage gain of the circuitis iltustrated in Fig. 5.26,
providing more insight into the operation. We substitute the input source and M, and Mz
by a Thevenin equivalent. As illustrated in Fig. 5.27(a), for the Thevenin voltage caicula- -
tion, node P-is a virtual ground because of symimetry, and a half-circuit equivalent yields
Voy = 8m1.2701.2Vin. Moreover. the output resistance is R,, = 2rg;.». From Fig. 5.27(b)




sec. 5.3

Active Current Mirrors 153
P2
Figure 5.26 Substitution of the input differential pair by a Thevenin equivalent.
- Ve *
V V,
* % o ror T -
ot 2
M, P M,
Virtual / lss
Ground
fa) )
Figure 5.27 (a) Calculation of the Thevenin equivalent voltage, (b} simplified circuit.
we note that the current through R,, is
Iy = Vour = 8m1.2701.2Vin (5.29)

l
2ror2+ —ros3

mi

The fraction of this current that flows through 1/g..3 is mirrored into My with unity gain.

That 1s,

o Vour — 8m1.2701.2Vin ro3

- 1
rorzt —Iros 3T L/8m3

m3

Assuming 2ro12 > (1/8m3.4)ir o34, we obtain

Vom _ Em1.2Y 034002
v rova+rois

= gmi.2(ro1.21ro3.4).

Vou!‘

ros

(5.30)

(5.31}

{(5.32)
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Exampie 5.6

S

Calculate the small-signal voltage gain of the circuit shown in Fig. 5.28. How does the performance
of this circuit compare with that of a differential pair with active mirror?

Yoo
Vout
Vln o—I M1
T Figure 5.28

Solution

We have Ay = gmi(roilirp2), similar to the value derived above. For given device dimensions,
this circuit requires haif of the bias current to achieve the same gain as a differential pair. However,
advantages of differential operation often outweigh the power penaity.

The above calculations of the gain have assumed an ideal tail current source. In re-

ality, the output impedance of this source affects the gain, but the error with respect o |
gm1.2(ro1.21lroa.4) is relatively small. |

5.3.3 Common-Mode Properties

Let us now study the common-mode properties of the differential pair with active current
murror. We assume y = 0 for simplicity and leave a more general analysis including body
effect for the reader. Our objective is to predict the consequences of a finite output impedance
in the tail current source. As depicted in Fig. 5.29, a change in the input CM level leads to

Voo
M3 JH——1E M,
F X

Vinemo—ilom, 1 M, I-| '

P

Voul

Ahh

= Agg Figure 5.29 Differential pair with ac-

tive current mirmor sensing a common-
mode change.

a change in the bias current of all of the transistors. How do we define the common-mode
gain here? Recall from Chapter 4 that the CM gain represents the corruprion of the output -
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signal of interest due to variations of the input CM level. In the circuits of Chapter 3, the
output signal was sensed differentially and hence the CM gain was defined in terms of the
output differential component generated by the input CM change. In the circuit of Fig. 5.29,
on the other hand, the output signal of interest is sensed with respect to ground. Thus, we
define the CM gain in terms of the single-ended output component produced by the input
CM change:

A Vour

Aoy = — 2 533)
M AVimon (533

To determine Acy,. we observe that if the circuit is symmetric, V,,, = V¢ for any input
CM level. For example, as Vi, cy increases, V¢ drops and so does V,,.. In other words.
nodes F and X can be shorted (Fig. 5.30(a)], resuiting in the equivalent circuit shown

Voo
MsE"“_l M,y
F S
= Yout
Vin.cmo—H= i M,
M,
Agg
{a) (b}

Figure 5.30 (a) Simplified circuit of Fig. 5.29. (b) equivalent circuit of (a).

in Fig. 5.30(b). Here. M, and M, appear in parallel and so do M3 and M,. It follows
that :

Acy = l . (5.34)

_ ~1 8m1.2
L +28mi2Rss m3a

(5.35)
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. where we have assumed 1/(2gn»3.4) < ros.4 and neglected the effect of rp(,2/2. The CMRR
is then given by

A
cAcM
m 1+2 m 2R )
=.§m1.2(f'01.2ﬂf‘03.4)g 34 p §m1 2055 (5.37
ml1.2
= (1 +2gmi1.2Rs5)8m3.4(ro12llros.4). (538

Equation (5.35) indicates that. even with perfect symmetry, the output signal is corrupted
by input CM variations, a drawback that does not exist in the fully differental circuits
of Chapter 3. High-frequency common-mode noise therefore degrades the performance
considerably as the capacitance shunting the tail current source exhibits a lower impedance.

e

Example 3.7

b

The CM gain of the circuit of Fig. 5.29 can be shown to be zerp by a (lawed) argument. As shown in
Fig. 5.31(a), if Vi, cm introduces a change of A7 in the drain current of each input transistor, then

}
VDD VDD i
My M, i
roaE H—f fos
Vaut
F X Vw‘
V [+
{a) {b)
Figure 5.31

Ip3 also experiences the same change and so does /ps. Thus, My seemingly provides the additional .
current required by M>, and the output voltage need not change, i.e., Acpr = 0. Explain the flaw in .
this proof. _ _ ’
Solution . ;
The assumption that Afpg completely cancels the effect of Afp; is incorrect. Consider the equivalent .
circuit shown in Fig. 5.31(b). Since

| 1
AVey = A6 (—
8

m3

roa) ' _ 5.39 '
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we have

|AIp4] = gma AVF

rFo3

= gl ——————o,
" 1+ gmaros

This current and Af> (= A = A[) give a net voltage change equal to

ra3

AV, = (Algpi——————
ot (Al1gme L+ gm3r 03

— Afwga
1

= —A)‘ i rr—————— ",
2miroy + 1

04!

which is equal to the voltage change at node F.
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{5.40)

(5.41)

(5.42)

(5.43)

It is also instructive to calculate the common-mode gain in the presence of mismatches.
As an example, we consider the case where the input transistors exhibit slightly different
transconductances [Fig. 5.32(a)]. How does V,,, depend on V;, cy 7 Since the change at

Voo
M4 H— M,
F X
Vout
9m1 Im2

Vincmo——{[, M, M, |—|

{a)

Figure 5.32 Differential pair with g,, mismaich.

nodes F and X is relatively small. we can compute the change in I, and /p; while neglecting
the effect of rg, and rg;. As shown in Fig. 3.32(b), the voltage change at P can be obtained
by considering M, and M as a single transistor (in a source follower configuration) with a

transconductance equal to g, + gu2. 1.€..

AVp = AViy cu

. &mi + Em2

(5.44)
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where body effect is neglected. The changes in the drain currents of M, and M- are therefors
given by :

Alpl = gmi(AVincm — AVp) (5.45y°
_ AVincum Eml (5.46)
= l : .
RSS + Bini + gm_
Em1 + 82
Alps = gma(AVincm — AVp) (547
_ AVincum gm2 (5.48)
RSS + l 8m1 + 8m?2 . ’
gm1 T &m2

The change Alp; multiplied by (1/8m3)liros yields |Alps| = gmal(1/8m3)liro3]AIpr- The
difference between this current and A Ip; flows through the output impedance of the circuit,
which is equal to ro4 because we have neglected the effect of roy and ro: :

gmiAViicy ros Em2AVincm

AV = —_ ro4 (5.49)
o L+ (8m1 + gm2)Rss ros L 1+ (gmi +8m2)Rss _
Bm3
AViq e (gm1 — 8m2)r03 — 8m2/8m3
_ I n.CM Emi 8m : 8 m Fou. (5'50)
+ (gmi + 8m2)Rss ros +
Em3

If ros > 1/gms3, we have

AVDH.I pe (gml - ng)rCB - gm3/8m3
AVincu I+ (gml + &n2)Rss

(551}

Compared to Eq. (5.35), this result contains the additional term (g, — gm2)roa in the
numerator., revealing the effect of transconductance mismatch on the common-mode gain.

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. All device dimensions are effective values and in microns,

5,1, InFig. 5.2, assume (W/L); = 50/0.5, » = 0, lour = 0.5 mA, and M) is saturated.
ia) Determine R2/R;.
(b} Calculate the sensitivity of /., 10 Vpp. defined as 8/, /3Vpp and nommalized to Zou:-
(¢t How much does [, change if Vry changes by 50 mV? |
(d} If the temperature dependence of u, is expressed as 1, o T3 but Vry is mdependeﬁ
of temperature, how much does /., vary if T changes from 300K to 370°K? |
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(e) What is the worst-case change in [, if Vpp changes by 10%, Vi 4 by 50 mV, and T from
300°K to 370°K?

Consider the circuit of Fig. 5.6. Assuming IggF is ideal. sketch I,,, versus Vpp as Vpp varies
fromOto3 V.

In the circuit of Fig. 5.7, (W/L)y = 10/0.5, (W/L)p = 10/0.5, and Iger = 100 uA. The

input CM level applied to the gates of M) and M; is equal to 1.3 V.

(a) Assuming A = 0, calculate Vp and the drain voltage of the PMOS diode-connected tran-
sistors.

(b} Now take channel-iength modulation into account to determine /7 and the drain current of
the PMOS diode-connected transistors more accurately.

Consider the circuit of Fig. 5.8; sketch V,,, versus Vpp as Vpp varies from O to 3 V.

Consider the circuit of Fig. 5.9(a), assuming (W/L) 3 = 40/0.3. Iger = 0.3mA,and y = 0.

(a) Determine Vp such that Vy = Vy.

(b) If Vj deviates from the value calculated in part (a) by 100 mV, what is the mismatch
between f,,; and fggr?

{c) If the circuit fed by the cascode current source changes Vp by 1 V, how much does Vy
change?

The circuit of Fig. 5.13 is designed with(W/L); 2 = 20/0.5. (W/L)1 4 = 60/0.5,and IgeF =

100 A,

(a) Determine Vy and the acceptable range of V.

{(b) Estimate the deviation of /,., from 300 uA if the drain voltage of M, is higher than Vy
by L V.

The circuit of Fig. 5.17(a) ts designed with (W /L)) 3 = 50/0.5 and I5s = 2I} = 0.5 mA.

(a) Calculate the small-signal voltage gain.

(b) Determine the maximum output voltage swing if the input CM level is 1.3 V,

Consider the circuit of Fig. 5.22(a) with (W/L) s = 50/0.5 and Ips = (0.5 mA.

(a) Calculate the deviation of V,,,; from Vg if |Vr gl is 1 mV less than |Vrgal.
(b} Determine the CMRR of the amplifier.

Sketch Vy and Vy as a function of Vpp for each circuit in Fig. 5.33. Assume the transistors in
each circuit are identical.

Sketch Vx and Vy as a function of Vpp for each circuit in Fig. 5.34. Assume the transistors in
each circuit are identical.

Foreach circuit in Fig. 5.35, sketch Vy and Vy as a function of V- for() < V| < Vpp. Assume
the transistors in each circuit are identical.

For each circuit in Fig. 5.36, sketch Vy and Vy as a function of V- tor0 < V| < Vpp. Assume
the transistors in each circuit are identical.

For each cicenit in Fig. 5.37, sketch Vy and Vy as a function of Iggr.

For the circuit of Fig. 5.38, sketch I, Vx, Va4, and Vg as a function of (a) Iger. (b) V3.

In the circuit shown in Fig. 5.39. a source follower using a wide transistor and a small bias
current is inserted in series with the gate of M3 so as 1o bias ‘M1 at the edge of saturation,

Assuming My-M are identical and A # 0, estimate the mismartch between [, and fgg g if
@y =0,y #0. ,

Sketch Vy and Vy as a function of time for each circuit in Fig. 5.40. Assume the transistors in
each circuit are identical.
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?
Voo Voo - Yoo |
R E Ay A2 Ay XA ok A l
X Y X R 4 X Y
M, JH— M, M,_E]H—-IEM, M, - H—f M,
T H = = T ¥R, T
I
(a) (b) (¢)
- Voo - Yoo
X Y X Y
M, —d M, MZEI" l My
R, < : Ry
(@) (e)
Figure 5.33
Voo Voo
ME M M, Ry = =R,
X Y xI M1y
(a) (b}
Figure 5.34
Vpo - Yop ~ Voo
L -
f nEFé R, =R, v, Irer R, ¥R, Irer R, ¥R,
Ahh - Ak Jhk
X Y Y = x Yy Y x 1wy Y
My odH IE‘LM1 M H II:.|.M1 My dF— M,
= T v\ < T Crn
V, Vi
{a) {b) (c}
Figure 5.35
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Voo

i [ + V. ! - 8 +
REF =R, 1 REF R, v,
X My el—1 Y = X ' Msli! Yy =
M, < EM 1 M; ol M,
(a) (o)
Figure 5.36
Voo Voo Voo
! nEFé R, ¥R, IreF R, ! RerF M, M,

X Wty X M3E|_"Y x ] Y
Mz‘\E'F“_'EM1 M, ol |-_1M1 M, dH M,

(a) (b) (<)

Figure 5.37

Figure 5.38
Voo
L4
”': ’oul
M4 |>—| MS
|

= Figure 5.39
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Voo Yoo
H
A, Ry 3
Y X Y
—{{ M, Vo Ic1 My JH—1 M,
+0 H H H
L[]
c
b) ! (c)
- Voo
R = R,
X Y
My J—HE M,
M, T
-
Cy
(d) (e)
Figure 5.40

5.17. Sketch Vy and Vy as a function of time for each circuit in Fig. 5.41. Assume the ransistors m
each circuit are identical.

Voo Voo Voo
R, A,
Y Y
!ReF Ve[ M, Taer Vo[ M, Iaer
X Voo
- 00,
M, J—L M, '—i‘ X M, i
+
z 0=c, My f—f M, 3
1 [ 1
{a) (b) (<)

Figure 5.41 |

5.18. Sketch Vy and Vy as a function of time for each circuit in Fig. 5.42. Assume the transistors i ‘
each circuit are identical.

5.19. The circuit shown in Fig. 5.43 exhibits a negative input capacitance. Calculate the mp‘-ﬁ i
impedance of the circuit and identify the capacitive component. |
|

4
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o——w—l M1 I c'l
Zl I ¥
In
5 Figure5.43

5.20. Due to a manufacturing defect, a large parasitic resistance, R, has appeared in the circuits of
Fig. 5.44. Calculate the gain of each circuit.

Voo

Ms'ﬂ_*r—*':'"a
'_W'f'_""“"’ Vout
Vin1o—1 M, M, :"_" Vina

Iss

(a) (b)
Figure 5.44

5.21. In digital circuits such as memories, a differential pair with active current mirror is used to
converta small differential signal to a large single-ended swing (Fig. 5.45). In such applications,
itis desirable that the output levels be as close to the supply rails as possible. Aszuming moderate
differential input swings (e.g., AV = 0.1 V) around a common-mode level V., ¢y and a high
gain in the circuit, explain why V,,;, depends on V., .
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i‘:
7]
D NP Y

min

Figure 5.45

5.22. Skerch Vyx and Vy for each circuit in Fig. 5.46 as a function of time, The initial voliage across
1 is shown.

c
+1.5V'—“—!|__7M1 M, l—| +1.5 Vo

(a) (b)

+1.5 V*+

Figure 5.46

5.23. If in Fig. 5.47. AV is small enough that all of the transistors remain in saturation. determine
the time constant and the initiat and final values of V,,,;.
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Figure 5.47



Chapter 6

Frequency Response of Amplifiers

Our ar.-sis of simple amplifiers has thus far focussed on low-frequency characteristics,
neglec:= 2 the effect of device and load capacitances. In most analog circuits, however, the
speed ‘rzdes with many other parameters such as gain, power dissipation, and noise. It is
therefi.r= necessary to understand the frequency response limitations of each circuit,

In ;s chapter, we study the response of single-stage and differential amplifiers in the
frequercy domain. Following a review of basic concepts, we analyze the high-frequency
behavicr of common-source and common-gate stages and source followers. Next, we deal
with ¢z:code and differential amplifiers. Finally, we consider the effect of active current
mirror. -n the frequency response of differential pairs.

6.1 General Considerations
6.1.1 Miller Effect

An imp<rtant phenomenon that owcurs in many analog (and digital} circuits is related to
“Miller Zffect” as described by Miiler in a theorem.

Miller's Theorem. If the circuit of Fig. 6.1(a) can be converted to that of Fig. 6. 1(b), then
Zi =7 1—Ayand Z> = Z/{1 — AJ), where A, = Vy/Vy.

Zy 2,

(a) C b
Figure 6.1 Applic:iion of Miller effect 10 a floating impedance.

166
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Proof. The current flowing through Z from X to ¥ is equal to ( Vy — Vy)/Z. For the two
circuits to be equivalent, the same current must flow through Z,. Thus,

Vx —Vy Vg
> =7 (6.1)
that is,
Z
zl = 1—"“/? (62)
Vy
Similarly,
Z
1— X
[} VY D
Exampile 6.1

Consider the circuit shown in Fig. 6.2(a). where the voltage ampliﬁe:‘ has a negative gain equalto — 4
and is otherwise ideal. Calculate the input capacitance of the circuit.

Ce
il
LN |
D ) Y
[—"X ’ Y Y -AAV
Cin
(a) (b) (©)
Figure 6.2
Solution

Using Miller’s theorem to convert the circuit to that shown in Fig. 6.2(b), we have Z = 1 /{Cfs) and
Z) = [l/{C,rs)]ﬂl + A). That is, the input capacitance is equal to Ce(l + A).

Why is Cr multiplied by I + A? Suppose. as depicted in Fig. 6.2(c), we measure the input
capacitance by applying a voltage step at the input and calculating the charge supplied by the voltage
source. A stepequalto AV at X results inachangeof —AAV at Y, vielding atotal change of (1 + 41A V
in the voltage across Cr. Thus, the charge drawn by Cr from V;,, is equalto (1 + A)CrAV and the
equivalent input capacitance equal to (1 — A)Cr.
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It is important to understand that (6.2) and (6.3) hold if we know a priori that the circujp
of Fig. 6.1(a) can be converted to that of Fig. 6.1(b}. That is, Miller's theorem does ng
stipulate the conditions under which this conversion is valid. If the impedance Z forms the
only signal path between X and Y, then the conversion is often invalid. Iltustrated in Fig. 6.3
for a simple resistive divider, the theorem gives a correct input impedance but an incorrec

A,
X Ay Y X Y
=R, ER+R, =R, E-A,
fa) (b)

Figure 8.3 Improper application of Miller's theorem.

gain. Nevertheless, Miller's theorem proves useful in cases where the impedance Z appears
in parallel with the main signal (Fig. 6.4).

4
—L— 1

o_._o

Main Signal Path

Figure 6.4 Typical case for valid ap-
plication of Miller’s theorem.

Example 6.2

Calculate the input resistance of the circuit shown in Fig. 6.5(a).

Voo
I
Y
M,
Vy o—] o Vb’_|

Figure 6.5
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Solution

The reader can prove that the voitage gain from X to Y is equal to | + (g4 + gms)ro. As shown in
Fig. 6.5(b), the input resistance is given by the parallel combination of ro /(1 — A, ) and 1/(gm + &mb)-
Since A, is usually greater than unity, ro /(1 — A, ) is a negative resistance. We therefore have

ro | 1
Rin = TZT0+ G + Gme 701 i Bm + 20 ©4
-l 1
" gm+ &mb || 8m + gmb (6:3)
= 0. (6.6)

This is the same result as obtained in Chapter 3 (Fig. 3.46) by direct calculation.

We should alsc mention that, strictly speaking. the value of A, = Vy/Vy in (6.2) and
(6.3) must be calculated at the frequency of interest. complicating the algebra significantly.
However, in many cases we use the low-frequency value of A, to gain insight into the
behavior of the circuit.

If applied to obtain the input-output transfer function, Miller’s theorem cannot be used
simultaneously to calculate the output impedance. To derive the transfer function, we apply
a voltage source to the input of the circuit, obtaining a value for Vy/Vy in Fig. 6.1(a). On
the other hand, to determine the output impedance, we apply a voltage source to the output
of the circuit, obtaining a value for Vx / Vy that may not be equal to the inverse of the Vy / Vx
measured in the first test. For example, the circuit of Fig. 6.5(b) may suggest that the output
impedance is equal to

ro

Ryt = —— 6.7
Rk weyry (6.7)
= fo 1 (6.8)
P =14+ (gm = gmeirol™
1
— — + ro. (69)
Em + Emeb

whereas the actual value is equal to rp (if X is grounded). Other subtleties of Miller’s
theorem are decribed in the appendix.

6.1.2 Association of Poles with Nodes

Consider the simple cascade of amplifiers depicted in Fig. 6.6. Here, A, and A; are ideal
voltage amplifiers, Ry and R, model the output resistance of each stage, C;, and Cy repre-
sent the input capacitance of each stage, and Cp denotes the load capacitance. The overall
transfer function can be written as

Vanr (S) _ A} Ag 1
Vie 1+ RsCins L+ R Cys 1+ RyCps’

(6.10)
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The circuit exhibits three poles, each of which is determined by the total capacitance seey
from each node to ground multiplied by the total resistance seen at the node to grounq
We can therefore associate each pole with one node of the circuit, i.e., @; = rj-_l, where
t; is the product of the capacitance and resistance seen at node j to ground. From thi

perspective, we may say “each node in the circuit contributes one pole to the transfer
function.”

I T Cin I Cn I Cr

Figure 6.6 Cascade of amplifiers.

The above statement is not valid in general. For example. in the circuit of Fig. 6.7, the
location of the poles is difficult to calculate because R; and C; create interaction between

R; C3

—— W ———

Ry |x Ry v

— Vout
+
V
"\ - &4 -G
- I I Figure 6.7 Exampie of interaction be-

= = tween nodes,

X and Y. Nevertheless, in many circuits association of one pole with each node provides an
intuttive approach to estimating the transfer function: we simply multiply the total equivalent
capacitance by the total incremental resistance (both from the node of interest to ground),
thus obtaining an equivalent time constant and hence a pole trequency.

Example 6.3 ' s

In Fig. 6.8. calculate the pole associated with node X.

F
-
i

Rs
—2 Vout
+- X S *

V.

in

Figure 6.8
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Solution

From Fig. 6.2(b), the total equivalent capacitance seen from X to ground equals (1 + A)Cr. Since

this capacitance is driven by Ry, the pole frequency is equal to 1/{Rs(1 + 4)Cr] (in rad/s). We call
this the “input pole.”

The above approach does suffer from some limitations. In particular, the simplification
of the circuit through the use of Miller effect often discards the Zeros of the transfer func-
tion. However, the utility of the method becomes apparent in more complex topologies, as
described in the following example.

-

Example 6.4
Neglecting channeli-length modulation. compute the transfer function of the common-gate stage shown
in Fig. 6.9.
Figure 6.9 Common-gaie stage with
parasitic capacitances.
Solution

In this circuit, the capacitances contributed by M) are connected from the input and output nodes to
ground. Atnode X, Cs = Cgs1 + Csp). giving a pole frequency

-1
—-—I--— . 6.11)
Bmi T 8mbi

Similarly, at node ¥, Cp = Cpg + Cpa, yielding a pole frequency

Win = [{Ccm + C'smi(Rs

wout = [(CpG + Cpa)Rpl~". (6.12)
The overall transfer function is thus given by

v K ; # R I
ouf{s)_ (gm + ms)RD

Vin T + (gm + gma)Rs . (1 + -.-f..-) (1 + d )
Win Wour

where the first fraction represents the low-frequency gain of the circuit. Note that it we do not neglect
ro1, the input and output nodes interact, making it difficult to calculate the poles.

(6.13)
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6.2 Common-Source Stage

The common-source topology exhibits a relatively high input impedance while pmviding1
voltage gain and requiring a minimal voltage headroom. As such. it finds wide applicatigy
in analog circuits and its frequency response is of interest.

Shown in Fig. 6.10 is a common-source stage driven by a finite source resistance, Ry,
We identify all of the capacitances in the circuit, noting that Ci s and Cpp are “groundeq
capacitances while Cgp appears between the input and the output. Assuming that A =
and M, operates in saturation, let us first estimate the transfer function by associating one
pole with each node. The total capacitance seen from X to ground is equal to Cg plus the
Miller multiplication of Cgp: Cgs + (1 — A, )Cgp, where A, = —¢m Rp. The magnitude
of the input pole is therefore given by

1
"~ Rs{Cos + (14 gnRp)Cop]

Win

(6.14)

At the output node, the total capacitance seen to ground is equal to Cpp plus the Miller
effect of Cop: Cpg + (1 — A:l)CGD = Cpg + Cgp. Thus,

1
Rp(Cpg + Cgp)’

Waour = {6. 15)

Another approximation of the output pole can be obtained if Rg is relatively large.
Simplifying the circuit as shown in Fig. 6.1 1. where the effect of R; is neglected, the reader
can prove that

1
Cogs

ZX=

Cop + Cgs 1 ) :
—, 6.16)
( Cop gm1 (

where Cpy = CgpCqs/(Cap + Cgs). Thus, the output pole is roughly equal to

. 0
(CGD+C55 i

(6.17)

wrm!‘ =

. CGD gml)] ¢ o8

Figure6.10 High-frequency model of _
4 Common-source stage.




Common-Source Stage - 173

Voo
R
Cep °
My Zx Icna
C
I s T = Figure 6.11 Model for calculation of
s output impedance,
Cap

Rsxk__

+ * = Yout
+
iIn(O Iccs Vx ImVx %CDI %Rn

] o

- Figure 6.12 Equivalent circuit of Fig. 6.10.

We then surmise that the transfer function is

Vour (S) — _ngD

Vi - s b )
(1 + _) (1 + )
Uhip Woyur

Note that ry; and any load capacitance can easily be included here,

The primary etror in this estimation is that we have not considered the existence of
zeros in the circuit. Another concern stems from approximating the gain of the amplifier
by —gm Rp whereas in reality the gain varies with frequency (for example, due to the
capacitance at the output node).

We now obtain the exact transfer function, investigating the validity of the above ap-
proach. Using the equivalent circuit depicted in Fig. 6.12, we can sum the currents at each
node: -

{(6.18)

VX - Vin
_R'"—"' + VeCoss + (Vx — V. )Cqps =0 (6.19)
A

1
(Vour — Vx)Cops + 8 Vx + Vour (R_ - CDBS) =0. (6.2
D
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From (6.20), Vx is obtained as

i
|

Vour (CGDS + 'E""‘ + CDBS) l

Vy = - > . (6.21)

gm ~ Cgps

which, upon substitution in (6.19), yields

R = (Cgs+C Ry +(Cop +C 17

"Vour[ s —(Cgs cp)sl[Rp + (Cap psl)s] V. Cops = 2t 6.2
gm — Cgps Rg

That is,

Vour 5) = (Cgps — gm)Rp

Vin RsRpEs® + [Rs(l + gnRp)Csp + RsCqs + Rp(Cop + Cpplis + 17

(6.23)
where § = CgsCop + CosCpa + CepCpp. Note that the transfer function is of second
order even though the circuit contains three capacitors. This is because the capacitors form
a “loop," allowing only two independent initial conditions in the circuit and hence yielding
a second-order differential equation for the time response. - .

if manipulated judiciously, Eq. (6.23) reveals several interesting points about the circuit
While the denorninator appears rather complicated, it can yield intuitive expressions for the
two poles, wp and wpy, if we assume |w,) | K |wp2| [1]. Writing the denominator as '

M 5
D = (-*-“ + l) (— —+ l) (6.24)
Wpi Wpz

p
s ! 1
L Wp1Wp2 Wpi Wp2

we recognize that the coefficient of s is approximately equal to 1/w, if w2 is much farther
from the origin. It follows from (6.23) that

1
" Rs(1 + guRp)Cqp + RsCgs + Rp(Cgp ~ Cpg)’

(6.26}

(—Upl

How does this compare with the “input” pole given by (6.14)? The only difference results
from the term Rp(Cgp + Cpg), which may be negligible in some cases. The key point
here is that the intuitive approach of associating a pole with the input node provides a rough
estimate with much less effort. We also note that the Miiler multiplication of Cgp by b¢
low-frequency gain of the amplifier is relatively accurate in this case.

Example 6.5 —

For the circuit shown in Fig. 6.13, calculate the transfer function (with & = 0} and explain why Milles
effect vanishes as Cp g increases.
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Vout

Figure 6.13

Seolution
Using (6.23) and letting Rp approach infinity, we have
Vour Caps — Zm

5) = 6.27
Vin ) Rsts? + [gmRsCep + (Cop + Cpadls 029

_ Cops — Em (6.28)
$s{Rs{CosCop + CosCpp + CopCp)s + (gmRs + NCgp + Cprl

As expected, the circuit exhibits two poles—one at the origin because the dc gain is infinity, The
magnitude of the other pole is given by

(1 +gmRs)Csp +Cpa

wy &= . (6.29)
Rs{CgpCqs + CgsCpr + C6pCha)
For large Cp g, this expression reduces to
1
an (6.30)

*~ Rs(Cas + Cap)’

indicating that Cgp experiences no Miller multiplication. This can be explained by noting that, for
large Cpp, the voltage gain from node X to the output begins to drop even at low frequencies.
As a result, for frequencies close 10 [RsiCgs + Cop)l~!. the effective gain is quite small and
Cop(l = Ay} = Cgp. Such a case is an example where the application of Miller effect using
low-frequency gain does not provide a reasonable estimate,

From (6.23), we can also estimate the second pole of the CS stage of Fig. 6.10. Since
the coefficient of s? is equal 10 (w,1wpr) ™", we have

1 |
Wpy = —— - 6.31
& wpr RsRp(Cis5Cop + CosCpa + ConCpa) ©30)

_ Rsl + gmRp)Csp + RsCis + Rp(Cop + Coy)
RsRp(CqsCep + CgsCps + CanCoa)

(6.32)
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IfCgs > (1 + gnRp)Cop + Rp(Cgp + Cpg)/Rs, then

~ RsCgqs
RsRp(Cs5Cqp + CesCps)

1
" Rp(Cop +Cps)’

(6.39)

the same as (6.13). Thus, the “output” pole approach is vatid only if Cgs dominates the
response.

The transfer function of (6.23) exhibits a zero given by w. = +2mn/Cop, an effect ny
predicted by the simple approach leading to (6.18). Located in the right half plane, the
zero arises from direct coupling of the input to the output through Cgp. As illustrated iy
Fig. 6.14, Cgp provides a feedforward path that conducts the input signal to the output g
very high frequencies, resulting in a slope in the frequency response that is less negative
than —40 dB/dec. As explained in Chapter 10, a zero in the right half plane introduces
stability issues in feedback amplifiers.

Feedforward v
Path Yout
VOUt i
Rg
Mai.n.'.-J_- opt wp2 Wz e
Path ~

Figure 6.15 Calculation of the zeroin
a CS stage.

The zero, s.. can also be computed by noting that the transfer function Vot (5)/ Vin(®)
must drop to zero for s = s.. For a finite V,,. this means that Voue{s:) = 0 and hence
the output can be shorted to ground at this (possibly complex) frequency with no curres!
flowing through the short (Fig. 6.15). Therefore. the currents through Cgp and M, are equal
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and opposite:
ViCeps: = gm V1. (6.35)

That is, 5; = +8m/Cop.!
In high-speed applications, the input impedance of the common-source stage is also
important. As a first-order approximation, we have from Fig. 6.16(a)

1
" [Cos+ (1 + gmRp)Capls |

Zin (6.36)

But at high frequencies, the effect of the output node must be taken into account, Ignoring
Cgs for the moment and using the circuit of Fig. 6.16ib), we write

(1 Vy)—22 L S 6.37
X —8mVx T+ RoCoas | Cops X1 (6.37)

and hence

ﬁ _ 1+RD(CGD+CDB)S
Iy~ Cgps(l+gnRp + RpCpgs)’

(6.38)

The actual input impedance consists of the parallel combination of (6.38) and 1/(Cgss).

Voo

-
Iﬁ" out
H%"ﬁ ICDB :

(b (©)

Figure 6.16 Calculation of input impedance of a CS stage.

At frequencies where [Rp(Cgp + Cpp)s| <« 1 and |RpCpgs| € 1 + gmRp. (6.38)
reduces to [(I + g, Rp)Csns]™! (as expected), indicating that the input impedance is pri-
marily capacitive. At higher frequencies, however, (6.38) contains both real and imaginary
parts. In fact, if Cgp 1s large. it provides a low-impedance path between the gate and drain
of M, yielding the equivalent circuit of Fig. 6.16(c) and suggesting that 1/g,,, and Rp
appear in parallel with the input.

I'This approach is similar to expressing the ransfer function as G, Z,,; and finding the zeros of Gmand Z,,,,.
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6.3 Source Followers

Source followers are occasionally employed as level shifters or buffers, impacting the over."
all frequency response. Consider the circuit depicted in Fig. 6.17(a), where C; representsy
the total capacitance seen at the output node to ground, including Csgz). The strong inter.

Rg ;
+ +
+ Yin()  CeoF CasT Vi Im¥s
Vin O T I [ -
: . T You

(a) (b)
Figure 8.17 (a) Source follower, (b) high-frequency equivalent circuit.
action between nodes X and Y through Cgs in Fig. 6.17(a) makes it difficult to associate

a pole with each node in a source follower. Neglecting body effect for simplicity and us-
ing the equivalent circuit shown in Fig. 6.17(b), we can sum the currents at the output

node:
ViCgss + gmVi = VouCrs, {6.39)
obtaining
V, = ;i%mvm. (6.40)

Also, beginning from V;,, we can add up all of the voltages:
Vin = Rs(ViCqss + (Vi + Vou)Cops] + Vi + Vour. 16.41)

Substituting tfor V; from (6.40), we have

Vouf(g)_ gm+CGSS
Vin Rs(CgsCrL + CosCap + CopCL)s? + (8mRsCop + Cp + Cas)s + gn

16.42)

Interestingly, the transfer function contains a zero in the left half plane. This is becausé
the signal conducted by Cgs at high frequencies adds with the same polarity to the signal
produced by the intrinsic transistor. '
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If the two poles of (6.42) are assumed far apart, then the more significant one has a
magnitude of

Em
& ngSCGD+CL -~ Cgs
1
= ) (6.44)
Cr+C
RsCgop + —L—-6S

&m

Also, if Rs = 0, then w,) = g./(Cr + Cqs).
Let us now calculate the input impedance of the circuit, noting that Cg p simply shunts the
input and can be ignored initially. From the equivalent shown in Fig. 6.18, the small-signal

Figure 6.18 Calculation of source fol-
lower input impedance.

gate-source voltage of M is equal to Iy /(Cgss), giving a source current of Bmlx/(Cgss).
Starting from the input and adding the voltages, we have

Ix Sml'x)( 1 1 )
Vy == 1 s 6.45
T Coss * ( X Cess/ \8gmp| Cus ©4)
that is,
Em 1
Cess ( Coss ) gmp+ Cps

At relatively low frequencies. g,,, 3 |Cps| and

l (1+g—”‘)-—i. (6.47)
Coss 8mb 8mb
indicating that the equivalent input capacitance is equal 10 C;sgms/(8m + &mp). This result
can also be obtained by Miller approximation. Since the low-frequency gain from the
input to the output equals g, /(g + gms), the effect of Cg at the input can be expressed as
Cosll —8m/(8n+8ms)] = CGs8mp(gm + gmp). In other words. the overall input capacitance
is equal to Cgp plus a fraction of Cgy.

At high frequencies, g.s < C.s| and

Z:’n =

1 1 Em
e + -
C(,-Ss C;_s + C(_;scLS"

Zhr (648)
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4

For a given s = jw, the input impedance consists of the series combination of capac:tom
Cgs and C. and a negative resistance equal to —g,, /(CgsCr@?). The negative resistance’
property can be utilized in oscillators [2]. b

Example 6.6

Calculate the transfer function of the circuit shown in Fig. 6.19a).

Voo Rs X
‘]'i‘"l l - l N _:..
+
M1 V|I“l é Cx CXY V1 Im1 V‘I
y - T -
Vou B = + Y,
out
I Co Im2V> V2 = Cy
: 1 L 1 1
(a) {b)
Figure 6.19

Solution

Let us first identify all of the capacitances in the circuit. At node X, Cgp) and Cp g3 are connected to
ground and Cgsy and Cgpato Y. Atnode ¥, Cspy, Cosa. and Cy are connected to ground. Similar
to the source follower of Fig. 6.17(b). this circuit has three capacitances in a loop and hence a second-
order transfer function. Using the equivalent circuit shown in Fig. 6.19(b), where Cx = Cop1+Cpa.
Cxy = Cgs1 + Cgpz,and Cy = Csp + Cs2 + Cp, we have ViCxys + gm1 Vi = Vi Crs and
hence V{ = V,; Cys/(Cxys + gmi). Also, since Vy = V. the summation of curreats at node X
gives

-

an - V| - Vrmr
V1 + Vour YOxs + gm2 Vour + VICxys = B T— (6.49)
S
Substituting for V| and simplifving the result, we obrain
Vo
tufb_) - gm1 +Cxys (6.50)
Vin RsEs? +[Cy + gmRsCx + (1 + gmaRs)Cx¥1s + gm1(4 + gmaRs)’

where § = CxCy + CxCxy + CyCyxy. As expected, (6.50) reduces to a form similar to (6.42) for
gm2 =0

The output impedance of source followers is also of interest. In Fig. 6.17(a), the body ef-
fect and Cgp simply yield an impedance in parallel with the output. Ignoring this impedance
and neglecting Cgp, we note from the equivalent circuit of Fig. 6.20(a) that V,Cgss +
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gmV, = —Ix. Also, V|CgssRs + V) = — V. Dividing both sides of these equations gives
Vx

Zom = IX (65i)
RsCgss + 1

- 6.52

gm + Cgss (6.52)

[t is instructive to examine the magnitude of this impedance as a function of frequency. At
low frequencies, Z,,; = 1/gnx, as expected. At very high frequencies, Z,,, = Ry (because
Cgs shorts the gate and the source). We therefore surmise that |Z,,,! varies as shown in
Figs. 6.20(b} or (c). Which one of these variations is more realistic? Operating as buffers,
source followers must lower the output impedance, i.e., 1/g» < Rjs. For this reason, the
characteristic shown in Fig. 6.20(c)} occurs more commonly than that in Fig. 6.20(b).

The behavior illustrated in Fig. 6.20(c) reveals an important attribute of source followers.
Since the output impedance increases with frequency, we postulate that it contains an
inductive component. To confirm this guess, we represent Z,,, by a first-order passive
network, noting that Z,,, equals 1/g, at w = 0 and Rs at w = oo. The network can
therefore be assumed as shown in Fig. 6.21 because Z; equals R; at w = O and R, + R>
at w = 0¢. In other words, Z, = Z,,, if Rz = 1/g, R1 = Rs ~ 1/gm, and L is chosen
properly.

To calculate L, we can simply obtain an expression for Z; in terms of the three com-
ponents in Fig. 6.21 and equate the result to Z,,, found above. Alternatively, since R-isa
series component of Z;, we can subtract its value from Z,, ', thereby obtaining an expression

N
Q
=
-

o

o
w

ey

(b) w)

Figure 6.20 Calculation of source follower output impedance.
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L

Ay
Z4
Ry f Figure 6.21 Equivalent output impe-
=

dance of a source follower.

for the parallel combination of R, and L:

1 Cgss (Rs - L) |
Ty — — = Em/ 6.53)

Em gm + CGSS

Inverting the result to obtain the admittance of the parallel circuit, we have

- + . (6.54

We can thus identify the first term on the right hand side as the inverse of R; and the second
term as the inverse of an impedance equal to (Cgss/gm)(Rs — 1/gm ). i.€., an inductor with
the value

1
L = Cos (Rg — —) . (6.55)
Em 8m

The dependence of L upon Rg implies that if a source follower is driven by a large
resistance, then it exhibits substantial inductive behavior. As depicted in Fig. 6.22, this
effect manifests itself as “ringing” in the step response if the circuit drives a large load
capacitance.

Voo

_J_—“ | I e, i m

Figure 6.22 Ringing in step response of a source follower
with heavy capacitive load.
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6.4 Common-Gate Stage

As explained in Example 6.4, in a common-gate stage the input and output nodes are
“isolated” if channel-length modulation is neglected. For a common-gate stage such as that
in Fig. 6.23, the calculation of Example 6.4 suggested a transfer function

Figure 6.23 Common-gate stage a
high frequencies.

Vour _ (gm + gmb)RD 1

Vin ' 14 (8m + gmb)Rs ( s

C N
14 —s {1+ RpCps)
&m + 8mp + Rs

(6.56)

An important property of this circuit is that it exhibits no Miller multiplication of capac-
itances, potentially achieving a wide band. Note, however, that the low input impedance
may load the preceding stage. Furthermore, since the voltage drop across R is typically
maximized to obtain a reasonable gain, the dc levet of the input signal must be quite low.

If channel-length modulation is not negligible. the calculations become quite complex.
Recall from Chapter 3 that the input impedance of a common-gate topology does depend
on the drain load if A # 0. From Eq. (3.110), we can express the impedance seen lookmg
into the source of M, in Fig. 6.23 as

zZ 1
Zi, A - + , (6.57)
(8m + &mb)ro  Sm + &mp

where Z; = Rpll{1/(Cps)]. Since Z;, now depends on Z;, it is difficult to associate a pole
with the input node.

Example 6.7

For tha common-gate stage shown in Fig. 6.24(a). calculate the transfer function and the input
impedance, Z;,. Explain why Z;, becomes independent of €y as this capacitance increases.

Solution

Using the equivalent circuit shown in Fig. 6.24(b), we can write the current through Rs as —V,,,,,Cp5+
V1Cins. Noting that the voltage across Rg plus V;, must equal —V,, we have

(= VourCrs + VI Cins)Rs — Vi = =V, (6.58)
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Vop
1y vil " J--- o Vout
e Vi d)gm‘ﬁ Zro CL
1 Vout - I
= =
+
+ V| ——
Vln I cln LN I Cln
() {b)
Figure 6.24
that is,
—Vou: CesRs + Vi
Vi =— 6.59
: 1+ CinRss (6.59)
We also observe that the voltage ucross rp minus V; equals V2
ro(—VourCrs — gmV1) ~ V) = Voo (6.60)
Substituting for V; from (6.59), we obtain the transfer function:
v, 1+ gpmr
out (s) = . Emlo - (6.61)
Vin roCrCinRss +lroCrL + CinRs + (1 + emro)CLRsls + 1

The reader can prove that body effect can be included by simply replacing g,, with gm + 2mp. AS
expected, the gain at very low frequencies is equal to 1 + gnro. For Z;,, we can use (6.57) by
replacing Z; with 1/(Cy ), obtaining

1 1 l
+ . .
B T Emb Crs (gm =+ 2mpo

qu - 16.62}

We note that as C or s increases, Z;, approaches 1/(gm + gms) and hence the input pole can be

defined as
Wpin = |
(RS —__) Ci’n
&m + Bmé

Why does Z;, become independent of Cy at high frequencies? This is because C; lowers the voltage
gain of the circuit. thereby suppressing the effect of the negative resistance intreduced by Miller
effect through ro (Fig. 6.3). In the limit, Cy shorts the output node 1o ground, and rg affects the input
tmpedance negligibly.

1

6,63}
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If a common-gate stage is driven by a relatively large source impedance, then the output
impedance of the circuit drops at high frequencies. This effect is better described in the
context of cascode circuits.

6.5 Cascode Stage

As explained in Chapter 3, cascoding proves beneficial in increasing the voltage gain of
amplifiers and the output impedance of current scurces while providing shielding as well.
The invention of the cascode (in the vacuum tube era), however, was motivated by the
need for high-frequency amplifiers with relatively high input impedance. Viewed as a cas-
cade of a common-source stage and a common-gate stage, a cascode circuit offers the
speed of the latter—by suppressing the Miller effect—and the input impedance of the
former.

Let us consider the cascode shown in Fig. 6.25, first identifying all of the device ca-
pacitances. At node A, Cgs is connected 10 ground and Cgpy to node X. At node X,
Cpat, Csas, and Cgsy are tied to ground, and at node Y, Cpgo, Cgpa, and C; are con-
nected to ground. The Miller effect of Cgp; 1s determined by the gain from A to X. As an
approximation, we use the low-frequency value of this gain, which for low values of Rp
{or negligible channel-length modulation) is equal 10 ~gp( /(8m2 + €ms2). Thus, if M, and
M, have roughly equal dimensions, Cgp; is multiplied by approximately 2 rather than the
large voltage gain in a simple common-source stage. We therefore say Miller effect is less
significant in cascode amplifiers than in common-source stages. The pole associated with
node A is estimated as

1

Rs |:Ccsx + (1 + g;]) CGm]
Zm2 + Ems2

(6.64)

Wp 4 =

Figure6.25 High-frequency modet of
a cascode stage.
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We can also attribute a pole to node X. The total capacitance at this node is roughly
equal 10 2CGp1 + Cpai + Csga + Cgsa, giving a pole

Em2 + Eme2

(6.65)

Wp x = .
2Cep1 + Cpp1 + Cspo + Cos2
Finally, the output node yields a third pole:
|

"~ Rp(Cpsr+Cr — Capa)

The relative magnitudes of the three poles in a cascode circuit depend on the actua|
design parameters, but w, x is typically chosen to be farther from the origin than the other
two. As explained in Chapter 10, this choice plays an important roie in the stability of op
amps.

But what if Rp in Fig. 6.25 is replaced by a current source so as to achieve a higher de
gain? We know from Chapter 3 that the impedance seen at node X reaches high values if the
load impedance at the drain of M, is large. For example, Eq. (3.110) predicts that the pole
at node X may be quite lower than (gm2 + gms2)/ Cx if Rp itself is the output impedance
of a PMOS cascode current source. Interestingly, however, the overall transfer function is
negligibly affected by this phenomenon. This can be berter seen by an example.

Example 6.8

Consider the cascode stage shown in Fig. 6.26(a), where the load resistor is replaced by an ideal

Voo
@,

Y Y
M, l ¢ Vout Mj —T" Vout
Vool Zro, T Cy V] Zrg, T Cy
X = X 1 =
S —— ——
. [, T Cx fin T Cx
Yin s =

(a) b}

Figure 6.26 Simplified model of & cascode stage.
current source. Neglecting the capacitances associated with M ;. representing V;,; and M| by a Norton
equivalent as in Fig. 6.26(b}, and assuming y = 0, compute the transfer function.
Solution

Since the current through Cy is equal to —V,y Cy s — fin. we have Vy = —(V,,, Cys + ;) /(Cx Sk
and the smali-signal drain current of Mz is —gm2{—V5urCys — £;,)/(Cys). The current through ro?
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is then equal to ~V,,,, Cy s — gma(Vour Cys + 1;n)/(Cxs). Noting that Vy plus the voltage drop across
ro2 is equal to V,,,, we write

1
—rg2 [(VaurCYs + ’m) + VourCYs] = (VourCys + !in)c. e = ¥our- 6.67)
X
That is,
V. rox+1 1
out _ _8m2 o2 . . (6.68)

Cy
1 (1 + gm2ro2)=— + Crroas
Cx

which, for gmaro2 3 | and gp2r02Cy/Cx 3 1 (Le.. Cy > Cyx), reduces to

v 2m2 1
T S o G (6.69)
i X C—S’mz + CN
and hence
v 1
our _ _gmlgm2 . 6.70)
Vin CyCxs gma/Cx +5

The magnitude of the pole at node X is still given by g,,7/Cyx. This is because at high frequencies
(as we approach this pole) Cy shunts the output node, dropping the gain and suppressing the Miller
effect of ros.

If acascode structure is used as a current source. then the variation of its output impedance
with frequency is of interest. Neglecting Csp, and Cy in Fig. 6.26(a), we have

Zour = (1 +3m2?‘o:)zx + roo, {6?“

where Zy = ro(|[{C¢s)™! Thus Z,u: contains apole at (rp; Cyx) ™" and falls at frequenc1es
higher than this value.

6.6 Differential Pair

The versatility of differential pairs and their extensive use in analog systems motivate us to
characterize their frequency response for both differential and common-mode signals.

Consider the simple differential pair shown in Fig. 6.27(a), with the differential half cir-
cuit and the common-mode equivalent circuit depicted in Figs. 6.27(b) and (c), respectively.
For differential signals. the response is identical to that of a common-source stage. exhibit-
ing Miller multiplication of Cgp. Note that since +V,,2/2 and — Vin2/2 are multiplied by
the same transfer function, the number of poles in V,,,/ V, is equal to that of each path
(rather than the sum of the number of the poles in the two paths).

For common-mode signals, the total capacitance at node P in Fig. 6.27(c) determines the
high-frequency gain. Ansing from Cgps. Cpgi. Csai. and Csgo, this capacitance can be
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Vinre—m M, M, Jb—o Vin2

ia)

(b) (c)

Figure 6.27 (a) Differential pair, (b) half-circuit equivalent, (¢) equivalent circuit for
common-mode inputs,

quite substantial if M- M3 are wide transistors. For example, limited voltage headroom often
necessitates that Wy be so large that M3 does not require a large drain-source voltage for
operating in the saturation region. If only the mismatch between M, and M is considered,
the high-frequency common-mode gain can be calculated with the aid of Eq. (4.43). We
replace roz with rgafi[1/(Cps)] and Rp by Rpll[1/(Crs)}, where C; denotes the total
capacitance seen at each output node. Thus,

VAR

(C LS ):|

(&m1 + &m2) [Fos

Agm [RD

Apey = — (6.72)

where other capacitances in the circuit are neglected.
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This result suggests that, if the output pole is much farther from the origin than is
the pole at node P, the common-mode rejection of the circuit degrades considerably at
high frequencies. For example, as illustrated in Fig. 6.28, if the supply voltage contains
high-frequency noise and the circuit exhibits mismatches, the resulting common-mode
disturbance at node P leads to a differential noise component at the output.

VDD

AL

FYY

-

- -

- -

= b
4

i)

-
- "’ A RrAA
ANy
|_

Ahh

Ahh
ey

Iy p iy
heooe [°1°

Figure 6.28 Effect of high-frequency supply noise in differential
pairs.

We should emphasize that the circuit of Fig. 6.27(a) suffers from a trade-off between
voltage headroom and CM RR. To minimize the headroom consumed by M3, its width is
maximized, introducing substantial capacitance at the sources of M, and M- and Jdegrading
the high-frequency CM R R. The issue becomes more serious at low supply voltages.

We now study the frequency response of differential pairs with high-impedance loads.
Shown in Fig. 6.29(a) is a fully differential implementation. As with the topology of
Fig. 6.27, this circuit can be analyzed for differential and common-mode signals sepa-
rately. Note that here C, includes the drain junction capacitance and the gate-drain overlap
capacitance of each PMOS transistor as well. Also, as depicted in Fig. 6.29(b) for differen-
tial output signals, Cgp3 and Cgp4 conduct equal and opposite currents to node G. making
this node an ac ground. (In practice, node G is nonetheless bypassed to ground by means
of a capacitor.)

The differential half circuit is depicted in Fig. 6.29:¢). with the output resistance of
M, and M=z shown explicitly. This topology implies that Eq. (6.23) can be appliad to this
circuit tf Ry is replaced by ro)|lrg3. In practice, the refatively high value of this resistance
makes the output pole, given by [{ro1lire3)C.]™", the "dominant” pole. We return to this
observation in Chapter 10. The common-mode behavior of the circuit is similar to that of
Fig. 6.27(c).

Let us now consider a differential pair with active current mirror (Fig. 6.30). How many
poles does this circuit have? In contrast to the fully ditferential configuration of Fig. 6.29(a),
this topoiogy contains two signal paths with different transter functions. The path consisting
of M3 and M, includes a pole at node £, approximately givenby g,,3/Cg. where C = denotes
the total capacitance at £ to ground. This capacitance arises from Cgsz. Coss. Cp sz Cpai,
and the Miller etfect of Cgpy and Cgpy. Even if only C;53 and Cgsy ure considered, the
severe trade-off between g,, and Cg 5 of PMOS devices results in a pole that greatly impacts
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{b)

Capy

11 J— out1
Vi1 o—t—o] roqll fos I

{c)

Figure 6.29 (a) Differential pair with current-source loads, (b) effect of differential swings
at node G, {¢) half-circuit equivalent.

Voo
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v°_| M, E_“émz I—l
?*ss

Figure 6.30 High-frequency behavior
of differential pair with active current
mirror.

the performance of the circuit. The pole associated with node E is called a “mirror pole.”
Note that. as with the circuit of Fig. 6.29(a}, both signal paths shown in Fig. 6.30 contain 3
pole at the output node.

In order to estimate the frequency response of the differential pair with active current
mirrer, we construct the simpiified model depicted in Fig. 6.31(a), where all other capac-
itances are neglected. Replacing V. M. and M1 by a Thevenin equivalent, we amve ot
the circuit of Fig. 6.31(b), where. from the analysis of Fig. 3.26, Vy = g, vroy Vix and
Ry = 2rpy. Here, the subscripts P and N refer to PMOS and NMOS devices, respectively.
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Figure 6.31 (a) Simplified high-frequency model of differential pair with active current mirror,
(b) circuit of (a} with a Thevenin equivalent.

and we have assumed 1/g.p <« rop. The small-signal voltage at E is equal to

1

Ces + g

Ve = (Vou — Vi)— 5= 8m2 (6.73)
——— 4R
Ces +ng X

and the small-signal drain current of My is gnq VE. Noting that ~ g4 Ve — Ix = V., (C; 5 +
rop), We have

VOHI
Vin

EmNtoN{(28mp + Cgs)
2ropr0NCgC,r_s +[(2ron +rop)Ce + rop(l + 28mpron)CLls + 2gmp(roy + rop)
(6.74)

Since the mirror pole is typically quite higher in magnitude than the output pole, we can
utilize the results of Eq. (6.25) to write

28mp(ron +rop)
[jFON +rop)Ce + rop(l +2g,pron)CL

{(6.75)

Neglecting the first term in the denominator and assuming 2g,,proy 3> |, we have

1

Wy L —
P ‘
{ronlroe)Cy,

{6.76)
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an expected result. The second pole is then given by

Bmp
Cg'’

Wpa =z

(6.77)

which is also expected.

An interesting point revealed by Eq. (6.74) is a zero with a magnitude of 2g,,p / Cg in the
left half plane. The appearance of such a zero can be understood by noting that the circuit
consists of a “slow path” (M, Mi. and My) in parallel with a “fast path” (M| and M,),
Representing the two by Ao/[(1 + s/wp )1 + 5/w,p2)} and Ag/(1 + s/wp1), respectively,
we have -

Vour _ AO ( 1 + 1) (6 78

_ A0(2+5/wp2)
(1 +5s/wp X1 4+ s/wp2)

That is, the system exibits a zero at 2w,z. The zero can also be obtained by the method of
Fig. 6.15 (Problem 6.15).

Comparing the circuits of Figs. 6.29(a) and 6.30, we conclude that the former entails no
mirror pole, another advantage of fully differential circuits over single-ended topologies.

Example 6.9

Not all fully differential circuits are free from mirror poles. Fig. 6.32(a) illustrates an example, where
current mirrors M3-Ms and Ms-Mg “fold” the signal current. Estimate the low-trequency gain and
the transfer function of this circuit.

Solutien

Neglecting channel-length modulation and using the differential half-circuit shown in Fig. 6.32(b),
we observe that M5 multiplies the drain current of M3y by K, yielding an overall low-frequency voitage
gain A, = g, K Rp.

To obtain the transter function, we utilize the equivalent circuit depicted in Fig. 6.32(c). including
source resistance Rg for completeness. To simplify calculations. we assume RpCy is relatively small
50 that the Miller multiplication of C ps can be approximated as Cg ps( | -+ g5 R p). The circuit thus
reduces to that in Fig. 6.32(d), where Cy = Cgs3 + Cgss — Cpp3 + Cops(l + gmsRp) + Cpal-
The overall transfer function is then equal to Vyx/ Vi, multiplied by V,,,; / Vx. The former is readily
obtained from (6.23) by replacing Rp with 1/g,x3 and Cpg with Cy. while the latter is

Vf’[(f l
i 15) = — 5RD"__
Ve Ems O R Crs

6.80)

Note that we have neglected the zero due to Cgps.

(6.79)
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©
Figure 6.32

Appendix A: Dual of Miller’s Theorem

In the Miller’s theorem (Fig. 6.1), we readilv observe that Z; — Z> = Z. This is no
coincidence and it has interesting implications.

Redrawing Fig. 6.1 as shown in Fig. 6.33(a). we surmise that since the point between Z,
and Z, can be grounded, then if we “walk” from X towards Y. along the impedance Z, the
local potential drops to zero at some intermediate point [Fig. 6.33(b)]. Indeed. for Vp = 0,
we have

Z,
— e (Vy—Vy+ Vg =0, (6.81
Za+zb( Y X X )

and, since Z, + Zp = Z,

= — 6.82
1 —-Vy/Vy ( )
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i
X Zz Y ?
!
4 b
(a) (o)
Figure 6.33 Illustration of Miller’s theorem identifying a local zero potential along Z.
Similarly, :
4 z (6.83
R T VAV -83)

In other words, Z\(= Z,) and Z5(= Z,) are such decompositions of Z that provide an
intermediate node having a zero potential. For example, since in the common-source stage
of Fig. 6.10 Vx and Vy have opposite polarities, the potential falls to zero at some point
“inside™ Cgp.

The above observation explains the difficulty with the transformation depicted in Fig.
6.3. Drawing Fig. 6.33(b) for this case as in Fig. 6.34(a), we recognize that the circuit is

X 1‘,"" A‘l‘l' Y X i'.l.fl' .I‘l'l.' Y
=R, =R,
(a) ibi

Figure 6.34 Resistive divider with decomposition of R;.

still valid before node P is grounded because the current through R, + R, must equal that
through — R;. However, if. as shown in Fig. 6.34(b), node P istied o ground, then the only
current path between X and ¥ vanishes.

The concept of a zero local potential along the floating impedance Z also allows us 10
develop the “dual™ of Miller's theorem. i.e., decomposition in terms of admittances and
current rat1os. Suppose two loops carrying currents /, and /5 share an admittance Y [Fig
6.35(a}]. Then, if ¥ is properly decomposed into two parullel admittances Y; and Y5, the
curreni flowing between the two is zero [Fig. 6.35(b)] and the connection can be brokes
[Fig. 6.35(¢)}. In Fig. 6.35(a), the voltage across Y isequal to (/; —1-)/ ¥ and in Fig. 6.35(ck
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yu

I=0
{c)

(a) (b)

Figure 6.35 (a) Two loops sharing admittance Y, (b) decomposition of ¥ into ¥, and Y» such that
I =0, (¢) equivalent circuit.

the voltage across ¥, is /,/Y]. For the two circuits 1o be equivalent,

I[ - 12 ]1
= 7T (6.84)
and
Y = Y 6.85
YT (6.85)
Note the duality between this expression and Z; = (1 — Vy/ Vx)Z. We also have
Y == Y 6.86
A 16:30)

Problems :

Uniess otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. Also, assume all transistors are in saturation, All device dimensions
are effective values and in microns.
6.1. Inthe circuit of Fig. 6.2(c), suppose the amplifier has a finite output resistance Ry;.
{a) Explain why the output jumps up by AV before it begins to go down. This indicates the
existence of a zero in the transfer function.
(b) Determire the transfer function and the step response without using Miller's theorem.

6.2, Repeat Probizm 6.1 if the amplifier has an output resistance R,,. and the circuit drives a load
capacitance Cy.

6.3. The CS stage of Fig. 6.10 is designed with (W/L)) = 50/0.5. Rg = 1 kQand Rp = 2 kQ. If
I{p1 = 1 mA. determine the poles and the zero of the circuit.

6.4. Consider the CS stage of Fig. 6.13, where /| is realized by a PMOS device operating in
saturation. A<sume (W/LY = 50/0.5. Ip; = | mA. and Rg = 1 k2.
{a} Determinz the aspect ratio of the PMOS transistor such that the maximum allowable output
level is 2.6 V. What is the maximum peak-to-peak swing?
(b} Determine the poles and the zero,

6.5. A source follower employing an NFET with W/L = 50/0.5 and a bias current of | mA is
driven by a source impedance of 10 k€2. Calculate the equivalent inductance scen at the output.
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6.6. Neglecting other capacitances, calculate the input impedance of each circuit shown in Fig. 6,34
Yoo Vop
ot -4 o L el
LM 1 | 1
Zin zln
A=0 A#£O
(a) (b} ()
Figure 6.36

6.7. Estimate the poles of each circuit in Fig. 6.37.

6.8. Calculate the input impedance and the transfer function of each circuit in Fig. 6.38.

6.9. Calculate the gain of each circuit in Fig. 6.39 at very low and very high frequencies. Neglectall
other capacitances and assume A = 0 for circuits (a} and (b) and y = 0 for all of the circuits.

6.10. Calculate the gain of each circuit in Fig. 6.40 at very low and very high frequencies. Negleu
all other capacitances and assume » = y = 0.

6.11. Consider the cascode stage shown in Fig. 6.41. In our analysis of the frequency response of
a cascode stage, we assumed that the gate-drain overlap capacitance of M, is multiplied by
gm1/(8m2 + &mb2). Recall from Chapter 3, however, that with a high resistance loading the
drain of M3, the resistance seen looking into the source of M7 can be quite high. suggestinga
much higher Miller multiplication factor for Cgp;. Explain why Cgp) is still multiptied by
1+ 81 /(8nz + gmp2) iIf Cp 18 relatively large. _

6.12. Neglecting other capacitances, calculate Zy in the circuits of Fig, 6.42, Sketch |Z x| versus
frequency.

6.13. The common-gate stage of Fig. 6.23 is designed with (W/L); = 50/0.5. {5, = 1 mA
Rp =2k, and Ry = 1 kQ. Assuming i+ = (, determine the poles and the low-frequency
gain. How do these results compare with those obtained in Problem 6.97

6.14. Suppose in the cascode stage of Fig. 6.25, a resistor R appears in series with the gate of Ma.
Including only Cgs2, neglecting other capacitances, and assuming 4 = y = 0, determine the
transfer function.

6.15. Apply the method of Fig. 6.13 to the circuit of Fig. 6.31(b) to determine the zero of the transfet
function,

6.16. The circuit of Fig. 6.32(a) is designed with (W/L)1 2 = 30/0.5 and (W/L}34 = 10/0.5.lf

Iss =100 uA, K =2, C; =0, and Rp is implemented by an NFET having W L = 50/0.3
estimate the poles and zeros of the circuit. Assume the amplitier is driven by an ideal voltage,
source, |

ST N
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Figure 6.41

Figure 6.42
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6.17. A differential pair driven by an ideal voltage source is required to have a total phase shift o
135° at the frequency where its gain drops to unity.
(a) Explain why atopology in which the load is realized by diode-connected devices or currey
sources does not satisfy this condition,
(b) Consider the circuit shown in Fig. 6.43. Neglecting other capacitances, determine the traps.
fer tunction. Explain under what conditions the load exhibits an inductive behavior. Coy
this circuit provide a total phase shift of 135° at the frequency where its gain drops to unity?
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Chapter 7

Noise

Noise limits the minimum signal level that a circuit can process with acceptable quality.
Today's analog designers constantly deal with the problem of noise because it trades with
power dissipation, speed, and linearity.

In this chapter, we describe the phenomenon of noise and its effect on analog circuits. The
objective is to provide sufficient understanding of the problem so that further developments
of analog circuits in the following chapters take noise into account as readily as other circuit
parameters such as gain, input and output impedance, etc. Seemingly a complex subject,
noise is introduced at this early stage so as to accompany the reader for the remainder of
the book and become more intuitive through various examples.

Following a general description of noise characteristics in the frequency and time do-
mains, we introduce thermal, shot, and flicker noise. Next, we consider methods of represent-
ing noise in circuits. Finally, we describe the effect of noise in single-stage and differential
amplifiers along with trade-offs with other performance parameters.

7.1 Statistical Characteristics of Noise

Noise is a random process. For our purposes in this book, this statement means the value of
noise cannot be predicted at any time even if the past values are known. Compare the output
of a sinewave generator with that of a microphone picking up the sound of water flow in
a river (Fig. 7.1). While the value of x;(¢) at r = £, can be predicted from the observed
waveform, the value of x2(¢) at ¢ = r, cannot. This is the principal difference between
deterministic and random phenomena.

If the instantaneous value of noise in the time domain cannot be predicted. how can we
incorporate noise in circuit analysis? This is accomplished by observing the noise for a
long time and using the measured results to construct a “statistical model” for the noise.
While the instantaneous amplitude of noise cannot be predicted, a statistical model provides
knowledge about some other important properties of the noise that prove useful and adequate
in circuit analysis.

Which properties of noise can be predicted? In many cases, the average power of noise
is predictable. For example, if a microphone picking up the sound of a river is brought

201
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Figure 7.1 Ourput of a generator and the sound of a river.

closer to the river, the resulting electrical signal displays, on the average, larger excursions
and hence higher power (Fig. 7.2). The reader may wonder if a random process c:.1 be so
random that even its average power is unpredictable. Such processes do exist, but we are
fortunate that most sources of noise in circuits exhibit a constant average power.

The concept of average power proves essential in our analysis and must be defined
carefully. Recall from basic circuit theory that the average power delivered by 2 periodic

oo

(a)
xg(t)

(h)

Figure 7.2 [llustration of the average power of a rar.dom
signal.
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voltage v(#) to a load resistance Ry is given by

/+T;’2 Z(I) -
= — , ( BB
Fav ri2 R

where T denotes the period.' This quantity can be visualized as the average heat produced
in Ry by v(a).

How do we define P,, for a random signal? In the example of Fig. 7.2, we expect that
xp(f) generates more heat than x4(¢) if the microphone drives a resistive load. However.
since the signals are not periodic, the measurement must be carried out over a long time:

1 +T/2 xl(r)
P(w = lim _‘f dt, (7.2}
T-ooT Jorp Re

where x(t) is a voltage quantity. Figure 7.3 illustrates the operation on x4(t) and x5(¢); each
signal is squared, the area under the resulting waveform is calculated for a long time 7', and
the average power is obtained by normalizing the area to 7.2

—— T —! s T —

Figure 7.3 Average noise power.

To simplify calculations, we write the definition of P, as

1 +7/2
P,, = lim —f 4(1)dt, (7.3)

where P, is expressed in V- rather than W. The idea is that if we know P,, from (7.3}, then
the actual power delivered to a load R, can be readily calculated as P,,/R;. In analogy

with deterministic signals, we can also define a root-mean-square (rms) voltage for noise
as / P where P, is given by (7.3).

7.1.1 Noise Spectrum

The concept of average power becomes more versatile if defined with regard to the frequency
content of noise. The noise made by a group of men contains weaker high-frequency com-
ponenis than that made by a group of women, a difference observable from the “spectrum”™

I'To be more rigorous. v=11) should be replaced by vz} v*{r), where v* (1} is the complex conjugate waveform.
IStrictly speaking, this definition holds only for “stationary” processes {1].
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of each type of noise. Also called the “power spectral densiy™ (PSD), the spectrum shows
how much power the signal carries’at each frequency. More specifically, the PSD, S.(f),
of a noise waveform x(¢) is defined as the average power carried by x(¢) in a one-hern,
bandwidth around f. That is, as illustrated in Fig. 7.4(a), we apply x(r) to a bandpass filte

Band-Pass
Filter
1 Hz |Xf1(f)|2
X (t) - )
i - .
t f1 f ! t
xp(1)
¢
(1)

BEEEEER
f1f2 L fnf
)

Figure 7.4 Culculation of noise spectrum,

with center frequency f; and 1-Hz bandwidth, square the output, and calculate the average
over a long time o obtain Sx( f1). Repeating the procedure with bandpass filters having
different center frequencies. we arrive at the overall shape of Sx( f) [Fig. 7.4(b 1.3 Whileit
is possible that the PSD of a random process is random itself, most of the noiss sources of
interest to us exhibit a predictable spectrum.

As with the definition of P,, in (7.3}, it is custornary to eliminate Ry from S ( f). Thus.
since each value on the plot in Fig. 7.4(b) is measured for a 1-Hz bandwidta. Sy(f) 1
expressed in V-/Hz rather than W/Hz. It is also common 10 take the square roct of Sx{f}
expressing the result in V/ Hz. For example, we say the input noise voltage of =n amplifief
at 100 MHz is equal 1o 3 nV//Hz, simply to mean that the average power in a 1-Hz
bandwidth at 100G MHz is equal to (3 x 10‘9)3 V3.

An example of a common type of noise PSD is the “white spectrum.” also called whikt
noise. Shown in Fig. 7.5, such a PSD displays the same value at ail frequencies (similaf

o signal processing theory. the PSD is defined as the Fourier tansform of the autocorrelation fanction of tE
noise. The two delinitions are equivalent in most cases of interest o us,
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x(t)

Syin(f) 1

s,(f)

- '
f Figure 7.5 White spectrum.

to white light). Strictly speaking, we note that white noise does not exist because the total
area under the power spectral density, i.e., the total power carried by the noise, is infinite.

In practice, however, any noise spectrum that is flat in the band of interest is usually called
white.

The PSD is a powerful tool in analyzing the effect of noise in circuits, especially in
conjunction with the following theorem.

Theorem If asignal with spectrum Sy (f) is applied to a linear time-invariant system with
transfer function H(s), then the output spectrum is given by

Sy(f) = Sx(FIHIA (7.4)

where H(f) = H(s = 27 ff). The proof can be found in textbooks on signal processing
or communications, e.g., [1].

This theorem agrees with our intuition that the spectrum of the signal should be “shaped”
by the transfer function of the system (Fig. 7.6). For example, as illustrated in Fig. 7.7,

s,(f) |H(6)]? s, (f)

H f

Figure 7.6 Noise shaping by a transfer function.

Telephone Xout (1)

t |1 (£)| t

-
Sxout (1)

\ 4 kHz f

Y

Lyl i
20kHz r 4 kHz f

Figure 7.7 Spectral shaping by telephone bandwidth.
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since regular telephones have a bandwidth of approximately 4 kHz, they suppress the high
frequency components of the caller’s voice. Note that, owing o its limited bandwidth, Xoult,
exhibits slower changes than does x;,{f).

s, (1}

-u‘[
'ﬂ.v

() ib)

Figure 7.8 (a) Two-sided and (b) one-sided noise spectra.

Since Sx(f) 1s an even function of f for real x(z) [1], as depicted in Fig. 7.8, the towl
power carried by x(r) in the frequency range [ f f3] is equal to

-h + 12
Prips = f Sx(f)df + f Sx(f)df (a3
-2 +fi
+h
- f 21S4(F)df. a8
+fi

In fact, the integral in (7.6) is the quantity measured by a power meter sensing the outpu §
of a bandpass filter between f, and f,. That is, the negative-frequency part of the spectrum

is folded around the vertical axis and added to the positive-frequency part. We call the
representation of Fig. 7.8(a) the “two-sided” spectrum and that of Fig, 7.8(b) the “one
sided” spectrum. For example, the two-sided white spectrum of Fig. 7.5 has the one-sidad
counterpart shown in Fig. 7.9

Sn(f) f | Sn(f)ﬂ

T |r——
>

W=

T

‘m‘[

Figure 7.9 Folded white spectrum.

In summary, the spectrum shows the power carried in a small bandwidth at each fﬁ'
quency, revealing how fust the waveform is expected to vary in the time domain.
]
7.1.2 Amplitude Distribution ; &
As mentioned earlier, the instantaneous amplitude of noise is usually unpredictable. Hoe B
ever, by observing the noise waveform for a long time, we can construct a “distribution”

4 R
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the amplitude, indicating how often each value occurs. Also called the “probability density
function” (PDF), the distribution of x(¢) is defined as

px(x)dx = probability of x < X < x +dx, (7.1

where X is the measured value of x(¢) at some point in time.

As illustrated in Fig. 7.10, to estimate the distribution, we sample x(r) at many points,
construct bins of small width, choose the bin height equal to the number of samples whose
value falls between the two edges of the bin, and normalize the bin heights to the total
number of samples. Note that the PDF provides no information as to how fast x(r) varies
in the time domain. For example, the sound generated by a violin may have the same
amplitude distribution as that produced by a drum even though their frequency contents are
vastly different.

\ oot

Number |
x (t) of Samples

Figure 7.10 Amplitude distribution of noise.

An important example of PDFs is the Gaussian {or normal) distribution. The central limit
theorem states that if many independent random processes with arbitrary PDFs are added.
the PDF of the sum approaches a Gaussian distribution [1]. It is therefore not surprising
that many natural phenomena exhibit Gaussian statistics. For example, since the noise of
a resistor results from random “walk” of a very large number of electrons, each having
relatively independent statistics, the overall amplitude follows a Gaussian PDF.

In this book, we employ the spectrum and average power of noise to a much greater extent
than the amplitude distribution. For completeness, however, we note that the Gaussian PDF
is defined as

1 ~(x —m)? |
pxlx) = — exp (r 1m) , (7.8)
ovliT 20-

where o and m are the standard deviation and mean of the distribution, respectively.

7.1.3 Correlated and Uncorrelated Sources

In analyzing circuits, we often need to add the effect of several sources of noise to obtain the
total noise. While tor deterministic voltages and currents, we simply use the superposition
principle, the procedure is somewhat different for random signals. Since in noise analysis.
ultimately the average noise power is of interest, we add two noise waveforms and take the
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average of the resulting power:

+T/2
Py = lim — Ex1(t) + x2(0))2dt
T—2 T -T2
+T /2 , +7T/2
= lim - Xj(Ode + lim —f x3(t)de
T—x T ~T/2 T -T2 -
+T/2
+ lim —-[ 2x{Ox(0dt
T—ooc -T2
+7/2
= Pt + P + lim — 2xi1(t)xa(dt.
T -T2

NOiSe

(7.9

(7.10)

(7.11)

where P, and FP,.: denote the average power of x((#) and x,(¢), respectively. Called the
“correlation” between x,(t) and x5(¢),* the third term in (7.11) indicates how *‘sirnilar"
these two waveforms are. If generated by independent devices, the noise waveforms are
usually “uncorrelated™ and the integral in (7.11) vanishes. For example, the noise pro-
duced by a resistor has no correlation with that generated by a transistor. In such a case,

W)W‘\

x,{t) —— Xr 1)
t
x4(t) _/

—t
xzif)/\w _,..@_.x“"(r) :
ot/

_— -
t

(2)

tht

Figure 7.11 (a) Uncorrelated noise and (b) correlated
noise generated in a stadium.

*This terminology applies only to stationary signals.
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Py = Pay1 + P,y;. From this observation, we say superposition holds for the power of
uncorrelated noise sources.

A familiar analogy is that of the spectators in a sports stadium. Before the game
begins, many conversations are in progress, generating uncorrelated noise components
(Fig. 7.11(a)]. During the game, the spectators applaud (or scream) simultaneously, pro-
ducing correlated noise at much higher power level [Fig. 7.11(b)].

In most cases studied in this book, the noise sources are uncorrelated. One exception is
studied in Section 7.3.

7.2 Types of Noise

Anglog signals processed by integrated circuits are corrupted by two different types of noise:
device electronic noise and “environmental™ noise. The latter refers to (seemingly) random
disturbances that a circuit experiences through the supply or ground lines or through the
substrate. We focus on device electronic noise here and defer the study of environmental
noise to Chapter 18.

7.2.1 Thermal Noise

Resistor Thermal Noise The random motion of electrons in a conductor introduces
fluctuations in the voltage measured across the conductor even if the average current is zero.
Thus, the spectrum of thermal noise is proportional to the absolute temperature.

_—

S, (f)
4KTR —

+C)=<N|

Ahh
° ¥YY

Noiseless
Resistor

-~y

Figure 7.2 Thermal noise of a resistor.

As shown in Fig. 7.12, the thermal noise of a resistor R can be modeled by a series
voltage source, with the one-sided spectral density

S.(f)=4kTR. f=0, (7.12)

where k = 1.38 x IO‘iJIK is the Boltzmann constant. Note that S,( f) is expressed in
V7/Hz. Thus, we write V,f = 4k T R, where the overline indicates averaging.5 We may even
say the noise “voltage” is given by 4kT R even though this quantity is in fact the noise
voltage squared. For example, a 50-Q resistor held at T = 300°K exhibits 8.28 x 1071?
V*/Hz of thermal noise. To convert this number to a more familiar voltage quantity, we take
the square root, obtaining 0.91 nV//Hz. While the square root of hertz may appear strange.

*Sume books write V_,? = 4kT RAf to emphasize that 1k T R is the noise power per unit bandwidth. To simplify
the notation, we assume Af = | Hz, unless otherwise stated.
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it is helpful to remember that 0.91 nV/+/Hz has little significance per se and simply meang
that the power in a 1-Hz bandwidth is equal to (0.91 x 1079)2 V2,

The equation S,(f} = 4kT R suggests that thermal noise is white. In reality, S,(f)is
flat for up to roughly 100 THz, dropping at higher frequencies. For our purposes, the white
spectrum is quite accurate.

Since noise is a random quantity, the polarity used for the voltage source in Fig. 7.12
is unimportant. Nevertheless, once a polarity is chosen, it must be retained throughout the
analysis of the circuit so as to obtain consistent results.

Example 7.1

Consider the RC circuit shown in Fig. 7.13. Calculate the noise spectrum and the total noise power
in Vour.

Ahh 0

A
¥y l o AWy :L
+
C Vout C> VHz é_ T c VOUl
o *

i

Figure 7.13 Noise generated in a low-pass filter.

Solution

Modeling the noise of R by a series voltage source Vg, we compute the transfer function from Vg 1o
Vour:

VOI“ l
= . 7.13
Ve ) RCs ~1 (7.13)
From the theorem in Section 6.1.1, we have
v 2
Sout(f) = SR}~ () (7.14)
Ve
1
= 4kTR —s . 7.15)
AR2RCI I+ (

Thus, the white noise spectrum of the resistor is shaped by a low-pass characteristic (Fig. 7.14). To
calculate the total noise power at the output, we write

%0 4kTR
Pp = 5 - d . ?-16)
rout fo 4r2RACI 7+ 1 f (

which, since

f ’dx =tan~' x. (717
x4+ 1
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O _ ]

Figure 7.14 Noise spectrum shaping by a low-pass filter.

f

-n“

reduces to
AT | u=oc
Pn.om = ";‘E tan u e (?18}
kT
= 7.19
¢ (7.19)

Note that the unitof k7/ C is V2. We may also consider /K77 C as the total rms noise voltage measured
at the output. For example, with a 1-pF capacitor. the total noise voltage is equal 10 64.3 LV .

Equation (7.19) implies that the total noise at the output of the circuit shown in Fig. 7.13 is
independent of the value of R. Intuitively, this is because for larger values of R, the associated noise
per unit bandwidth increases while the overall bandwidth of the circuit decreases. The fact that k7 /C
notse can be decreased by only increasing C (if T is fixed) introduces many difficulties in the design
of analog circuits (Chapter 12),

The thermal noise of a resistor can be represented by a paraliel current source as well
(Fig. 7.15), For the representations of Figs. 7.12 and 7.15 to be equivalent, we have
VI/R? = 12, thatis, [2 = 4kT/R. Note that 12 is expressed in A>/Hz. Depending on
the circuit topology, one model may lead to simpler calculations than the other.

Noiseless
Resistor 7

YiY
¢ ]
——
N

Figure 7.15 Representation of resis-
tor thermal noise by a current source.

Examplie 7.2

Calculate the equivalent noise voltage of two paralle| resistors Ry and Ry [Fig. 7.161a)].

] - o) 3
+ +
R, R 2 =R 12 xR 1% e
=M M Vi 3 Ay n £ Ay n2 Vot
; | S
(a) (b)

Figure 7.16
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Solution ‘
As shown in Fig. 7.16(b). each resistor exhibits an equivalent noise current with the spectral dcnsuy*
4kT/R. Since the two noise sources are uncorrelated, we add the powers: i
. _ '
Irimr = I,,:| + ",':'3 f‘-".ZO)
! l
=4T | —+—}. 7.

( R + 25 ) (7.1

Thus, the equivalent noise voltage is given by
vnzmr = "-mr(Rl I RZ): (722}
= HT (R Rz). (1.23

as intuitively expected. Note that our notation assumes a 1-Hz bandwidth.

The dependence of thermal noise (and some other types of noise) upon T suggests that :
low-temperature operation can decrease the noise in analog circuits. This approach becomes

more attractive with the observation that the mobility of charge carriers in MOS devices
increases at low temperatures [2].° Nonetheless, the required cooling equipment limits the
practicality of low-temperature circuits,

MOSFETs MOS transistors also exhibit thermal noise. The most significant source is
the noise generated in the channel. It can be proved [3] that for long-channel MOS devices
operating in saturation, the channel noise can be modeled by a current source connected
between the drain and source terminals (Fig. 7.17) with a spectral Jdensity:’

12 = kT ygm. (7.24)

a 13= 4KkT g
Figure 7.17 Thermal noise of a
MOSFET.

The coefficient y (not to be confused with the body effect coefficient!) is derived to be
equal to 2/3 for long-channel transistors and may need to be replaced by a larger value for
submicron MOSFETs [4]. For example. y is about 2.5 in some 0.25-um MOS devices. It

b At extremely low temperatures. the mobility drops Jue to “carvier freezeour™ [2].

"The actual equation reads !- 4T yg4s, where 2, is the drain-source conductance with Vps = 0, L.e., lh¢
same as R,,,,', For long-channet devices, gy, with Vps = 0 is equal to g, in saturation.

i
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also varies to some extent with the drain-source voltage. The theoretical determination of
y is still under active research.

Example 7.3

Find the maximum noise voltage that a single MOSFET can generate.
Solution

As shown in Fig. 7.18, the maximum output noise occurs if the transistor sees only its own output

Figure7.18

impedance as the load, i.e., if the external load is an ideal current source. The cutput noise veltage is

then given by
VI=12r) (7.25)
2 lal
= 4T (Egm) re. (7.26)

Equation (7.26) suggests that the noise current of a MOS transistor decreases if the transconduc-
tance drops. For example, if the transistor operates as a constant current source, it is desirable to
minimize its transconductance.

Another important conclusion is that the noise measured at the output of the circuit does not
depend on where the input terminal is because for output noise calculation, the input is set to zero.3
For example, the circuit of Fig. 7.18 mayv be a common-source or a common-gate stage, exhibiting
the same output noise.

The ohmic sections of a MOSFET also contribute thermal noise. As conceptually illus-
trated in the top view of Fig. 7.19(a), the gate, source. and drain materials exhibit finite
resistivity, thereby introducing noise. For a relatively wide transistor, the source and drain
resistance is typically negligible whereas the gate distributed resistance may become no-
ticeable.

In the noise model of Fig. 7.191b). a lumped resistor R, represents the distributed gate
resistance. Viewing the overall transistor as the distributed structure shown in Fig. 7.19(c),

80f course, if the input voltage or current source has an eutput impedance that generates noise, this statement
must be interpreted carefully.
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el |
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Figure 7.19 L ayout of a MOSFET indicating the terminal resistances. b circuit model, (¢)
distributed gate resistance.

we observe that the unit transistors near the left end see the noise of only a fraction of
R¢ whereas those near the right end see the noise of most of Rs. We therefore expect
the lumped resistor in the noise model to be /ess than Rg. In fact. it can be proved that
R; = Rg/3 (Problem 7.3).

While the thermal noise generated in the channel is controlied by onlv the transconduc-
tance of the device, the effect of R can be reduced by proper layout. Shown in Fig. 7.2¢
are two examples. In Fig. 7.20(a), the gate is contacted on both ends and in Fig, 7.20(b), the

{a) {h»

Figure 7.20 Reduction of gute resistance by (a) adding contacts to
both sides or (b) folding.

device is tolded (Chapter 2), euch technique reducing Rg by a factor of 4. We will hereafter
neglect the thermal noise due to the ohmic sections of MOS devices.
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Example 7.4

Find the maximum thermal noise voltage that the gate resistance of a single MOSFET can generate.
Solution

If the total distributed gate resistance is Rg, then from Fig. 7.18, the output noise voltage due to Rg
is given by

Ve

R
ot = 4kTTG(gmro)2. .27

7.2.2 Flicker Noise

The interface between the gate oxide and the silicon substrate in a MOSFET entails an
interesting phenomenon. Since the silicon crystal reaches an end at this interface, many
“dangling” bonds appear, giving rise to extra energy states (Fig.7.21). As charge carri-
ers move at the interface, some are randomly trapped and later released by such energy
states, introducing “flicker” noise in the drain current. In addition to trapping, several other
mechanisms are believed to generate flicker noise [3].

Polysilicon

Si0,
Dangling g
Bonds —™ ¢ ;
Silicon
Crystal

Figure 7.21 Dangling bonds at the
oxide-silicon interface.

Unlike thermal noise, the average power of flicker noise cannot be predicted easily.
Depending on the “cleanness™ of the oxide-silicon interface, flicker noise may assume
considerably different values and as such varies from one CMOS technology to another.
The flicker noise is more easily modeled as a voltage source in series with the gate and
roughly given by

>3 K 1

-t 72
S TWL (7.28)

where K is a process-dependent constant on the order of 10~2° V2F. Note that our notation
assumes a bandwidth of 1 Hz. Interestingly, as shown in Fig. 7.22, the noise spectral density
is inversely proportional to the frequency. For example, the trap-and-release phenomenon
associated with the dangling bonds occurs at low frequencies more often. For this reason.
flicker noise is also called 1/f noise. Note that (7.28) does not depend on the bias current
or the temperature. This is only an approximation and in reality, the flicker noise equation
is somewhat more complex [3].

The inverse dependence of (7.28) on W L suggests that to decrease 1/f noise. the device
area must be increased. It is therefore not surprising to see devices having areas of several
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iy
20log V.2

Iog:T Figure 7.22 Flicker noise spectrum.

thousand square microns in low-noise applications. It is also believed that PMOS devices
exhibit less 1/f noise than NMOS transistors because the former carry the holes in a “buried
channel,” 1.e., at some distance from the oxide-silicon interface. Nonethelass, this difference
berween PMOS and NMOS transistors is not consistently observed [3].

Example 7.5

For an NMOS current source. calculate the total thermal and 1/ f noise in the drain current for a band
from 1 kHz 10 1 MHz.

Solution

The thermal noise current per unit bandwidth is given by If_m = 4kT(2/3)gm. Thus. the total thermal
noise integrated across the band of interest is

2
!f::-,rh,:ur = 4T (gg’") (106 - 103) (1.29

2
~ 4T (‘3'31:1) x 10® AZ, (7.30)

For 1/f noise, the drain noise current per unit bandwidth is obtained by multipiying the noise
voitage at the gate by the device transconductance:

= g2 (1.31)
X

The total 1/f noise is then equal to

S _ _Keh ['MMedr (1.32

i T WL o f |
Kg? 3

_ K& 7.33

C(),‘(WL [n ( )

_ 691Kgy (734

Cox WL~ .

The above example raises an interesting question. What happensto /7| ., if the lower

end of the band. fi, is zero rather than I kHz? Equation (7.33) then contains the natural
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logarithm of zero, yielding an infinite value for the total noise. To overcome the fear of
infinite noise, we make two observations. First, extending f; to zero means that we are
interested in arbitrarily stow noise components. A noise cormnponent at 0.0! Hz varies
significantly in roughly 10 s and one at 1079 in roughly one week. Second, the infinite
flicker noise power simply means that if we observe the circuit for a very long time, the
very slow noise components can randomly assume a very large power level. At such slow
rates, noise becomes indistinguishable from thermal drift or aging of devices.

The foregoing observations lead to the following conclusions. First, since the signals
encountered in most applications do not contain significant low-frequency components, our
observation window need not be very long. For example, voice signals display negligible
energy below 20 Hz and if a noise component varies at a lower rate, it does not corrupt
the voice significantly. Second, the logarithmic dependence of the flicker noise power upon
fi allows some margin for error in selecting f;. For examplie. if the band of interest is
so wide that the total integrated thermal noise power is comparable with the flicker noise
contribution, then the choice of f; is quite relaxed.

In order to quantify the significance of 1/f noise with respect to thermal noise for a
given device, we plot both spectral densities on the same axes (Fig. 7.23). Called the 1/f
noise “corner frequency,” the intersection point serves as a measure of what part of the band

201092 [
7 Corner

Thermal

o - Figure 7.23 Concept of flicker noise
fe f (log scale)  corner frequency.

is mostly corrupted by flicker noise. In the above example, the 1/f noise corner, fc, of the
output current is determined as

2 K 1 4
4T { Zg, ) = L— g3 7.35
(38 ) CoxWL fC 8 ( :
that is,
K 3
= - ; 7.36
fe= Fwitm g (7.36)

This result implies that fr generally depends on device dimensions and bias current.
Nonetheless, since for a given L, the dependence is relatively weak. the 1/f noise cor-
ner is relatively constant, falling in the vicinity of 500 kHz to | MHz for submicron
ransistors.

Example 7.6

Fora 100-pm/0.5-pam MOSodevice with g, = 1/(100 Q). the 1/f noise corner frequency is measured
to be 500 kHz. if 1, = 90 A, what is the ficker noise coefficient. X. in this technology?
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Solution
For t,; = 90 A. we have Cor = 3.84 fF/um?. Using Eq. (7.36), we write

K 1 3

500 kHz = L '
384 x 100 x 0.5 x 10-15 100 8 % 1.38 x 10—23 x 300

7.3

Thatis. K = 1.06 x 107 V-F,

7.3 Representation of Noise in Circuits

Consider a general circuit with one input port and one output port (Fig. 7.24). How do we
quantify the effect of noise here? The natural approach would be to set the input to zero and
calculate the total noise at the output due to various sources of noise in the circuit. This is
indeed how the noise is measured in the laboratory or in simulations.

o— l—o0
—_ 14

Vin v 23 2 Vout

o——| " - ""2 l—0

Figure 7.24 Noise sources in a circuit.

Example 7.7

What is the total cutput noise voltage of the common-source stage shown in Fig. 7.25(a)?

(a)

Figure 7.25 (a) CS stage. {b} circuit including noise sources.
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Solution

We model the thermal and flicker noise of M| by two current sources: Iim = 3kT(2/3)gn and

I\ s = Kgu/(Cox WLF). We also represent the thermal noise of Rp by a current source I2ep =
4% T /R p. The output noise voltage per unit bandwidth is therefore equal to

— 2 K |, &T\ ,
- = | 4kT - —_— - .
Vn‘om ( 3gm + Cox WL ; gm + RD ) RD’ (7 38)

Note that the noise mechanisms are added as “power” quantities because they are uncorrelated. The
value given by (7.38) represents the noise power in 1 Hz at a frequency f. The totzl output noise can
be obtained by integration.over the bandwidth of interest.

While intuitively appealing, the output-referred noise does not allow a fair comparison
of the performance of different circuits because it depends on the gain. For example, as
depicted in Fig. 7.26, if a common-source stage is {ollowed by a noiseless amplifier having

Vop
Ry A4
v VOUl
no— " Figure 7.26 Addition of gain stage to
H a CS stage.

a voltage gain A, then the output noise is equal to the expression in (7.33) multiplied by
Aj. Cousidering only the output noise, we may conclude that as A; increases, the circuit
becomes noisier, an incorrect result because a larger Ay also provides a proportionally
higher signal level at the output. That is, the output signal-to-noise ratio + SNR) does not
depend on A;.

To overcome the above quandary, we usually specify thé*input-referred notse” of cir-
cuits. IHustrated conceptually in Fig. 7.27, the idea is to represent the efiect of all noise
sources in the circuit by a single source, V>, . at the input such that tZe output noise

nint

Noisy Circuit — Noiseless Circuit
——'—2 VI"I.II"I
VI'I“ —" ~ " —
_ -—O+ 2 Vnz:oul Vfiﬂu*
V2 N Ina
n3
ta) (b}

Figure 7.27 Determination of input-referred noise voitage.
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in Fig. 7.27(b) equals that in Fig. 7.27(a). If the voltage gain is A,, then we must have

V2, = AIV2, ., thatis, the input-referred noise voltage in this simple case is given by the
output noise voltage divided by the gain.

Example 7.8 —
For the circuit of Fig, 7.25, calculate the input-referred noise voltage.
Solution
We have
v
T _ “nout
Vrl,m - A% (?39)
= (41:?2 P S ML) - . (7.40
2 K 1 4kT
= dkT — + (741

=t =
3gm CouxWL f  gnRp

Note that the first term in (7.41) can be viewed as the thermal noise of a resistor equal to 2/(3g,)
placed in series with the gate. Similarly, the third term corresponds to the noise of a resistor equal
to (g,anD)". We sometimes say the “equivalent thermal noise resistance™ of a circuit is equal to

Rr. meaning that the total input-referred thermal noise of the circuit in unit bandwidth is equal to
4kTRr.

At this point of our study, we make two observations. First, the input-referred noise and
the input signal are both multiplied by the gain as they are processed by the circuit. Thus,
the input-referred noise indicates how much the input signal is corrupted by the circuit’s
noise, i.e., how small an input the circuit can detect with acceptable SNR. For this reason,
input-referred noise allows a fair comparison of different circuits. Second, the tnput-referred
neise is a fictitious quantity in that it cannot be measured at the input of the circuit. The
two circuits of Figs. 7.27(a) and (b) are marhematically equivalent but the physical circuit
is still that in Fig. 7.27(a).

In the foregoing discussion, we have assumed that the input-referred noise can be mod-
eled by a single voltage source in series with the input. This is generally an incomplete
representation if the circuit has a finite input impedance and is driven by a finite source
impedance. To understand why, consider the common-source stage of Fig. 7.28(a}, where
the input capacitance is denoted by C;, and !, f noise is neglected for simplicity. From Eq.
(7.41), the input-referred noise voltage of the circuitis given by 84T /(3g.x ) + 4kT/(gf:, Rp)
Now suppose the preceding stage is modeled by a Thevenin equivalent having an inductive
output impedance [Fig. 7.28(b)]. Simplifying the circuit for noise calculations as shown in
Fig. 7.28(c), we seek to find the output noise as L, increases. Owing to the voltage division
between L s and 1/{C;,s), the effect of V,f_!.n at the gate of M; and hence at the output
vanishes as L, approaches infinity. This result. however, is incorrect because the outpul
noise of the circuit is equal to (847 /3)g,. RfD + 4kT Rp and independent of L; and Cia- -
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Figure 7.28 CS stage including input capacitance, (b) CS stage stimulated by a finite source ¥
impedance, {c) Effect of single noise source. ;

Let us summarize the problem. If the circuit has a finite input 1mpedance. modeling
the input-referred noise by merely a voltage source implies that the output noise van-
ishes as the source impedance becomes large, an incorrect conclusion. To resolve this
issue, we model the input-referred noise by both a series voltage source and a parallel

current source (Fig. 7.29) so that if the output impedance of the preceding stage assumes
large values—thereby reducing the effect of V2, —the noise current source "’MOM !
through a finite impedance, producing noise at the input. It can be proved that ‘., ", and
1}, are necessary and sufficient to represent the noise of any linear two-port circuit [5].

Noiseless

Circuit Figure 7.28 Representation of noise
¢ by voltage and current sources.

How do we calculate V2, and I,;m" Since the model is valid for any source impedance.
we consider two extreme cases: zero and mﬁmte source 1mpedances. As shown in

Fig. 7.30(a). if the source impedance is zero, !" in flows through V,;m and has no effect on

the output. Thus, the output noise measured in this case arises solelv from V2

o in Similarly,
if the mput 1s open [Fig. 7.30(b)], then ‘V"'”r has no effect and the output noise is due to

only IZ, . Let us apply this method to the circuit of Fig. 7.28.
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Figure 7.30 Calculation of input-referred noise ta) voltage, and (b) current.

Example 7.9

Calculate the input-referred noise voltage and current of Fig. 7.28.

Solution
From (7.41), the input-referred noise voltage (excluding 1/f noise) is simply

2 4T
Vi, =4kl — + ———. (7.42)
i 3gm  gmRD

As depicted in Fig. 7.31(a), this voltage generates the same output noise as the actual circuit if the
input is shorted.
To obtain the input-referred noise current, we open the input and find the output noise in terms of

17 in [Fig. 7.31(b)]. The noise current flows through C;,, generating at the output

1\ L,
2 2 2 pl
Vn our = In in (C}',;w) En RD‘ (?43)

This value must be equal to the output of the noisy circuit when its input is open:

2 45T N
Vu-uuf = (4kT§g,,, - E) Rp. {7.44)
Voo
RD
2
Va.out
M,

Figure 7_31
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From {7.43) and (7.44), it follows that

4T (2 |
n in™> (me)Z 22 (igm + ‘k‘;) . (7.45)

The reader may wonder if the use of both a voltage source and a current source to represent
the input-referred noise “counts the noise twice.” We utilize the circuit of Fig. 7.28 as an ex-
ample to demonstrate that this is not so. Considering the environment depicted in Fig. 7.32,
we prove that the output noise is correct for any source impedance Zs. Assuming Zy is noise-

Voo
Ap
v 2
Zs Vn Hn X Vnz.aut
’ ’ M
AN —_2 .I. CI i 1

- n
B o I = Figure 7.32 CS stage stimulated by a

= - source impedance.

less for simplicity, we first calculate the total noise voltage at the gate of M; due to V2 and

ﬂlﬂ

!ﬂ- in . How is this voltage obtained: by superposition of voltages or powers? The two sources

V>, and 2, are in general correlated simply because they may represent the same noise
mechamsms in the circuit. In fact, Eqs. (7.42) and (7.45) can be respectively rewritten as

1

Vn.m = ¥p M + Vn,RD (?46)
Smip
C; :
Liin = CinsVy ) = i Va.rD: (7.47)
Sm RD

where V), y denotes the gate-referred noise voltage of M, and V, gp the noise voltage of
Rp. We recognize that V, »y and V), gzp appear in both V, ;, and [, ;... creating a strong
correlation between the two. Thus, the calculations must use superposition of voltages—as
if V,;, and [, ;, were deterministic quantities.

Adding the contributions of V,, ;, and 7, ;, at node X in Fig. 7.32. we have

1 Zs
e A (7.48)
zZ Z
Cins * ’ C,-,.s + s
- Vn.m + Lf..‘nZS

(7.49)
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Substituting for V,, ;» and [, ;, from (7.46) and (7.47), respectively. we obtain

Vigp + CinsZs(Vo sy =

Emiip n

1
Vn = —— 1V
X Z:Cons + 1 [ ML+

1

Emip

1
5 Vn.RD)](7-50)

= Vn.M] +

Virp- : (7.5

Note that V,, x is independent of Zs and C;,. It follows that

Vi = 8ROV, (152

2 1
= 4kT (gg,., + E;) R3, (7.53)

the same as (7.44).

7.4 Noise in Single-Stage Amplifiers

Having developed basic mathematical tools and models for noise analysis, we now study
the noise performance of single-stage amplifiers at low frequencies. Before considering
specific topologies, we describe a lemma that simplifies noise calculations.

Lemma The circuits shown in Fig. 7.33(a) and (b) are equivalent at low frequencies if
V— = !” /g, and the circuits are driven by a finite impedance,

Proof.  Since the circuits have equal output impedances, we simply examine the output
short-circuit currents [Figs. 7.33(c) and (d)]. It can be proved (Problem 7.4) that the output
noise current of the circuit in Fig. 7.33(c) is given by

Y
In ol = 7.54)
ourt Zs(gm - lfrO)‘f‘l (

and that of Fig. 7.33(d) is

£m Vn
Lyours = : X 7.55)
BT Zelgn ~ Uro) + 1 (

Equating (7.54) and (7.55). we have V, = I, /4. .9

[

This lemma suggests that the noise source can be transformed from a drain-source current
to a gate series voltage for arbitrary Z5.
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VDD Vpp
ZL ZL
Vnz,OU'-’ V: vl'lz.out
1 Ig —Cq- I
M, M,
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Voo
I} 2
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Figure 7.33 Equivalent CS stages.

7.4.1 Common-Source Stage

From Example 7.8, the input-referred noise voltage per unit bandwidth of a simple CS stage
is equal to

5 2 1 K 1
Frin = T (3g,,, Ta RD) TC.WLF (76
From the above lemma, we recognize that the term 4kT[2/(3g,)] is in fact the thermal
noise current of M expressed as a voltage in series with the gate.

How can we reduce the input-referred noise voltage? Equation (7.56) implies that the
transconductance of My must be maximized. Thus, the transconductance must be maximized
if the transistor is to amplify a voltage signal appiied 10 its gate [Fig. 7.34(a)] whereas it
must be minimized if the transistor operates as a current source [Fig. 7.34(b)].

Vout Ig

Figure 7.34 Voitage amplification

(a) (b) Versus current generation.
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Calculate the input-referred thermal noise voltage of the amplifier shown in Fig. 7.35(a), assuming
both transistors are in saturation. Also, determine the total output thermal noise if the circuit drives 5
load capacitance Cy,. What is the output signal-to-noise ratio if a low-frequency sinusoid of amplitug,
Vi is applied to the input?

-+ Solution

Voo M, Voo
Vo = m, Voo 12
Vout ' — Vl"z-‘ﬁ'l't
oA el @7z %mnroa
1
(a} ()]
Figure 7.35

Representing the thermal noise of M) and M> by current sources [Fig. 7.35(b)] and noting that they
are uncorrelated, we write

P 2 A :
Vaour = 4T | 2gmi + 38m2 ) rorliro2)”. (1.57

3

. Since the voltage gain is equal to g (ro1llro2). the total noise voltage refarred to the gate of My is

Equation (7.59) reveals the dependence of V.

—_— 2 2 1
Vnz = 4kT (ngl + —g,,.z) -5 (7.58)
3 Emi
-
= 4T [ 4 LEm2) (7.59
33?’1[ 3 g,,,l

2 — .
o in UPOD 2mt and gpz, confirming that gm; must b

minimized because M> serves as a current source.

The reader may wonder why M; and M- in Fig. 7.35 exhibit different noise effects. After all, if
the noise currents of both transistors flow through rp | [Irp2, why should g,,1 be maximized and gm?
minimized? This is simply because, as g, increases, the output noise voirage rises in proportion ©
JEm1 whereas the voltage gain of the stage increases in proportion to g,,;. As a result, the input-
referred noise voltage decreases.

To compute the total output noise, we integrate (7.57) across the band:

df

e 0 2 2 \
"’J-"-'i It = 4kT = + = 2 r Hr :)- . (?60}
Ll ot [0 (33;1':[ 33m’)( aliro " +(r0||'|!’02)2c%(2.'rf)2
Using the resuits of Example 7.1, we have
—_— 2 kT
V;Eum.mr = ={gm — gn2)roillror)—. (7-6”
3 _ Cr
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An input sinusoid of amplitude V,, yields an output amplitude equal to gmi(roillro2)Vm. The output
SNR is equal to the ratio of the signal power and the noise power:

gmi1(roillro2}Vm ]: |
o [ V2 (2/3)gm + gm2Xrowllro2)kT Cyp
_ 3 g,j,l(r(JlIIf‘oz}V":I‘ 71.63)

akT 8mt + 8m2

We note that to maximize the output SNR, C;, must be maximized, i.e., the bandwidth must be mini-
mized. Of course, the bandwidth is also dictated by the input signal spectrum. This example indicates
that it becomes exceedingly difficult to design broadband circuits while maintaining a low noise.

It is also important to observe from (7.56) that the noise contributed by Rp in Fig. 7.25(a)
decreases as R increases. This is again because the noise voltage due to R at the output
is proportional to /Rp while the voltage gain of the circuit is proportional to R .

Example 7.11

-

Calculate the input-referred 1/f and thermal noise voltage of the circuit depicted in Fig. 7.36(a)
assuming M, and M> are in saturation.

— Voo V2 Voo
1] —
- - 2
Vb — M, =Rp - )+ i My = Rp In.A1
—_— 2
—0 Vout V21 ’ ? Vn.out
n

Vin o[ M, 'll—__O;—| M,

(a) ' (b}
Figure 7.36

Solution

We medei the 1/ and thermal noise of the transistors as voliage sources in series with their gates
[Fig. 7.36(b)]. The noise voltage at the gate of M: experiences a gain of gm2(Rp roilrostus it
appears at the output. The result must then be divided by 2,,1(Rplirosliros) to be referred to the
main input. The noise current of Ry, is mulitiplied by Rpliro: irp1 and divided by gmi(Rpllroyllror).
Thus, the overall input-referred noise voltage is given by

T ouriftmy L), L Kemn e 1AL (7.64)
N 3 g;’;” Bl Cor (WL):gﬁ” (Wiy | f g;::'thD

where K p and Ky denote the flicker noise coetficients of PMOS and NMOS devices. respectively.
As expected, the input-reterred noise voltage increases if g,..; increases.
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How do we design a commeon-source stage for low-noise operation? For thermal NOige
in the simple topology of Fig. 7.34, we must maximize g, by increasing the drain ¢y
or the device width. A higher [, translates to greater power dissipation and limited oy
voltage swings while a wider device leads to larger input and output capacitance. We cap
also increase Rp, but at the cost of limiting the voltage headroom and lowering the speeq,

For |/ f noise, the primary approach is to increase the area of the transistor. If W is
increased while W/L remains constant, then the device transconductance and hence its
thermal noise do not change but the device capacitances increase. These observations poing
to the trade-offs between noise, power dissipation. voltage headroom, and speed.

7.4.2 Common-Gate Stage

Consider the common-gate configuration shown in Fig. 7.37(a). Neglecting channe).

Voo - Vpo
- Ro ORI
Voul — Vl%out
=V 12, J—v
M, M,
V!n
(&) (b)

Figure 7.37 (a) CG stage, (b) circuit including noise sources.

length modulation, we represent the thermal noise of M, and Rp by two current sources
[Fig. 7.37(b)}. Note that, owing to the low input impedance of the circuit, the input-referred
noise current is not negligible even at low frequencies. To calculate the input-refemed

noise voltage, we short the input to ground and equate the output noise of the circuits in
Figs. 7.38(a) and (b):

2 4kT — ) |
(4}(1-:‘?’” + _——) R?) = Vn'm(gm + g'ﬂb)—R%)' (7.63)
‘} RD .-
That is,
Vi = 4kT(28m3 -+ IIRD) (7.66) |

(gm - -_-mb):

Similarly, equating the output noise of the circuits in Figs. 7.38(c) and (d) yields the input-
referred noise current. What is the effect of /7, at the ourput in Fig. 7.38(c)? Since the sum
of the currents at the source of M, iszero, I, + Ip: = 0. Consequently, /,; creates an equal
and opposite current in M. producing no noise at the dutput. The output noise voltage of
Fig. 7.37(a) is therefore equal to 4k TRp and hence I Rf) = 4k TRp. That 1s,

H.h

12, == | (7.67
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(a) (b)

(©) (d)

Figure 7.38 Calculation of input-referred noise of a CG stage.

An important drawback of common-gate topologies is that they directly refer the noise
current produced by the load to the input. Exemplified by (7.67), this effect arises because
such circuits provide no current gain, a point of contrast to common-source amplifiers.

We have thus far neglected the noise contributed by the bias current source of a common-
gate stage. Shown in Fig. 7.39 is a simple mirror arrangement establishing the bias current
of M, as a multiple of /,. Capacitor Cy shunts the noise generated by M, to ground. We

Voo
XAy ' Iy
T Yout
Ve
Vin o

12 l’—"'"_l M,

= M2 Gy I = Figure 7.39 Noise contributed by bias -
T current source.
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note that if the input of the circuit is shorted to ground, then the drain noise current of
does not flow through Ry, contributing no input-referred noise voltage. On the other hang,
if the input is open, ail of IZ, flows from M, and Rp (at low frequencies). producing g
output noise equal to /5, R7, and hence an input-referred noise current of 17,. As a resuj,
the noise current of M> directly adds to the input-referred noise current, making it desirabje
to minimize the transconductance of M. For a given bias current, however, this translag
to a higher drain-source voltage for M> because g,.0 = 2Ip2/(Vgs2 — Vraz), requiring ;
high value for V, and limiting the voltage swing at the output node.

Example 7.12

o "

Calculate the input-referted thermal noise voltage and current of the circuit shown in Fig, 7.4
assuming ali of the transistors are in saturation.

i
:[:‘ H

Figure 7.40

Solution

To compute the input-referred noise voltage. we short the input to ground, obtaining

E = 4kT %l gmi + gm3ronlros)’. (7.68
Thus. the input-referred noise voltage, V,, ;,,. must satisfy this relationship:
Vo (8mt + gmatPlro1 7o = 'ucr%(gml + gm3)rotlros)”. (769
and hence
VI = a7 Smigmd) (770
3 8m1 + gmbt)”

As expected, the noise is proportional to g,,3.
To calculate the input-referred noise current. we open the input and note that the output no

2

voltage is simply given by (/3 + {2)R;,,. where Ruu = ro3ll(gmi1701r02) denotes the oulp

impedance when the input is open. It follows that

]2

min

=T ;[3"12 + Bm ) ' [?ﬂj‘

\
Again. the noise is proportional to the transconductance of lhe two current sources.
—
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The effect of 1/f noise in a common-gate topology is also of interest. As a typical
case, we compute the input-referred 1/f noise voltage and current of the circuit shown in
Fig. 7.40. Illustrated in Fig. 7.41, each 1/f noise generator is modeled by a voltage source
in series with the gate of the corresponding transistor, Note that the 1/f noise of M, and
M, is neglected. A more realistic case is studied in Problem 7.10.

Figure 7.41 Flicker noise in a CG
stage.

With the input shorted to ground, we have

2 —
Vn,om -

1 [gsnKN +gi3KP
Coxf (WL)I (WL)3

where Ky and Kp denote the flicker noise coefficient of NMOS and PMOS devices. re-
spectively. Thus,

] (roillres), (7.72)

1 - K >, K 1
V,.Z,-,, = |:3m} A Em3 P:| . (7.73)
' Coxf LWL~ (WL)3 ] (8m1 + 8ms1)
With the input open. the output noise voltage is given by
3 1 gz-JK_-\' 823KP 2
Vi oar = = = R ., (7.74)
M Cocf [rWLJ: T WDy | o
yielding
2 2
== [g”’zK” g””K”] . (7.73)
’ C{)_r f ( WL)Z (WL)3

Equations (7.73) and (7.75) describe the 1/f noise behavior of the circuit and must be
added to (7.70) and (7.71), respectively. 10 obtain the overall noise per unit bandwidth.

7.4.3 Source Followers

Consider the source tollower depicted in Fig. 7.42(a), where M- serves as the bias current
source. Since the input impedance of the circuit is quite high. even at relatively high tre-
quencies, the input-referred noise current can usually be neglected for moderate driving
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Voo — Voo
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Vin—lL M, -IF:O:_—I M,
Vout Vr12,oul
Vi '_I M, "|—‘| "32
M, L

Figure 7.42 (a) Source follower. (b} circuit including noise sources.

Noigy

source impedances. To compute the input-referred thermal noise voltage, we employ the

representation in Fig. 7.42(b), expressing the output noise due to M; as

-

—_— — 4/ 1 I -
Vioulyr = I? (——- roi H?‘o:) .
Lot "2\ 8m1 || gmo
From Chapter 3,
— liroiltroz
roillroz +
8mbl ml
Thus, the total input-referred noise voltage is
- V2 f‘
Vulm = vzi + —=2
. " A%

2 | m2
_art(Lam)
3\em g5,

Note the similarity between 7.39) and (7.79).

(7.76)

(7.7

(7.78)

(1.79)

Since source followers add noise to the input signal while providing a voltage gain less
than unity, they are usually avoided in low-noise amplification. The {/f noise performance

of source followers is studied in Problem 7.11.

7.4.4 Cascode Stage

Consider the cascode stage of Fig. 7.43(a). Since at low frequencies the noise curre:ntS'f'f
M, and R flow through Rp. the noise contributed by these two devices is quantified as i

4 common-source stage:

—_— 2 1
V-, =4kT = .
n,m|‘|-fl.RD (38,"1 '+“g;”RD)

(7.80)
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VDD
RD
Vr|22 M, Vout
1%
-t
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Vin°_| M1
{a} =1} (c)

Figure 7.43 (a) Cascode stage, (b) noise of 3/; modeled by a current source, (¢} noise
of M> modeied by a voltage source.

where 1/f noise of M, is ignored. What is the effect of noise of M>? Modeled as in
Fig. 7.43(b), this noise contributes negligibly to the output, especially at low frequencies.
This is because, if channel length modulation in M) is neglected, then I, + /p; = 0, and
hence M does not affect V,, us. From another point of view, using the lemma of Fig. 7.33
to construct the equivalent in Fig. 7.43(c), we note that the voltage gain from V,,, 10 the
output is quite small if the impedance at node X is large, At high frequencies, on the other
hand, the total capacitance at node X, Cy. gives rise to a gain:

Vn‘om —~ _RD
an lfgml'_l/(cxs)’

(7.81)

increasing the output noise. This capacitance also decreases the gain from the main input
to the output by shunting the stgnal current produced by M, to ground. As a result, the
input-referred noise of a cascode stage may rise considerably at high frequencies.

7.5 Noise in Differential Pairs

With our understanding of noise in basic amplifiers, we can now study the noise behavior
of differential pairs. Shown in Fig. 7.441a). a differential pair can be viewed as a two-port
circuit. It is therefore possible to model the overall noise as depicted in Fig. 7.44(b). For
low-frequency operation, the magnitude of I,f'. in 15 typically negligible.

To calculate the thermal component of V2, | we first obtain the total output noise with
the inputs shorted together [Fig. 7.45(a)]. noting that superposition of power quantities is
possible because the noise sources in the circuit are uncorrelated. Since /7, and /,, are
uncorrelated, node P cannot be considered a virwal ground, making it difficult to use the
half-circuit concept. Thus, we simply derive the effect of each source individually. De-
picted in Fig. 7.45(b). the contribution of /,, is obtained by first reducing the circuit to that
in Fig. 7.45(c). With the aid of this figure and neglecting channel-length modulation, the

reader can prove that half of I, lows through Ry and the other half through M5 and Rp-.
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Figure 7.44 (a) Differential pair. (b) circuit including input-referred noise sources.

As shown in Fig. 7.45(d). this can also be proved by decomposing /,; into two (correlated)
current sources and calculating their effect at the output. Thus,

In In
Viourlmt = '-z—lRm + —z"l'Rm- (7.82

Note that the two noise voltages are directly added because they both arise from /,, and
are therefore correlated. It follows that, if Rp, = Rp2 = Rp,

Vi put| gy = 1A RD. (7.83)

Simitarly,

Vi out|yya = T4 RY, (7.89

vielding
Vn:,uul“Ml_Mj = (]nzl + IrIZZ)R?) (?85]

Taking into account the noise of Rp, and Rp;, we have for the total output noise:

Vi = (13 + 1% ) R} + 24k TR)) (7.86)

2
= 8kT (gg,,, R% + RD) . (7.8M

Dividing the result by the square of the differential gain, g2 R}. we have

—_— 2 | ar
VI = 8kT ( S-S ) . (759
’ 3gm Sm R D

This is stmply twice the input noise voltage squared of a common-source stage. ‘
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Figure 7.45 Calculation of input-referred noise of a differential pair.

The input-referred noise voltage can also be calculated by exploiting the lemma illustrated
in Fig. 7.33. As shown in Fig. 7.46. the noise of M| and M- is modeled as a voltage source in
series with their gates, and the noise of Rp; and Rp; is divided by g7 R7, thereby resulting
in (7.38). '

It is instructive to compare the noise performance of a differential pair and a common-
source stage, as expressed by (7.56) and (7.88). We conclude that, if each transistor has a
transconductance g,,, then the input-referred noise voltage of a differential pair is /2 times
that of a common-source stage. This is simply because the former includes twice as many
devices in the signal path, as exemplified by the two series voltage sources in Fig. 7.46.
(Since the noise sources are uncorrelated, their powers add. ) It is also important to recognize
that, with the assumption of equal device transconductances, a differential pair consumes
twice as much power as a comrmon-source stage if the transistors have the same dimensions.

The noise modeling of Fig. 7.46 can readilv account for 1/f noise of the transistors as
well. Placing the voltage sources given by K/(Cox WL) in series with each gate, we can
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Al b LR - ST

Figure 7.46 Altemative method of
calculating the input-referred noise.

rewrite (7.88) as

V2

n.n. tot

2 1) 2K 1

= BkT —_
( * CoWL T

7.
3gm g%RD ( 89)

Does the tail current source in Fig. 7.44 contribute noise? If the differential input signal
1s zero and the circuit is symmetric, then the noise in /55 divides equaily between M, and
M3, producing only a common-mode noise voltage at the output. On the other hand, fora
srnall differential input, AV;,, we have

Alp, — Alpy = gmAV:n (?90')

W s+ 1y

where /1, denotes the noise in /55 and /, « [Is5s. In essence, the noise modulates the
transconductance of each device. Equation (7.91) can be written as

/ W Igs .
Alp — Alps = 20, Cor— - — [ 1 + AV, 7.92)
o1 D2 =y Mo ( 2155) ' (
I3 '
= g0 (1 + - ) AV,. (7.93)
2ss

where g is the transconductance of the noiseless circuit. Equation (7.93) suggests that
as the vircuit departs from equilibrium, /, is more unevenly divided between /4, and
M, thereby generating differentiai noise at the output. This effect is nonetheless usually

negligible. |

Example 7.13 et

Assuming the devices in Fig. 7.47(a) operate in saturation and the circuit is svmmetric. calcuiate the
input-reterred noise voltage.
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(b) {c)

Figure 7.47

Solution

Since the thermal and 1/f noise of M and M3 can be modeled as voltage sources in series with the
input, we only need to refer the noise of M3 and M, to the input. Let us calculate the output noise
contributed by M3. The drain noise current of M3 is divided between rpy and the resistance seen
looking into the drain of M, [Fig. 7.47(c)]. From Chapter 5. this resistance equals Ry = rps +2ro1.
Denoting the resulting noise currents flowing through o3 and Ry by [,4 and I, g, respectively, we
have

ros + 2roy
Jpa = Vi ——— 7.94)
nA = Em3V¥n3 Iros + 2ro1 (
and
ro3
Ing = gm3 V,,3———-—’ . (7.95
2rp4 + 2rol

The former produces a noise voitage gm3iVa3ro3(ros + 2ro1)/(2ros + 2rp ) at node X with respect
to ground whereas the latter flows through M, Mz, and rp4. generating g3 Va3roiros/(2ros +
2ro1) at node ¥ with respect to ground, Thus, the total differenttal cutput noise due te M3 is
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equal to
Vaxy = Vax — Voy (T%
roirol
= gm3 Vg . ]
§m njros-i-f'ot (9

(The reader can verify that Vpy must be subrracted from V,x.)

Equation (7.97) implies that the noise current of M3 is simply multiplied by the parallel cop,
bination of rg( and rp3 to produce the differential output voltage. This is of course not SUIPTisioy
because. as depicted in Fig. 7.48, the effect of V3 at the output can also be derived by decomposiny

Voo
Vn3
(O =t
M, M,
(a)
L Voo _ Va3 Vig Voo
2 2
llH_ )——I+ I—{+ ]——I- It |||--—{.- )—I+
X
i i T
(b - (c)

Figure 7.48 Calculation of input-referred noise in a differential pair with current-source
loads.

V3 into two differential components applied 1o the gates of M3 and My and subsequently using tht

half-circuit concept. Since this caiculation relates to a single noise source. we can temporarily ignoe

the random nature of noise and treat Vy;3 and the circuit as familiar deterministic, linear componess
Applying (7.97) 1o M4 as well and adding the resulting powers, we have

Vrlz.our | M3, M4 = g?;g(r()l lro3y” Vnz_v, + 3;;4{"0?."-"04)2 V,i (?9&]

= 282 s(rotllros” V. (79

To refer the noise to the input, we divide (7.99) by gﬁ, rotllros ¥, obtaining the roral inpul-refem‘
noise voltage per unit bandwidth as

I = 2V7 4 25myy (7.100
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which, upon substitution for V2 and V3, reduces to:

FH

-
L]

+ m3 (7.101
CoelWL)nf = Cox(WL); f g2 )

ol

2 K
v gt [ 4 Sm3 N 2Kp g
' 33m1 38m]

The effect of noise must be studied for many other analog circuits as well. For example,
feedback systems, op amps, and bandgap references exhibit interesting and important noise
characteristics. We return to these topics in other chapters.

7.6 Noise Bandwidth

The total noise corrupting a signal in a circuit results from all of the frequency components
that fall in the bandwidth of the circuit. Consider a multipole circuit having the output noise
spectrum shown in Fig. 7.49(a). Since the noise cornponents above w, are not negligible,

v2i
n
o[ — B, ———a

Vh T £ A
' ;-'N?.L.-_';L‘ A1= A2
s L

.
(Dp1 “)pz o
() (b)

Figure 7.49 (a) Output noise spectrum of a circuit. 1b} concept of noise bandw idth.

the total output noise must be evaluated by calculating the total area under the spectral
density:

- oc
VﬁomJor==u/‘ vkouﬂiﬂ (7.102)
0

However. as depicted in Fig. 7.49(b), it is sometimes helpful to represent the total noise
simply as V- B,, where the bandwidth B, is chosen such that

o v)
Vi-B, = [ Vi drf. (7.103)
0

Called the “noise bandwidth,” B, allows a fair comparison of circuits that exhibit the same
low-frequency noise, V{, but different high-frequency transter functions. As an exercise,
the reader can prove that the noise bandwidth of a one-pole system is equal to 1/2 times
the pole frequency. ‘
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Problems -

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and asstme

Vop =

7.1.

7.2

7.3,

7.6.

7.7,

7.8.

7.9.

7.10.

7.11,
7.12.

7.13,

3 V where necessary. Also, assume all transistors are in saturation.

A common-sousce stage incorporates a 5S0-pm/0.5-um NMOS device biased at {p = | mA
along with a load resistor of 2 k€2. What is the total input-referred thermal neise voltage in,
100-MHz bandwidth?

Consider the common-source stage of Fig. 7.35. Assume (W/L) = 50/0.3.Ip) = Ip)y »
0.1 mA. and Vpp = 3 V. If the contribution of 3> to the input-referred noise voltage (ny
voltage squared) must be one-fifth of that of M, what is the maximum output voltage Swing
of the amplifier?

Using the distributed model of Fig. 7.19(c) and ignoring the channel thermal noise. prove tha,
for gate notse calculations, a distributed gate resistance of R can be replaced by a lumpeq
resistance equal to Rg /3. (Hint: model the noise of Rg; by a series voltage source and calculae
the total drain noise current. Watch for correlated sources of noise.)

Prove that the output noise current of Fig. 7.33(c) is given by Eq. (7.54).

Calculate the input-referred noise voltage of the circuit shown in Fig. 7.50 and compare the
result with Eq. (7.59).

VDD

= Figure 7.50

Calculate the input-referred thermal noise voltage of each circuit in Fig. 7.51. Assume A =
7y =0 _

Calculate the input-referred thermal noise voltage of each circuit in Fig, 7.5, Assume A =
y =0

Calculate the input-referred thermal noise voltage and current of each circuit in Fig. 7.53
Assume A =y = 0.

Calculate the input-referred thermal noise voltage and current of each circuit in Fig. 7.34
Assume A =y = 0.

Calculate the input-referred 1/ f noise voltage and current of Fig. 7.40 if the two capacitors a®
removed,

Calculate the input-referred 1/f noise voitage of the source follower shown in Fig. 7.42.

Assuming A = y = 0. calculate the input-referred thermal noise voltage of each circuit i
Fig. 7.33 For part (a). ussume gy3.4 = 0.58,.5 5.

Consider the degenerated common-source stage shown in Fig. 7.56,

(a} Calculate the input-referred thermal noise voltage if A = y = 0.

(b) Suppose linearity requirements necessitate that the dc voltage drop across Rg bhe equa““
the overdrive voltage of M. How does the thermal noise contributed by R comparc wi
that contributed by M1 ?
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Voo Voo
Rp Vino—] M, out
Vaut
Vino— M, Vout
Rg Rs
(a) (b}

Voo Voo

M, Ry
ey
Vour . out
Vino—lf, M,
Rs Vil"lo_l M1
(d) {e) {f
Figure 7.51
Voo
Vb.——l M2
-2 Vout
=R
Vino— My T F Yin
Rs
(a} {b)
- Yoo - Vop
RoEM, TH Vw—iE M; ApXE
+— Vour
< Vaut v ._I
. M
Vin °'_I M, b2 L_j 2
Rg Vin H%M1
ic) ' )

Figure 7.52
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(a} {bi

Figure 7.54

vy

(d)
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7.14,

7-150

7.16.

7.17.

7.18.

7.19,

7.20.

e talh "

—{f. M,

-
P
¥)lss =
(a) b}
Figure 7.55
Voo
Ry
Vout
Vin O_I Mc'
Rs
= Figure 7.56
Explain why Miller's theorem cannot be applied to calculaie the effect of the thermal noise of

a floating resistor.
The circuit of Fig. 7.18 is designed with (W/L); = 30/0.5 and 7p; = 0.05 mA. Calculate the
total rms thermai noise voltage at the output in a 50-MHz bandwidth.

For the circuit shown in Fig. 7.58, calculate the total output thermal and 1/ f noise in a bandwidth
[fr. fu) Assume A % 0 but negiect other capacitances, -

Suppose in the circuit of Fig. 7.35. (W/L)| 2 = 50/0.53 and /5| = |{/p2| = 0.5 mA. What is

the input-referred thermal noise voltage?

The circuit of Fig. 7.35 is modified as depicted in Fig. 7.59.

(a) Calculate the input-referred thermal noise voltage.

(b) For a given bias cusrent and output voltage swing, what value of R¢ minimizes the input-
referred thermul noise?

A common-gate stage incorporates an NMOS device with W 'L = 50/0.5 biased at Ip =
1 mA and a load resistor of 1 k2, Calculate the input-referred thermal noise voltage and
current.

The circuit of Fig. 7.39 is designed with (W/L}); = 50/0.5 and Ip, = Ip> = 0.05 mA and

Rp = L kQ.

(a) Determine (W/L)> such that the contribution of M> ro the input-referred thermal noise
current {not current squared) is one-fifth of that due to Rp.

(b) Now calculate the minimum value of Vj, to place M> at the edge of the triode region. What
i$ the maximum ailowable vutpur voltage swing?
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7.21,

7.22.

7.23,

7.24,
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Voo Voo
A= =R, A= =R,
+—Vout 1 < Vout 1
°"“-_7 My M 2El I M, M
Vln Vln Wy
Rg | Rg 2Rg
o =
Vee—[o M 3 Voe =I_ I
I
(a) (b)
Figure 7.57

Figure7.58

Design the circuit of Fig. 7.39 for an input-referred thermal noise voltage of 3 nV/+/Hz and
maximum output swing. Assume /p) = Ip2 = 0.5 mA,

Consider the circuit of Fig. 7.40. If (W/L),_3 = 50/0.5 and /p;—3 = 0.5 mA, determine the
input-referred thermal noise voltage and current.

The circuit of Fig. 7.40 is designed with (W/L)y = 50/0.5 and /p1—3 = 0.5 mA. If an cutput
swing of 2 V is required. estimate by iteration the dimensions of M> and M3 such that the
input-referred thermal noise current is minimum.

The source follower of Fig. 7.42 is to provide an output resistance of 100 Q with a bias current
of 0.1 mA.
(a) Calculate (W/L);.
Voo
Rs
Vout

Vino_l MI1

H Figure 7.59
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(b) Determine (W /L)» such that the input-referred thermal noise voltage (not voltage squared)
contributed by M3 is one-fifth of that due to M. What is the maximum output swing?

7.25. The cascode stage of Fig. 7.43(a) exhibits a capacitance Cx from node X to ground. Neglecting
other capacitances, determine the input-referred thermal noise voltage.

7.26. Determine the input-referred thermal and 1/f noise voltages of the circuits shown in Fig. 7.57
and compare the results. Assume the circuits draw equal supply cutrents.
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Chapter 8

Feedback

On a mild August morning in 1921, Harold Black was riding the ferry from New York to
New Jersey, where he worked at Bell Laboratories. Black and many other researchers had
been investigating the problem of nonlinearity in amplifiers used in long-distance telephone
networks. seeking a practical sotution. While reading the newspaper on the ferry, Black was
suddenly struck by an idea and began to draw a diagram on the newspaper. which would
later be used as the evidence in his patent application. The idea is known to us as the negative
feedback amplifier.

Feedback is a powerful technique that finds wide application in analog circuits. For
example. negative feedback allows high-precision signal processing and positive feedback
makes it possible to build oscillators. In this chapter, we consider only negauve feedback
and use the term feedback to mean that.

We begin with a general view of feedback circuits, describing important benefits that
result from feedback. Next, we study four feedback topologties and their properties. Finally,
we examine the effects of loading in feedback amplifiers.

8.1 General Considerations

246

Fig. 8.1 shows a negative feedback system, where H(s) and G(s) are called the teedforward
and the feedback networks. respectively. Since the output of G(s) is equal to Gis)Y (s}, the
input to H(s), called the feedback error, is given by X(s) — G(s)¥(s). That is.

Yisyr= H(OH[X(5) ~ Gs)Y (sl (8.1
_+.
X(s) H{s) - Y(g)
G(s)
Figure 8.1 General feedback system.



gec. 8.1 General Considerations 247

Thus,

Y(s) _ H(s)
X(s) 1+ G(G)H(s)

(8.2)

We call H(s) the “open-loop” transfer function and Y (s)/ X(s) the “closed-loop” transfer
function. In most cases of interest in this book, H(s) represents an amplifier and G(s) is a
frequency-independent quantity. In other words, a fraction of the output signal is sensed and
compared with the input, generating an error term. In a well-designed negative feedback
system, the error term is minimized. thereby making the output of G(s) an accurate “copy”
of the input and hence the output of the system a faithful replica of the input (Fig. 8.2). We
also say the input of H(s) is a “virtual ground” because the signal amplitude at this point
is very small. In subsequent developments, we replace Gis) by a frequency-independent
quantity 8 and call it the “feedback factor.”

{m’ a H{s) = Y{s)

% G(s) Figure 8.2 Similarity between output
of feedback network and input signal.

It is instructive to identify four elements in the feedback system of Fig. 8.1: (1) the
feedforward amplifier, (2) a means of sensing the output. (3) the feedback network, (4) a
means of generating the feedback error. These elements exist in every feedback system,

even though they may not be obvious in cases such as a simple common-source stage with
resistive degeneration.

8.1.1 Properties of Feedback Circuits

Before proceeding to the analysis of feedback circuits. we study some simple examples to
describe the benefits of negative feedback as well as identify the above four elements in
each case.

Gain Desensitization Consider the common-source stage shown in Fig. 8.3(a). where
the voitage gain is equal to g, ro1. A critical drawback of this circuit is the poor definition
of the gain: both g,,| and r; vary with process and temperature. Now suppose the circuit
is configured as in Fig. 8.3(b), where the gate bias of M, is set by means not shown
here (Chapter 12). Let us calculate the overall voltage gain of the circuit at relatively low
frequencies such that C; does not load the output node. i.e.. V,,,/Vy = —gmiro. Since
(vom — Vx)Cas = (Vx — Vi, )Cys5. we have

V’mr I ,.
= — : (8.3)

V:'n - ( 1 )C2 {
L+ =4
gmiror1/ C Zm170|
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{a) (b)

Figure 8.3 (a) Simple common-source stage, (b) circuit of (a)
with feedback.

If ¢m1701 1s sufficiently large, the 1/{gm17¢ 1)} terms in the denominator can be neglected,
vielding

= ——. (8.4)

Compared 10 gm 701, this gain can be controlled with much higher accuracy because it is
given by the ratio of two capacitors. If C; and €, are made of the same material, then
process and temperature variations do not change C,/C5.

The above example reveals that negative feedback provides gain “desensitization,” i.e.,
the closed-loop gain is much less sensitive to device parameters than the open-loop gain is.
Illustrated for a more general case in Fig. 8.4, this property can be quantified by writing

y__4 8.5)

X 1+84 (8.
! 1

~ o f1-— 1, 8.6
ﬁ( ﬁA) (88)

where we have assumed S84 > 1. We note that the closed-loop gain is determined. to the
first order, by the feedback factor, 8. More importantly, even if the open-loop gain, A. varies
by a factor of, say, 2, ¥/ X varies by a small percentage because 1. 34) < 1.

_+_
X A - Y

Figure 8.4 Simple feedback system.

Called the “loop gain.” the quantity .4 plays an important role in teedback systemS-l .
We see from (8.6) that the higher A is. the less sensitive ¥/ X will be to variations in A.

‘Loop gain and open-loop gain must not be confused with vach other.

L bl

4
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From another perspective, the accuracy of the closed-loop gain improves by maximizing
A or B. Note that as 8 increases, the closed-loop gain, ¥/ X = 1/8, decreases, suggesting
a trade-off between precision and the closed-loop gain. In other words. we begin with a
high-gain amplifier and apply feedback to obtain a low, but less sensitive closed-loop gain.
Another conclusion here is that the output of the feedback network is equal to X - A (1 +
BA), approaching A as 8A becomes much greater than unity. This result agrees with the
illustration in Fig. 8.2.

The calculation of the loop gain usually proceeds as follows. As illustrated in Fig. 8.3,
we set the main input to zero, break the loop at some point, inject a test signal in the “right
direction,” follow the signal around the loop, and obtain the value that returns to the break
point. The negative of the transfer function thus derived is the loop gain. Note that the loop
gain is a dimensionless quantity. In Fig. 8.5, we have V; 8(—1)A = Vr and hence V¢, V, =
—~pBA. Similarly. as depicted in Fig. 8.6, for the simple feedback circuit, we can write

s
V - - V L] (8.7
‘C Cz( gmiro1) F _ }
that is,
Ve C;
— = ——gmirol. (8.8
V; i +ng trol )

Note that the loading of C; on the output is neglected here. This issue will be addressed in
Section 8.3.

It is also interesting to identify the four elements of feedback in the circuit of Fig. 8.3(b).
Transistor M and curmrent source /, constitute the feedforward amplifier. Capacitor C»

u|—:@—b A
X(s)=0 —4i

e
e
-
] -

Figure 8.5 Computation of [oop gain.

Figure 8.6 Computation of loop gain
in a simple feedback circuit. -
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senses the output voltage and converts it to a current feedback signal, which is then addeq
to the current produced by Vi, through C,. Note that the feedback is negative even though
the currents through €, and C; are added because the feedforward amplifier itself provides
a negative gain.

We should emphasize that the desensitization of gain by feedback leads to many other
properties of feedback systems. Our examination of Eq. 8.6 indicates that large variations
in A affect Y, X negligibly if BA is large. Such variations can arise from ditferent sources;
process. temperature, frequency, and loading. For example. if A drops at high frequencies,
Y/ X varies to a lesser extent, and the flat bandwidth is increased. Similarly, if A decreases
because the amplifier drives a heavy load, ¥/ X is not affected much. These concepts become
clearer below.

Terminal Impedance Modification As a second example. let us study the circuit
shown in Fig. 8.7(a), where a capacitive voltage divider senses the output voltage of a
common-gate stage, applying the result to the gate of current source M; and hence retum-
ing a current feedback signal to the input.? Our objective is to compute the input resistance
at relatively low frequencies with and without feedback. Neglecting channel-length modu-
lation and breaking the feedback loop [Fig. 8.7(b)], we have

!

———— | (8.9
&m1 T Bmbi

Rin.apen =

For the closed-loop circuit, as depicted in Fig. 8.7(c), we write: V.., = (gn1 + &ms1)Vx Rp
and

Ci
Vo= Vol (8.10)
P il Cl + C3
Voo Voo
Ap Rp
° Vout i Vout
c .!. Ve[ M, Cl:l. Vo[ M,
1 1
Vin .
1 Rl
C, = Rin Cy "
I ' I ‘
T (b) ()

Figure 8.7 (a) Common-zate circuit with feedback, {b) open-loop circuit. 1oy caleulation of input resistance

>The bias network for M1 is not shown.
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Ci
C +C2‘

= (gm1 + §m&1)VxRp (8.11)

Thus, the small-signal drain current of M. equals gn2(gm1 + Ems1)Vx RpCi1/(Cy + Ca).
Adding this current to the drain current of .M, with proper polarity yields /y:

C

Ix = (8mt + Bms1)Vx + 8m2(8m1 + 8m RpV 8.12
x = (8mt + 8ms)Vx + gm2(gm 8b1)cl+czox (8.12)
= (gm + )(H— Rp—— )V (8.13)

= 8ml Embi gm2 DC], +C2 X- .

It follows that
Riu.ca‘osed = VX/IX (8.14)
1 1

= . (8.19

8m1 + Emb i C
-+ Rpy——
Em? Dcl Cs

We therefore conclude that this type of feedback reduces the input resistance by a factor of
1 + gm2aRpC/(C( + C3). The reader can prove that the quantity g,,oRpC;/(C1 + C2) is
the loop gain.

We also identify the four elements of feedback in the circuit of Fig. 8.7(a). The feed-
forward amplifier consists of M| and Rp. the output is sensed by C, and C», the feedback
network comprises C,. C», and M», and the subtraction occurs in the current domain at the

input terminal.
Voo Voo
%RD Rp Iy
M

© Vout

Vine—[, M, J_ c a{[ M,

1 Cy -
RsE M, !—Ip ReE M, |—IP
° I

::.'Iz T ®

fa) (b)

Figure 8.8 (a) CS stage with feedback. (b} caiculation of output resistance.

Let us now consider the circuit of Fig. 8.8(a) as an example of output impedance modi-
fication by feedback. Here M, Rs, and Rp constitute a common-source stage and C1, Ca.
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and M, sense the output voltage,® returning a current equal to [C1/(C1 + T Vour8ma tg
the source of M. The reader can prove that the feedback is indeed negative. To compy,
the output resistance at relatively low frequencies. we set the input to zero {Fig. 8.8(b)] apg
write

Cl Rg
Ipi = Vy &m> (8.14)
4 1
CL+C R + — oo
8mi + &msi
Since Ix = Vy/Rp + Ip,, we have
Vv R

== 2 (8.17

Iy - gmlRS(gml '?'gmbl)RD C

1+
(Bm1 + Bmsi)Rs +1 C)+C,

Equation (8.17) implies that this type of feedback decreases the output resistance. The
denominator of (8.17) is indeed equal to one pius the loop gain.

Bandwidth Modification. The next example illustrates the effect of negative feedback
on the bandwidth. Suppose the feedforward amplifier has a one-pole transfer function:

Aty = —22 (8.18)

1+ —
@y

where Ag denotes the low-frequency gain and wy is the 3-dB bandwidth. What is the transfer
function of the closed-loop system? From (8.5). we have

Ty @ (8.19)

= - (8.20

= ) (8.21) |

I —
(1 — BAglwo

The numerator of (8.21) is simply the closed-loop gain at low frequencies—as predicted _b)'
(8.5)—and the denominator reveals a pole at (1 = 8 Ap)wg. Thus, the 3-dB bandwidth has i

creased by a factor !+ S8 Ag. albeit at the cost of a proportional reduction in the gain (Fig. 8.9)' _ :

Biasing of M> is not shown.

§

-
Py
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X{s) -

Y
|‘§|Jk

: = Y(s) A :
- Ay . _\

1 +BA0
Wy (1 +PAY)Wg O

o

|-

Figure 8.9 Bandwidth madification as a result of feedback.

The increase in the bandwidth fundamentally originates from the gain desensitization
property of feedback. Recall from (8.6) that. if A is large enough. the closed-loop gain
remains approximately equal to 1/8 even if A experiences substantial variations. In the
example of Fig. 8.9, A varies with frequency rather than process or temperature, but negative
feedback still suppresses the effect of this variation. Of course, at high frequencies A drops
to such low levels that A becomes comparable with unity and the closed- -loop gain fails
below 1/8.

Equation (8.21) suggests that the gain-bandwidth product of a one-pole system does not
change with feedback, making the reader wonder how feedback improves the speed if a
high gain ts required. Suppose we need to amplify a 20-MHz square wave by a factor of 100
and maximum bandwidth but we have only a single-pole amplifier with an open-loop gain
of 100 and 3-dB bandwidth of 10 MHz. If the input is applied to the open-loop amplifier,
the response appears as shown in Fig. 8.10(a:. exhibiting long risetime and falitime because
the time constant is equal to 1 /{27 f3_45) = 16 ns.

f3 48 =10 MHz fias =100MHZ f,_,5 =100 MHz
A, =100 A, =10 Ay =10

Vm | Vin
1:~16 ns | -~
Vout Vout | -— /.'.""1'6 ns
-
t
{a) (b)

Figure 8.10 Amplification of a 20-MHz squarewave by ta) 20-MHz amplitier and
(b} cascade of two 100-MHz feedback amplitiers.
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Now suppose we apply feedback to the amplifier such that the gain and bandwidth ap
modified to 10 and 100 MHz. respectively. Placing two of these amplifiers in a cascade
{Fig. 8.10(b)], we obtain a much faster response with an overall gain of 100. Of COurse,
the cascade consumes twice as much power. but it would be quite difticult to achieve thj
performance by the original amplifier even if its power dissipation were doubled.

Nonlinearity Reduction A very important property of negarive feedback is the sup-
pression of nonlinearity in analog circuits. We defer the study of this etfect to Chapter 13,

8.1.2 Types of Amplifiers

]

Most of the circuits studied thus far can be considered “voltage amplifiers™ because they
sense a voltage at the input and produce a voltage at the output. However, three other
types of amplifiers can also be constructed such that they sense or produce currents. Shown
in Fig. 8.11, the four configurations have quite different properties: (1} circuits sensing

Voltage Amp. Transimpedance Amp. Transconductance Amp. Current Amp.

Y

"Irl "out "In "out
+ +

+ +
1"’In Vout Vout Vln
—=— — — T
"in ’out "In ’out
+ + * .+ +
Vin a Vout L l"'out Vln
— R —=* =
va) (b) {(c) (d)

Figure 8.11 Types of amplifiers along with their idealized modals.

|
a voltage must exhibit a high input impedance (as a voltmeter) whereas those sensing 2 |
current must provide a low input impedance (as a current meter:: {2) circuits generating 3
voltage must exhibit a low output impedance (as a voltage sourca) while those generating
a current must provide a high output impedance (as a current source’. Note that the gains
of transimpedance and transconductance® amplifiers have a dimension of resistance and
conductance, respectively. For example. a transimpedance amplifier may have a gain of
2 k§2. which means it produces a 2-V output in response to a | -m- input. Also, we use the
s1gn conventions depicted in Fig. 8.1, for example, the transimpedance Ry = Vi /lin if
l;, flows into the amplifier.

*This terminology is standard but not consistent. One should use either transimpedance and transadmittanc®
or transresistance and transconductance.
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Voo Voo
Ap Rp
Vout VO ut
Vino—l[,, M, M, Ve
I In

(a} (b

255

fout

1]
Ty
3

(c) (d)

Figure 8,12 Simple implementations of four types of amplifiers,

Figure 8.12 illustrates simple implementations of each amplifier. In Fig. 8.12(a). a
common-source stage senses and produces voltages and in Fig. 8.12(b), a common-gate

circuit serves as a transimpedance amplifier, converting the source current to a voltage

at the drain. In Fig. 8.12(c), a common-source transistor operates as a transconductance
amplifier, generating an output current in response to an input voitage, and in Fig. 8.12(d).
a common-gate device senses and produces currents.

The circuits of Fig. 8.12 may not provide adequate performance in many applications. For
example, the circuits of Figs. 8.12(a) and (b) suffer from a relatively high output impedance.
Fig. 8.13 depicts modifications that alter the output impedance or increase the gain.

Vop
Rp
"uut
X M,
Vino_l M1

2R,
— M,
M, F“’_‘ Yh Yout
fin
1)
Yoo
Rp lout
M,
M, Vs
'fin
(di

Figure 8.13 Four types of amplifiers with improved performance.
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Example 8.1

Calculate the gain of the transconductance amplifier shown in Fig. 8.13(c).

Solution
The gain in this case is defined as G,y = [/ Vin. That is,

Vx o
G = =~ R
m Vin VX (8“'.'.
= —gmi{rolllRp} - gm2. (8.23)

While most familiar amplifiers are of voltage-voltage type, the other three configura-
tions do find usage. For example, transimpedance amplifiers are an integral part of optica]
fiber receivers because they must sense the current produced by a photodiode, eventually
generating a voltage that can be processed by subsequent circuits.

8.1.3 Sense and Return Mechanisms

Placing a circuit in a feedback loop requires sensing the output signal and returning (a
fraction) of the result to the summing node at the input. With voltage or current quantities
as input and output signals, we can identify four types of feedback: voltage-voltage, voltage-
current, current-current, and current-voltage, where the first entry in each case denotes the
quantity sensed at the owtpur and the second the type of signal rewrned to the input.’

[tis instructive to review methods of sensing and summing voitages or currents. To sense
a voliage, we place a volumeter in paralle! with the corresponding port [Fig. 8.14(a)], ideally
introducing no loading. When used in a feedback system, this type of sensing is also called
“shunt feedback.”

’out "out
ey r—
+
Vout Voltmeter =R, As =R
- i Ty
_®_ vy
- VS +
Current Meter
() {b) (<)

Figure 8.14 Sensing 1a) a voltage by a voltmeter, (b) a current by a current meter, (¢) a current by

4 small resistor.

To sense a current. a current meter is inserted in series with the signal [Fig. 8.14(b)}
ideally exhibiting zero series resistance. Thus, this type of sensing is also called “series
feedback.” In practice. a smal! resistor replaces the current meter [Fig. 8.14(c)], with the
voltage drop across the resistor serving as a measure of the output current. :

The addition of the feedback signal and the input signal can be performed in the volta"t
domain or current domain. To add two quantities. we place them in series if they are s

Ed

Y Different authors u~¢ different orders or terminologies for the four tvpes of feedback.

TOIT RCR
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Vln

+ VF o 'F

Figure 8.15 Addition of (a) voltages
(a) (b} and (b) currents.
voltages and in parallel if they are currents (Fig. 8.15). While ideally having no influence on
the operation of the open-loop amplifier itself. the feedback network in reality introduces
loading effects that must be taken into account. This issue is discussed in Section 8.3,

To visualize the methods of Figs. 8.14 and 8.15. we consider a number of practical im-
plementations. A voltage can be sensed by a resistive tor capacitive) divider in parallel with
the port [Fig. 8.16(a)] and a current by placing a reststor in series with the wire and sensing

VDD
+ + +
V“.,c—»@—D-—u—o Vout V,nc'—b-@—D—{ Vino—h-@—D.—l
h B J out i out

Ve Ve Ve

Ay

S S  a

(a) (b) (<)
° Vout @ |I"out o Vout
=R, v =R, =R,
in— M
Vino—| =1 i ! i M, IT‘
F
ZR, *  zp, Vin zA,
(dy e) ()
f [
fin |
L W
- RF
(g1 1hy

Figure 8.16 Practical meuns of sensing und adding voltages and currents.
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the voltage across it [Figs. 8.16(b) and (c)i. To subtract two voltages, a differential pair cay
be used [Fig. 8.16(d)]. Alternatively. a single transistor can perform voltage subtractiop a
shown in Figs. 8.16(e) and ({) because Ip, is a function of V;,, — Vr. Subtraction of CliTeny
can be accomplished as depicted in Figs. 8.16(g) or (h). Note that for voltage subtractiom
the input and feedback signals are applied to nvo distinct nodes whereas for current gy
straction they are applied to a single node. This observation proves helpful in identifyjng
the tvpe of feedbuck.

8.2 Feedback Topologies

8.2.1 Voltage-Voltage Feedback

This topology samples the output voltage and returns the feedback signal as a voltage$
Following the conceptual illustrations of Figs. 8.14 and 8.135. we note that the feedback
network is connected in parallel with the output and in series with the input port (Fig. 8.17),
An ideal feedback network in this case exhibits infinite input impedance and zero output

Ay
v V+ Feedforward ;’
n 2l Amplifier _:“'
V+ Feedback
F Network
Low Ry B High A, Figure 8.17 Voltage-voltage feed-

back.

impedance because it senses a voltage and generates a voltage. We can therefore write:
VF - ﬁvnmn Ve = Vm - VF‘ V::m = AO( v:'n - ﬁvour)- and hence

Vrmf _ A{J
Vin 1 + ﬁAO '

(8.24)

We recognize that 8 Ag is the loop gain and the overail gain has dropped by 1 + 8 Aq. Not
that here both Ay and 8 are dimensionless quantities.

As a simple example of voltage-voltage feedback. suppose we employ a differential volt-
age amplifier with single-ended output as the feedforward amplifier and a resistive dividef
as the feedback network [Fig. 8.181a)]. The divider senses the output voltage. producing
a fraction thereof as the feedback signal Vr. Following the block diagram of Fig. 8.1%
we place Vg in senies with the input of the amplifier 1o perform subtraction of voltags
[Fig. 8.18(b)].

“Thix configuration i also called “series—~hunt™ feedback. where the first term refers to the input connecﬂ‘:
and the second to the crrpur connection, ;
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Ag Ag
V’ Vino-—— +
nt’_"D_‘»—o Vout >—‘»..—o ot
=R, =R,

—

+ - -t

- L L

* - -
(a) (b

Figure 8,18 {a) Amplitier with output sensed by a razistive Jivider.
(b} voltage-voltage feedback amplifier.

How does voltage-voltage feedback modify the input and output impedances? Let us first
consider the output impedance. Recall that a negative feedback svstem attempts to make
the output an accurate replica of the input. Now suppose, as shown in Fig. 8.19, we load the
output by a resistor, gradually decreasing its value. While in the open-loop configuration the

Al
vy <

* + R t
Vin Ve AoVe o = A Yout

FYY)

<

Figure B.19 Effect of voltage-voltage feedback on out-
put resistance,

output would simply drop in proportion to Ry /(Ry, + Ry ). in the feedback system. Vi, 1s
maintained as a reasonable replica of V;, even though R; decreaszes. That is, so long as the
loop gain remains much greater than unitv. V,,,;/ Vi, = 1/ 8. regardless of the value of R, .
From another point of view, since the circuit stabilizes the outpurt voltage amplitude despite
load variations, it behaves as a volrage source, thus exhibiting a low output impedance. This
property fundamentaily originates from the gain desensitization provided by feedback.

In order to formally prove that voltage teedback lowers the output impedance. we con-
sider the simple model in Fig. 8.20, where R, represents the output impedance of the
feedforward amplifier. Setting the input to zero and applying a voltage at the output. we
write Ve = BVy, V, = —8Vy. Viyy = —~BAgVx, and hence Iy = [Vx — (—=BA0VX)]/ Rows
(if the current drawn by the feedback network is neglected). Tt follows that

V.\‘ Rmu

= _fom (8.25)
Ix 1+ BAg
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L Figure 8.20 Calculation of output re-
Ve B ) sistance of a voltage-voltage fzedback
circuit.

Thus, the output impedance and the gain are lowered by the same factor. In the circuit of
Fig. 8.18(b), for example, the output impedance is lowered by 1 + AgR3/(R1 — Ra).

Example 8.2

S

The circuit shown in Fig. 8.21(a} is an implementation of the feedback configuration depicted i
Fig. 8.18(b). but with the resistors replaced by capacitors. (The bias network of M1 is not shown)
Calculate the closed-loop gain and output resistanceof the amplifier at relatively low frequencies.

V.

Figure 8.21
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Solution

At low frequencies, C| and C» load the amplifier negligibly. To find the open-loop voltage gain, we
break the feedback loop as shown in Fig. 8.21(b), grounding the top plate of C; to ensure zero voltage
feedback. The open-loop gain is thus equal to gm1{ro2lliroa4).

We must also compute the loop gain. With the aid of Fig. 8.21(¢). we have

Vi = —VrE:lil—Cszl(foz lroa). (8.26)
That is,
Bdg = Lgm(rozllrm} (8.27)
Cl+Ca
and hence
Atoseq = gmi{roaliroq) (8.28)

1+ = (rosliros)
C]+C23ml o217 04

As expected, if BAg 3> 1, then Acppsed = 1 + C2/Cy.
The open-loop output resistance of the circuit is equal to roz||r o4 (Chapter 5). It follows that

razllroa

er.',cl’used = . . f8.29)
[ + ——t
+ TG gmilrozllros)
It is interesting to note that. if 3Aq > 1, then
Ca 1
Rout closed = (1 + _) . (8.3
CI Emi

In other words, even if the open-loop amplifier suffers from a high output resistance, the closed-loop
output resistance is independent of roa|{ro4, simply because the open-loop gain scales with ro>ijrog
as well.

Voltage-voltage feedback also modifies the input impedance. Comparing the configura-
tions in Fig. 8.22, we note that the input impedance of the feedforward amplifier sustains
the entire input voltage in Fig. 8.22(a), but only a fraction of V;, in Fig. 8.22(b). As a result,
the current drawn by R;, in the feedback topology is less than that in the open-loop system,
suggesting that returning a voltage quantity to the input fncreases the input impedance.

The foregoing observation can be confirmed analytically with the aid of Fig. 8.23. Since
V. = Iy Riy and Vi = ﬁAolme. we have Ve = Vy — Ve = Vy — BAofx Rin. Thus,
I.YREH = VX - ﬁAOIXR."n- and

y .
T“' = Rin(l + BAp). (8.31)
X
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’in
- " .l‘i'l' ——a
F - + Hout .
o Vll"l /) Ve = Ril"i one ) = HL V"
+ —
. * Rout
Ve =R, AoV, } Vout -0
— o
+
el B
(a) (b)

Figure 8.23 Calculation of input
V. impedance of a voltage-voltage feedback
F cireuit,

The input impedance therefore increases by the ubiquitous factor 1 + B Ag, bringing the
circuit closer to an ideal voltage amplifier.

Example 8.3

Fig. 8.24(a) shows a common-gate topology placed in a voltage-voltage feedback configuration. Noe
that the summation of the feedback voltage and the input voltage is accomplished by applying the
former to the gate and the latter to the ~ource.” Calculate the input resistance at low frequencies if
channel-length medulation is negiigible.

Solution

Breuking the loop as depicted in Fig. 8.24(b). we recognize that the open-loop input resistance ¥
equal 0 (g1 — Zmp1) 1. To find the loop gain. we set the input 1o zero and inject a test signai in %
loop (Fig. 8.2410)], obtaining Vg /V, = —g,1 RpC1/(C1 + Ca). The closed-loop input impedance
then equal to

(830

Rin closed =

1 C
qgmlRD -

— s
Lo Hmii ( CI +C

The increase in the input impedance cun be explained as follows. Suppose the input voltage decreas®
by AV, causing the output voltage to (momentarily) fall. As a result, the gate voltage of M| decreasé®

"This circwt s similar to the right half of the topology shown in Fig. 8.21¢a).
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Voo Voo
Rp Ry
v
"l:L Yout F
G v, Yy &
P RN P
M, L M,
2 I Vin ¢, I I
th) (c)
Figure 8.24

thereby lowering the gate-source voltage of M and yielding a change in Vs that is /ess than AV.
By contrast, if the gate of M| were connected to a constant potential, the gate-source voltage would
change by AV, resulting in a larger current change.

In summary, voltage-voltage feedback decreases the output impedance and increases the
input impedance, thereby proving useful as a “buffer” stage that can be interposed between
a high-impedance source and a fow-impedance load.

8.2.2 Current-Voltage Feedback

[n some circuits, it is desirable or simpler to sense the output current to perform feedback.
The current is actually sensed by placing a small resistor in series with the output and using
the voltage drop across the resistor as the feedback information. This voltage may even
serve as the return signal that is directly subtracted trom the input.

Gm "out

[ DE—

+ | Feedforward
v,
in Vel amplitier %

’out}
V+ Feedback
F Network
Figure 8.25 Current-voltage feed-

Low Ryt Re Low Ry, back.

Let us consider the general current-voltage feedback system illustrated in Fig, 8,253
Since the feedback network senses the output currant and returns a voltage. its feedback

*This topelogy is also called “series-series” feedback.
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factor (8) has the dimension of resistance and is denoted by Rg. (Note that a finite load
Z,. is connected to the output so that 7,,, # 0.) We can thus write Vr = R/, V, s
an - RF Lot and hence T = Gm(vm - RFL)M). It follows that

"mu‘ __ Gm
an I+ Gm RF '

(8.33

An ideal feedback network in this case exhibits zero input and output impedances,
It is instructive to confirm that G, Rr is indeed the loop gain. As shown in Fig. 8.2¢
we set the input voltage to zero and break the loop by disconnecting the feedback netwog

Fout

Gm Zl.

E - Short
+

VF RF ’t

- _ Figure 8.26 Calculation of loop gain

for current-voltage feedback.

from the output and replacing it with a shorr at the output (if the feedback network is ideall
We then inject the test signal /,. producing Vg = R/, and hence 7,,, = —G,, R 1,. Thus
the loop gain is equai to G, Rr and the transconductance of the amplifier is reduced by
| + G,, Rr when feedback is applied.

Sensing the current at the output of a feedback system increuses the output impedance
This 18 because the system attempts to make the output currenr a faithful replica of the inpu
signal (with a proportionality factor if the input is a voltage quantity). Consequently, te
system delivers the same current waveform as the load varies, in essence approaching a
ideal current source and hence exhibiting a high output impedance.

To prove the above result. we consider the current-voltage feedback topology shows
in Fig. 8.27, where R, represents the finite output impedance of the feedforward amplr

+
) +
Gm = Rout _¢ Vx

A

Ve Rely ¥ Figure 8.27 Calculation of output l'C"A‘:.
-1 sistance of u current-voltage feedback
amplitier.

g
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fier.> The feedback network produces a voltage V¢ proportional to /vy : Ve = Rply, and
the current generated by G,, equals —RrIxG,. As aresult, —Rp Iy G = Iy — Vx/Rous
vielding

V
I_X = Routl + GnRp). (8.34)
X

The output impedance therefore increases by a factor of | + G, Rr.

Example 8.4

Suppose we need to increase the output impedance of a common-source stage by current feedback.
As shown in Fig. 8.28(a), we insert a small resistor » in the output current path. apply the voltage

t

(a) (b
Figure 8.28

across r to an amplifier A\, and subtract the output of A from the input voltage. Calcuiate the output
impedance of this circuit.

Solution

Using the circuit of Fig. 8.28(b) to determine the loop gain. we have

Ve
7 = —sards (8.35)
Thus. the overall output impedance is given by
Rour.ctased = (1 = gurdro). - (8.36)

As with voltage-voltage feedback, current-voltage feedback increases the input
impedance by a factor equal to one plus the loop gain. As illustrated in Fig. 8.29, we
ha\'e fx Rn; Gm = lgys- ThIJS, Ve’ = v.\’ - G:::RF‘!_\'RH: and

Vy ;
- = Rm(l -+ (JmRF}- (8.3?)
Ix

"Note that R, is placed in paraflel with (he output because the ideal transimpedance cmplifier is modeled
by a voltage-dependent current source.
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|
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RF l'{:ut 1

e |

Figure 8.29 Caiculation of input re-

sistance of a current-voltage feedback
amplifier.

The reader can show that the loop gain is indeed equai to G, Ry,

In summary, current-voltage feedback increases both the input and the output impedances

while decreasing the feedforward transconductance. As explained in Chapter 9, the high
output impedance proves useful in high-gain op amps.

8.2.3 Voltage-Current Feedback

In this type of feedback. the output voltage is sensed and a proportional current is retumned
to the summing point at the input.'’ Note that the feedforward path incorporates a tran-
simpedance ampiifier with gain Ry and the feedback factor has a dimension of conductance.

/e Ry

+ O
3 Feedforward v
n Amplifier out

]

Te

" | Feedback

(™| Network |™7)

! I , . L

High A, 9F High A, Figure 8.30 \oltage-current feed

back.

A voltage-current feedback topology is shown in Fig. 8.30. Sensing a voltage and pro-
ducing a current, the feedback network is characterized by a transconductance g, r. ideally
exhibiting infinite input and output impedances. Since /r = g, ¢V, and [, = Jiy — ffs
we have V,,, = Rol, = Ry(lin — Gmr Viur). It follows that '

tht — Rl) ) (33
!r'r: 1 + SmF R“

N - IV

" This wpology is also called “shunt-shunt” feedback.
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The reader can prove that g.,r Ro is indeed the loop gain, concluding that this type of
feedback lowers the transimpedance by a factor equal to one plus the loop gain.

Example 8.5
Calculate the transimpedance. V. [in. of the circuit shown in Fig. 8.3 {a) at relatively low frequen-
cies.
Voo Voo
Rp Ap
© Vout Ve
J_ Vbo—| M, . Vbo—{ M,
P T P
M1 I,I[r'l M1
Cz I o — Cz I -
(a) (b)
Figure 8.31

Solution

In this circuit. the capacitive divider C}-Cs senses the output voltage, applying the result to the gate
of M| and producing a current that is subtracted from /;,,. The open-loop transimpedance equals that
of the core common-gate stage. R p. The loop gain is obtained by setting f;,, to zero and breaking the
loop at the output [Fig. 8.31(b)]:

<y

-V e, Rp = Vg. 8.39)
rC1+C28nI D F {

Thus, the overall transimpedance is equal to

R
R, .= = D . (8.40)
1+ —'_I“"‘gml Rp

C1+Cs

Following our reasoning for the other two types of feedback studied above. we sur-
mise that voltage-current feedback decreases both the input and the output impedances.
As shown in Fig. 8.32(a), the input resistance of Ry is placed in series because an ideal
transimpedance amplifier exhibits a zero input impedance. We write /r = Iy —~ Vy/R,,
and (V{y/Rm}Rong = Ir. Thus.

V.\' R in

B L E— (8.41)
Iy L + 2mr Ro
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’X + RII"I 0 + Ril"l 0 Rout JI){
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Vy Yy
T I I B
+ +
ImF Yout Imr Vx
| |
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Figure 8.32 Calculation of (a) input and (b) output impedance of a voltage-current feedback amplifier,

Similarly, from Fig. 8.32(b), we have Ir = Vxgur,l. = —Ip, and Vyy = —RogmrVy.
Neglecting the input current of the feedback network, we write Iy = (Vx — Vy)/R
(Vx -+ gmr Ro VX)/RGIH' That is,

out =

|4 Rr u |
T (8.42)
Ix 1 —gurRo
Example 8.6
Calculate the input and output impedances of the circuit shown in Fig. 8.33(a). For simplicity, assume
Rr » Rp.
Yoo W . Voo
L] |
R R
RF . RF °
|I/out VF
—[ M, M,
lin = H
. (@ ib)
Figure 8.33 .
Solution

o . : |
In this citcuit, Ky senses the output voltage and rezurns 4 current to the input. Breaking the loop 3
depicted in Fig. 8.33(b). we calculate the loop gain as g, Rpn. Thus, the open-loop input impedancs
Rp.isdivided by | + 2, Rp:

Rr

——. (8.43)
-+ g RD

Rin.closed =
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Similarly,

Rp

——. 8.44

Rouf.doud =

Note Rour.ctosed 15 in fact the parallel combination of a diode-connectec transistor and Rp.

An important application of amplifiers with low input impecance is in fiber optic re-
cetvers, where light received through a fiber is converted to a currenr by a reverse-biased
photodiode. This current is typically converted to a voltage for Turther amplification and
processing. Shown in Fig. 8.34(a), such conversion can be accomplished by a simple resis-

R

Ahh !
¥yyY H

Optical Fiber oV Optical Fiber D_‘ :
+ out * ' A —2 Vout
S ¢ Q\\ —_—D Q& _L I E
D, = Cpy o T

R

(b)

Figure 8.34 Detection of current produced by a photodiode by (a) resistor R; and (b) a transimpedance
ampiifier.

tor but at the cost of bandwidth because the diode suffers from a relatively large junction
capacitance. For this reason. the feedback topology of Fig. 8.34.b) is usually employed.
where R) is placed around the voltage ampiifier A to form a transimpedance circuit. The
input impedance is R /(1 4+ A) and the output voltage is approximately R, /p,.

8.2.4 Current-Current Feedback

Fig. 8.35 illustrates this type of feedback.'! Here, the feedforward zmplifier is characterized
by a current gain, A,, and the feedback network by a current ratic. 8. In a fashion similar
10 the previous derivations, the reader can easily prove that the clesed-loop current gain is
equaito A; /(14 B8A;), the input impedance is divided by 14 8 A and the output impedance
is multiplied by 1 + 8A;.

Fig. 8.36 illustrates an example of current-current feedback. Here, since the source and
drain currents of M» are equal (at low frequencies), resistor Rs is inserted in the source
network to monitor the output current. Resistor R plavs the same role as in Fig. 8.33,

*IThis topology is also called “shunt-series” feedback. where the first term refers to the input connection and
the second to the output connection.



270 Chap. 8 Feedbaq

A
’e : lout
/ - Feedforward z
in Ampilifier L
"F "out A
™1 Feedback
f_’- Network
[ ' :
High Ry, B Low R,, Figure 8.35 Current-custent feeq.
back.
Voo
HD "out
X ttm M2
—| M,
"il'l -
l'l"l"i Y
- Re %Hs
* Figure 8.36

8.3 Effect of Loading

In our analysis of feedback systems thus far, we have tacitly assumed that tha feedbac
network does not “load” the feedforward amplifier at the input or output. For example, i
the voltage-voltage feedback topology of Fig. 8.21, we assumed C, and C> do not los
the amplifier so that the open-loop gain could still be written as gmi(ro2llrosr. In reality.
however. the loading due to the feedback network may not be negligible, compiicating the
analysis.

The problem of loading manifests itself when we need to break the feedback loop so &
to identify the open-loop system, e.g.. calculate the open-loop gain and the input and outp!
impedances. To arrive at the proper procedure for including the feedback netwe-k termind
impedances, we first review models of two-port networks.

8.3.1 Two-Port Network Models

The feedback network placed around the feedforward amplifier can be considered a twer
port circuit sensing and producing voltages or currents. Recail from basic circuit zheory th¥
a two-port linear (and time-invariant) network can be represented by any of the four mode
shown in Fig. 8.37. The “Z model"” in Fig. 8.37(a) consists of input and output impedanc®
in series with current-dependent voltage sources wherzas the Y model” in Fig. 8370
comprises input and output admittances in parallel with voltage-dependent current sourcs
The “hybrid models™ of Figs. 8.37(¢) and (d) incorporate a combination of impedanc®
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rd)

{c)

Figure 8.37 Linear two-port network models.

and admittances and voltage sources and current sources. Each model is described by two
equations. For the Z model, we have

Vi=Zyh+ Zal, (8.45)
Vo=2Zyly + Zn ks, (8.46)

Each Z parameter has a dimension of impedance and is obtairad by leaving one port open.
e.g., Zyy = Vi/[; when [y = 0. Similarly, for the Y model.

L =YV + YV, (8.47)

Iy =Yy Vi + YV, (8.48)
where each Y parameter is calculated by shorting one port.e.c.. ¥y, = [,/ V) when V> = 0.
For the H model.

Vi=Hul + HaVs (8.49)

Iy = Hy ) + Hp Vs, {8.30)
and for the G model,

H=GnV + Gl {8.31)

Vo= Gy Vi + Gaals. (8.32)

Note that. for example. Yy; may not be equal to the inverse > Z;, because the -wo are
obtained under different conditions: the output is shorted for the former but left open for
the latter,
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In order to simplify the analysis of the loading due to the teedback network, we mug
sefect a suitable model from the above. We assume the input port of the feedback network iy
connected to the output port of the feedforward amplifier. Let us begin with voltage-voltag,
feedback. Which model should be used? We note that the ideal feedback network in thy
case must exhibit infinite input impedance and zero output imipedance. The Z model is ny
suitable because as Z;; — =&, forafinite Vi, §; — 0, and Z;,/; — 0. That is, if the inpy
impedance approaches infinity. the output voltage drops to zero. How about the ¥ modep
In this case, if Y1, — 0. then the output voltage remains finite, but if Y> approaches o,
the current source Ya; Vi generates a zero output voltage. That is, if the output imepdance
of the feedback network approaches zero (so that it becomes more ideal). then the outpy
voltage of the feedback network drops to zero as well. With these observations, we surmise
that the G model is the most suitable one for voltage-voltage feedback: in the ideal case
GH = {, G:g =, and G:} ‘-‘| 7"5 0.

Using similar arguments. the reader can show that the other three types of feedback
require the following network models: voltage-current: Y model; current-voltage: Z model;
current-current: H model. '

8.3.2 Loading in Voltage-Voltage Feedback

Replacing the feedback nerwork by a G model, we arrive at the representation in Fig. 8.38(a).
Unlike the simple models used in previous sections, this circuit incorporates rwo dependent
sources in the feedback path: G 21> and Gz Vo, What is the effect of G277 This current
flows through the parallel combination of Z,,,, and Gy, contributing to the output voltage.
However, if Ag is large. the signal amplified by Ag is much greater than the contribution
of G- /. In other words. the forward gain of the main amplifier overwhelms the reverse
ain of the feedback network. Since this condition holds in most circuits of interest, we
can neglect G2 /-, obtaining the circuit in Fig. 8.38(b). A rigorous analysis of Fig. 8.38(a)
(Problem 8.8) reveals that if G2 « A0Zin/ Zsur, then the “reverse transmission” through
the feedback circuit is negligible. It is indeed expected that Z;, and Z,,,, play a role here.
If Z;, is small, the voltage division between Z;, and G1: reduces the signal through the
feedforward path. Similarly. if Z,,,, is large, then the voltage division between Z,,,, and Gu
lowers the contribution of 4.V, to the output.

Let us now compute the closed-loop gain of the circuit shown in Fig. 8.38(b). We have

an

Vo=V, = GnVoy)————. 8.53)
=1 20 I)Zm o (
and hence - ‘
(V. — G Vour) Zin__ 4 G _ v (8 54)1j
1 2 Yot Z,'“ T GZZ UG|-1| + Zm” = ¥our- . ‘
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+ + Zout
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- 0
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(b)

Figure 8.38 Voitage-voliage feedback circuit with (a) feedback net-
work represented by a G modz! and (b) simplified G model.

It tollows that

Zm le]l
AOZ e -1 .
‘:'/’“' ~ T On Gy - Zowi (8.55)
i1 Z, G
R et - —— G114y
Zhr - GZ: G“ + erm
Note that if the feedback network is idezl. i.e.. if G| = > and G2 = O then V,,,/ Vi, =

Ap/(] + GayAg). as expected.
Equation 8.35 assumes the standard form of a feedback wansfer function i we detine
the open-loop gain in the presence ot loading as ‘

Ziu Grll
Zf’? + G:: Grll + -Znur

Ar'.npt'n = AU- {856}
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The loaded open-loop gain can be obtained from the circuit depicted in Fig. 8.39, wh
G2y Voue is set to zero. That is, the finite input and output impedances of the feedbacy
network reduce the outpul voltage and the voltage seen by the input of the main amplifie,

respectively.
+
Vin /

Gas

Figure 8.39 Proper method of including loading in a
voltage-voltage feedback cireuit.

It is tmportant to note that G; and G2; in Fig. 8.37 ars computed as follows:

I

G == (8.57)
Vilineo
Va

Gy = — ) {8.58)
I Vi=0

Thus, as illustrated in Fig. 8.40. G, is obtained by leaving the output of the feedback

VOI.I!

Figure 8.40 Conceptual view of
opening a voltage-voltage feedback loop
Gy with proper loading.

network open whereas (- is calculated by shorring the input of the feedback network.

Another important result of the foregoing analysis is that the loop gain. i.c., the second
term in the denominator of (8.55) is simply equal to the loaded open-loop gain multiplied
by Gay. Thus, a separate calculation of the loop gain is not necessary. Also. the open-ioop
input and output impedances obtained from Fig. 8.39 are scaled by 1 + G21 A, ppen tO yield
the closed-loop values.
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Example 8.7

For the circuit shown in Fig. 8.41(a), calculate the open-loop and closed-loop gains,

Voo
it w,
Y
Ae
Rp2

(a}

Figure 8.41
Solution

The circuit consists of two common-source stages, with Ry and R sensing the output voltage and
returning a fraction thereof to the source of M|. The reader can prove that the feedback is indeed
negative. Following the procedure illustrated in Fig. 8.40, we identinv Rr and Ry as the feedback
network and construct the open-loop circuit as shown in Fig. 8.41(b). Note that the loading etfect in
the input network is obtained by shorting the right terminal of R ¢ to ground and that in the output

by leaving the left terminal of Rr open. Neglecting channel-length modulation and body effect for
simplicity, we have

VR
Vi RrellRs +1/gm

A vopen —

{—&m2(Rp2[tRF + Rs)]} (8.59)

To compute the closed-loop gain. we first find the loop gain as G Ay gpen- Recall from (8.52) that
G2 = Va/Vy with [; = 0. For the voltage divider consisting of Rr ard Rp, G2y = Rs/(Rr + Rs).

The closed-loop gain is simply equal to A, o500 = Av.apen /(] + G22 Ay open).

8.3.3 Loading in Current-Voltage Feedback

Replacing the feedback network by a Z model, we obtain the circuit shown in Fig. 8.42(a).
Using an argument similar to that for voltage-voltage feedback. we neglect the source Z,- /.
thereby arriving at the circuit in Fig. 8.42(b). We thus have

Z; Z
V. _ 7 L” i ? ruir — !ﬂ . (860)
{Vin 2 ”)Z,'” n le n Zm” - Z'_I i
That is,

Zm Zrm-‘

Lout Zin+2ZnZ w T 21 B

four _ w20 Z, _ 8.61)

vf’ " 4 i Zuu T (

1+

G":ZZE
Zm + Z;‘E an + ZH
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’In l’out i}
+ + - '&
vin / Va zln GmVe zt:iut
"2 <22 Zy4
{1
+
Zoyilour 2441, )
a
"in ’out
- .4 =i}
N +
Vin / Ve zin Grnva zout
Iy Zyp Z14
—
+
)22t out
(b)

Figure 8.42 Current-voltage feedback circuit with (a) feedback net-
work represented by a Z model and (b) simplified Z model.

Equation (8.61) suggests that the loaded open-loop gain is equal 1o

Z:’n Znu.r
Z:’n + Z'_’E Zour - Z]I

Gm.upm = Gm y _ {862]

revealing voltage division at the input and current division at the output (Fig. $.43). Since
Z>; and Z, are obtained by opening the input and output ports of the feedback network.
respectively, the open-loop circuit can be visualized as in Fig. 8.44. Note that the loop galﬂ
1s equal 10 Z3;1 G upen-

!

out

Vi“ Zln GmVe zout z11

Figure 8.43 Current-voltage feed- ¢
222 back circuit with proper lcading of %
feedback network. »
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~- Figure 8.44 Concepal vizw of

z opening the loop in current-voliz z2 feed-
L] B
back,

Example 8.8

Calculate the open-loop and closed-loop gain of the circuit shown in Fig. 8.45(a).

Ro = Jl |
[ out
i

1'"

=t
l

fout

VInD_'Ith1

"l‘"

Re Rr
% Rsy

Vin°_| M1

Rgi

Wy

(a) (b)
v, ;=0
Rsy & Rs3 W14
T N = H
Figure 8.45

Solution

This circuit consists of two voltage gain stages, M) and M>. ard a voltage-to-current converter. My
Since the drain and source currents of M= are equal, the output current is monitored by Rga. Thus
Rsi. Rp.and Rg; sense the output current and return a proportonal voltage to the input

If » = =+ = (. the open-loop gain is equal to
-R - :ER 2
Gm.rr;ren = Dl . S P - . {8.63)
RsilRr 4+ Rs3)+ 1/8m1 Rs3ltRe + Rs1) + 1/gm

The loop gain is given by.Zg|G,,,_r,‘,,‘.,,. where, from (8.461, Za; = V3/1) with /1~ = 0. For the
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feedback network consisting of Rg2, R and Rgj, the circuit of Fig. 8.45{c) gives

= Rg3
Rs3+ Rs1 + Rf

Rsp. (8_641.

The closed-loop gain equals G open /(1 + Z21Gm.open)-

It is important to distinguish between the feedback networks in the circuits of Fig. 8 -H(a} and
8.45(a). In the former, Rp> is part of the feedforward amplifier, rather than part of the feedbacy
network, because it must generate a voliage output. In the latter, Rg3 is part of the feedback networy
because it is used to sense the output current. If the output of interest in Fig. 8.45(a) is the voltage
the source of Mz, then Ryg3 is part of the feedforward amplifier rather than the feedback network,

i

8.3.4 Loading in Voltage-Current Feedback

In this type of system. we represent the feedback network by a Y model {Fig. 8.46(a)]. As
with previous cases, we neglect the reverse transmission term, Y;; Vs, obtaining the circuit

le
- — a '
+ Z t
Fin Zin Apl, o Vout
Q
+
Vz Y22 Y21 Vout Y12V2 Y11
(a)
le
> - -—
+ Lo
"In Zin HDIB ) VQU!
]
. .
Vo | Y22 Y21Y out Yiq
th)

Figure 8.46 Voltage-current feedback circuit with (a) teedback net-
wuork represented by u Y model and (b) simplified Y model.
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in Fig. 8.46(b). Writing

(Iin — Y1 Vour) V' o v, (8.65)
in 21 Your y2_2| ¥ Z OYI_il + Zo = VYours .
we have
Yy vy
—1 RO —~1
Vou: — Yzz +lzin' Y1| +¢Izuu.r . (8.66)
!i:: Ya_z Y1_|
I+ —= Ro—— 21
Y22 + Zin Y][ + Zous
It is therefore possible to define the loaded open-loop gain as
Yn. ry
RO.apen = Ry. (8.67)

Yz-z-l + zin Y]_ll + Zou:

The loading manifests itself as current division between Y,;' and Z;, and voltage division

Figure 8.47 Voltage-current feedback circuit with proper
loading of reedback network.

between Z,,, and Yl”l1 (Fig. 3.47). Since Y5> and Y), are obtained by shorting the input and
output ports of the feedback network, respectively, the procedure for including the loading
can be illustrated as in Fig. $.48. The loop gain is given by Y21 Rg open-

RU
++ l'l> 2 Yout
fin E —t GmF ImF

Figure 8.48 Conceptual view of

r_T — — il -1 opening the loop in voltuge-current feed-
Y22 ) i Yiq back.
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Example 8.9

Calcuiate the voltage gain of the circuit shown in Fig, 8.49(a).

VDD VDD
Ar Ap Ar Ap
P Vout Vout
5
X‘_‘" -1, m, My
+
Vin ) - IN RS -
(a) tb)
Figure 8.49
Solution

What type of feedback is used in this circuit? Resistor R senses the output volitage and retums &
proportional current to node X. Thus, the feedback can be considered as the voltage-current type,
However, in the general representation of Fig. 8.46(a), the input signal is a current quantity, whereas
in this example, it is a voltage quaniity. For this reason, we replace V;, and Rs by a Norton equivalent
(Fig. 8.49(b)] and view Rs as the input resistance of the main amplifier. Opening the loop according
to Fig. 8.48 and neglecting channel-length modulation, we write the open-loop gain from Fig, 8.49(c}
as

v i :
Ro.open = ;’ = (8.69)
N :open
= _(RSHRF)SM(RF”RD]- (8.69)

where Iy = V;,/Rs. We also calculate the loop gain as Y2 Ro.open. From (8.48), Yy = [2/ Vy with
V2 = 0. and since the feedback network consists of only Ry, we have ¥», = —1/Ry. Thus. the
circuit of Fig. 8.49(a) exhibits a voltage gain of

Vrmr __L _(RS”RF!.QHI[RF”R.D) [870}
Vie  Rs 14 gn(RFIIRpIRs/(Rs + Rp)’

Interestingly. it R is replaced by a capacitor, this analysis Joes not yield a zero in the transfer function
because we have neglected the reverse transmission of the feedback network (from the output of the
teedback network to its input.) The input and output impedances of the circuit are also interesting 10
calculate. This is lett as an exercise for the reader. The reader is also encouraged to apply this solution
to the circuit of Fig. 8.3(b).

—
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8.3.5 Loading in Current-Current Feedback

Fig. 8.50(a) depicts a current-current feedback system with the feedback network repre-
sented by an H model. Neglecting the effect of Hj> V> compared to the forward gain of the
amplifier and drawing the circuit as in Fig. 8.50(b), we write

H"_"l Zmar
(1, — Haylo == A = lout- (8.71)
in 21 ou)Hz_:l + Z;'n .*H” T Zo i!
[t follows that
H‘_’I Zrm-'
TN T
% — y_vH":i in I1Z ol . (8.72)
in 1+ - b A! ont oy
sz + Z;’n Hll + ZOIH
"e "out
"In zi Alfe Zuut
Hi,
* —
+
Vo [Ha Halow H12V2
tal
le "out
- g ]
!I" zm Alfe \4 ZOLII
Hi4
* ™
+
Vy |Haz Ha1lout
(b

Figure 8.50 Current-current feedback circuit with (a) feedback net-
work represented by an H model and by simplified H model.
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We can thus define the loaded open-loop gain as

H2_2] Z(‘}Jf
HEEI + Ziy Hll - Zom

A.’.apen = A (873]

concluding that the feedback network introduces current division at both the input and the
output of the system (Fig. 8.51). Note that H»» and H,; are measured with the input and the

’e
Iin(&) Ha, lll Zin Allg

output ports of the feedback network open and shorted. respectively (Fig. 8.52). The locp
gain is obtained as Ha) Ay ppen-

Figure 8.51 Current-current feeq.
back circuit with proper loading of
feedback network.

A,

‘oul

“®
""? —t B B

I—;-.
H22

- Figure 8.52 Conceptual view of
1H11 including loading in current-current
H feedback.

Example 8.10

Caleulate the open-loop and closed-loop gains of the circuit shown in Fig. 8.53(a).

Voo
Ap ! out
X M2
»—l M,
!In "in =
L 1 — A —e—a0 Y
) ) Re %HS Re R
{&) +h)

Figure 8.53
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Solution

In this circuit, Rs and R g sense the output current and return a fraction thereof to the input. Breaking
the loop according to Fig, 8.52, we arrive at the circuit in Fig. 8.53(b). where we have

Atapen = ~(Re + Rs)gmi Rp—e b
l.open (RF $)8mi DRS”RF-i»l T2

(8.74)
The loop gain is given by Hy, Aj open, Where, from (8.50), H2) = [~ [, with V2 = 0. For the fecdback
network consisting of Rg and Rr, we have Hay = —Rg/(Rs + Rg. The closed-loop gain equals
Af.apf‘ﬂ/(l + Af‘open)-

8.3.6 Summary of Loading Effects

The results of our study of loading are summarized in Fig. 8.34. The analysis is carried
out in three steps: (1) open the loop with proper loading and calculate the open-loop gain,
Aor, and the open-loop input and output impedances; (2) determine the feedback ratio, 8,
and hence the loop gain, §Ao.; (3) calculate the closed-loop gain and input and output
impedances by scaling the open-loop values by a factor of 1 + SA;. Note that in the
equations defining 8, the subscripts 1 and 2 refer to the input and output ports of the
feedback network, respectively.

In this chapter, we have described two methods of obtaining the loop gain: (1) by breaking
the loop at an arbitrary point as shown in Fig. 8.5 and (2) by calculating Ap; and 8 as
illustrated in Fig. 8.54. The two methods may yield slightly different results because the

A, Gm
4+ + lout

_ v, _ v,
T_‘ B-Fw'ﬁﬂ L B-"1 I2=0
B oo B B o oB[]

{a) (b

’OU!

Iz
=7

V2=0

] (d:

Figure 8.54 Summary of loading effects.



latter neglects the reverse transmission through the feedback network. However, the firyg
method may be difficult to apply if loading effects must be taken into account because, jf
the loop can be broken at an arbitrary point, then the actual input and output ports of th
overall system are unknown and the type of feedback unimportant. For example, the toop
gain of the circuit of Fig. 8.53(a) does not depend on whether the output of interest is J
or Vy. In other words, since the first method does not distinguish between different ty pes |
of feedback, it generally cannot utilize the loading calculations depicted in Fig. 8.54. For
this reason, the second method is preferable. :

Ve should also mention that some feedback circuits do not fall under any of the four
types studied in this chapter because we have restricted our attention to cases where the
output of interest is directly sensed by the feedback network. For example. if /,,, in Fig,
8.53(a) flows through a resistor tied from the drain of M, to Vpp. then the resulting voltage
1s not inside the feedback loop. These cases are usually analyzed individually.

"
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8.4 Effect of Feedback on Noise ’

Feedback does not improve the noise performance of circuits. Let us first consider the simple |
case illustrated in Fig. 8.55(a), where the open-loop voltage amplifier A; is characterized

= Vout Vin Ay = Vout

{a) (b)

Figure 8.55 Feedback around a noisy circuit.

by only an input-referred noise voltage and the feedback network is noisetess. We have
(Vin - .3 vour + VM)AI = Vrmr and hence

Vour = (Vi + V")I_F—;%:l_._' (8.75)
Thus. the circuit can be simplified as shown in Fig, 8.35(b), revealing that the input-referred
noise of the overall circuit is still equal to V,. This analysis can be extended to all foUJ
teedback topologies to prove that the input-referred noise voltage and current remain the
same if the feedback network introduces no noise. In practice, the feedback network itself
may contain resistors or transistors, degrading the overall noise performance.

It 1s important to note that in Fig. 8.55(a) the output of interest is the same as the quanlil)'
sensed by the feedback network. This need not alwavs be the case. For example. in the
circuit of Fig. 8.56, the output is provided at the drain of M, whereas the feedback network
senses the voltage at the source of M. In such cases, the input-referred noise of the ciOSed'.;

loop circuit may not be equal to that of the open-loop circuit even if the feedback netwOTt__.'__
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Voo
Rp
Vout
Vin® b ",

R
% S Figure 8.56 Noisy circuit with feed-
= back sensing the suurce voliage.

is noiseless. As an example, let us consider the topology of Fig. 8.56 and. for simr.plicity,
take only the noise of Rp, V, rp, into account. The reader can prove that the closad-loop
voltage gain is equal to —A, g, Rp/[1 + (1 + A})g, Rs] and hence the input-referrad noise
voltage aue to Rp is

Va, 1
’Vn,in.c!wedl = JA ;f‘;l [_ + (1 + ."ll}RS:| . (8?6)
1 m

For the open-loop circuit, on the other hand, the input-referred noise is

Warpl [ 1
Vu inopen| = ——— | — R . 7
[ e I AIRD |:gm R 8 )

Interestingly. as A; — oo,

Vn.in.dosedl - IVILRDJRS/RD whereas !Vr:.fr:.nr’e:il — L.

Unless otherwise stated. in the following problems, use the device data shown in Table 2.1 anc 1ssume
Vpp = 3 V where necessary. Also, assume all transistors are in saturation.

8.1.  Consider the circuit of Fig, 8.3(by, assuming {1 is ideal and 7.\ rp; cannot exceed 50. 1 a gain
error of less than 5% is required. what is the maximum closed-loop voltage guin that can he
achieved by this topology? What is the low-frequency clased-ivop output impedance ur der thix
condition?

8.2. In the circuit of Fig. 8.7(a). assume (W/Ly =50/05(W L= 10005 Ry =242, and
> = (). Neglecting channel-length modulation and body =ttect. determine the bias current
of My and M; such that the input resistance at low frequenciz» is equal 1o 30 2.

8.3. Calculate the output impedance of the circuit shown in Fig. d.a) atrelatively low treg sencies
if Rp is replaced by an ideul current source.

8.4, Consider the exampie illustrated in Fig. 8.10, Suppose an overall voltage gain of 500 is r2guired
with maximum bandwidth, How many stuges with what @GN per stage must be placad in a
cascade? 1 Hint: tirst find the 3-dB bandwidth of a cuscade of # identical stuges in terms of that
ot euch stage.)

8.5. Ifin Fig. 8.18(b). amplifier Ap exhibits an output impedance af Ry, calculate the closad-loop
voltage gain and output impedance. 1aking into account loading effects.
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8.6,

8.7,

8.8.

8.9.

8.10,

T
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Consider the circuit of Fig. 8.21(a), assuming (W/L); 2 = 50/0.5 and (W/L)3 4 = 100/05,
If fss = | mA, what is the ma\lmum closed-loop voltage gain that can be achieved if the Bain
error is to remain below 5%

'.‘?r
The circuit of Fig. 8.36 can operate as a transimpedance amplifier if 1,,, flows through "
resistor. Rpz, connected to Vpp, producing an output voltage. Replacing Ry with an idey)
current source and assuming 7. = ¥ = 0, calculate the transimpedance of the resulting cireyj,
Also. calculate the input-referred noise current per unit bancwidth.

For the circuit of Fig, 8.38(2). calculate the closed-loop gain without neglecting G2 /2. Prove
that this term can be neglected if Gy» € A0Zin/ Zons -

Calculate the loop gain of the circuit in Fig. 8.41 by breaking the loop at node X. Why is this
result somewhat different from Gy Ay open?

Using feedback techniques. calculate the input and output impedance and voltage gain of each
circuit in Fig. 8.57,

Figure 8.57

8.11. Using feedback techniques, calculate the input and output impedances of each circuit io !

8.12,

Fig. 8.58. *fj

Consider the circuit of Fig. S.41¢a), assuming (W/L)) = (W/L)» = 30/05. =y =0 and
each resistor is equaj to 2 k2. If Ips = | mA, what is the bias current of M|? What va]ucﬁf
Vin gives such a current? Caiculate the overall voltage gain.

£
-
b o
Y
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Voo Voo
/4 —1 M,
Cy C, o C,
Vine—| —— Vout Yino— -+ Vout

A=0 A#0
(a) (b} ' fc)
Figure 8.58

8.13. Suppose the ampliﬁef of the circuit shown in Fig. 8.18 has an open-loop transfer function
Ao/(1 +5/wp}) and an output resistance Ry. Calculate the output impedance of the closed-loop
circuit and plot the magnitude as a function of frequency. Explain the behavior.

8.14. Calculate the input-referred noise voltage of the circuit shown in Fig. 8 21(a) at relatively low
frequencies.

8.15. A differential pair with current-source loads can be represented as in Fig. 8.59(a), where
Ro =ronllrop and roxy and ro p denote the output resistance of NMOS and PMOS devices,
respectively. Consider the circuit shown in Fig. 8.59(b), where G, and Gy are placed in a
negative feedback loop.

{a) th

Figure 8.59
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8.16.

B.17.

8.18.

8.19.
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(a} Neglecting all other capacitances, derive an expression for Z;,. Sketch | Z;,| versug fre.

quency.
(b) Explain intvitively the behavior observed in part (a).

(c) Calculate the input-referred thermal noise voltage and current in terms of the input-referreg |

noise voltage each G,, stage.
In the circuit of Fig. 8.60, (W/L)1_3 = 50/0.5.Ip, = |Ipa] = |Ip3] = 0.5 mA, and
Rs1 = RFp=Rpy=3Kk&.
(a) Determine the input bias voltage required to establish the above currents.
(b) Calculate the closed-loop voltage gain and output resistance.

The circuit of Fig. 8.60 can be modified as shown in Fig. 8.61. where a source follower, M, i
inserted in the feedback loop. Note that M| and M4 can also be viewed as a differential pair,
Assume {W/L)—y = 50/0.5. Ip = 0.5 mA, for all transistors Rs; = Rg = Rpz2 = 3k,
and V2 = 1.5 V. Calculate the closed-loop voltage gain and output resistance and compare the
results with those obtained in Problem 8.16(b).

Figure 8.60

Figure 8.61

Consider the circuit of Fig. 8.62, where (W/L)_y = 50/0.5. Ipy_4] = 0.5 mA and 2 =

3ka.

(a) For what range of R are the above currents established while M2 remuins in saturulion'
What is the corresponding range of 13,7

(by Calculate the closed-loop gain and output impedance for R in the middie of the 1'.1!1;?c
obtained in part (a).

In the circuit of Fig. 8.63. suppose all resistors are equal to 2kQ and g,y = g2 = 1/(200 m'g
Assuming & = y = (. calculate the closed-loop gain and output impedance, £

k-

{
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Figure 8.62
Voo
Apy = W —o Vot
ﬂ.imz
VinHth*] -
A
Ry
Agy %
= Figure 8.63

8.20. A CMOS inverter can be used as an amplifier with or without feedback (Fig, 8.64). A:
(W/L) 2 =50/05 R =1kQ. Rx = 10k, and the dc levels of 1}, and Vour are equ

(a) Calculate the voltage gain and the output impedance of each circuit.
{b) Calculate the sensitivity of each circuit’s output with respect to the supply voliage. T]
calculate the small-signal “eain™ from Vop to Vi Which circuit exhibits less sensit

Voo Yoo
M, =M,
R, R
Vin Vout Vino—Wy Wy ° Vout

M1 —‘_I M1

(i} b

Figure 8.64

8.21. Calculate the input-referred thermal nojse voltage of the circuits shown in Fig, 8.64,
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8.22. The circuit shown in Fig. 8.65 employs positive feedback to produce a negative input capag.

tance. Using feedback analysis techniques, delermine Z;, and identify the negative capacitang,
component. Assume A =y = 0.

Figure 8.85

8.23. In the circuit of Fig. 8.66, assume A = 0, g2 = 1 /(200 ), Ry_3 = 2kQ. and C; = 100

pE. Neglecting other capacitances, estimate the closed-loop voltage gain at very low and very
high frequencies.

Figure B.66

el
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%R,
= Figure 8.62
Voo
] Re, = Apy
Aot 3 Wy ° Vout
Itimz
Vino— L:IM1 =
*TI'IY
Ag o
= Figure 8.63

8.20. A CMOS inverter can be used as an amplifier with or without feedback (Fig. 8.64). Assume

(W/Lh.2=350/0.5, Ry = 1 kQ. R» = |0k, and the dc levels of 1y, and V,,,, are equal.
(a) Calculate the voltage gain and the output impedance of each circuit.

(b} Calculate the sensitivity of each circuit’s output with respect to the supply voltage. That is.
calculate the smail-signal “gain™ from Vpp to V,,,r. Which circuitexhibits less sensitivity?

VDD VDD
M, M,
R, | A,
Vin Vout Vino—W— Vout
M

(a}

Figure 8.64

8.21. Calculate the input-referred thermal noise voltuge of the circuits shown in Fig. 8.64



Chapter 9

e

Operational Amplifiers

QOperational amplifiers (op amps) are an integral part of many analog and mixed-signal
svstems. Op amps with vastly different levels of complexity are used to realize functions
ranging from dc bias generation to high-speed amplification or filtering. The design of op
amps continues to pose a challenge as the supply voltage and transistor channel lengths
scale down with each generation of CMOS technologies.

This chapter deals with the analysis and design of CMOS op amps. Following a review of
performance parameters, we describe simple op amps such as telescopic and folded cascode
topologies. Next, we study two-stage and gain-boosting configurations and the problem of
common-mode feedback. Finally, we introduce the concept of slew rate and analyze the
effect of supply rejection and noise in op amps.

9.1 General Considerations

We loosely define an op amp as a “high-gain differential amplifier”” By “high.” we mean a
value that is adequate for the application, typically in the range of 10° to 10°. Since op
amps are usually employed to implement a feedback system, their open-loop gain i1s chosen
according to the precision required of the closed-loop circuit.

Up to two decades ago, most op amps were designed to serve as ~general-purpose”
building blocks, satisfying the requirements of many different applications. Such efforts
sought 1o create an “ideal” op amp. e.g., with very high voltage gain (several hundred
thousand), high input impedance, and low ouiput impedance, but at the cost of many other
aspects of the performance. ¢.g.. speed. output voltage swings, and power dissipation.

By contrast, today's op amp design proceeds with the recognition that the trade-ofts
between the parameters eventually require a multi-dimensional compromise in the overall
impiementation. making it necessary to know the udeguare value that must be achieved for
each parameter. For example. it the speed is critical while the gain errer is not. a topology
is chosen that favors the former. possibly sacrificing the latter.

9.1.1 Performance Parameters

In this section, we describe a number of op amp design parameters. providing an
understanding of why and where each may become important. For this diccussion, we
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Vs e—i

Voo —Hf |

Figure 9.1 Cascode op amp.

consider the differential cascode circuit shown in Fig. 9.1 as a representative op amp
design.! The voltages Vp-Vp3 are generated by the current mirror technigues described
in Chapter 3.

Gain The open-loop gain of an op amp determines the precision of the feedback system
emploving the op amp. As mentioned before, the required gain may vary by four orders
of magnitude according to the application. Trading with such parameters as speed and
output voltage swings, the minimum required gain must therefore be known. As explained
in Chapter 13, a high open-loop gain may also be necessary to suppress nonlinearity.

Example 9.1

The circuit of Fig. 9.2 is designed for a nominal gain of 10. i.e.. | + R|/R2 = 10. Determine
minimum value ot A; for a gain error of | %.

Ay
V. o+
in
_ p—o |"’&::ut
AAR |
¥y
Hz -::

Figure 9.2

'Sincz op amps of this type have a high outpul resistance. they are sometimes called “operational transec®
ductance amplifiers” {OTAs). In the [imit, the circuit can he represented by o single vol' ge-dependent ¢
source and czlled 4 G, stage.”
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Solution

The closed-loop gain is obtained from Chapter § as:

vuu.r _ Al
Ri+ Ry
R+ R» A
R, R+ R ' (9.2)

Predicting that A} > 10, we approximate (9.2) as;

Vour R ( R+ R | )
—_— x|l = | - —— —m = ]. 9.3
Viu ( * R.'!) R3 A) ©-3)

The term (R) + Ry)/(R2A 1} = (1 + Ry/R2)/ A represents the relative gain error. To achieve a gain
error less than 1%, we must have 4; > 1000.

It is instructive to compare the circuit of Fig. 9.2 with an open-loop implementation
such as that in Fig. 9.3. While it is possible to obtain a nominal gain of g, Rp = 10 by
a common-source stage, it is extremely difficult to guarantee an ervor less than 1%. The
variations in the mobility and gate oxide thickness of the transistor and the value of the
resistor typically yield an error greater than 20%.

Voo
Ap
VDUI
Vino—‘l M1
Figure 9.3 Simple common-:ource
= stage,

Small-Signal Bandwidth The high-frequency behavior of op amos plays a critical role
in many applications. For example. as the frequency of operation inc-zases, the open-loop
zain begins to drop (Fig. 9.4). creating larger errors in the feedback sys:em. The small-signal
bandwidth is usually defined as the “unity-gain™ frequency, f,, which exceeds | GHz in

i
20log |4, |

Figure 9.4 Gain roll-off with fre-

f1aB fu  f(log axis) quency
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today's CMOS op amps. The 3-dB frequency, fi..z. may also be specified to allow easjg
prediction of the closed-loop frequency response.

Example 9.2 ———

In the circuit of Fig. 9.5, assume the op amp is a single-pole voltage amplifier. If Vi, is asmall Step

Als)
V. o —-J+ V. '
in _— in

_ out |

AAA E

Wy H

R i

- 1 :

R2 :: .
T 0 rs

Figure 9.5

calculate the time required for the output voltage to reach within 1% of its final value. What unity-gaia
bandwidth must the op amp provide if | + R;/R2 = 10 and the selthing time is to be less than 5 ns?
For simplicity, assume the low-frequency gain is much greater than unity.

Solution
Since
R>
Vin — Vomm AlS) = Vour (At
we have
V Al
ot (5) = . (95|
vm R: .
1 + ————Als)
Ry — R»

For a one-pole system, Af{x) = Ag/{1 + s/wp), where wy is the 3-dB bandwidth and Agwp t¢
unity-gain bandwidth. Thus,

Tt‘=:u' . Ao .
T:fb’) = L R ~ L (9¢
R+ R €y
A
L4 =R g
= R, — Rx o (9.7
e

R:
1 + mr’i{; wy

indicating that the closed-loop umplifier is also a one-pol2 system with a time constant equal ©

T =

! )3
Oy

(I Ry ) '
-+ Rl n R: v | by
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Recognizing that the quantity Ra+Ag/(R; + R3) is the low-frequency loop gain and usually much
greater than unity, we have

R
rk(l-}-——')——]—. (9.9)
Ry Aguwy

The output step response for Vi, = au{f) can now be expressed as

R —t
Vortt) =a |l + — b —exp— Juit). (910
Ra T

with the final value Vi = a(] + Ry/Ra). For 1% settling, V,,, = 0,99V, and hence

lig%
T

1 —exp = 0.99, (9.113

yielding t:3 = r1n 100 % 4.67. For a 1% settling of 5 ns, r & 1.09 ns. and from 19.9). Agay =
(1 + Ri/R~)/t =9.21 Grad/s (1.47 GHz).

The key point in the above example is that the required bandwidth depends on both the
settling accuracy and the closed-loop gain that must be provided.

Large-Signal Bandwidth In many of today’s applications, Op amps must operate with
large transient signals. Under these conditions, nonlinear phenomena make it difficult to
charactenze the speed by merely small-signal properties such as the open-loop response
shown in Fig. 9.4. As an example, suppose the feedback circuit of Fig. 9.5 incorporates a
reaiistic op amp (.., with finite output impedance) while driving a large load capacitance.
How does the circuit behave if we apply a 1-V step at the input? Since the output voltage
cannot chinge instantaneously. the voltage difference sensed by the op amp itself at s > 0 is
equal to 1 V. Such a large difference momentarily drives the op amp into a nonlinear region
of operation. {Otherwise, with an open-loop gain of, say, 1000, the op amp would produce
1000 V at the output.)

Asexplainedin Section 9.8. the large-signal behavior is usually quite complex. mandating
careful sirulations,

Output Swing Most sysiems employing op amps require large voltage swings to ac-
commodatz a wide range of signal amplitudes. For example. a high-quality microphone that
senses the music produced by an orchestra may generate instantaneous voltage< that vary
by more than four orders of magnitude, demanding that subsequent amplifiers and filters
bandle large swings (and/or achieve a low noise).

The need for large output swings has made fully difterential op amps quitz popular.
Similar to the circuits described in Chapter 4, such op amps gencrate “complementary™
outputs, rcughly doubling the available swing. Nonetheless, as mentioned in Chapters 3
and 4 and 2xplained later in this chapter, the maximum voltage swing trades with device
size and bias currents and hence speed. Achieving large swings is the principal challenge
in today’s op amp design.
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Linearity Open-locp op amps suffer from substantial nonlinearity. In the circyj of
Fig. 9.1, for exumple, the input pair M,-A > exhibits a nonlinear relattonship between
its differentin] drain current and input voltage. As explained in Chapter 13, the issye of
nonlinearity is tackled by two approaches: using fully differential implementations tq g
press even-order harmonics and allowing sufficient open-loop gain such that the closcd~]00p
feedback system achieves adequate tinearity. It is interesting to note that in many feedhyg
circuits, the tinearity requirement, rather than the gain error requirement, governs the Choice
of the open-loop gain.

Noise and Offset The input noise and offset of op amps determine the minimum sigyy
tevel that can be processed with reasonable quality. In a typical op amp topology. severy
devices contribute noise and offset, necessitating large dimensions or bias currents. Fo
example, in the circuit of Fig. 9.1, M-M> and M-- My contribute the most.

We should also recognize a trade-off between noise and ourpur swing. For a given big
current, as the overdrive voltage of M7 and M. in Fig. 9.1 is lowered to allow larger Swings
at the output, their transconductance increases and so does Lheir drain noise current.

Supply Rejection  Op amps are often employed in mixed-signal systems and sometimes
connected to noisy digital supply lines. Thus. the performance of op amps in the presence
of supply noise, especially as the noise frequency increases, is quite important. For this
reason, fully differential topologies are preferred.

9.2 One-Stage Op Amps

All of the differential amplifiers studied in Chapters 4 and 5 can be considered as op
amps. Fig. 9.6 shows two such topologies with single-ended and differential outputs. The
small-signal, low-frequency gain of both circuits is equal 10 g n(ronllrop), where the
subscripts N and P denote NMOS and PMOS. respectively. This value hardly exceeds 20
in submicron devices with typical current levels. The bandwidth is usually determined by the
load capacitance, C; . Note that the circuit of Fig. 9.6(a) exhibits a mirror pole (Chapter 5)

Figure 8.6 Simple op amp topologies.
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whereas that of Fig. 9.6(b) does not, a critical difference in terms of the stability of feedback
systems using these topologies (Chapter 10).

The circuits of Fig, 9.6 suffer from noise contributions of M-M,, as calculated in
Chapter 7. Interestingly, in all op amp topologies, at least four devices contribute to the
Input nojse: two input transistors and two “load” transistors.

Example 9.3

Calculate the input common-mode voltage range and the closed-loop output impedance of the unity-
gain bufter depicted in Fig. 9.7,

ino——+
} l:]'/cmt

Figure 9.7

Solution

The minimum allowable input voltage is equal to Vess + Vigs), where Vess is the voitage re-
quired across the current source. The maximum voltage is given by the level that places M| at
the edge of the triode region: Vipmex = Vop — |Veosal + Vrg1. For example. if each device
(including the current source) has a threshold voltage of 0.7 V and an overdrive of 0.3 V. then
Vinmin =03 +034+07=13Vand Vi, jugxr =3 — (03 +0.7)+ 0.7 = 2.7 V. Thus. the input
CM range equals 1.4 V with a 3-V supply.

Since the circuitemploys voltage feedback at the output, the output impedance is equal to the open-
loop value, rop row. divided by one plus the loop gain, 1 + guy{ropeliron). In other words. for
large open-loop gain. the clesed-loop output impedance is approximately equal 10 ¢ 7o pllro s 1/ [em v
(ropllros) =1 zma.

It is interesting to note that the closed-loop output impedance is relatively independent of the
open-loop output impedance. This is an important observation, allowing us 10 design high-vain op
amps by increasing the open-loop output impedance while still achieving a relatively low closed-loop
output impedance.

In order to achieve a high gain, the differential cascode topotogies of Chapters 4 and 5
can be used. Shown in Figs. 9.8(a) and (b) for single-ended and differential output gener-
ation, respectively. such circuits display a gain on the order of gux [(gm x5 )2 s rhp)ls
but at the cost of output swing and additional poles. These configurations are also called
“telescopic™ cascode op amps to distinguish them from another cascode op amp described
below. The circuit providing a single-ended output suffers from a mirror pole at node X,
creating stability 1ssues (Chapter 10).
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Figure 9.8 Cascode op amps.

Ascalculated in Chapter 4, the output swings of telescopic op amps are relatively limited.
In the fully differential version of Fig. 9.8(b), for example, the output swing is given by
2[Vpp — (Vop1 + Vobs + Vess + | Vops| + [Voops|)], where VODj denotes the overdrive
voltage of M.

Another drawback of telescopic cascodes is the difficulty in shorting their inputs and
outputs, e.g., to implement a unity-gain buffer similar to the circuit of Fig. 9.7. To under-
stand the issue, let us consider the unity-gain feedback topology shown in Fig. 9.9. Under
what conditions are both M, and M, in saturation? We must have V,,,, < Vy + Vyyzand

&
v Vasa— VTh2

Vou VTHe

Vb= V1hsa

Figure 8.9 Cascode op amp with input and output shorted.
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Vo = Vo — Vrpa. Since Vy = Vi — Vasa, Vo — Ve € Vour <V — Vigsu + Ve
Depicted in Fig. 9.9, this voliage range is simply equal 10 Vi ~ Viny = Vygrs — (Viasa ~
Vry2), maximized by minimizing the overdrive of M, but always less thun V.

Example 9.4

For the circuit of Fig. 9.9, explain in whick region each transistor operates as V,,, varies froni below
Vi, — Vrgytoabove Vi, — Vg + Vg,

Solution

Since the op amp attiempts to force Voyr tobe equal to Vy,, for Vi, < Vi — Vrpa, we have V,,, =V,
and 4 is in the triode region while other transistors are saturated. Under this condition, the open-loop
gain of the op amp is reduced.

As Vi, and hence Vi, exceed Vi — Vr 340 My enters saturation and the open-loop gain reaches
amaximum. For Vy, — Vygy < Vip < Vi — (Vgsg — Vrgoa), both M and My are saturated and for
Vie » Vi — (Vgsa — Vrp2), M2 and My enter the triode region, degrading the gain,

While a cascode op amp is rarely used as a unity-gain buffer, some other topologies such
as the switched-capacitor circuits of Chapter 12 require that the input and output of the op
amp be shorted for part of the operation period.

At this point, the reader may wonder how exactly we design an op amp. With so many
devices and performance parameters, it may not be clear where the starting point is and how
the numbers are chosen. Indeed, the actual design methodology of an op amp somewhat
depends on the specifications that the circuit must meet. For example, a high-gain op amp
may be designed quite differently from a low-noise op amp. Nevertheless, in most cases,
some aspects of the performance. e.g.. output voltage swings and open-loop gain, are of
primary concern. pointing to a specific dasign procedure. The following example illustrates
these ideas.

Example 9.5

Design a fully differential telescopic op amgp with the following specifications: Vpp = 3 V. differential
output swing = 3 V. power dissipation = 10 m1W. voltage gain = 2000. Assume (£, Co = 60 1 AN,
HpCor = 30 HAN= A, = 0.1 VL Ap=102 v~! (for an effective channel length of 0.5 jzmy.
y =0.Vrgxy =VTypl =0T V.

Solution

Fig. 9.10 shows the op amp topology along “ith two current mirrors defining the drain currents of
M7-Mq. We begin with the power budget. allocating 3 mA to My and the remaining 330 uA w0 My,
and Mp,>. Thus, each cascode branch of the op amp carries a current of 1.5 mA. Next. we consider
the required output swings. Each of nodes X and ¥ must be able to swing by 1.5 V without driving
M3-Mpg into the trinde region. With a 3-V supply, theretore, the total voltage availuble for My and
each cascode branchisequalte 1.5 Viie.. Voo +|Vensl+ Vapi+ Vool +Vone = 1.5V Since
Ma carries the largest current. we choose Vi oo = 0.5 V. leaving 1 V tor the four transistors in the
cascode. Moreover. since Ms- My suffer from (ow mobility, we allocate an overdrive of upproximately
300 mV o each, obtaining 400 mV for Vo p) — Vi pa. As an initial guess, Vap, = Vgpz = 200mV.
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! ReF1

‘ = = Figure 9.1Q,

With the bias current and overdrive voltage of each transistor known, we can easily determine
the aspect ratios from Ip = (1/DuCo(W/ LY Ves — Vry )2. To minimize the device capacitances,
we choose the minimum length for each transistor, obtaining a corresponding width, We then have
(W/LYy—g = 1250.(W/L)s_g = 1111, (W/L)g = 400.

The design has thus far satistied the swing, power dissipation, and supply voltage specifications. -
But, how about the gain? Using A, ~ gm1[(gm3ro3ro1)i(8msrosro7)} and assuming minimum
channel length for all of the transistors, we have A, = 1416, quite lower than the required value.

In order 1o increase the gain, we recognize that guro = 2uCo (W/ L} p/(Ap). Now, recall
that A o /L, and hence g,ro x WL/Ip. We can therefore increase the width or length or
decrease the bias current of the transistors. In practice. speed or noise requirements may dictate the
bias current, leaving only the dimensions as the variabies. Of course. the width of each transistor must
at least scale with its length so as to maintain a constant overdrive voltage.

Which transistors in the circuit of Fig. 9.10 should be made longer? Since M|-M appear in the
signal path. it is desirable to keep their capacitances to a minimum. The PMOS devices, Ms-Ms, oa
the other hand, affect the signal 1o a much lesser extent and can therefore have larger dimensions.”
Doubling the (effective) length und width of each of these transistors in fact doubles their g, r o because
@, remains constant while ro increases by a factorot 2. Cheosing (W/L)s_g = 1111 um/1.0 pmand
hence A, = 0.1 V™!, we obtain 4, = 4000. Thus. the PMOS dimensions can be somewhat smallet
Note thiat with such large dimensions for PMQOS transistors. we may revisit our earlier distribution of
the overdrive voltages. possibly reducing that of Mg by 100 to 200 mV and allocating more (o the
PMOS devices.

In the op amp of Fig. 9.10, the input CM level and the bias voltages Vi and Vi must be chosen 8
as 1o allow maximum output swings. The minimum aliowable input CM level equals Vg si + Vop9
Vru + Yopi+ Vope = 1.4 V. The minimum value of V5 is given by Vgsa+ Vop + Voo = 14
V. placing M- M2 at the edge of the triode region. Simiiarl_v. Via max = Yop — (1 Vassl +(1Voo1} 2,
1.7 V. In practice. some margin must be included in the value of Vi and Vp2 to allow for proces

varigtions. Also. the increase in the threshold voltages dug 1o body effect must be taken into aCCOU‘;_
: it

“This point is studied in Chapter 10.
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In order to alleviate the drawbacks of telescopic cascode op amps, namely, limited
output swings and difficulty in shorting the input and output, a “folded cascode™ op amp
can be used. As described in Chapter 3 and illustrated in Fig, 9.11, in an NMOS or PMOS
cascode amplifier, the input device is replaced by the opposite type while still converting the

Voo
* ’1
Vout Vin °“”:‘
Vo[, M, :>
Vino—[ M,
(a)
Voo
Vine—[" M,

(b)

Figure 9.11 Folded cascode circuits.

input voltage to a current. In the four circuits shown in Fig. 8.11, the small-signal current
generated by M| flows through M, and subsequently the load, producing an output voltage
approximately egual to g, R, V;,. The primary advantage of the folded structure lies in
the choice of the voltage levels because it does not ““stack™ the cascode transistor on top of
the input device. We wiil return to this point later.

The folding idea depicted in Fig. 9.11 can easily be applied to differential pairs and
hence operational amplifiers as well. Shown in Fig. 9.12, the resulting circuit replaces
the input NMOS pair with a PMOS counterpart. Note two important differences between
the two circuits. (1) In Fig. Y.12(a), one bias current, Igg, provides the drain current of
both the input transistors and the cascode devices. whereas in Fig. 9.12(b) the input pair
requires an additional bias current. In other words, /55, = [55/2 + {p3. Thus, the folded-
cascode configuration generally consumes higher power. (2) In Fig. 9.12(a), the input CM
level cannot exceed Vi — Viss + Vg, whereas in Fig. 9.12(b), it cannot be less than
Vu1 — Vgss + | VT el. Itis therefore possible to design the latter to allow shorting its input
and output terminals with negligible swing limitation. This is in contrast to the behavior
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v,

"

lsg
—0 Vout [ R 1
4

oo

65’2

(b)

Figure 8.12 Folded cascode op amp topology.

depicted in Fig. 9.9. In Fig. 9.12(b), it is possible to tie the n-well of M, and M; to their

common source point. We return to this idea in Chapters 13 and 18.

Let us now calculate the maximum output voltage swing of the folded-cascode op amp
shown in Fig. 9.13, where Ms-M g replace the ideal current sources of Fig. 9.12(b). With
proper choice of Vp and Vj3, the lower end of the swing is given by Vops + Vops and the
upper end by Vpp —{|Vo 7|+ | Vopel). Thus, the peak-to-peak swing on each side is equal
10 Vpop — (Vops + Vops + |Voprl + [ Voopel)- In the telescopic cascode of Fig, 9.12(a),
on the other hand, the swing is less by the overdrive of the tail current source. We should
nonetheless note that, carrying a large current, Ms and My in Fig. 9.13 may require a high
overdrive voltage if their capacitance contribution to nodes X and Y is to be minimized.

Voo
e T
1= 1

Vb

My My
e 1= i
Iss +—o Vour ™1
M,y M2 Voro ;;.I:M M_”':

3 4

Vlrlz_| l—l

X Y
Vs —its Ik
hl.Ms Merj_.

Figure 9.13 Folded cascode op amp with cascode PMOS

ioads.

%
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We now determine the small-signal voltage gain of the folded-cascode op amp of
Fig. 9.13. Using the half circuit depicted in Fig. 9.14(a) and writing |Ay] = GupRou.
we must calculate G, and R,.r. As shown in Fig. 9.14(b), the output short-circuit current
is approximately equal to the drain current of M, because the impedance seen looking into
the source of M3, that is, (g3 + &ms3) ! |ro3. is typically much lower than roi ||7os. Thus,
G, = gm. To calculate R,,,, we use Fig. 9.14(c), with Rop = (g,,7 + gms7)r 07709, 10
write Rour = Ropl(gm3 + Ems3)ros3(ror ros)l. 1t follows that

[Ay] % gmi{[(8m3 + &mb3)roz(rotlros)l{8nr + gupr)rorros])- (9.12)
How does this value compare with the gain of a telescopic op amp? For comparable

device dimensions and bias currents, the PMOS input differential pair exhibits a lower
transconductance than does an NMOS pair. Furthermore, rg; and ros appear in parallel,

Yoo

Vb:l'_l Mg
Vout
d Yoi o[, M3
Vinu——‘
M
'05||"o1

(a)

{b)

Figure 8.14 () Half circuit of folded cascode op amp, {(b) equivalent circuit with cutput
shorted to ground. (c) equivalent circuit with output open.
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reducing the output impedance, especially because Ms carries the currents of both the inpy
device and the cascode branch. As a consequence, the gain in (9.12) is usually two to three
times lower than that of a comparable telescopic cascode. ¢

It is also worth noting that the pole at the “folding point,” i.e., the sources of M; gq
My, is quite closer to the origin than that associated with the source of cascode device
in a telescopic topology. In Fig. 9.15(a), C, anses from Cgs3, Csga, Cpg), and Cen.

3
M, Vor—1L y
Vino—i 3
?tot
Il l
Via ’_“._1 B
{h)

Figure 8.15 Effect of device capacitance on the nondominant pole in telescopic and folded-
cascade op amps.

By contrast, in Fig. 9.15(b), C,,,; contains additional contributions due to Cgps and Cpgs,
typically significant components because Ms must be wide enough to carry a large current
with a smali overdrive.

A folded-cascode op amp may incorporate NMOS input devices and PMOS cascode
transistors. [llustrated in Fig. 9.16, such a circuit potentially provides a higher gain than the
op amp of Fig. 9.13 because of the greater mobility of NMOS devices, but at the cost of
lowering the pole at the folding point. To understand why, note that the pole at node X i
given by the product of 1/(gm: — .43} and the total capacitance at this node. The magnitude
of both of these components is relatively high: M3 suffers from a low transconductance and

Voo
Ms Ml
xr—it 1-]: = Mb2
Y

i
My My
Vb ® ii { ;’nm
IREF o] Vour
M M
Vin ! 2 |—|V e I I perFs
. b1 1|..T M-, M;I

Figure 9.16 Realization of a folded-cascode op amp.
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M3 contributes substantial capacitance because it must be wide enough to carry the drain
currents of both M| and M. In fact, for comparable bias currents, Ms-Ms in Fig. 9.16 may
be several times wider than Ms-M; in Fig. 9.13,

Our study thus far suggests that the overall voltage swing of a folded-cascode op amp
is only slightly higher than that of 2 telescopic configuration. This advantage comes at
the cost of higher power dissipation, lower voltage gain. lower pole frequencies, and, as
explained in Section 9.10. higher noise. Nonetheless, folded-cascode op amps are used quite
widely, even more than telescopic topologies, because the inputs and outputs can be shorted
together and the choice of the input common-mode level is easier. In a telescopic op amp,
three voltages must be defined carefully: the input CM level and the gate bias voltages of
the PMOS and NMOS cascode transistors, whereas in foldad-cascode configurations only
the latter two are critical.

We now carry out the design of a folded-cascode op amp to reinforce the foregoing
concepts.

Example<9.6

Design a folded-cascode op amp with an NMOS input pair (Fig. 9.16) to satisfy the following
specifications: Vpp = 3 V. differentiai output swing = 3 V, power dissipation = }0 mW, voitage gain
= 2000. Use the same device parameters as in Example 9.5.

Solution

As with the telescopic cascode of the previous example, we begin with the power and swing specifi-
cations. Allocating 1.5 mA to the input pair, 1.5 mA to the two cascode branches, and the remaining
330 pA to the three current mirrors, we first consider the devices in each cascode branch. Since Ms
and Mg must each carry 1.5 mA, we allow an overdrive of 500 mV for these transistors so as 1o keep
their width to a reasonable value. To Mz:-M,, we allocate 400 mV and to M7-M g, 300 mV. Thus,
(W/L)s e = 400.(W/L)34 = 313, {W/L)7..10 = 278. Since the minimum and maximum output
levels are equal t0 0.6 V and 2.1 V, respectively, the optimum ocutput common-mode level is 1.35 V.

The minimum dimensions of M-3{> are dictated by the minimum input common-mode level,
Vgs1 + Vopi. For example. if the input and the output are shorted for part of the operation period
(Fig. 9.17), then Vg2 + Vo pi1 = 1.35 V. With Vop) = 0.4 V as an initial guess, we have Vgs; =

Figure 9.17 Folded-cascode op amp
with input and output shorted.
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0.95 V, obtaining Vop1.2 = 0.95 — 0.7 = 0.23 V and hence (W/L); > = 400, The Mmaximyy
dimensions of M) and M, are determined by the tolerable input capacitance and the capacitan(;e‘
nodes X and Y in Fig. 9.16.

We now calculate the small-signal gain. Using gm = 2/p/(VGs — Vru), we have g, 5
0.006 A/V, gm3.4 = 0.0038 A/V, and gu78 = 0.05 A/V. For L = 0.5 um, ro12 = ro7-p &
13.3k$2, and ro1s = 2ros.e = 6.67 k&2, It follows that the impedance seen locking into the drain of
M7 (or Mg) is equal to 8.8 M2 whereas, owing to the limited intrinsic gain of M3 (or My), thit seq
{ooking into the drain of M3 is equal to 66.5 k2. The overall gain is therefore limited to about 40,

In crder to increase the gain, we first observe that rgs g is quite lower than rg 3. Thus, the lengty
of Ms-Mg must be increased. Also, the transconductance of M;-M> is relatively low and can pe
increased by widening these transistors. Finally, we may decide to double the intrinsic ¢ain of 4,
and My by doubling both their length and width, but at the cost of increasing the capacitance at nody
X and ¥. We leave the exact choice of the device dimensions as an exercisa for the reader.

iy

An important property of folded-cascode op amps is the capability of handling inpy -
common-mode levels close to one of the supply rails. In Fig. 9.16. for example, the CM
voltage at the gates of M) and M, can be equal to Vpp because Vy = Vy = Vpp —500mV.
By the same token, a similar topology using a PMOS input pair can accommodate i mpm
CM levels as low as zero.

Telescopic and folded-cascode op amps can also be designed to provide a single-ended
output. Shown in Fig. 9.[8(a) is an example, where a PMOS cascode current mirror converts
the differential currents of M3 and M, to a single-ended output voltage. In this implemen-
tation, however, Vx = Vpp — |Vgss| — |Ves7], limiting the maximum value of V,, to
Vop — 1 Viss! — |Vgs7| + | Vriel and “wasting” one PMOS threshold voitage in the swing
{Chapter 5). To resolve this issue, the PMOS load can be modified as shown in Fig. 9.18(b)

't Eﬁ: L

@ Iss "

§ %
{a) 'b)

Lo

Figure 9.18 Cascode op amps with single-ended output.
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so that M; and Mg are biased at the edge of the triode region. Similar ideas apply to
folded-cascode op amps as well.

The circuit of Fig. 9.18(a) suffers from two disadvantages with respect to its differ-
ential counterpart in Fig. 9.8(b). First, it provides only half the output voltage swing.
Second. it contains a mirror pole at node X {Chapter 3). thus limiting the speed of feed-
back systems employing such an amplifier. It is therefore preferable to use the differential
topology, although it requires a feedback loop to define the output common-mode level
(Section 9.6).

As a final note, we recognize that to achieve a higher gain. additior.al cascode devices
can be inserted in each branch. Shown in Fig. 9.19 is a “triple cascode.” troviding a gain on

Vos *—1 |

—1

Vb4' I I
:JM'/ Mg

Voa+— i~

Figure 9.19 Triple-cascode op amp.

the order of (g,,70)°/2 but further limiting the output swings. With six overdrive voltages
subtracted from Vpp in this circuit, it is difficult to operate the ampliier from a supply
voltage of 3 V or lower while obtaining reasonable output swings.

3.3 Two-Stage Op Amps

The op amps studied thus far exhibit a “one-stage™ nature in that they allcw the small-signal
current produced by the input pair to flow directly through the output impedance. The gain
of these topologies is therefore limited to the product of the input pair transconductance
and the output impedance. We have also observed that cascoding in such circuits increases
the gain while limiting the output swings.

In some applications, the gain and/or the output swings provided by cascode op amps
are not adequate. For example, an op amp used in a hearing aid must operate with supply
voltages as low as 0.9 V while delivering single-ended output swings as large as 0.5 V.
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In such cases. we resort to “two-stage” op amps, with the first stage providing a higﬁ-: |
gain and the second, large swings (Fig. 9.20). In contrast 1o cascode op amps, a TW0-Stagy’
configuration isolates the gain and swing requirements. :

FEE LTS

High Gain High Swing

be—o

v,,,:_" Stage 1 Stage 2 Vout

Figure 9.20 Two-stage op amp.

Each stage in Fig. 9.20 can incorporate various amplifier topologies studied in previgys
sections, but the second stage is typically configured as a simple common-source stage
so as to allow maximum output swings. Fig. 9.21 shows an example, where the frst apg
second stages exhibit gains equal to g1 2(ro1.211703.4) and g.s.6(rosellror.s) respectively,
The overall gain is therefore comparable with that of a cascode op amp, but the swing g
Vourt and V.2 is equal to Vpp ~ [Vopssl — Voprs.

Figure 9.21 Simple implementation of a two-stage op amp.

To obtain a higher gain, the first stage can incorporate cascode devices, as depicted in
Fig. 9.22. With a gain of, say, 10 in the output stage, the voliage swings at X and Y art
quite small. allowing optimization of M,-Mj for higher gain. The overall voliage gain can
be expressed as

Av = {gn1.2{(8m3.4 + Gmi3.a)ro3.aro1 21 {8ms.s = 2mps.6)r05.6707.81}

x {gms.10(rog.10llro11.12)]. {9.13);_.

A two-stage op amp may provide a single-ended output. One method is to convett
the differential currents of the two output stages to a single-ended voltage. [llust-ated io
Fig. 9.23. this approach maintains the differential nature of the first stage, using cnly ¢
current mirror M;- My to generate a single-ended output. Note. however. that if the gate of
M, is shorted to V2 to form a unity-gain buffer, then the minimum allowable output !c\'d_"
is equal to Vgs; + Vs, severely limiting the output swing. '
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= ?’ss =

Figure 9.22 Two-stage op amp employing cascoding.

{ ° Vout

M, b [ M
i 'I'_:L 8 Figure 9.23 Two-stage op amp with
= single-ended output.

Can we cascade more than two stages to achieve a higher gain? As explained in Chapter
10. each gain stage introduces at least one pole in the open-loop transfer function, making it
difficult 10 guarantee stability in a feedback system using such an op amp. For this reason.
op amps having more than two stages are rarely used. Exceptions are described in (1. 2, 3].

8.4 Gain Boosting

The limited gain of one-stage op amps studied in Section 9.2 and the difhculties in using
two-stage op amps at high speeds have motivated extensive work on new topologies. Recall
that in one-stage op amps such as telescopic and folded-cascode topologies the objective i3
to maximize the output impedance so as to attain a high voltage gain. The idea behind gain
boosting is to further increase the output impedance without adding more cascode devices.
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{ Rout ‘_ R out A, g
Voo —*

(a) {b) {c)

Figure 9.24 _ Increasing the output impedance by feedback.

Consider the simple cascode in Fig. 9.24(a), whose output impedance is given by
Rout = 8marorron. As far as R, 1s concerned, M; operates as a degeneration resistor
[Fig. 9.24(b1], sensing the output current and converting it to a voltage. The observation that
the small-signal voltage produced across r¢ is proportional to the output current suggests
that this voltage can be subtracted from V,, so as to place M» in current-voltage feedback,
thereby increasing the output impedance. [llustrated in Fig. 9.24(c), the idea is to drive the
gate of M> by an amplifier that forces Vy to be equal to Vj,. Thus, voltage variations at the
drain of M, now affect Vy toalesser extent because A “regulates” this voltage. With smaller
variations at X. the current through r o) and hence the output current remain more constant
than those in Fig. 9.24(b), yielding a higher output impedance. The reader can prove that

Rouwr = A(gmaroaron, (9.14)

concluding that R, can be “boosted” substantially without stacking more cascode devices
on top of M-.

Since for small-signal operation. V}, is set to zero, the circuit can be simplified as shown i
Fig. 9.25(a). with the amplifier possibly implemented as in Fig. 9.25(b). Called a “regulated
cascode.’ the overall stage is illustrated in Fig. 9.25(c). exhibiting a gain equal to [4,]
&m1(&marorro1 X 8marpa), similar to the gain of a triple cascode. This topology was first
invented in 1976 [4] and applied to boost the gain of op amps in 1989 [5, 6].

Figure 9.25 Gain boosting in cascode stage.
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Before incorporating the technique of Fig. 9.25(c) in an op amp, let us examine the output
voltage swings, in particular, the minimum allowable level. Since Vyx = Vgs3, the minimum
value of V,,, is Vop2 + Vis3, whereas. in a simple cascode with proper choice of Vi, it
would be Vopr + Vopi. Thus, the auxiliary amplifier in this case limits the output swing.

We now apply gain boosting to a differential cascode stage. as shown in Fig. 9.26(a).
Since the signals at nodes X and Y are differential, we surmise that the two single-ended gain
boosting amplifiers A| and A; can be replaced by one differential amplifier [Fig. 9.26(b)1.
Following the topology of Fig. 9.25(c). we implement the differentia} auxiliary amplifier
as shown in Fig. 9.26(c), but noting that the minimum level at the drain of M3 is equal to
Vops + Vgss + Vissz, where Vs> denotes the voltage required across 7ss2. In a simple
differential cascode, on the other hand. the minimum would be approximately one threshold
voltage lower.

The voltage swing limitation in Fig. 9.26(c) results from the fact that the gain-boosting
amplifier incorporates an NMOS differential pair. If nodes X and ¥ are sensed by a PMOS
pair, the minimum value of Vx and Vy is not dictated by the gain-boosting amplifier. Now

(a) : (b

Figure 9.26 Boosting the output impedance of a differential cascode stage.
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Figure 9.27 Folded-cascode circuit used as auxiliary
amplifier.

recall from Section 9.2 that the minimum input CM level of a folded-cascode stage using
a PMOS input pair can be zero. Thus, we employ such a topology for the gain-boosting
amplifier, arriving at the circuit shown in Fig. 9.27. Here, the minimum allowable level of
Vy and Vy 15 giVCI'I by Vo,r)L: + V,f_g_g-;.

Example 9.7

Calculate the output impedance of the circuit shown in Fig. 9.27.
Solution

Using the half-circuit concept and replacing the ideal current sources with transistors, we obtain
the equivalent depicted in Fig. 9.28. The voltage gain from X to P is approximately equal to

[_Rout
Voa s My, ; M|y
PP .
s I
Viz | }Td X
M, 5
Vore—IC My

- Figure 9.28




sec. 9.5 Comparisen 313

8ms Rourr, where Rout = [8m1r01(roaliros)l(gmi1ro117013). ThUS. Rowr = 2m3r03r 01 8ms Rour 1 -
In essence, since the output impedance of a cascode is boosted by a folded-cascode stage, the overall
output impedance is similar to that of a “quadruple” cascode.

Regulated cascodes can also be utilized in the load current sources of a cascode op amp.
Shown in Fig. 9.29(a}, such a topology boosts the output impedance of the PMOS current
sources as well, thereby achieving a very high voltage gain. To allow maximum swings at
the output, amplifier Az must employ an NMOS input ditferential pair. Similar ideas apply
to folded-cascode op amps {Fig. 9.29(b)].

M, MaLl M, Mg °
1 IV, 14

[L
"
Y
w
[[ _.h

(a) tha
Figure 9.29 Gain boosting applied to both signal path and loud de- ices.

Now recall that the premise behind gain boosting is to increase the gain without adding
a second stage or more cascode devices. Does this mean that the op smps of Fig. 9.29
have a one-stage nature? After all. the gain-boosting amplitier introduces its own poles. In
contrast to two-stage op amps, where the entire signal experiences the poles associated with
each stage, in a gain-boosted op amp, most of the signal directly flows through the cascode
devices to the output. Only a small “error” component is processed by the gain-boosting
amplifier and “slowed down.”

9.5 Comparison

Our study of op amps in this chapter has introduced four principal topologies: telescopic
cascode. folded cascode. two-stage op amp, and gain boosting. [t is instructive to compare



314 . Chap. 9 Operational Amplifiers

Tabie 8.1 Comparison of performance of various op amp

topologies.
Output Power
Gain Swing Speed Dissipation  Noise
Telescopic Medium  Medium Highest Low Low
Folded-Cascode  Medium  Medium  High Medium Medium
Two-Stage High Highest Low Medium Low
Gain-Boosted High Medium  Medium High Medium

various performance aspects of these circuits to gain a better view of their applicability,
Table 9.1 comparatively presents impornant attributes of each op amp topology. We study
the speed differences in Chapter 10.

9.6 Common-Mode Feedback

In this and previous chapters, we have described many advantages of fully differential cir-
cuits over their single-ended counterparts. In addition to greater output swings, differential
up amps avord mucror poles, thus achieving a higher closed-loop speed. However, high-gain
differential circuits require “common-mode feedback™ (CMFB),

To understand the need for CMFB. let us begin with a simple realization of a differential
amplifier [Fig. 9.30(a)}. In some applications. we short the inputs and outputs for par of
the operation [Fig. 9.30(b)], providing differential negative feedback. The input and output
common-mode levels in this case are quite well-defined, equal to Vpp — I55Rp/2.

.‘\
.
-
/
Voo

?fss fss

{a) {b)

Figure 9.30 (a) Simple differential pair. (b) circuit with inputs shorted to
outputs.
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Now suppose the foad resistors are replaced by PMOS current sources so as to increase
the differential voltage gain {Fig. 9.31(a)l. What is the common-mode level at nodes X

,.JM = Voo
3 4
Vot /
X Y
° Vo ®
M-
fss
(a) {b)

Figure 9.31 (a) High-gain differential pair with inputs shorted to outputs, (b) effect of
current mismatches.

and Y ? Since each of the input transistors carries a current of 755/2, the CM level depends
on how close [p3 and Ip4 are to this value. In practice, as exemplified by Fig. 9.31(b),
mismatches in the PMOS and NMOS current mirrors defining fss and /53 4 create a finite
error between Ip3 4 and Is5s/2. Suppose, for example, that the drain currents of \/; and
M, in the saturation region are slightly greater than Igg/2. As a result, to satisfy Kirchotf
current law at nodes X and Y, both A3 and M, must enter the triode region so that their
drain currents fall to /ss/2. Conversely, if {p34 < Igs/2, then both Vx and Vy must drop
so that Ms enters the triode region, thereby preducing only 2/p3 4.

The above difficulties fundamentally arise because in high-gain amplifiers. we wish a
p-type current source to balance an n-type current source. As illustrated in Fig. 9.32. the
difference between Ip and Iy must flow through the intrinsic output impedance of the

- Voo

Figure 9.32 Simplified modei of
high-gain amplifier.

amplifier. creating an output voltage change of ({, — I§)(Rpl| Ry ). Since the current error
depends on mismatches and Rp|i Ry is quite high, the voltage error may be large. thus driv-
ing the p-type or n-type current source into the triode region. As a general rule. if the cutput
CM level cannot be determined by “visual inspection” and requires calculations based on
device properties. then it is poorly defined. This is the case in Fig. 9.31 but not in Fig. 9.30.
We emphasize that differential feedback cannot define the CM level.
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Example 9.8

—

Consider the telescopic op amp designed in Example 9.5 and repeated in Fig. 9.33 with bias Currepy
mirrors. Suppose My suffers from a 1% current mismatch with respect ta Mg, producing /g o

VDD
M ‘:l |HJM7 Mal
]l = 1

Ms M
V..ol "5 By
300 LA ¥ P2 TR I
e Xe—oV, ,0—2Y
T Viy @ h’: —
My M,
c"”%"’ﬁ MzF]
Vln
O
Mm-E.I'r Il.i‘fss:z.g?mn
M
= % Figure 9.33

2.97 mA rather than 3 mA. Assuming perfect matching for other transistors, explain what happens in
the circuit,

Solution

From Example 9.5, the single-ended output impedance of the circuit equals 266 k$2. Since the differ-
ence between the drain currents of M3 and Ms (and My and M} is 30 nA/2 = 15 pA, the output
voltage error would be 266 k€2 x 15 uA= 3.99 V. Since this large error cannot be produced, Vy and
Vy must r1s¢ so much that Ms-Ms and M7-Mg enter the triode region, yielding /p7.3 = 1.485 mA.
We should also mention that another important source of CM error in the simple biasing scheme of
Fig. 9.33 is the deterministic error between [p3.3 and F1) {and also between 7pg and Jpyg) due to
their ditferent drain-scurce voltages. This error can nonetheless be reduced by means of the current
mirror techniques of Chapter 5.

The foregoing study implies that in high-gain amplifiers, the output CM level is quite
sensitive to device properties and mismatches and it cannot be stabilized by means of
differential feedback. Thus, 1 common-mode feedback network must be added to sense the
CM level of the two outputs and accordingly adjust one of the bias currents in the amplifief.
Following our view of feedback systems in Chapter 8. we divide the task of CMFB into .
thrce operations: sensing the output CM level, comparison with a reference, and returning -
the error to the amplifier’s bias network. Fig. 9.34 conceptually illustrates the idea.

In order to sense the output CM level, we recall that V., cyy = (Vourt + Viur2 )/ 2. where -

Vourt and V,,,,» are the single-ended outputs. It therefore seems plausible to employ a resistive :
divider as shown in Fig. 9.35, generating Vaur.car = ( R1 Vs + Ra Vour 1 )/(R, -+ R>). which
reduces to ( Vour) + Vou2)/2 if Ry = R,. The difficulty. however, is that R, and R mustbeg
much greater than the output impedance of the op amp so as to avoid jowering the opet;
loop gain. For example, in the design of Fig. 9.33. the output impedance equals 266 keh,
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CM Level
Sense
Circuit

—* YRer  Figure 9.34 Conceptual topology for
common-mode feedback.
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| ="
_L'" Figure 9.35 Common-mode feed-

back with resistive sensing,.

necessitating a value of several megaohms for Ry and R.. As explained in Chapter 17,
such large resistors occupy a very large area and, more importantly, suffer from substantial
parasitic capacitance to the substrate.

To eliminate the resistive loading, we can interpose source followers between each output
and its corresponding resistor. Illustrated in Fig. 9.36, this technique produces a CM level
that is in fact lower than the output CM level by V75, but this shift can be taken into
account in the comparison operation. Note that Ry and R or [, and /> must be large enough
to ensure that M; or Mg is not “starved” when a large ditferential swing appears at the
output. As conceptually depicted in Fig. 9.37, if, say. V,,,.> 15 quite higher than V.,,;;. then
I, must sink both 7y = (V2 — Vo //(Ry + Ra) and Ip;. Consequently, if Ry — R» or /
is not sufficiently large, Ip7 drops 1o zero and V,,,, ¢ 1o longer represents the true output
CM level.

The sensing method of Fig. 9.36 nevertheless suffers from an important drawback: 1t
limits the differential output swings (even if R| > and f; » are large enough.) To understand
why. let us determine the minimum allowable level of V. tand V). noting that without
CMFB it would be equal 10 Vo p; + Vops. With the source tollowers in place, V. i =
Vosr + Vi1, where V' denotes the minimum voltage required across /. This is roughly
equal to two overdrive voltages plus one threshold voltage. Thus. the swing at each output
is reduced by approximately V7, a significant value in low-voltage design.
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Figure 9.36 Common-mode feedback using source followers
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Figure 9.37 Current starvation of

source followers for large swings.

Looking at Fig. 9.35, the reader may wonder if the output CM level can be sensed
by means of capacitors, rather than resistors, so as to avoid degrading the low-frequency .
open-loop gain of the op amp. This is indeed possible in some cases and will be studied in
Chapter 12. ;

Another tvpe of CM sensing is depicted in Fig. 9.38. Here, identical transistors A7 and Ma
operate in deep triode region, introducing a tota} resistance between P and ground equal to

Rmr -— Ron?”RmrS (915)
l 1

_ 16)

7 H v (9.1 )_'

Hen Cc:x 'E( Vowrt — VTH) }u'n o0 (Vour"’ VTH) 3'

= : .17

, +

15
#ncnxz_( Vourr + Vourt = 2Vry)

a

|

i
where W/ L denotes the aspect ratio of M7 and My. Equation (9.17) indicates that R isa- {
function of V2 4 Veur) but independent of V2 — Vouri. From Fig. 9.38, we observe that, .
if the outputs rise together. then R,,, drops, whereas if they change differentially. one Rol-‘
increases and the other decreases. *"j
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S

iy 3L

3 = = Mg  Figure 9.38 Common-mode sensing
_E-' using MOSFETs operating in deep triode
= region,

In the circuit of Fig. 9.38, the use of M7 and M3 limits the output voltage swings. Here,
it may seem that V,,, »in = Vra7.8, which is relatively close to two overdrive voltages, but
the difficulty arises from the assumption above that both M7 and My operate in deep triode
region. In fact, if, say, V,,, drops from the equilibrium CM level to one threshold voltage
above ground and V,,,,; rises by the same amount, then M; enters the saturation region, thus
exhibiting a variation in its on-resistance that is not counterbalanced by that of M.

We now study techniques of comparing the measured CM level with a reference and
returning the error to the op amp’s bias network. In the circuit of Fig. 9.39, we employ a
simple amplifier to detect the difference between V,,; cas and a reference voltage, Vger,
applying the result to the NMOS current sources with negative feedback. If both V., and
V,us2 Tise, 80 does Vg, thereby increasing the drain currents of M;-M, and lowering the
output CM level. In other words, if the loop gain is large, the feedback network forces the
CM level of V,,, and V,,.» to approach Vgzgr. Note that the feedback can be applied to
the PMOS current sources as well. Also, the feedback may control only a fraction of the
current to atlow optimization of the settling behavior. For example, each of M3 and M,

R+ Az
o | M, M, Vout1® Ay T Wr 2 ¥Yout2 v
Vin - ‘ out,CM
© = ||:
Iss
<
= {m, -_E4M4 z VRer

~ Flgure 9.39 Sensing and controlling output CM level,
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can be decomposed into two paralle] devices, one biased at a constant current and the Othe
driven by the error amplifier.

In a folded-cascode op amp, the CM feedback may control the tail current of the inpug
differential pair. llustrated in Fig. 9.40, this method increases the tail current if V1 ang
Vo2 rise, lowering the drain currents of Ms-Mg and restoring the output CM level,

H
{

Mg

< I M1 Mz I_‘I VOUt,CM VOUHC o ] mw

|.._.
=
VRer J-:I

Figure 8.40 Ahernative method of controlling output CM level.
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How do we perform comparison and feedback with the sensing scheme of Fig. 9.38?
Here, the output CM voltage is directly converted to a resistance or a current, prohibiting
comparison with a reference voltage. A simple feedback topology utilizing this technigue
is depicted in Fig. 9.41. where R, || Ro,s adjusts the bias current of Ms and M. The ouipat
CM level sets Rop7ll Rong such that /ps and /ps exactly balance /59 and 150, respectively.

Assuming fpg = Ipjo = Ip. we must have V, — Vgss = 27p(Ronrll Runs) and hence

]
1

Voo
I:Ii’wg MmL[
l =

] == ”: +
&

Vout1 Youtz

= I ]
i
I *—1} o Vi .

\FIM | Figure 9.41 CMFB using triode
- 8

M, L

devices,
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Ron?" R(HJS = (V - VGSS)/(z.!D)' From (91?)‘

] Vi, — Vs
7 = = o3, (9.18)
#rlCo.r ("‘) (Vnm‘?. + Vourl - 2VTH) -
: L 7.8
that is,
2ip |
Vourt + Vourz = + 2Vry. (9.19)
(W) Vi — Vs
mnCor| — .
L 7.8

The CM level can thus be obtained by noting that Vs = V20 /TunCociW/L)s] + Vrys.

The CMFB network of Fig. 9.41 suffers from several drawbacks. First, the value of
the output CM level is a function of device parameters. Second, the voltage drop across
Ron7ll Rong limits the output voltage swings. Third, to minimize this drop, M- and Mg are
usually quite wide devices, introducing substantial capacitance at the output. The second
issue can be alleviated by applying the feedback to the tail current of the input differential
pair (Fig. 9.42). but the other two remain. '

L

-

HE l

]|

]|

5 -
1]
.ll_l

Figure 9.42 Alternative method of controiling output CM
level.

How is V, generated in Fig. 9.42? We note that V,,, ¢y is somewhat sensitive to the
value of V,: if V,, is higher than expected. the tail current of W, and M- increases and
the output CM level fulls. Since the feedback through M5 and My attempts to correct this
error, the overall change in V,,,, 4 depends on the loop gain in the CMFB network. This
is studied in the following example. s
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Example 9.9

For the circuit of Fig. 9.42, determine the sensitivity of Vi, car to Vi, ie., d Vo om /d V.

Solution

Setting V,,, to zero and following the procedure depicted in Fig. 4.25, we simplily the circuig 5
shown in Fig. 9.43. Note that g,,7 and gux must be caleulated in the triode region: gur = g4 =
Jn Cot WL s Vpsrs, where Vpgr g denotes the bias value of the drain-source voltage of My and
My. Since M7 and My operate in deep triode region, Vps7 g typically does not exceed s few hundreg
millivolts,

foa||f04

Imi12 To12 To1o

|
Vout.CM :
|

Te={Gm7 +9ma ) Vourcm

Feedback Network

Figure 9.43

In a well-designed circuit. the loop gain must be relatively high. We therefore surmise that the
closed-loop gain is approximately equal to 1/8, where 8 represents the feedback factor. We wnie
from Chapter 8: '

B = & (9.20
Vilia=o
= —(gm7 + Z&ms M Ryp7ll Rony) (9.21)

!
j— i ]
= —2unC, (—) Vpsts - :
AL ) 2unCod{ W/ L s Vss1.8 = Vruts)

v
- . D578 ) {9-23):
Vst — Vrus i

where Vig57.8 — V7.5 denotes the overdnve voltage of M7 and Ms. Thus. i
3
dVour car ~ Vests — Vryrs _ 9.1

| d Vh Cloaed bDST_}i

", ﬂ '

This is an important result. Since V7.5 ti.e. the output CM level) is typicaily in the vicinity
Vi3 /2. the above equation suggests that Vps7.3 must be maximized.

LB
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We now introduce a modification to the circuit of 9.42 that both makes the output
level relatively independent of device parameters and lowers the sensitivity to the value
of Vj. lllustrated in Fig. 9.44(a), the idea is to define Vi by a current mirror arrangement
such that fpg “tracks™ /; and Vrgr. For simplicity, suppose (W /L), = (W/L)y and

Voo
J T
;o —
1 vt |E
= 1
outl Vout2
h V° M, M, |‘|
in
8 N |
} I M, M My
M Vb | —~{1
15 1 -E-"
I‘I Mg ’—| — < Mg My L
M M B )
Vrer = T T
(a}

1 o— . = .
-L:m—:"__| Mg Miz Mg
V

Rl
sealF
M . M - )
VREF': 7:' = 8
()

Figure 8.44 Modification of CMFB for more accurate definition of vutput
MC level.

(W/Llhe = (W/L)y +(W/L). Thus, Iy = [) only if V,.cor = Vrer. In other words, as
with Fig. 9.40, the circuit produces an output CM level equal to a reference but it requires no
resistors in sensing Vi cu. The overall design can be simplified as shown in Fig. 9.44(b).

In practice, since Vpsis # Viso, channel-length modulation resulis in a finite error,
Figure 9.45 depicts a modification that suppresses this error. Here. transistors M7 and M
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Figure 8.45 Modification to suppress error due to channel-length modulation,

[T P R

reproduce at the drain of M;s a voltage equal to the source voltage of M, and M, ensurmg
that Vps15 = Vipso.

To arrive at another CM feedback topology, let us consider the simple differential pan'
shown in Fig. 9.46(a). Here, the output CM level, Vpp — Vgs3 4. is relatively well-defined,
but the voltage gain is quite low. To increase the differential gain. the PMOS devices must
operate as current sources for differential signals. We therefore modify the circuit as depicted
in Fig. 9.46(b). where for differential changes at V,,,, and V,,,,2. node P is a virtual ground
and the gain can be expressed as g, 3(ro1.2llro3.4/| R ). For common-mode levels, on the
other hand, M3 and M, operate as diode-connected devices. The circuit proves useful 1 m
low-gain applications.

It is important to note that fully-differential two-stage op amps such as that in Fig. 9.2
require rwo CMFEB networks, one for the output of each stage. An example is described ia
(10].

M?"[:lj EEJM:, ’ M}_'Il-—f—lfljmrw

Re | R
llrl'.l‘ ‘T‘l’ll'
+——2 Vyuo—2 —oV, 1o—
L M, M, l“ V°_| My M, l_l
|l"’ln In
[

L .
?*’ss @‘ss

Figure 9.46 (u) Differential pair using diode-connected loads. (b) resistive
CMFB.
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9.7 Input Range Limitations

n

The op amp circuits studied thus far have evolved to achieve large differential output swings.
While the differential input swings are usually much smaller (by a factor equal to the open-
loop gain), the input common-mode level may need to vary over a wide range in some
applications. For example. consider the simple unity-gain buffer shown in Fig. 9.47, where
the input swing is nearly equal to the output swing. Interestingly, in this case the voltage
swings are limited by the input differential pair rather than the output cascode branch.
Specifically, Viymin = Vourmin = Vosi2 + Viss, approximately one threshold voltage
higher than the allowable minimum provided by Ms-Ms;.

Voo
M M
LJI : 2 |-.I=

i
Y
s s,
Vi o—+ t
N —° Vout Vine— M, M, Lt ° Vout
i |
Iss MM M,
: I= |
'-.-.I: M; Mg <

Figure 9.47 Unity-gain buffer.

What happensif V,, falls below the minimum given above? The MOS transistor operating
as /s enters the triode region, decreasing the bias current of the differentiat pair and hence
lowering the transconductance. We then postulate that the limitation is overcome if the
transconductance can somehow be restored:

A simple approach to extending the input CM range is to incorporate both NMOS and
PMOS differential pairs such that when one is “dead,” the other is “alive.” Hlustrated in
Fig. 9.48, the idea is to combine two folded-cascode op amps with NMOS and PMOS
input differential pairs. Here. as the input CM level approaches the ground potential, the
NMOS pair’s transconductance drops, eventually falling to zero. Nonetheless. the PMOS
pair remains active. allowing normal operation. Conversely, if the input CM level approaches
Vop. M p and M>p begin to turn off but M, and M; function properly.

An important concern in the circuit of Fig. 9.48 is the variation of the overall transcon-
ductance of the two pairs as the input CM level changes. Considering the operation of each
pair. we anticipate the behavior depicted in Fig. 9.49. Thus, many properties of the circuit,
including gain, speed, and noise, vary. More sophisticated techniques of minimizing this
variation are described in [7].
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Figure 9.48 Extension of input CM range.

» Imn *
: : Figure 9.49 Variation of equivalent
- transconductance with the input CM
° Voo Vinem o i

9.8 Slew Rate

Op amps used in feedback circuits exhibit a large-signal behavior cailed “slewing.” We firs
describe an interesting property of linear systems that vanishes during slewing. Consider
the simple RC network shown in Fig. 9.50, where the input is an ideal voltage step of height
Vo. Since Vo, = Vo[l —expi—r/1)], where v = RC. we have

d Vuur V() —I

= — eXp —. (9.23)

dt T P T
:
A4 [ 3
o——MTo Vin Vin %
Vin T C1 VOU‘ L '," F
O < Vout /_ Vout i
- ¢ (-3

Figure 9.50 Response of a linear circuit to input step. -
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Linear Op Amp

Figure 9.51 Response of linear op
amp o step response.

That is, the slope of the step response is proportional to the final salue of the output; if
we apply a larger input step, the output rises more rapidly. This iz a fundamental property
of linear systems: if the input amplitude is, say, doubled while other parameters remain
constant, the output signal level must double at every point, leading to a twofold increase
in the slope.

The foregoing observation applies to linear feedback systems as well. Shown in Fig.9.51
is an example, where the op amp is assumed linear. Here, we can write

RZ 1 Vouf
Vin — V. o | A — Vou = -+ V(m Cis. 926
[( ‘”R1+Rz) } Rus Ri+R: °F 520
Assuming Ry + Ry > R,,;, we have

Vour A
—(5) 9.27
in (S) (1 + A R2 ) I+ ROHICL ¢ { )

Ri+ R 1+AR2X(R|—R3]‘

As expected, both the low-frequency gain and the time constant are divided by | + AR,/
(R| + R»). The step response is therefore given by

A -1
Vour = Vo R 1 —exp TR
1+A - ol

R+ Ry 1+ AR+/(Ry — R

i), (9.28)

indicating that the slope is proportional o the final value. This tvpe of response is called
“linear settling.”

With a realistic op amp, on the other hand. the step response of the circuit begins to
deviate from (9.28) as the input amplitude increases. Iiustrated in Fig. 9.32. the response
to sufficiently small inputs follows the exponential of Eq. (9.28). but with large input steps,
the output displays a linear ramp having a constant slope. Under this condition, we say the
op amp experiences slewing and call the slope of the ramp the “slew rate.”

To understand the origin of slewing, let us replace the op amp of Fig. 9.52 by a simple
CMOS implementation (Fig. 9.33), assuming for simplicity that R; — R, is quite large.
We first examine the circuit with a small input step. If V;, experiences a change of AV,
{py increases by gn AV /2 and /p> decreases by g,, AV /2. Since the mirror action of M,
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Actual Op Amp

AL

- H2
L

Figure 9.52 Slewing in an op amp circuit.

Figure 9.53 Smull-signal operation of a simple op amp.

and M; raises |/pa| by g, AV /2, the total small-signal current provided by the op amp
equals g,, AV, This current begins to charge C; . but as V,,, rises. so does V. reducing the
difference between Vg, and Vi;» and hence the output current of the op amp. Asa result
V... vanes according to (9.28),

Now suppose AV is so large that M, absorbs all of /5. turning off M>. The circuit thes
reduces to that shown in Fig. 9.54. generating a ramp output with a slope equal to Iss/Ct
(if the channel-length modulation of My and the current drawn by Ry + R- are neglected}
Note that so long us M, remains off. the feedback loop is broken and the current charging
Cy is constant and independent of the input level. Ax V., rises, Vy eventvally dpprodch“
Vin. M- turns on, and the circuit returns to linear operation.

In Fig. 9.53, slewing occurs for fulling edges at the input as well. It the input drupbs"
much that M, turus off, then the circuit is simplified as in Fig. 9.55, discharging Ci. byd
uum.nt approximately equal to /gy, After V,,,, decrenases sutficiently, the difference be et

V¢ and Vi, is small enough to allow M, to turn on. leading to linear behavior lhercdff‘

LA
N
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Figure 9.54 Slewing during low-to-high transition
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Figure 9.55 Slewing during high-to-low transition.

The foregoing observations explain why slewing is a nonlinear phenomenon. If the input
amplitude. say. doubies, the output level does not double at all points because the ramp
exhibits a slope independent of the input.

Slewing is an undesirable effect in high-speed circuits that process targe signals. While
the small-signal bandwidth of a circuit may suggest a fast time-domain respense. the large-
signal speed may be limited by the slew rate simply because the current avatiable to charge
and discharge the dominant capacitor in the circuit is small. Moreover, since the input-
output relationship during siewing is nonlinear, the output of a slewing amplifier exhibits
substantial distortion. For example, if a circuit is to amplify a sinusoid Vi sin wpt (in the
steady state), then its slew rate must exceed Vywy.

Exampie 9.10

Consider the feedback amplifier depicted in Fig, 9.56(u). where Cy and €3 set the ¢.osed-loop gain.
{The bias network for the gate of M2 is not shown.) (a) Determine the small-signal step response of
the circuit. (b} Calculate the positive and negative slew rates.
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(c) 1ds

Figure 9.56

Solution

(a) Modeling the op amp as in Fig. 9.56i(b), where A, = g1 2(rp2 irpstand Ry = roa|1r04 w
have Vy = C| Vur 1Cy + Cr) and hence

Vp = (Vm - E-I-C—_;l?: Vm,,) A, (9%
obtaining
[( Vip — H%E;Vw,,) AL — Vm,,} E-,I,: =V, %‘%\ [9_#
It follows that .{
Vin [+ A Cy T R )

‘Ci+Cr O+ G
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A /(l-i-A < )
i UC|+C3

— C C :- , 19,3_}
l+—'-] R 1+ A —]
¥ |
Cl+C! 0‘1/ LCI+C2

revealing that both the low-frequency gain and the time constant of the circuit have decreased by a
factorof 1 4+ A, Cy /(Cy + Ca). The response to a unity step is thus given by

A, —1
Voue (1) = — Vol 1 —exp— |uit). {9.33
14 Ay — v
where Ci+C
C1Cr ( ¢y )
T=———R 1+ AL . {934
Cl + C2 ouf/ L CI +C3 |

(b) Suppose a largz positive step is applied to the gate of M, in Fig. 9.56(a) while the initial
voltage across € is zero. Then, M> turns off and, as shown in Fig. 9.56(c), V,,, rises according to
Vour (1) = Iss/[C1Ca, 1€y + C2))t. Similarly, for a large negative step at the input, Fig. 9.56(d) vields
Vour = '""ISS/[CIC:/!‘ Cl + Cg)]f.

As another example, let us find the slew rate of the telescopic op amp shown in Fig. 9.57(a).
When a large differential input is applied, My or M, turns off, reducing the circuit to
that shown in Fig. 9.57(b). Thus, V,,,; and V,,, appear as ramps with slopes equal to0
+15s/(2C), and consequently V., — Vi exhibits a slew rate equal to I55/Cr. (Of
course, the circuit is usually used in closed-ioop form.)

It is also instructive to study the slewing behavior of a folded-cascode op amp with
single-ended output [Fig. 9.58(a)]. Figs. 9.58(a) and (b) depict the equivalent circuit for

@’ss Iss
%

141 ib)

Figure 9.57 Slewing in telescopic op amp.
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Figure 9.58 Slewing in folded-cascode op amp.

positive and negative input steps. respectively. Here. the PMOS current sources provide ¢
current of /. and the current that charges or discharges C; is equal to [5s. vielding a siew
rate of Is¢/Cy. Note that the slew rate is independent of Ip if Ip = [Igs. In practice, “‘f--j‘
choose [p = [ss. |

In Fig. 9.38(a), if /sy > /p. then during slewing Mz turns off and Vy falls to a 108
level such that M, and the tail current source enter the triode region. Thus. for the circuit®
return to equilibrium after 3~ turns on, Vx must experience a large swing. slowing dow?.
the seutling. This phenomenon is iflustrated in Fig. 9.59.

To alleviate this issue. two “clamp™ transistors can be added as shown in Fig. 9.60(a) [.3]'
The idea is that the ditference between {5y and 7p now flows through My, or M2, requi"q‘
only enough drop in Vy or Vy to turn on one of these transistors. Fig. 9.60tb) illusua‘_@‘f |
more aggressive approach, where M, and Mz clamp the two nodes directly to Voo, Sinct

B
i
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Figure 8.59 Long setiting due to overdrive recoverv after

slewing.
Voo Voo

My Mo My

;Ii ﬁ: =t
‘b—' I—ﬂ
X[ My, My, 'Y My | ¥

r 1

M3 M4 M4
= i I

(a) {h)

Figure 8.60 Clamp circuit to limit swings at X and ¥.

the equilibrium value of Vy and Vy is usually higher than Vpp — Vr gy, M and M, are
otf during small-signal operation.

What trade-offs are encountered in increasing the slew rate? In the examples of
Figs. 9.57 and 9.58, for a given load capacitance, Iss must be increased and to main-
tain the same maximum output swing, all of the transistors must be made proportionally
wider. As a result, the power dissipation and the input capacitance are increased. Note that
if the device currents and widths scale together. g,,rpo of each transistor and hence the
open-loop gain of the op amp remain constant.

How does an op amp leave the slewing regime and enter the linear-settling regime?
Since the point at which one of the input transistors “turns on” is ambiguous, the distinction
between slewing and linear settling is somewhat arbitrary. The folowing example illustrates
the point.

Example 9.11

Consider the circuit of Fig. 9.56(4) in the slewing regime [Fig. 9.56(c)]. As V). rises. so does Vi,
eventually wming M> on. As /p3 increases from zero. the differential pair becomes more linear,
Considering M) and M> to operate linearly if the difference between their drain currents is less than
alss (e.g., & = 0.1), determine how long the circuit takes to enter linear settling. Assume the input
step has an amplitude of Vp.
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Solution

The circuit displays a slew rate of I55/[C1C2/(Cy + C2)] until [Vigt — Vins| is sufficiently smal|
From Chapter 4, we can write _

1 w a7 a
alss = 'i;unco_r I‘(Vinl = Vin2) _LW = (Vin1 = Vin2)-, (9.35,
Hn Cr:.r ‘z"
obtaming
4fs 2af
avg - avi—=0 4 | =0. (9.3,
tnCox I UnCoyx ‘Z‘
where AV = Vi, — Vipa. Thus,
Iss
#nCox 'Z

{Recall that /Tss /(1. Cox (W/ L)} is the equilibrium overdrive voltage of each transistor in the differ.
ential pair.} Alternatively, we recognize that for a small difference, o Is 5. between Ip1 and I p3,asmall.
signal approximationis valid: afss = gm AVg. Thus, AVg = afss/gm = alss//ttn Cox (W] 55,
Note that this calculation is quite rough because as M) turns on, the current charging the load capac-
itance is no longer constant,

Since Vy must rise to Vo — AV for M» to carry the required current, V,,; increases by (Vg -
AVg)(1 + C2/Cy), requiring a time given by

G Iss

- Vo — o (9.33)
Iss

[n the above example, the value of ¢ that determines the onset of linear settling depends,
among other things, on the actual required linearity. In other words. for a nonlinearity of
1%, & can be quite larger than for a nonlinearity of 0.1%.

The slewing behavior of two-stage op amps is somewhat different from that of the circuits
studied above. This case is studied in Chapter 10.

9.9 Power Supply Rejection

As other analog circuits, op amps are often supplied from noisy lines and must therefore
“reject” the noise adequately. For this reason, it is important to understand how noise of
the supply manifests itself at the output of an op amp.

Let us consider the simple op amp shown in Fig. 9.61, assuming the supply voltage varies
slowly. If the circuit is perfectly symmetric. Vi, = V. Since the diode-connected devic?
“clamps” node X 10 Vpp, Vx and hence V,,, experience approximately the same chang®;
as does Vipp. In other words, the gain from Vpp to V,,, is close o unity. The power supplf*
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Figure 9.61 Supply rejection of Gif-
ferential pair with active current mirror,

rejection ratio (PSRR) is defined as the gain from the input to the output divided by the gain
from the supply to the output. At low frequencies:

PSRR =~ gmN(f'OPH"ON)- (939)
Example 9.12

Calculate the low-frequency PSRR of the feedback circuit shown in Fig. 9.62(a).

+ 1 o , -
Yoo () Ima T V: ImVa@® =,
Vout - X TO Vout
€,
'II—-; T P
v, CI) ImY1 Im2Va v, .i. C,

lay by

Figure 9.62

Solution

From the foregoing analysis, we may surmise that a change AV in Vpp uppears unattenuat=d at the
output, But. we should note that if V,,,, changes, so do Vp and fp>. thercby opposing the change,
Using Fig. 9.62(b) and neglecting channel-length modulation in M- Mz for simplicity, we ¢:n write:

C
— V=V (9.40)
C)+C»

1”:’)1.‘ i



oo
e

336 Chap.9  Operational Amp[ifier":

and g-1 V1 + gua V2 = 0. Thus, if the circuit is symmetric,

1

Vy = Vour C)
ey ol
We also have
gl VI VDD - VUIH
- md — -—— + ,_szo.
P & Fos 8m2 (9.42,
It follows that
W VO!I:’ _ 1 9
Vop emor0s G ' (9.43)
- Ci+C:
Thus.
Cs
1+ — .
Cy
PSRR = o . (9.44)
1 .
Emdr o4 CL+ Ca +

9.10 Noise in Op Amps

In low-noise applications, the input-referred noise of op amps becomes critical. We now
extend the noise analysis of differential ampiifiers in Chapter 7 to more sophisticated topolo-
gies. With many transistors in an op amp, it may seem difficult to intuitively identify the
dominant sources of noise. A simple rule for inspection is to (mentally) change ihe gate
voltage of each transistor by a small amount and predict the effect at the output.

Let us first consider the telescopic op amp shown in Fig. 9.63. At relatively low fre-
quencies, the cascode devices contribute negligible noise, leaving M- M- and M;-M;z as

Figure 9.63 Noise in a telescopic op
amp.
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the primary noise sources. The input-referred noise voltage per unit bandwidth is therefore
similar to that in Fig. 7.47(a) and given by:

(9.45)

P — 2 2z, K K e
”2=4“.(2 +28:7.5)+2 N r é»u
8m1.2

38,;:,[.: (WL)I‘ECrJ,\'f (WL)? SCo\f 8l
where Ky and K » denote the 1, f noise coefficients of NMOS and PMOS devices, respec-
tively.

Next, we study the noise behavior of the folded-cascode op amp of Fig. 9.64(a), consid-
ering only thermal noise at this point. Again, the noise of the cascode devices is negligible
at low frequencies, leaving M,-Af>. M-Mjg, and Mg-M | as potentially significant sources.
Do both pairs My-Myz and Ms-M) contribute noise? Using our simple rule, we change
the gate voltage of M- by a small amount [Fig. 9.64(b)], noting that the output indeed

1—-||
Ms Mg
= i
t— Vout
v,o_I ¥ Mo ]—|V = ;
" bl * 1 M, M4'

Vb5 ._‘"-_j-M-“ ‘E." -E_|= - Vb4
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T
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8
Mg Mg
Voo o—f—"——[
‘J-_ovouto_._n
v.o_l s Mzi'-'"—l 1= |
|nc Vb1"‘ l__ py II—:
M, 4
Vbs"—ﬂ._an -E'“ N v,
= - Mg Mw:._r"

(b)

Figure 9.64 Ncise in a folded-cascode op amp.
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changes considerably. The same observation applies to Af3-M o as well. To determine g,
input-referred thermal noise, we first refer the noise of M;-Mg and Mg-M | to the Output:

— 2, .
KEOH!";\J?‘B =2 (4knga:17.S R;M) . (946)

where the factor 2 accounts for (uncorrelated) noise of Af; and My and R, denotes the
open-loop output resistance of the op amp. Similarly,

- 2 .
v’i"“-"MQ,]o =2 (4,{'ng§,9‘10}?5”;) . (841

Dividing these quantities by g7 ,R?,, and adding the contribution of M;-M,, we abtaip
the overall noise: :

—_— 2 2 8m 28m
Vnz.fn.' =87 (__-_ + _g 7.8 + - § -.9‘]0) . (9.48)

The effect of flicker noise can be included in a similar manner (Problem 9.15). Note that the
folded-cascode topology potentially suffers from greater noise than the telescopic counter-
part.

As observed for the differential amplifiers in Chapter 7, the noise contribution of the
PMOS and NMOS current sources increases in proportion to their transconductance. This
trend results in a trade-off between cutput voltage swings and input-referred noise: fora
given current, as implied by g, = 2/p/{Ves — Vrp), if the overdrive voltage of the current
sources is minimized to allow large swings, then their transconductance is maximized.

As another case, we calculate the input-referred thermal noise of the two-stage op amp
shown in Fig. 9.65. Beginning with the second stage, we note that the noise current of Ms

° ¥out2

Figure 9.65 Noise in a two-stage op amgp.

W. o
=~ e
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and M, flows through rosiiro7. Dividing the resulting output noise voltage by the total
gain. gmi{roi1llros) x gms(rosilror), and doubling the power, we obtain the input-referred
contribution of Ms-Mjy:

— 2
Vi g = 2 X T =(gms + gm7)rosllrory — - - 19.49)
rs-s 3 I g (rorllron)? gl s(rosliror)?
16T s+
= R — 19.50)
gmlg;;;j(rOl "?’03)
The noise due to M,-M, is simply equal to
"‘;_'f _ 2 8w + Bird
2| gy =2 x kTS S0 (9.51)
3 g
It follows that
e 16kT 1 + 2,
Vit = —— =5 |:8m1 + 8m3 + MT] . {9.52)
3 g Emsirorllros)?

Note the noise resulting from the second stage is usually negligible because it is divided by
the gain of the first stage when referred to the main input.

Example 9.13

A simple amplifier is constructed as shown in Fig. 9.66. Note that the first stage incorporates
diode-connected—rather than current-source-~loads. Assuming all of the transistors are in satu-
ration and (W/Ly; 2 = 50/0.6, (W/L) 4 = 10/0.6, (W/L)s ¢ = 20/0.6, and (W/L)73 = 36 0.6,
calculate the input-referred notse voltage if (1, Coe = 75 ,uzﬂ\f\/2 and ¢t ,C, = 30 ;zANz.

Yoo
“h e
Mg :“ ”: Mg
Vin°"| M, M, l’]
Vour™—4 0.5 mA ? lss  t—Vour

Figure 9.66
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Solution

We first calculate the small-signal gain of the first stage.:

Bl
AU] ™ o— 95
Lm3 ¢ 3J
_ 50 x 75
“VI0x30 O34
2 3.54. (9.55)

The noise of Ms and My referred to the gate of Ms is equal w0 44T (2/3Xgms + gm1) ’gfﬂs
2.87 x 10717 V3/Hz. which is divided by Af_] when referred o the main inputt V)7 sy =

il

2.29 x 10~ 1% V3/Hz. Transistors My and M5 produce an input-referred noise ofﬁﬂ_m.; = 8kT /3,
(gm3 + Qmi)/ &y, = 1.10 x 10717 V2/Hz. Thus, the total input-referred noise equals

vIo=2(229 % 107"+ 110x107) (9.56)

LR

=2.66 x 10717 V2/Hz. (9.57)

where the factor 2 accounts for the noise produced by both odd-numbered and even-numbered tean.
sistors in the circuit, This value corresponds to an input noise voltage of 5.16 nV/+/Hz.

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. Also, assume all transistors are in saturation,

9.1, (a) Derive expressions for the transconductance and outpur resistance of a MOSFET in the
triode region. Plot these quantities and g,,ro as a function of Vps, covering both triode
and saturation regions.

(b} Consider the amplifier of Fig, 9.6(b), with (W/L)j-3 = 50/0.5. Iss = | m.A. znd input
CM level of 1.3 V. Calculate the small-signal gain and the maximum output swing if all
transistors remain in saturation.

(¢} For the circuit of part (b), suppose we allow each PMOS device to enter the triode region
bv 50 mV so as to increase the allowable differential swing by 100 mV. What is the small-
signal gain at the peaks of the output swing?

9.2. Inthe circuitof Fig. 9.9, assume (W/L) s = 100/03. fis = ITmA. V= 14 V.oand y =1
(a}p If Ms-Mg are identical and have a length of 0.5 gem. culeulate their minimum width such

that M1 operates in saturation.

th} Calculate the maximum oulput voltage swing.

{c) What is the open-loop voltage gain?

{d) Calculate the input-referred thermal noise voltage,

9., Design the folded-cascode op amp of Fig. 9.13 for the tollowing requirements: rraximut®
differential swing = 2.4 V. tetal power dissipation = 6 mW. If all of the transistors haved
channel length of 0.5 em, what is the overall voltage gain? Can the input common-m.ade jevel
be as low as zero?



problems

%4,

9.5,

9.6.

92.7.

9.8.

9.9,

9.10.

9.11.

9.12,

9.13.
9.14,
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In the op amp of Fig. 9.18(b), (W/L)|_g = 100/0.5. Iss = | mA, and V) = 1.7 \\, Assume
y =0. '

(a) What is the maximum allowable input CM level?

(b) What is Vy?

(¢} What is the maximum allowable output swing if the gate of M3 is connected to the ocutput?
(d) What is the acceptable range of Vp?

(e) What is the input-referred thermal noise voltage?

Design the op amp of Fig. 9.18(b) for the following requirements: maximum differential swing
= 2.4 V. total power dissipation = 6 mW. (Assume the gate of M3 is never shorted to the
output.}

Ifin Fig. 921, (W/L))-g = 100/0.5 and Is5 = | mA,

{(a) What CM level must be established at the drains of M1 and My sothut Ips = Ipg = 1 mA?
How does this constrain the maximum input CM leve!?

(b) With the choice made in part (a), calculate the overall vollage gain and the maximum output
swing,

Design the op amp of Fig. 9.21 for the following requirements: maximum differential swing

= 4 V, total power dissipation = 6 mW, fss = 0.5 mA.

Suppose the circuit of Fig. 9.22 is designed with /55 equal to | mA, fpg-/p)2 equal to 0.5 mA,

and (W/LYy_12 = 100/0.5,

(a) What CM level is required at X and ¥?

(b) If Isg requires a minimum voltage of 400 mV, choose the minimum dimensions of My-Mg
10 allow a peak-to-peak swing of 200 mV at X and at Y.

(c) Calculate the overall voltage gain,

In Fig. 9.25(c), calculate the input-referred thermal nwise if /; and /> are implementad by
PMOS devices.

Suppose in Fig. 9.25(c), I} = 100 nA, I = 0.5 mA, and (W/L) -3 = 100/0.5. Assuming /|
and /> are implemented with PMOS devices having (W/L)p = 50/0.5,

(a) Calculare the gate bias voltages of M and M.

(b) Determine the maximum allowable output voltage swing.

(¢} Calculate the overall voltage gain and the input-referred thermal noise voltage.

In the circuit of Fig. 9.41, each branch is biased at a current of 0.3 mA. Choose the dimensions
of M7 and Mg such that the output CM level is equal to 1.5 V and Vp = 100 mV.

Consider the CMFB network in Fig. 9.39. The amplifier sensing V... s is to be implemented
as a different pair with active current mirror load.

{a)_ Should the input pair of the amplifier use PMOS devices or NMOS devices?

{b) Calculaze the loop gain for the CMFB network.

Repeat Problem 9.12(b) for the circuit of Fig. 9.40.

In the circuit of Fig. 9.56(a), assume (W/L)y_4 = 100/0.5.C; = C2» = 0.5 pF. and Is5 =
1 mA.

(a) Calculate the small-signal time constant of the circuit.
(b) With a 1-V step at the input {Fig, 9.56(c)]. how long does it Gike for Ipa to reach 0.1 Igs?

. It is possible to argue that the auxiliary amplifier in the circuit of Fig. 9.24(¢) reduces the

output impedance. Consider the circuit as drawn in Fig. 9.67. where the drain voltage of M is
changed by AV 1o measure the output impedance. It seems that. since the feedback provided
by A attempts to hold Vy constant, the change in the current through r¢s is much greater than
in the circuit of Fig. 9.24(b). suggesting that R..; = roa. Explain the flaw in this argument.
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9.16. Calculate the CMRR of the circuit shown in Fig. 9.56(a),
9.17. Calculate the input-referred flicker noise of the op amp shown in Fig. 9.64(a).

X
Y¥Y
—~
o
n

Figure 9.67

9.18. In this problem, we design a two-stage op amp based on the topology shown in Fig. 9,68,
Assume a power budget of 6 mW, a required output swing of 2.5 V, and L., = 0.5 um for
all devices.

Figure 9.68

ta) Allocating a current of 1 mA to the output stage and roughly equal overdrive voltages to
My and Me, determine (W/L)s and (W/L)g. Note that the gate-source capacitance of Ms
i$ in the signal path whereas that of Mg is not. Thus. Mg can be quite larger than Ms.

tb} Calculate the small-signal gain of the output stage.

t¢) With the remaining | mA flowing through M>. determine the aspect ratio of Mz (and M-*}
such that Vgs3 = Vigss. This is to guarantee that it V;,, = 0 and hence Vy = Vy, then Ms

carries the expected current. -’;,
(d) Calculate the aspect ratios of M and M7 such that the overall voltage gain of the op ﬂme
is equal to 500.

9.19. Consider the op amp of Fig. 9.68, assuming that the second siage is to provide a voltage "a“‘_‘_q
of 20 with a bias current of 1 mA. wi]
iar Determine (W/L)s and (W/ L) such thut Ms und Wy have equal overdrive voltages. <
{b) What is the smail-signal gain of this stage if My is driven inio the triode region by 50 mV

9.20. The op amp designed in Problem 9.18(d) is placed in unity-gain feedback. Assume {VGs7 ™~ x_;
Vrnrl =04V :

{a} What is the altowable input voltage range? -
{by At what input voltage are the input and output voltages exact/y cqud" "
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9.21. Calculate the input-referred noise of the ©p amp designed in Problem 9.1 8(d).

9.22. ltis possible to use the bulk terminal of PMOS devices as an in

put [9). Consider the amplifier
shown in Fig. 9.69 as an example.

Figure 9.69

(a) Calculate the voltage gain.

{b} What is the acceptable input common-mode range?

(¢) How does the small-signal gain vary with the input common-mode level?

{(d) Calculate the input-referred thermal noise voltage and compare the result with that of a
regular PMOS differential pair having NMOS current-source loads.

9.23. The idea of the active current mirror can be applied to the output stage of a two-stage op amp
as well. That is, the load current source can become a function of the signal. Figure 9.70 shows
an example [10]. Here, the first stage consists of M|-M, and the output is produced by Ms- My,
Transistors M7 and Mg operate as active current sources because their current varies with the
signal voltage at nodes Y and X, respectively.

(a) Calculate the differential voltage gain of the op amp.
{b) Estimate the magnitude of the three major poles of the circuit.

Figure 9,70
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Chapter 10

T

Stability and Frequency
Compensation

Negative feedback finds wide application in the processing of analog signals. The properties
of feedback described in Chapter 8 allow precise operations by suppressing variations of
the open-loop characteristics. Feedback systems, however, suffer from potential instability,
that is, they may oscillate.

In this chapter, we deal with the stability and frequency compensation of linear feedback
systems to the exient necessary to understand design issues of analog feedback circuits.
Beginning with a review of stability criteria and the concept of phase margin, we study
frequency compensation, introducing various techniques suited to different op amp topolo-
gies. We also analyze the impact of frequency compensation on the slew rate of two-stage
op amps.

10.1 General Considerations

Let us consider the negative feedback system shown in Fig. 10.1, where 8 is assumed
constant. Writing the closed-loop transfer function as

H(s)

Y
e §) = e i
X 1 ~ BH(s)

we note that if SH(s = jw) = —1, the “gain” goes to infinity, and the circuit can amplify
its own noise untif it eventually begins to oscillate. In other words, if 8H(jw,} = ~1.1hen
+
X(s) H(s) |—em=Y(s)
- !

Figtjre 10.1  Basic negative-feedback
system.

345
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the circuit may oscillate at frequency w. This condition can be expressed as

e s

IBH(jon)| = 1 (10.2y
LBH(jwy) = —180°, (10,3}

which are called “Barkhausen’s Criteria.” Note that the total phase shift around the loop
wy is 360° because negative feedback itself introduces 180° of phase shift. The 3607 phag, -
shift is necessary for oscillation since the feedback signal must add in phase to the origing)
noise to allow oscillation buildup. By the same token, a loop gain of unity (or greater) i
also required to enable growth of the oscillation amplitude.

In summary, a negative feedback svstem may oscillate at «w, if (1) the phase shift aroung
the loop at this frequency is so much that the feedback becomes posirive and (2) the loop
gain is still enough to allow signal buildup. Illustrated in Fig. 10.2, the situation can be
viewed as excessive loop gain at the frequency for which the phase shift reaches —180° or,
equivalently, excessive phase at the frequency for which the loop gain drops to unity. Thus,
to avoid instability, we must minimize the total phase shift so that for |[8H| = 1, /8H is
still more positive than —180°. In this chapter, we assume 8 is less than or equal to unity
and does not depend on the frequency.

Unstable Stable
20109 B H ()} $ Excessive 20logip H ()] '
; Gain

0 - 0 -
\ w(legscaley oo \ @ (log scale}

- 0 : -
w (log scale) m{log scalg)

=-180°

/[BH(w) ¥

Excessive
Phase

(a) ib)

Figure 10.2 Bode plots of loop gain for unstable and stable systems.

The frequencies at which the magnitude and phase of the loop gain are equal to unity and
— 180", respectively, play a critical role in the stability and are called the “gain crossovef |
point” and the “phase crossover point.” respectively. In a stable system. the gain crossovef
must occur well before the phase crossover. For the sake of brevity, we denote the gaib
crossover by GX and the phase crossover by PX. Note that if 8 is reduced ti.e.. less tcedb‘l‘-'k .
is applied). then the magnitude piots of Fig. 10.2 are shifted down, thereby moving the gaif >
crossover closer to the origin and making the feedback system more stable. Thus. lhe‘,

' I{E
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worst-case stability corresponds to 8 = 1, i.e. unity-gain feedback. For this reason, we
often analyze the magnitude and phase plots for 8H = H.

Before studying more specific cases, let us review a few basic rules of constructing Bode
plots. A Bode plot illustrates the asymptotic behavior of the magnitude and phase of a
complex function according to the magnitude of the poles and zeros. The following two
rules are used. (1) The slope of the magnitude plot changes by +20 dB/dec at every zero
frequency and by —20 dB/dec at every pole frequency. (2) For a pole {zero) frequency of
wn, the phase begins to fall (rise) at approximately 0.1¢w,,, experiences a change of —45~
(-+45°) at w,,, and approaches a change of —90% (+90°) at approximately 10w,,. The key
point here is that the phase may be much more significantly affected by high-frequency
poles and zeros than the magnitude is.

It 1s also instructive to plot the location of the poles of a closed-loop system on a
complex plane. Expressing each pole frequency as s, = jw, + 0, and noting that the
impulse response of the system includes a term exp(jw, + o,)r, we observe that if 5, falls
in the right half plane, ie., if 0, > 0, then the system is likely to oscillate because its
time-domain response exhibits a growing exponential [Fig. 10.3(a)]. Even if o, = 0, the
system may sustain oscitlations [Fig. 10.3(b}]. Conversely, if the poles lie in the left half
plane, all time-domain exponential terms decay to zero [Fig. 10.3(c)].! In practice, we plot

jo jo
+(Dp '''' x +(Dp
? -
Cp: 8] E> t
-Wpp----- * —0g
{b)
jmi\

) SRR +Mp

p

* {=Wp

Figure 10.3 Time-domain response of a system versus the position of poles, (a) unstable with growing amplitude,
by unstable with constant-amplitude oscillation, (¢) stable.

'We ignore the effect of zeros for now.
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the location of the poles as the loop gain varies, thereby revealing how close to oscillatigy
the system may come. Such a plot is called a “root locus.”

We now study a feedback system incorporating a one-pole feedforward amplifier. .
saming H(s) = Ao/(l + 5/wp), we have from (10.1),

Y
E(S) = N 3 ; (10.4)
ao(l + BAg)

In order to analyze the stability behavior, we plot [BH(s = jw)| and (BH(s = jy)
(Fig. 10.4), observing that a single pole cannot contribute a phase shift greater than 90
and the system is unconditionally stable for all non-negative values of 8. Note that 8 H s
independent of 8.

20log|p H (®)] &
20logBAg

0 o
@ (log scale)
0 0?0 oo
P : o (log scale)
T N . "

/BH Y

Figure 10.4 Bode plots of loop gain for a cne-pole
system.

Example 10.1 —

Caonstruct the root locus for a one-pole system.

Solution

Equation (10.4) implies that the closed-loop system has a pole s, = —wp(l + SA4p).i.e..a real-vaiued
pole in the left half plane that moves away from the ongin as the loop gain increases (Fig. 10.5).

oy

!*f-bi*b.i "

Figure 10.5

b .

L
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10.2 Multipole Systems

Our study of op amps in Chapter 9 indicates that such circuits generally contain multiple
poles. In two-stage op amps, for example. each gain stage introduces a “dominant” pole. It
is therefore important to study a feedback system whose core amplifier exhibits more than
one pole.

Let us consider a two-pole system first. For stability considerations, we plot |8 H| and
LB H as a function of the frequency. Shown in Fig. 10.6, the magnitude begins to drop at
20 dB/dec at @ = wy| and at 40 dB/dec at w = 3. Also, the phase begins to change
at w = 0.lwpy, reaches —45° at w = o,y and ~90% at w = 10w,|, begins to change
again at w = 0.1wpy (if 0.1wp2 > 10wy ), reaches — 1357 at @ = w,>. and asymptotically
approaches ~180°. The system is therefore stable because |8 H | drops to below unity at a
frequency for which L8H < —180°.

20log|p H{w)| 1

Gain
Crossover

0
w (tog scale)
g o
o (log scale)
-90
a
-180

/BH(w)

Figure 10.6 Bode plots of loop gain for a two-pole system.

What happens if the feedback is made “weaker?” To reduce the amount of feedback.
we decrease 8, obtaining the gray magnitude plot in Fig. 10.6. For a logarithmic vertical
axis, a change in 3 translates the magnitude plot vertically. Note that the phase plot does
not change. The key point is that as the feedback becomes weaker, the gain crossover point |
moves toward the origin while the phase crossover point remains constant. resulting in a
more stable system. The stability is obtained at the cost of weaker feedback.

Example 10.2

Construct the root locus for a two-pole system.
Solution

Writing the open-loop transfer function as:

Ao

§ s\
(EERTEES
wpt /N tp3

His) =

{10.3)
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we have
Ag
(s) = ; P (10,6,
PR TR
wp| (J')P:
Aowmwp (
ST (@1 + wp2)s + (L + BAgIpiops *)
Thus, the closed-loop poles are given by
—(wp + wp2) £ \/{wpl +wp2)* = 4(1 + BAp)wpiwp
12 = ' {108
2
As expected, for 8 = 0, 512 = —wpy, —wp2. As S increases, the term under the square root drops,
1aking on a value of zero for
| (w1 —w 3):
Bl = ———— P (109)

Ag Ywpwp2

As shown in Fig. 10.7, the poles begin at —wpy and —wp), move toward each other, coincide for
£ = B, and become complex for 8 > Bi.

‘ j'Cl)“
o4
f=0 B=0
£ o % -
_wpz \ —(!Jm o]
B=B,
Y Figure 10.7

The foregoing calculations point to the cormplexity of the algebra required to constructa
root locus for higher-order systems. For this reason. many root locus techniques have bees
devised so as to minimize such computations [1].

We now study a three-pole system. Shown in Fig. 10.8 are the Bode plots of the magnitude
and phase of the loop gain. The third pole gives rise to additional phase shift. possibly moving
the phase crossover to frequencies lower than the gain crossover and leading to oscillation

Since the third pole also decreases the magnitude of the loop gain at a greater rate. ihe
reader may wonder why the gain crossover does not move as much as the phase crossovef
does. As mentioned betore, the phase begins to change ar approximately one-tenth Oflh'_ |
pole frequency whereas the magnitude begins 10 drop only near the pole frequency. For this i‘
reason, additional poles tand zeros) imp..ct the phase to a much greater extent than they do 1
the magnitude.



sec. 10.3 Phase Margin _ 351

20log|p H{w)| ‘

0 : : -
Wp1 Wp2 CIJpa\ o {log scale)
0 :
—90° LoD o {log scale)
ET:"o S TR
270 e

M (0) y

Figure 10.8 Bode plots of loop gain for a three-pole
system.

As with a two-pole system, if the feedback factor in Fig. 10.8 decreases, the circuit
becomes more stable because the gain crossover moves toward the origin while the phase
Crossover remains constant.

10.3 Phase Margin

Our foregoing study indicates that to ensure stability, g H| must drop to unity before /8§ H
crosses — 180°. We may naturally ask: how far should PX be from GX? Let us first consider
a “marginal” case where, as depicted in Fig. 10.9(a). GX is only slightly below PX; sharp
peak for example, at GX the phase equals —175°. How does the closed-loop system respond
in this case? Noting that at GX. 8H (jw;) = 1 X exp(—j1757), we have

4 H(j
e = IO (10.10)
X L+ BH{jw)
1
—exp(—/71757
. ___ (10.11)
1 +exp(—j175%)
-0, — j0.0872
_ 1 09962 _"0 ‘ (10.12)
B 0.0038 — j0.0872
and hence
Y ol = 1 : (10.13
TV T 3 G082 )
L5 -
=5 5. (10.14)
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IBH (w)] 1B H ()]
GX
1 N -
| N ®
i PX
0 —| A -
i o
~180° \
@f(m)
Y i
| X (u))l
1
B N\
p o

m)v\/\/\/\’\ y(1)
|

- { -

—

(a) (b}

Figure 10.9 (losed-loop frequency and :ime response for (a) small and (b) large margin
between gain and phase crossover points.

Since at low frequencies, | Y/ X| = 1/, the closed-loop frequency response exhibits a shap
peak in the vicinity of w = w,. In other words, the closed-loop system is near oscillation
and its step response exhibits a very underdamped behavior. This point also reveals that 2
second-order system may suffer from ringing although it is stable.

Now suppose, as shown in Fig. 10.9(b). GX precedes PX by a greater margin. Then, we
expect a relatively “well-behaved” closed-loop response in both the frequency domain and
the titme domain. Itis therefore plausible to conclude that the greater the spacing between GX
and PX {while GX rematins below PX), the more stable the feedback system. Alternatively,
the phase of §H at the gain crossover frequency can scrve as a measure of stability: the
smaller |_ 8 A | at this point, the more stable the system.

This observation leads us to the concept of “phase margin” (PM), defined as PM =
180" + £ B H(w == w)). where ey is the gain crossover trequency.

Example 10.3 —

A two-pole feedback system is designed such that [B#{wp2)l = 1 and |w,| € lwpa] (Fig. 1010k -
What is the phase margin?



gec. 10.3 Phase Margin ) 353

.

20l0g |B H ()]

0 \mpz N
W \ o {log scale)

W ('I-;g scale)

=] H
=135 fooeeeeeeeN

/BH (w0} y

Figure 10.10

Solution

Since /A H reaches —135° at w = wp1, the phase margin is equal to -£3°,

How much phase margin is adequate? It is instructive to examine the closed-loop fre-
quency response for different phase margins [1). For PM = 45°. at the gain crossover
frequency /B H(w) = —135° and |BH(w)] = 1 (Fig. 10.11), vielding

Hi
r - (le). (10.15)
X 1l +1xexp(—ji135°)
I8 H ()]
GxX
y
)
©

|
g

- Figure 10.11  Closed-loop frequency
© response for 45 phase margin.
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H(j(:)l) .
T 029-071; (10.1g)
It follows that
- :
X|~ B 1029071 (10,17,
1.3 "
= 1
B Y

Consequently, the frequency response of the feedback system suffers from a 30% peak g
W = .

It can be shown that for PM = 60°, Y{(jw,)/ X (jw) = 1/8, suggesting a negligible
frequency peaking. This typically means that the step response of the feedback system
exhibits little ringing, providing a fast settling. For greater phase margins, the system is
more stable but the time response slows down (Fig. 10.12). Thus, PM = 60° is typically
considered the optimum value.

The concept of phase margin is well-suited to the design of circuits that process small
signals. In practice, the large-signal step response of feedback amplifiers does not follow the
illustration of Fig. 10.12. This is not only due to siewing but also because of the nonlinear
behavior resulting from large excursions in the bias voltages and currents of the amplifier.
Such excursions in fact cause the pole and zero frequencies to vary during the transient,
leading to a compiicated time response. Thus, for large-signal applications, time-domaie
simulations of the closed-loop system prove more relevant and useful than small-signal a
computations of the open-loop amplifier.

< o =]
y(t) PM =45 y(t) PM =60 y(t) PM =30

—
bl
—

fa) ib) (c)

Figure 10.12 Closed-loop time response for 45°. 60°, and 90° phase margins.

As an example of a feedback circuit exhibiting a reasonable phase margin but po®
settling behavior. consider the unity-gain amplifier of Fig. 10.13, where the aspect ratioof
all transistors is equal to 30 ..m / 0.6 pm. With the choice of the device dimensions, biss
currents, and capacitor vatues shown here, SPICE vields a phase margin of approximald_’_"
65° and a unity-gain frequency of 150 MHz. The large-signal step response, however, Stlfqugi
from significant ringing. 4;
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Figure 10.13 Unitv-gain buffer.

10.4 Frequency Compensation

Tvpical op amp circuits contain many poles. In a folded-cascode topelogy. for example,
both the tolding node and the output node contribute poles. For this reason. Op amps must
usually be “compensated,” that is, their open-loop transfer function must be modified such
that the closed-loop circuit is stable and the time response is well-behaved.

The need for compensation arises because |8 H| does not drop to upity well before /g H
reaches - 180°. We then postulate that stability can be achieved by (1) minimizing the
overall phase shift, thus pushing the phase crossover out [Fig. 10.14(ai); or (2) dropping
the gain, thereby pushing the gain crossover in [Fig. 10.14(b)]. The first approach requires
that we attempt to minimize the number of poles in the signal path by proper design, Since
each addituonal stage contributes at least one pole. this means the number of stages must be

Lot

]

20log | H {w)] 1 20!og]BH(m)|j

A

Modified

Design

0 , .
\ logw
: log

0 -

-180°
/BH() Moditied

Design

fat) thy

Figure 10.14 Frequency compensation by (a) moving PX out, (b} pushing GX in.
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minimized, a remedy that yields low voltage gain and/or limited output swings (Chapte, %
‘The second approach, on the other hand, retains the low-frequency gain and the OUtpey
swings but it reduces the bandwidth by forcing the gain to fall at lower frequencies,

In practice, we first try to design an op amp so as to minimize the number of poles While
meeting other requirements. Since the resulting circuit may still suffer from INSUfficien
phase margin, we then compensate the op amp. i.e., modify the design so as to move the
gain crossover toward the origin.

Let us apply the above procedures to various op amp topologies. We begin with the
telescopic cascode op amp shown in Fig. 10.15. where a PMOS current mirror perforp,
differential to single-ended conversion. We identify a number of poles in the signal pags
path 1 contains a high-frequency pele at the source of Mj, a mirror pole at node A, ay
another high-frequency pole at the source of M-, whereas path 2 contains a high-frequency
pole at the source of My. The two paths share a pole at the output. |

VDD
Mslj}" |EIM6
- |A [N
s | Ver—iEm
S :
o Lo
V., e—— = o CL
LT TR M4I|: 5 I
=T
X Y
vin
o
Iss ' _ _
Figure 10.15 Telescopic op amp with

single-ended cutput.

It 1s instructive to estimate the relative position of these poles. Since the output resistaxe
of the op amp is much higher than the small-signal resistances seen at the other nodes @
the ¢ircuit. we expect that, even with a moderate load capacitance, the output pole, @p.on
i5 the closest to the origin. Called the “dominant pole,” w,, ,,, usually sets the open-loop
3-dB bandwidth. Rt

We also surmise that the first “nondominant pole,” i.e., the closest pole to the ong®
after the dominant pole, arises at node A. This is because the total capacitance at this nod&
roughly equai to Ci;55 + Cgse + Cpas + 2Ccpe + Cous + Copa, 1s typically quite largd
than that at nodes .X. ¥, and N and the small-signal resistance of M+, approximately /88
is refatively large. -

Which node yields the next nondominant pole: & or X (and Y)? Recall from Ch;tplﬂ’
that, to obtain a low overdrive and consume a reasonable voltage headroom, the PMQ 3
devices in the op amp are typically quite wider than the NMOS transistors. Com -
My and M+ and neglecting body effect. we note that since g, = 2/p/|Vgs — Vruh
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the two transistors are designed to have the same overdrive, they also exhibit the same
transconductance. However, from square-law characteristics, we have W,/ W; = o/ tin,
which is about 1/3 in today’s technologies. Thus, nodes N and X (or Y) see roughly
equal small-signali resistances to ground but node N suffers from much more capacitance.
It iy therefore plausible to assume that node N contributes the next nondominant pole.
Figure 10.16 illustrates the results, denoting the capacttance at nodes A, N, and X by
Ca, Cn, and Cy, respectively. The poles at nodes X and Y are nearly equal and their

jw |
_%m3  _Imr  Ims -1 G
CX CN CA J’qCDLﬂCL

Figure 10.16 Pole locations for the op amp of Fig. 10.15.

corresponding terms in the transfer functions of path 1 and path 2 can be factored out. Thus,
they count as one pole rather than two.

With the position of the poles roughly determined, we can construct the magnitude and
phase plots for 8H , using 8 = 1 for the worst case. Shown in Fig. 10.17, such characteristics
indicate that the mirror pole typically limits the phase margin because its phase contribution
occurs at lower frequencies than that of other nondominant poles.

Recall from Chapter 6 that differential pairs using active current mirrors exhibit a zero
located at twice the mirror pole frequency. The circuit of Fig. 10.15 contains such a zero as
well. Located at 2w, 4,the zero has some effect on the magnitude and phase characteristics.
The analysis is left to the reader.

20log B H ()] 4

(I)p‘x

(lJpA
Ol

\ 0] (Tog scale)

0 -
() (log scale)

180 e

_2702 .........................
=360 LoD

M((DH

Figure 10.17  Bode plots of loop gain forop amp of Fig, 10,15,
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How should we compensate the op amp? Let us assume that the number and locatigy, l
the nondominant poles and hence the phase plot at frequencies higher than roughly 10w,
remain constant. Thus, we must force the loop gain to drop such that the gain CTossove
point moves toward the origin. To accomplish this, we simply lower the frequency Of the
dominant pole by increasing the load capacitance. The key point is that the phuse contributjg,
of the dominant pole in the vicinity of the gain or phase crossover points is close 1o gy
and relatively independent of the location of the pole. That is. as illustrated in Fig. 10,13,
translating the dominant pole toward the origin affects the magr.itude plot but not the critiy)
part of the phase plot. '

20log|p H ()| 4

0

-180°

M(m) Y Figure 1.0.18‘ Trflrl.slaling the domi-
nant pole zoward origin.

In order to understand how much the dominant pole mus: be shifted down as well 2
arrive at an important conclusion, let us assume (1) the secor.d nondominant pole (w, x)
in Fig. 10.15 is quite higher than the mirror pole so that the phase shift at w = wpa s
equal to —135° and (2) a phase margin of 45° (which is usuzlly inadequate) is necessary.
To compensate the circuit, we first identify the frequency at which the phase plot yields
the required phase margin, in this case. wp 4. Since the dominant pole must drop the gain
to unity at w,, 4 with a slope of 20 dB/dec, we draw a straight iine from w), 4 toward the
origin with such a slope (Fig. 10.19). thus obtaining the new magnitude of the dominan
pole, @, .- Therefore, the load capacitance must be increased by a factor of wp, 0w /@)y ou

From the new magnitude plot, we note that the unity-gain bandwidth of the compensated
op amp is equal to the frequiency aof the first nondeminant poie (of course with a phase margif
of 45”). This is a fundamental result. indicating that to achieve a wideband in a feedback
systera employing an op amp, the first nondominant pote must be as far as possible. Fof
this reason. the mirror pole proves undesirable.

We should also mention that although wp i = (Ko Cr -l increasing R, does nol
compensaie the op amp. As shown in Fig. 10.20. a higher R, results in a greater gail
only affecting the low-frequency portion of the characteristizs. Also, moving one of e
nondominant potes toward the origin does not improve the phase margin. (Why?)

Now consider the fully differential relescopic cascode depioted in Fig. 10.21. In additi‘?n
to achieving various useful propertics of differential operation. this topology avuids the mﬂ' |
ror pole, thereby exhibiting stable behavior for a greater band idth. In fact, we can identify
one dominant pole at each output node and only one nondominant pole arising from 110‘_k
X (or ¥). This suggests that fully differential telescopic cascode circuits are quite stable-,i_



sec. 10.4 Frequency Compensation

20l0g|B H{w)| 4

P
' \%

%%,

0 1o S—
W5 out @5 out Emp.Ai W (log scale)

A

-135°

/BH ()

Figure 10.19 Tr

— -
W (log scale)

anslating the dominant pole toward the origin

for 45° phase margin.

20log|BH{w)| &

"y _Roul +

p,out \ w{log scale)

] -

/BH(w)

OJTIog scale)

Figure 10.20 Bode plots of loop gain for higher output re-
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But how about the pole at node N {(or K) in Fig. 10.217 Considering one of the PMOS
cascodes as shown in Fig. 10.22(a), we may think that the capacitance at node N. Cy =
Cess — Csps + Cgpr + Cppy, shunis the output resistance of M5 at high frequencies.
thereby dropping the output impedance of the cascode. To guantify this effect, we first

determine Z,,, in Fig. 10.22(a):

Z ot

= (1 + gustos)Zy — ros.

(10.19)

where body effect is neglected and Zy = rp7||(Cyvs)™ . Assuming the first term is much

greater than the second. we have

Zmrr ~ (] + ngrC’ﬁ)

Foz

ForCus + 1 )

(10.20)
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Figure 10.22 Effect of device capacitance af internal node of a
cascode current source.

Now, as illustrated in Fig. 10.22(b), we take the output load capacitance into account:

%

ro? 1 o

(1 + gmsros) - &

1 ro-Cys+1 Cys
ZOMHCLS = = r(:? Ll (10‘21!‘
L+ gmsr + 5

(1 + &gms OS)J_O?C.\‘S 1 Crs ‘.

_ {1+ 8msros)ror (1028,

[(l + gmﬁ-"ns)"()‘CL + ?'O‘JCN}S + ] .

w
Thus. the parallel combination of Z,,, and the load capacitance stili contains a single Pck?
corresponding to a time constant (1 4+ g,s705)r07CL +r07Cy. Note that (1 — g,,sros) o1 "*‘*}
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is simply due to the low-frequency output resistance of the cascode. In other words, the
overall time constant equals the “output” time constant plus rg;Cy. The key point in this
calculation s that the pole in the PMOS cascode is merged with the output pole, thus creating
no additional pole. It merely lowers the dominant pole by a slight amount. For this reason.
we loosely say that the signal does not “see” the pole in the cascode current sources.?

Comparison of the circuits shown in Figs. 10.15 and 10.21 now reveals that the fully
differential configuration avoids both the mirror pole and the pole at node N. With the
approximation made in (10.22), the circuit of Fig, 10.21 contains only one nondominant
pole located at refatively high frequencies owing to the high transconductance of the NMOS
transistors. This is a remarkable advantage of fully differential cascode op amps.

We have thus far observed that nondominant poles give rise to instability, requiring
frequency compensation. It is possible to cancel one or more of these poles by introducing
zeros in the transfer function? For example, following the analysis of Fig. 6.31, we surmise
that if a low-gain but fast path is placed in parallel with the main amplifier, a zero is created
that can be positioned atop the first nondominant pole. However, cancellation of a pole by
a zero in the presence of mismatches leads to long settling components in the step response
of the closed-loop circuit. This effect is studied in Problem 10.19.

10.5 Compensation of Two-Stage Op Amps

Our study of op amps in Chapter 9 indicates that two-stage topologies may prove inevitable
if the output voltage swing must be maximized. Thus, the stability and compensation of
such op amps is of interest.

Consider the circuit shown in Fig. 10.23. We identify three poles: a pole at X (or ¥),
another at £ (or F), and a third at A (or B). From our foregoing discussions, we know that
the pole at X les at relatively high trequencies. But how about the other two? Since the
small-signal resistance seen at E is quite high, even the capacitances of M3, Ms, and M,
can create a pole relatively close to the origin. At node A, the small-signal resistance is
lower but the value of C; may be quite high. Consequently, we say the circuit exhibits nvo
dominant poles.

From these observations, we can construct the magnitude and phase plots shown in
Fig. 10.24. Here. w, ¢ 15 assumed mors dominant but the relative position of @, g and w), 4
depends on the design and the load czpacitance. Note that, since the poles at E and A are
relatively close to the origin, the phase approaches — 180° well below the third pole. In other
words, the phase margin may be quite close to zero even before the third pole contributes
significant phase shift,

Let us now investigate the frequency compensation of two-stage op amps. In Fig. 10.24,
one of the dominant poles must be moved toward the origin so as to place the gain crossover
well below the phase crossover. However, recail from Section 10.4 that the unity-gain
bandwidth after compensation cannot exceed the frequency of the second pole of the open-
loop system. Thus, if in Fig. 10.24 the magnitude of w, ¢ is to be reduced. the available

2If the second term in Eq. (10.19) is inctuded :n subsequent derivations, a pole and a zero that are nearly equal
appear in the overall output impedance. Nonetheiass, for g, ro 3> | and Cp > Cy. their effect is negligible.
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VouH

Figure 10.23 Two-stage op amp.
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Figure 10.24 Bode plots of loop gain of two-stage op amp.

bandwidth 1s himited to approximately wp 4, & low value. Furthermore, the very small
magnitude of the required dominant pole translates to a very large compensation capacitot

Fortunately. a more efficient method of compensation can be applied to the ciscuitof
Fig. 10.23. To arrive at this method. we note that, as illustrated in Fig. 10.25(a), the first
stage exhibits a high output impedance and the second stage provides a moderate gﬂi-m
thereby providing a suitablc environment for Miller multiplication of capacitors. Shown
Fig. 10.25(b). the idea is to create a large capacitance atnode £, equalto (1 +A,,)Ce. movitg
the corresponding pole to R{;f,, [Ce — (1 + A2)Ce}'. where Cg denotes the capacitancé
atnode £ before C- is added. As a result. a low-frequency pole can be established with#
moderate capacitor value, saving considerable chip area. This technique is called \ll““,..
compensation.” ﬂ
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Figure 10.25 Miller compensation of a two-stage op amp.

In addition to lowering the required capacitor value. Miller compensation entails a very
important property: it moves the outpur pole away from the origin. Illustrated in Fig. 10.26,
this effect is called “pole spliuting.” To understand the underlying principle, we simplify
the output stage of Fig. 10.23 as in Fig. 10.27, where Rg denotes the output resistance of
the first stage and Ry, = rpgl|ro1:. From our analysis in Chapter 6, we note that this circuit
contains two poles:

1
0, == (10.23)
PL™ Rl + EmaRi N Ce + Cgpe) + Cgl + Ri(Ce + Cops + Ct)

0y A Rs[(1 4+ gmoR )XCe + Cgpe) + Ce]l + R{Cc + Cops + Cr)
? RsRi[(Ce +Cgpo)Ce +(Co + Copo)Cr + CeCy)]

(10.24)

These expressions are based on the assumption |wpi| <« |wp2|. Before compensation,
however, w,| and @ ,; are of the same order of magnitude. For C = 0 and relatively large
C¢. we may approximate the magnitude of the output pole as wy, = 1/(R.Cp).

j® jo
Before
Compensation After
Compensation
X% % % > —X—e
0] 0]

Figure 10.26 Pale splitting as a result of Miller compensation,

Figure 10.27 Simplified circuit of a
two-stage op amp.
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To compare the magnitudes of @, before and after compensation, we consider a typicy
case: C¢ + Cgpo > C, reducing (10.24) to wp2 = g,,9/(Ce + C). Noting that ‘YPiCal]y
Ce « €., we conclude that Miller compensation increases the magnitude of the outpy
pole by roughty a factor of g,.0 R, a relatively large value. Intuitively, this is bccauseal
high frequencies, C¢ provides a low impedance between the gate dnd drain of My, redu(;,ng
the resistance seen by €y from R, to roughly R5|lgmg|[RL émg

In summary, Miller compcnsation moves the interstage pole toward the origin gy
the output pole away from the origin. allowing a much greater bandwidth than that g}
tained by merely connecting the compensation capacitor from one node to ground. I
practice, the choice of the compensation capacitor for proper phasc margin requires some
iteration.

Our study of stability and compensation has thus far neglected the effect of zeros of the
transfer function. While in cascode topologies, the zeros are quite far from the origin, iy
two-stage op amps incorporating Miller compensation, a nearby zero appears in the circui,
Recull from Chapter 6 that the circuit of Fig. 10.27 contains a right-half-plane zero g
w- = gmo/(Cc + Cepo). This is because Ce + Cgpg forms a “parasitic” signal path from
the input to the output. What 1s the effect of such a zero? The numerator of the transfer
function reads (1 — s/w.), yielding a phase of —tan™'(w/w.), a negative value because
w- 1s positive. In other words, as with poles in the left half plane, a zero in the right half
plane contributes more phase shift, thus moving the phase crossover toward the origin.
Furthermore, from Bode approximations, the zero slows down the drop of the magnitude,
thereby pushing the gain crossover away from the origin. As a result, the stability degrades
considerably.

To better understand the foregoing discussion, let us construct the Bode plots for a third-
order system containing a dominant pole w,, two nondominant poles wp; and wp;. anda
zero in the right half plane w,. For two-stage op amps, typically |wp1| < lw,| < |wp]. As
shown in Fig. 10.28, the zero introduces swmhcant phase shift while preventing the gain
from falling sufficiently.
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Figure 10.28 Effect of right half plane zero.
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The right half plane zero in two-siage CMOS op amps. given by gm/(Cc + Cgp), is a
scrious issue because g, is relatively small and Ce is chosen large enough to position the
dominant pole properly. Various techniques of eliminating or moving the zero have been
invented. [lustrated in Fig. 10.29, one approach places a resistor in series with the com-

VOI.Il

c
I - Figure 10.29 Addition of R, to move
= the right half plane zero.

pensation capacitor, thereby modifying the zero frequency. The output stage now exhibits
three poles, but for moderate values of R, the third pole is located at high frequencies and
the first two poles are close to the values calculated with R, = 0. Moreover, it can be shown
(Problem 10.8) that the zero frequency is given by

1

W, X ———
© Cogms — Re)

(10.25)

Thus, if R, > g¢, then w, < 0. While R, = g, seems a natural choice, in practice we
may even move the zero well into the left haif plane so as to cancel the first nondominant
pole. This occurs if

1 —&m9

- . (10.26)
Cc (gr;; - Rz) Co+Ce
that is,
C
Ro= St CEtoc (10.27)
ngCC
N Setle (10.28)
ngCC

because Cg is typically much less than C; + Cc.

The possibility of cancelng the nondominant pole makes this technique quite atiractive,
but 1n reality two important drawbacks must be considered. First. it is difficult to guarantee
the relationship given by (10.28), especiaily it C;, is unknown or variable. For example, as
explained in Chapter 12, the load capacitance seen by an op amp may vary from one part of
the period to another in switched-capacitor circuits, necessitating a corresponding change in
R; and complicating the design. The second drawback relates to the actual implementation
of R.. Typically realized by a MOS transistor in the triode region (Fig. 10.30), R. changes
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Ce
Mg
R: y Cc ,\l
-l.l/_ {\] Figure 10.30 Effect of large output
b = swings on R-.

substantially as output voltage excursions are coupled through C¢ to node X, thereby
degrading the large-signal settling response,

Generating V;, in Fig. 10.30 is not straightforward because R must remain equal to (1 +
Co/C C)g;,f despite process and temperature variations. A common approach 1s illustrated

~in Fig. 10.31 {2], where diode-connected devices Afy; and M, arc placed in series. If

I; is chosen with respect to Ipg such that Vg3 = Vgso, then Vgsis = Viggia. Since

8mia = LpCox(W/LYa(Visia — Vraia) and Ronis = [, Cox (W/L)1s(Visis — Vrms)™, -
we have Rons = g;}4(W/L)|4/(W/L)15. For pole-zero cancellation to occur, '

ot WD (1 . &), (1029)

mH(W/L)]S m9 CC
and hence
I C
(W/L)s = \/(W/L)14(W/L)9V" Fﬁﬁé"f?:‘? (10.30)

If C, is constant, (10.30) can be established with reasonable accuracy because it contains
only the ratio of quantities.

Another method of guaranteeing Eq. (10.28) is to use a simple resistor for Rz and de-
fine g, with respect to a resistor that closely matches Rz [3]. Depicted in Fig. 10.32,
this technique incorporates M, -Mps along with Rg 10 generate [, Rs“z. (This circuit
is studicd in detail in Chapter 11.) Thus, g0 Vs &« JIp R;‘. Proper ratic-
ing of Ry and Ry therefore ensures (10.28) i1s valid even with temperature and process
variations.
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e
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Figure 10.31 Generation of Vp for s
proper temperature and process tracking. W
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Figure 10.32 Method of defining g,,9 with respect to
Rs.

The principal drawback of the two methods described above is that they assume square-
law characleristics for all of the transistors. As described in Chapter 16, short-channel
MOSFETs may substaniially deviate from the square-law regime. creating errors in the
foregoing calculations. In particular, transistor M is typically a short-channel device be-
cause it appears in the signal path and its raw speed is critical.

An attribute of two-stage op amps that makes them inferior to “one-stage” op amps is the
susceptibility to the load capacitance. Since Miller compensation establishes the dominant
pole at the output of the first stage, a higher load capacitance presented to the second
stage moves the second pole toward the origin, degrading the phase margin. By contrast,
In one-stage op amps, a higher load capacitance brings the dominant pole closer o the
ongin, improving the phase margin (albeit making the feedback system more overdamped).
Hlustrated in Fig. 10.33 is the step response of a unity-gain feedback amplifier employing
a one-stage or a two-stage op amp, suggesting that the response approaches an oscillatory
behavior if the load capacitance seen by the two-stage op amp increases.

Vino— + vino—_ +
- ° Yout _ " Youi

Larger C ’ Larger C|

t

t

Figure 10.33 Effect of increased load capacilance on step response of one- and
two-stage op amps.
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10.5.1 Slewing in Two-Stage Op Amps

It is instructive to study the slewing characteristics of two-stage op amps. Suppose j,
Fig. 10.34(a) Vi, experiences a large positive step at ¢ = 0, turning off M, M, angd M,

The circuit can then be simplified to that in Fig. 10.34(b), revealing that C¢ is chargeq b\
a constant current [gs if parasitic capacitances at node X are negligible. Recognizing 1y ,

the gain of the output slaoc makes node X a virtual ground, we write: V,,, = Igsr/(jc
Thus, the positive slew rate’ equals 755/ Cc. Note that during slewing, Ms must PTovide
nye currents: Iss and f;. If Ms is not wide enough to sustain Iss + 1) in saturation, thep Vy
drops significantly. possibly driving M| into the triode region.

Cc
—

Vino___. + .
_ —=< ¥out

d}

ISS + f-' X
M M
m°_| -[ Ce ; 3 ! c I 5
1 out : c

Iy f4

(©)

Figure 10.34 1a) Simple two-stage vp amp, (b) simplified cireuit during positive slewing.
(¢c) simplified circult during negative slewing.

*The term positive refers to the slope of the waveturin at the output of the op amp,
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For the negative slew rate, we simplify the circuit as shown in Fig. 10.34{c). Here I,
must support both 755 and Ips. For example, if /i = Igg, then Vy rises so as to turn oft A,
If I, < Igs. then M3 enters the triode region and the slew rate is given by 13/ Cc.

10.6 Other Compensation Techniques

The difficulty in compensating two-stage CMOS op amps arises from the teedforward path
formed by the compensation capacitor [Fig. 10.35(a)]. If C¢ could conduct current from
the output node to node X but not vice versa, then the zero would move to a very high

Voo
fi
Cc 1
VOLll
M
X 1
(a) (b}

Figure 10.35 (1) Two-stage op amp with right half plane zero due to Cc,
(b} addition of a source follower to remove the zero,

frequency. As shown in Fig. 10.35(b), this can be accomplished by inserting a source fol-
lower in senies with the capacitor. Since the gate-source capacitance of M 1s typically much
less than C. we expect the right half plane zero to occur at high frequencies. Assuming
y = X = 0 tor the source follower, neglecting some of the device capacitances. and sim-

plifying the circuit as shown in Fig. 10.36, we can write —g,,| V) = Vo, (R}’ + Cys) and
hence
v.=‘é ‘;"(HRLcLs) (10.31)
ml
a1
Gm2
+1 »

+
1 | Vi
in RS - . . n .
f < Figure 10.36 Simplified equivalent

circuit of Fig. 10.35(b}.
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We also have

vmu - vl Vl 1
T+ Iy = Ry (10.3y
Em2 CCS
Substituting for V) from (10.31) yields:
vrmr —~Rmi RLRS(ng + CCS)

T RLCLCc(h + gma R+ [(1 + 2m18m2rRLR)Ce + gmaRLCL)S + g2
(10.33

Thus, the circuit contains a zero in the left half plane, which can be chosen to cancel ane
of the poles. The zero can also be derived as illustrated in Fig. 6.15.

We can ulso compute the magnitudes of the two poles assuming that they are widely
separated. Since typically 14+ g,0Rs 3> land (14 gn1 82 R R$)Ce 3 gma R Cr, we have

Em2

W, = (10.34)
o gmlgrnZRLRSCC
Nl (1035)
gmi R RsCc
and
Wy gmlgmzRLRSC:{'n (10.36)
R CoCcgmRs
e Eml (1037}
CL

Thus, the new values of w,; and w2 are similar to those obtained by simple Miller approx-
imation. For example, the output pole has moved from (R, C) ™ 10 g1/ C1..

The primary issue in the circuit of Fig. 10.35(b) is that the source follower limits the
lower end of the output voltage to Vgsa + Vg, where Vy is the voltage required across
1. For this reason, it is desirable to wiilize the compensation capacitor to isolate the dc
levels in the active feedback stage from that at the output. Such a topology is depicted in
Fig. 10.37, where C¢ and the common-gate stage M» convert the output voltage swing
to a current, returning the result w the gate of M, {4]. I V) changes by AV and Vou by
A, AV then the current through the capacitor is nearly equal to A, AV Ccs because 1/gn?
can be relatively small. Thus, a change AV at the gate of M, creates a current change of
A.AVCes, providing a capacitor raultiplication factor equal to A, _

Assuming A = y = O for the commeon-gate stage, we redraw the circuit of Fig. 10.3710
Fig. 10.38, where we have:

g:nl}g — _Vl (1038)

fan

vrmr +
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Voo
{ i
ONOR
First Stage y '—lx ” I ° Vout
|2 . b 2
N g
Rs I Vi_
- Figure 10.37 Compensation tech-
< nique using a common-gate stage.
x Cc
- * i} + l ° Vout
v
.||—'*‘2 ImaV2 RL% ICL
— il T =
fin R Vi -
s + Figure 10.38 Simplified equivalent
= = circuit of Fig. 10.37.
and hence
C(;.S‘
Vo =-V,,, ————. 10.39
2 oui Cc.S' +3m2 ( )
Also,
1
Smi Vi + Vour 7?'“' +Crs ] = gm?.v’l (10.40)
L
and [, = V1/Rgs + g2 V>, Solving these equations, we obtain
vnu — 9 R R m2 +C X
' Emliks L{gl.. c¥) (10-4-]]

Iiy - R; Cy CC'SJ + (1 + gmlRS)ng R Ce+Cr+ ngRLCL]-Y + gml‘

As with the circuit of Fig. 10.35(b), this topology contains a zero in the left half plane.
Using similar approximations, we compute the poles as

1
W oy —— (1042)
Eml RL RSCC

— m?2 Rs Eml
Wpy R e

{1043
2 C, )

Interestingly, the second pole has considerably risen in magnitude — by a tactor of g,,2 R
with respect to that of the circuit of Fig. 10.35. This is because at very high frequencies,
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the feedback loop consisting of M- and Rs in Fig. 10.37 lowers the output resistance p,
the same factor. Of course, if the capacitance at the gate of M) is taken into account, pole
splitting is less pronounced. Nevertheless, this technique can potentially provide a high
bandwidtlr in two-stage op amps.

The op amp of Fig. 10.37 entails important slewing issues. For positive slewing ar
output, the simplified circuit of Fig. 10.39(a) suggests that M, and hence 7, must SUppor

Voo
Y
[ Mg Ce 1
X '“_—"'_Ovout
Iss Mz |p ‘
M,
f@
Isg
- !3:’2:! fa:.,z:l‘-l
(a) {b)

Figure 10.39 Circuit of Fig. 10.37 during (1) positive and {b) negative slewing,

sy, requiring that /) > JIss + Ip. If 1, is less, then Vp drops, turning M| off, and if
I} < Iss. Mo and its tail current source must enter the triode region, yielding a slew rate
equalto [, /Cpc.

For negative slewing, /> must support both /55 and /p, (Fig. 10.39(b)]. As Igg flows
into node P, Vp tends to rise, increasing /p;. Thus, M| absorbs the current produced by &
through Cc, turning off M> and opposing the increase in V. We can therefore consider P
a virtual ground node. This means that, for equal positive and negative slew rates, 73 (ad
hence /») must be as large as /g, raising the power dissipation.

Op amps using a cascode topology as their first stuge un incorporate a variant of the
technique illustrated in Fig. 10.37. Shown in Fig. 10.40(x), this approach places the com-
pensation capacitor between the source of the cascode devices and the output nodes. Using
the simplified model of Fig. 10.40(b) and the method of Fig. 6.15, the reader can prove thal
the zero appears at (g4 Req ) gmo/ Cc), a much greater magnitude than g,.q/ Cc. If other
capacitances are neglected, it can also be proved that the ‘ominant pole is located at appros-
imately (R, gy Ry Cco)', as if C were connected to the gate of My rather than the soure
of M,. Also, the first nondominant pole is given by gy Lmy R.y/Cr. anetfect similar to that
described by £q. (10.43). In reality. the capacitance at X may not be negligible because the
resistance seen al this node ix quite large. The analysis of the slew rate is left as an exercis
for the reader.
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Voutz

{a) _ {b)

Figure 10.40 (a) Alternative method of compensating two-stage op amps, {b) simplified equivalent circuit of (a).

Problems

Unless otherwise stated, in the following problems, use the device data shown in Tuble 2.1 and assume
Vbp = 3 V where necessary. Also, assuime all transistors are in saturation.

10.1.

10.2.

10.3,

10.4,

10.5.

An amplifier with a forward gain of Ag and two poles at 10 MHz and 500 MHz is placed in
a unity-gain feedback loop. Calculate Ap for a phase margin of 60°.

An amplifier with a forward gain of Ag has two coincident poles at wp. Calculate the maximum
value of Ag for a 60° phase margin with a closed-loop gain of (a} unity, (b) 4.

An amplifier has a forward gain of Ay = 1000 and two poles ut wp) and w2, For wp) =

! MHz, calculate 1he phase margin of a unity-gain feedback leoop if (a) w,2 = 2wp), (b)
Wpr = depy.

A unity-gain closed-loop amplifier exhibits a frequency peaking of 50% in the vicinity of the
gain crossover. Whal is the phase margin?

Consider the transimpedance amplitier shewn in Fig. 10.41. where Rp = | k2, R =
0 KQ. g1 = g2 = /100 Q). and C4 = Cy = Cy = 100 fF. Neglecting ail other

VDD
IERD
X
!ii'l A 1 -‘EMZ
1I|—@~----—0—i|__j-M1 | c
x 17
Y
Re

| |
9]
>
@
—
[+]
O‘C
=4

- = Figure 10.41
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1ho.
10.7.

10.8.

10.9.

10.16.
10.11.
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capucitances and assuming A = y = 0, compute the phase margin of the cicenit, (Hing breag
the loop al node X))

In Problem [0.3, what is the phase margin if Bp is increased to 2 k27

If the phase margin required of the amplitier of Problem 10.5 is 457, what iy the MaXinyypy,
vialue of (@) Cy. {(b) Ca. {¢) Cy while the other two capacitances remain constant?

Prove that the zero ef the circuit shown in Fig. 10.29 is given by Eq. (10.25). Apply ¢,
technmique illustrated in Fig, 6015,

Consider the wmplifier of Fig. 10.42, where (W/L)_y = 30 0.5 and fsg = 1) = 0.5 mA,

Figure 10.42

{a) Estimate the poles at nodes X and ¥ by multiplying the small-- -mnal resistance and
capacitance to ground, Assume Cx = Cy = (0.5 pF. What is 1+ phase margin for
unity-gain feadback?

(b} I Cx = 0.5 pF. what is the maximum tolerable vatue of Cy that yields a phase margin
of 607 for unnty-gain feedback?

Estimate the slew rate of the op amp of Problem 10.9(b) for baoth parts (a) and (»).

In the two-stage op amp of Fig. 1043, W/L = 50/0.5 for all wransistors except for Ms g, for
which W/L = 6070.5. Also, f55 = .25 mA and each output branch is biased at I mA.

out2

MY_‘:—‘IP Vb1 %)fss Vb1’““l%ﬂla

Figure 10.43

{a) Determiie the CM level at nodes X und Y.

thy Caleulate the maximum output voltage swing, .

{e) IF euch output s loaded by a 1-pF capacitor, compensate ~he op amp by Miller mulu-
plication for a phase margin of 60 in unity-guin feedback. Caleulaie the pole and 2¢®
positions after compensation.

|
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10.12.

10.13.
10.14.

10.15.
10.16.

10.17.

10.18.

10.19.
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(d) Calculate the resistance that must be ptaced in series with the compensation capacitors to
position the zero atop the nondominant pale.
(e} Determine the slew rate.

In Problern 10.11(e), the pole-zero cancelation resistor is implemented with a PMOS device
as in Fig. 10.31. Calculate the dimensions of M 3-Af 5 if /| = 100 pA.

Calcutate the input-referred thermal noise voltage of the op amp shown in Fig. 10.43.

Figure 10.44 depicts a transimpedance amplifier employing voltage-current feedback. Note
that the feedback factor may exceed unity because of M. Assume /-f3 areideal, /y = /7 =
L mA, I3y = 10 uA, (W/L)1 2 = 50/0.5, and (W/L); = 5/0.5.

, Figure 10.44

(a) Breaking the loop at the gate of M3, estimate the poles of the open-loop transfer function.

(b) If the circuit is compensated by adding a capacitor C¢ between the gate and the drain
of M. what value of C¢ achieves a phase margin of 60°7 Determine the poles after
compensation.

(¢) What resistance must be placed in series with C¢ to position the zero of the output stage
atop the first nondominant pole?

Repeat Problem 10.14{c) if the output node is loaded by a 0.3-pF capaciior.

Suppose in the circuit of Fig. 10.44 a large negative input current is applied such that M,
turns off momentarily. What is the slew rate at the output?

Explain why in the circuit of Fig. 10.44, the compensation capacitor should not be placed
between the gate and the drain of M5 or M.

Determine the input-referred noise current of the circuit shown in Fig. 10.44 and described
in Problem 10.14{c).

The cancellatior of a pole by a zero, e.g., in a two-siage op amp, entails an issue called
the “doublet” problem [3, 6]. If the pole and the zero do not exactly coincide, we say they
constitute a doublet. The step response of feedback circuits in the presence of doublets is of
great interest. Suppose the open-loop transfer function of a two-stage op amp is cxpressed as

(1)

Hopen(s) = - — (10.44)
() (o)

wpl wp?

Ideally, w- = w2 and the feedback circuit exhibits a first-order behavior, i.e., its step response
contains a single time constant and no overshoot.
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(a) Prove that the transfer function of the amplifier in a unity-gain feedback loop is given

5
Ap (l + —)
o

1 ] An
+§F— + + — s+ A4p+ |

Wp| Wp2 €=

Helosed (5) = 2 (10.15,

U)p] ﬂ)pz

{b) Determine the two poles of Hygeeq(s), assuming they are widely spaced.
(€) Assuming w; = wy2 and wpz K {1 + Agdwpy, write Heyoseq(5) in the form

Hdosed(s) = s S P ) { lG.%]
(8
WopA Wpp

and determine the small-signal step response of the closed-loop amplifier.

(d) Prove that the step response contains an exponential term of the form (1 — w;/w,1)
exp(—wpat). This is an important result, indicating that if the zero does not exactly cance]
the pole, the step response exhibits an exponential with an amplitude proportional w
1 — w:/wp2 (which depends on the mismatch between w; and wp2) and a time constant
of 1 /w-.

Using the results of Problem 10.19{(d), determine the step response of the amplifier described
in Problem 10.11(e) with (a} perfect pole-zero cancellation, (b} 10% mismatch between the *
pole and the zero magnitudes,
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Chapter 11

p——

Bandgap References

Analog circuits incorporate voltage and current references extensively. Such references are

dc quantities that exhibit little dependence on supply and process parameters and a weli-

defined dependence on the temperature. For example, the bias current of a differential pair

must be generated according to a reference, for it affects the voltage gain and noise of the

circuit. Also, in systems such as A/D and D/A converters, a reference is required to define
\ the input or output full-scale range.

In this chapter, we deal with the design of reference generators in CMOS technology,
focusing on well-established “bandgap” techniques. First, we study supply-independent
biasing and the problem of start-up. Next, we describe temperature-independent references
and examine issues such as the effect of offset voltages. Finally, we present constant-G,,
biasing and study an example of state-of-the-art bandgap references.

'11.1 General Considerations

As mentioned above, the objective of reference generation is to establish a dc voltage or
current that is independent of the supply and process and has a well-defined behavior with
temperature. In most applications, the required temperature dependence assumes one of
three forms: (a) proportional to absolute temperature (PTAT); (2) constant-G,, behavior,
i.e., such that the transconductance of certain transistors remains constant; (3) temperature
independent. We can therefore divide the task into two design probtems: supply-independent
biasing and definition of the temperature variation.

In addition to supply, process, and temperature variability, several other parameters of
reference generators may be critical as well. These include output impedance, output noise,
and power dissipation. We return to these issues later in this chapter.

11.2 Supply-Independent Biasing

Our use of bias currents and current mirrors in previous chapters has implicitly assumed
that a “golden” reference current is available. As shown in Fig. [ t.1{a). if TxpF does not

377
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e

BT L

Voo Voo
Irer ’REF‘, R, P
102 fna "out ;
M1 i_‘ M1 |_"_| M2
= My L My L = =
(2) (b)

Figure 11.1 Current-mirror biasing using (a) an ideal current source,
{(b) a resistor.

vary with Vpp and channel-length modulation of M; and M5 is neglected, then /p; and 7,

remain independent of the supply voltage. The question then is: how do we generate Jpgp?
As an approximation of a current source, we tie a resistor from Vpp to the gate of M,

[Fig. 11.1(b)]. However, the output current of this circuit is quite sensitive to Vpp: %

AVpp  (W/L)

A]om = .
R+ 1/gm (W/L)

(1L1)

P

In order to arrive at a less sensitive solution, we postulate that the circuit must bias irself, -

i.e., Irpr must be somehow derived from I,,,. The idea is that if [,,, is to be ultimately -
independent of Vpp, then [zg ¢ can be areplica of /,,,. Fig. 11.2 illustrates an implemenla-:
tion where M and My copy I, . thereby defining /ger. Inessence, Iz is “bootstrapped” _'
t0 I,,,. With the sizes chosen here. we have I,,; = K /rgr if channel-length modulation is

neglected. Note that, since each diode-connected device feeds from a cumrent source, b

£

and Igg ¢ are relatively independent of Vpp.

M, M o0
w 4 3 w 4
(D AR <L, $
I'rer out
w w
= —[ k(T)
( L )N :1 M, L 'N  Figure 11.2 Simple circuit to estab-

= = lish supply-independent currems.

bk

Since /,,; and Izgr in Fig. 11.2 display little dependence on V. their magnitude is sebs
by other parameters. How do we calculate these currents? Interestingly, it M- M operate
in saturation and A = 0, then the circuit is governed by only one equation, [, = KlreFgy
and hence can support anv curreat level! For example, if we initially force fpgp to be 103__
1A, the resuiting /,,; of K x 10 uA “circulates” around the loop, sustaining these curﬂ'fﬁ
levels in the left and right branches indefinitely. 7

To uniquely define the currents, we add another constraint to the circuit, e.g.. as Shoj.i

in Fig. 11.3(a). Here, resistor Rs decreases the current of M2 while the PMOS devi &
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Voo
M M
w 4 3 w
W), e (), .
w H W
! —_ I w
REF fout (L P K(L P
w S w I ner
(L N H K(L)N out
- M, M,
)} A (W il
3 LN L 'N
fa) (b}

Figure 11.3 (a) Addition of Ry to define the currents, (b) alternative implementation
eliminating body effect. '

require that I,,, = [ggr because they have identical dimensions. We can write Vg5 =
Vis2 + IpaRs, or

zfour =i out '
T T YT = Venz + louRs. 2
\/u,,cm(W/L)N ™ \/HHCOIK(W/L)N Vet luRs. (112)

Neglecting body effect, we have

254 i
1- = [, Rs, 11.3
\/.Iu'n Cax(W/L).\' ( -\/E) S ( )

and hence

. 2 ] ( 1 )2
o = —=ll-—=] . 11.4) .
"7 aCox(W/L)y  RE JK (

As expected, the current is independent of the supply voltage (but still a function of process
and temperature).

The assumption Vyy) = Vry2 introduces some error in the foregoing calculations be--
cause the sources of M, and M, are at different voltages. Shown in Fig. 11.3(b), a simple
remedy is to place the resistor in the source of M3 while eliminating body effect by tying the
source and bulk of each PMOS transistor. Another solution is described in Problem 11.1.

The circuits of Figs. 11.3(a) and (b) exhibit little supply dependence if channel-leagth
modulation is negligible. For this reason. relatively long channels are used for all of the
transistors in the circuit.

Example 11.1

Assuming A s 0 in Fig. 11.3(a), estimate the change in /,,, for a small change AVpp in the supply
voliage.
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Figure1t.4

Solution

Simplitying the circuit as depicted in Fig. 11.4, where Ry = ro1[|(1/gm1) and R3 = ro3/I(1/gm3), we

calculate the “gain™ from Vpp to Iour. The small-signal gate-source voltage of My equals — 1, R;

and the current through rp4 is (Vpp — Vx)/roa. Thus,

Vpp — Vx Vx
— + L R3gms = —. (11.5)
ro4 R

If we denote the equivalent transconductance of M> and Rs by G.n2 = lour/ Vx. then

four _ 1 [ L R]dl (11.6)
Vop 704 LGmatrosliRy) ™3] '

Note from Chapter 3 that

Em2r 02
Gy = . (aLn
" Rs 4+ rg2 +{gm2 + 8ms2}Rsroz

Interestingly, the sensitivity vanishes if rpg = 0.

In some applications, the sensitivity given by (11.6) is prohibitively large. Also, ow- |

ing to various capacitive paths, the supply sensitivity of the circuit typically rises at high
frequencies. For these reasons, the supply voltage of the core is often derived from a locally-
generated, less sensitive voltage. We return to this point in Section 11.7.

An important issue in supply-independent biasing is the existence of “degenerate” bias

points. In the circuit of Fig: 11.3(a), for example, if all of the transistors carry zero c:urreﬂl .

when the supply is turned on, they may remain off indefinitely because the loop can sup-
port a zero current in both branches. This condition 1s not predicted by (11.4) because it _
manipulating (11.3)} we divided both sides by NI tacitly assuming 7,,, # 0. In other *
words, the circuit can settle in one of nvo different operating conditions.

Called the “start-up” problem, the above issue is resolved by adding a mechanism ih‘“

drives the circuit out of the degenerate bias point when the supply is turned on. Shown in

Fig. 1 1.5 is a simple example, where the diode-connected device M provides a current pa
from Vpp through M; and M, to ground upon start-up. Thus, My and M\, and hence

th
M 3
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Voo
My M,
H—
1 )
1 } |
= M, M,
= R .
s Figure 11.5 Addition of start-up
T device to the circuit of Fig. 11.3¢a).

and My, cannot remain off. Of course, this technique is practical only if Vry + Vrys +
|Vrual < Vpp and Vg, + Vrus + | Vgss| > Vop, the latter to ensure M remains off after
start-up. Another start-up circuit is analyzed in Problem 11.2,

The problem of start-up generally requires careful analysis and simulation. The supply
voitage must be ramped from zero in a dc sweep simulation (such that parasitic capacitances
do not cause false start-up) as well as in a transient simulation and the behavior of the circuit
examined for each supply voltage. In complex implementations, more than one degenerate
point may exist.

11.3 Temperature-Independent References

Reference voltages or currents that exhibit little dependence on temperature prove essential
in many analog circuits. It is interesting to note that. since most process parameters vary
with temperature, if a reference is temperature-independent. then it is usually process-
independent as well.

How do we generate a quantity that remains constant with temperature? We postulate
that if two quantities having opposite temperature coefficients (TCs) are added with proper
weighting, the result displays a zero TC. For example. for two voltages V, and V- that
vary in opposite directions with temperature, we choose a1 and @ such that ¢, Vi/oT +
«@,9V2/0T = O, obtaining a reference voltage, Vger = oy V) + o2 Vs, with zero TC.

We must now identify two voltages that have positive and negative TCs. Among various
device parameters in semiconductor technologies, the characteristics of bipolar transistors
have proven the most reproducible and well-defined quantities that can provide positive and
negative TCs. Even though many parameters of MOS devices have been considered for the
task of reference generation [1, 2], bipolar operation still forms the core of such circuits.

11.3.1 Negative-TC Voitage

The base-emitter voltage of bipolar transistors or. more generally, the forward voltage of a
pn-junction diode exhibits a negative TC. We first obtain the expression for the TC in terms
of readily-available quantities.

For a bipolar device we can write fr = [sexptVge/Vr). where Vr = kT/q. The
saturation current s is proportional to 4k Tn?, where 1 denotes the mobility of minority
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11.3.2 Positive-TC Voltage
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carriers and »; is the intrinsic minerity carrier concentration of silicon. The temperapypy
dependence of these quantities is represented as u & wo?™, where m =~ —3/2,
nf o T*exp[—E,/(kT)], where E, & ].12 eV is the bandgap energy of silicon. Thus,

~ E
dofernt £
fs = bT exp T (113

where b is a proporttonality factor. Writing Vgg = V7 In(/c/I5), we can now COmpute
the TC of the base-emitter voltage. In taking the derivative of Vgg with respect to T, w,
must know the behavior of f¢ as a function of the temperature. To simplify the analysis, we
assume for now that J is held constant. Thus. '

0Vge _ dVr, Ic  Vrdls

Ty e oS
3T — T "1 Is T’ (119)

From (11.8), we have

als ; ~E —E,\ [ E
— =b@ +m T exp —£ + bTH™ [ ex BV =), 11.
ar — et Por T T ANTE (1110
Therefore,
Vr als Vi E,
LES @ m)L Vr. 1L
fsar ~ Gt gt (LIh

Vs Vr, e Vi E,
= LinE @ my — Ly 11.12)
T S M T (

_ Ve —(d+m)Vr — E,/q (11.13)
T ' '

Equation (11.13) gives the temperature coefficient of the base-emitter voltage at a gives
temperature T, revealing dependence on the magnitude of Vg itself. With Vg = 750 mVY
and T = 300°K, 9Vpg/0T = —1.5mV/°K.

From (11.13), we note that the temperature coefficient of Vg itself depends on the
temperature, creating error in constant reference generation if the positive-TC quantll!

exhibits a conszan: temperature coefficient.
g
¥

It was recognized in 1964 [3] that if two bipolar transistors operate at unequal cuﬂ@_
densities, then the difference between their base-emitter voltages is directly proportional ®

the absolute temperature. For example, as shown in Fig. 11.6, if two identical transislﬂ.?..; ;
{Is) = I¢) are biased at collector currents of nfp and /y and their base currents are ﬂ“'

ot
.
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Voo
ni, Iy
Yo AVge
Q, Q,
Figure 11.6 Generation of PTAT
= = voitage,
ligible, then
AVBE=VBEI_VBEE (1114)
nl i
= Vrlno= — Vrln = (11.15)
I Is
= Vrinn. (11.16)

Thus, the Vpg difference exhibits a positive temperature coefficient:

dAVgr &k
= —Inn. 11.17
3T p nn { )

Interestingly, this TC is independent of the temperature or behavior of the collector currents. !

Example 11.2

Calculate AVge in the circuit of Fig. 11.7.

Figure 11,7

'Nonidealities in the characteristics of bipolar transistors introduce a small temperature dependence in
this TC.
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Solution
Neglecting base currents, we can write &
nly Io :
=Vrln— —-Vrln —
T /s Tin mis {11.13]
= VT In(nm). (1[_19’

The temperature coefficient is therefore equal to {k/q) In(nm).

11.3.3 Bandgap Reference

With the negative- and positive-TC voltages obtained above, we can now develop a reference
having a nominally zero temperature coefficient. We write Veer = o) Vge + @2(Vr lnn),
where V7 Inn is the difference between the base-emitter voltages of the two bipolar trap-
sistors operating at different current densities. How do we choose o and «3? Since at
room temperature 8 Vag /87T =~ —1.5 mV/°K whereas 8 Vr /0T ~ +0.087 mV/°K, we may -
set ¢, = 1 and choose @z Ina such that {&; Inn)(0.087 mV/°K) = 1.5 mV/°K. That i,
o lnn & 17.2, indicating that for zero TC:

Vegr & Vge + 17.2V7 (11.20) _
2 125 V. (1L.21)

Let us now devise a circuit that adds Vgg to 17.2V7. First, consider the circuit shown
in Fig. 11.8, where base currents are assumed negligible, transistor Q> consists of n unit
transistors in parallel, and @, is a unit transistor. Suppose we somehow force Vp| and Vpz
to be equal. Then, Vpgy = RI + Vggs and RI = Vg — Vggo = V7 Inn. Thus, Vo1 =
Vger + VrInn, suggesting that Vi, can serve as a temperature-independent reference if
Inn == 17.2 (while Vo, and Vo2 remain equal).

Voo .
! !
Vo1 Vo2 o
R -

i

A nA

Q4 Q, Figure 11.8 Conceptual generation of
5 B temperature-independent voltage.

g
The circuit of Fig. [ 1.8 requires two modifications to become practical. First, a mectr

anism must be added to guarantee V| = Vpa. Second, since Inn = 17.2 translates tod

prohibitively large #, the term R/ = VrInn must be scaled up by a reasonable faC[“

Shown in Fig. 11.9 is an implementation accomplishing both tasks [4]. Here, amf—‘Il ﬁ

‘|



3eC. 11.3

Temperature-Independent H_eferences 385

R= R, =
1A
X I R
A, E Vout
[ 1
A nA
Q4 Qs Figure 11.9 Actual implementation

of the concept shown in Fig. [ 1.8.

A\ senses Vy and Vy, driving the top terminals of R; and R> (Ry = Rz) such that X and
Y settle to approximately equal voltages. The reference voltage is obtained at the out-
put of the amplifier (rather than at node Y). Following the analysis of Fig. 11.8. we have
Vggl — Veea» = V7 Inn, arriving at a current equal to Vy Inn/ Rz through the right branch
and hence an output voltage of

Vylnn
Vour = Viga + — ’ (Rs + Ra1) (11.22)
3
R»
= Vggz + (Vrlnn) (1 + E'_-) . (11.23)

For a zero TC. we must have (1 + R3/R3)Inn & 17.2. For example, we may choose n = 31
and Ra/ Ry = 4. Note these results do not depend on the TC of the resistors.
The circuit of Fig. 11.9 entails a number of design issues. We consider each one below.

Collector Current Variation The circuit of Fig. [1.9 violates one of our earlier as-

-sumptions: the collector currents of O and @», given by (V7 lnn)/ R, are proportional to

T, whereas 3 Vzg/3T = —1.5 mV/°K was derived for a constant current. What happens
to the temperature coefficient of Vgg if the collector currents are PTAT? As a first-order
iterative solution. let us assume fc; = fea & (Vr Inn)/ Ra. Returning to Eq. 111.9) and
including 8/+/57. we have

6V oV Ie 1 a! 1 o/
[_“=_Tln_c+vr(__f_."_s . 1.24)
aT 8T Is fc 8T I5 8T
Since 3/c/8T = (VrInn)/(R3T) = I/ T, we can write
av, vV I V Vo ol
L 11.25)
3T 3T I T I aT
Equation (11.13) is therefore modified as
dVpe VHE-(3+m)VT—E£/q. (11.26)

arT T



386 Chap. 11 Bandgap References'

indicating that the TC is slightly less negative than —1.5 mV/°K. In practice, acCuryy,
simulations are necessary to predict the temperature coefficient.

Compatibility with CMOS Technology Ourderivationofa lemperature-independem'
voltage relies on the exponential characteristics of bipolar devices for both negative. gpq
positive-TC quantities. We must therefore seek structures in a standard CMOS techno[(,g)r
that exhibit such characteristics.

p-substrate

Figure 11,10 Realization of a pnp bipolar transistor in
CMOS technology.

In n1-well processes, a pap transistor can be formed as depicted in Fig. 11.10. A p? region
(the same as the S/D region of PFETs) inside an n-well serves as the emitter and the n-well
itself as the base. The p-type substrate acts as the collector and it is inevitably connected to
the most negative supply (usually ground). The circuit of Fig. 11.9 can therefore be redrawa
as shown in Fig. 11.11. "’

AE R=
"1
—o
X i +
R.= Vout
3= :i
Qy Q 5
. A nA
_ Figure 11.11 Circuit of Fig. 119
s - - implemented with pnp transisiors.

Op Amp Offset and Output Impedance Asexplained in Chapter 13. owing to asy®,
metries. op amps suffer from input “offsets.” i.e.. the output voltage of the op amp is nol .
zero if the input is set to zero. The input offset voltage of the op amp in Fig. 11.9 i
troduces error int the output voltage. Included in Fig. [1.12, the effect is quantiﬁedg
Ve — Vos = Vgea + Ralea (if A is large) and V.., = Vpga 4 (Ry + Ra)lc2. Thus.

Vger — Vggs — V.
Vuur = VH.E: =+ {R1 + R]J L3 ;E- s ' (“2
3

R, _
= Vg,c;:*i‘(] +R—)(VT lnH*-Vo_g), (l

3
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ME ARE
Y
- p—0
X X +
Ra .‘:.h VOS vliul
A nA '
a4 Q2 Figure 11.12 Effect of op amp offset

on the reference voltage.

where we have assumed [, & I¢| despite the offset voltage. The key point here is that
Vos is amplified by | + R,/ Rs, introducing error in V,,,. More importantly, as explained
in Chapter 13, Vo itself varies with temperature, raising the temperature coefficient of the
output voltage.

Several methods are employed to lower the effect of V. First, the op amp incorporates
large devices in a carefully chosen topology so as to minimize the offset {Chapter 18+
Second, as illustrated in Fig. 11.7, the collector currents of @ and Q5 can be ratioed by a
factor of m such that AVgzg = V7 In(mn). Third, each branch may use two pr junctions in
series to double AVgg. Fig. 11.13 depicts a realization using the last two techniques. Here.

Ri=R = 5592=mﬁ
Y b
X CF p
4 Vos Vout
Ry = —
1y v/2 ;

Figure 11.13 Reduction of the effect
- = - = of op amp offset.

Ry and R, are ratioed by a factor of m, producing I, = m/>. Neglecting base currents and
assuming A, is large, we can now write Vg, + Vgzr — Vos = Vgrs + Vges + Ry /> and
an‘ = VBES + VBE.I - [R‘l + R:)I}. Tt follows that

2Vr Intmn) — Vs

Ve = Vggs + Ves +(Ry + Ry) 2 (11.29)
3

R>
=2Vgr + (l + ?) [2V7 In(mn) — Vas). {11.30)
3
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Thus, the effect of the offset voltage is reduced by increasing the first term in the squ&"f
brackets. The issue. however, is that V,,, = 2 x 1.25 V = 2.5V, a value difficult to generay
by the op amp at low supply voitages. -

The implementation of Fig. 11.13 is not feasible in a standard CMOS technology becauge
the collectors of @ and @, are not grounded. In order to utilize the bipolar structure showy
in Fig. 11.10, we modify the series combination of the diodes as illustrated in Fig. 1 1.14(a),
converting one of the diodes to an emitter follower. However, we must ensure that the big
currents of both transistors have the same behavior with temperature. Thus, we bias eacy
transistor by a PMOS current source rather than a resistor {Fig. 11.14(b)]. The overall circuy
then assumes the topology shown in Fig. 11.15, where the op amp adjusts the gate voltage
of the PMOS devices so as to equalize Vx and Vy. Interestingly, in this circuit the op ar;rp
experiences no resistive loading, but the mismatch and channel-length modulation of the
PMOS devices introduce error at the output {Problem 11.3(d}].

An important concern in the circuit of Fig. 11.15 is the relatively low current gain of
the “native” pnp transistors. Since the base currents of (> and (5 generate an error in

-

Voo
Vb

Q; 2Vae 2Vge
> @2 Q@
01 O'I 01

{a) (bt

Figure 11.14 (a) Conversion of series diodes to a topology with grounded coliec-
tors, {b) circuit of part (a) biased by PMOS current sources. -

o %

I.J VDD
+—1 —IH M,
M,

1 out

04 nA . . N
Figure 11,15 Reference generator .
: . . . "R
Qa incorporating two series base-emutiel &
i

= voltages. *5
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the emitter currents of @; and Q3, a means of buse current cancellation may be necessary
(Problem 11.5).

Feedback Polarity In the circuit of Fig. 11.9, the feedback signal produced by the op
amp returns to both of its inputs. The negative feedback factor is given by

lfgml + R3

By = .
l/ng + R3 -+ R3

(11.31)

and the positive feedback factor by

l/gml

Bp = —Em
1/8!!!1 +RI

(11.32)

To ensure an overall negative feedback, Sp must be less than Sy, preferably by roughly
a factor of two so that the circuit’s transient response remains well-behaved with large
capacitive loads.

Bandgap Reference The voltage generated according to (11.20) is called a “bandgap
reference.” To understand the origin of this terminology, let us write the output voltage as

VREF = VBE + VT Inn (1133)

and hence:

Vv 19 v
OVrer = Ve +-£lnn. (11.34)
aT aT T

Setting this to zero and substituting for 8 Vgg /3T from (11.13), we have

Vge —@+mVr —E/qg _ Vr
T T

inn. (11.33)

If V7 Ina is found from this equation and inserted in (11.33), we obtain:
E,
Veer = — + (4 +m)Vr. (11.36)
q

Thus. the reference voltage exhibiting a nominally-zero TC is given by a few fundamental
numbers: the bandgap voltage of silicon, £,/g, the temperature exponent of mobility, m, and
the thermal voltage, Vr. The term “bandgap” is used here becauseas T — O, Veer — E./g.

Supply Dependence and Start-Up In the circuit of Fig. [1.9. the output voltage is
relatively independent of the supply voltage so long as the open-loop gain of the op amp is
sufficiently high. The circuit may require a start-up mechanism because it Vy and Vy are
equal to zero, the input differential pair of the op amp may turn off. Start-up techniques
similar to those of Fig. 11.5 can be added to ensure the op amp turns on when the supply is
applied.
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The supply rejection of the circuit typically degrades at high frequencies OWINg 10 the g
amp’s rejection properties. often mandating “supply regulation.” An example is desc,-ibed'-"
in Section 11.7. e

Curvature Correction  If plotted as a function of temperature, bandgap voltages exhiby
a finite “curvature,” i.e., their TC ts typically zero at one temperature and positive or Negative
at other temperatures (Fig. 11.16). The curvature arises from temperature variation of base.

emitter voltages, collector currents, and offset voltages.

VREF

I T :-f Figure 11.16 Curvature in tempera-
e ture dependence of a bandgap voltage.

Many curvature correction techniques have been devised to suppress the variation of
Vzer [5, 6] in bipolar bandgap circuits but they are seldom used in CMOS counterparts,
This is because, due to large offsets and process variations, samples of a bandgap reference
display substantially different zero-TC temperatures (Fig. 11.17), making it difficult 1o
correct the curvature reliably.

Vrer

i : -»  Figure 11.17 Variation of the zero-
TC temperature for difference samples.

11.4 PTAT Current Generation

[n the analysis of bandgap circuits, we noted that the bias currents of the bipolar transistors
are in fact proportional to absolute temperature. Useful in many applications, PTAT cur-
rents ¢an be generated by a topoiogy such as that shown in Fig. 1[.18. Alternatively, weca
combine the supply-independent biasing scheme of Fig. 11.2 with a bipolar core, arriving
at Fig. 11.19.2 Assuming for simplicity that 3/,-M; and M3-M, are identical pairs, we o€
that for Iy, = fp;, the circuit must ensure that Vy = Vy. Thus, I, = Ip> = (Vr lnn)/&-;:
yielding the same behavior for /ps. In practice, due to mismatches between the transistﬂf,r' |
and, more importantly. the temperature coefficient of R| the variation of {ps deviates flﬂ"‘ |
the ideal equation. S
The circuit of Fig. 11.19 can be readily maodified to provide a bandgap reference vollage
as well, Illustrated in Fig. 11.20. the idea is to add a PTAT voliage /psRatoa base-eﬂﬁ“‘f :

“The the 1wo circuils in Figs, 11.18 and 11.19 exhibit ditference supply rejections. With a carefully dest
op amp, the former achieves o higher rejection.
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Voo

PTAT
Current

Figure 11.18 -Generation of a PTAT
= current.

Ms

PTAT
Current

Figure 11.19 Generation of a PTAT
current using a simple amplifier.

ut

Figure 11.20 Generation of a temp-
erature-independent voltage.
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voltage. The output therefore equals

R
Veer = Vgs + —=Vrlnn, l
R, (1L3y
where al) PMOS transistors are assumed identical. Note that the value of Vags and hence
the size of Q3 are somewhat arbitrary so long as the sum of the two terms in (11.37) giyg,
a zero TC. In reality. mismatches of the PMOS devices introduce error in V,,,,;. :

11.5 Constant-G,, Biasing

The transconductance of MOSFETs playvs a critical role in analog circuits, determining
such performance parameters as noise, small-signal gain, and speed. For this reason, itjg
often desirabie to bias the transistors such that their transconductance does not depend on
the temperature, process, or supply voltage.

A simple circuit used to define the transconductance is the supply-independent bias
topology of Fig. 11.3. Recall that the bias current is given by

; 2 1 (1 1 )’-
ol = N — —_ . 1138
‘T Co WDy RN T UK (113

Thus, the transconductance of M, equals

f

)
Em1 \ 2412, Cox I3 y Ip (11.39)
= : 1.40)
- —(1-—=). H:
Rs ( \/f) (

a value independent of the supply voltage and MOS device parameters.

In reality, the value of Rg in (11.40) does vary with temperature and process. If e
temperature coefficient of the resistor is known, bandgap and PTAT reference generatiod
techniques can be utilized to cancel the temperature dependence. Process variations, how:
ever, limit the accuracy with which g, 15 defined.

In systems where a precise clock frequency is available. the resistor R in Fig. 11.3¢a8
be replaced by a switched-capacitor equivalent (Chapter 12) to achieve a somewhat highef
accuracy. Depicted in Fig. 11.21, the idea is to establish an average resistance equal 8
(Cs fex )" between the source of M~ and ground, where f4 denotes the ciock frequfffq'
Capacitor Cg is added to shunt the high-frequency components resulting from switchi%
to ground. Since the absolute value of capacitors is typically more tightly controlled
since the TC of capacitors is much smaller than that of resistors, this technique prO\’id":
higher reproducibilitv in the bias current and transconductance. '

The switched-capacitor approach of Fig. 11.21 can be applied to other circuits as “'fl'
For example. as shown in Fig. 11.22, a voltage-to-current converter with a relatively -
accuracy can be constructed. ‘“
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Figure 11.21 Constant-G,, biasing
by means of a switched-capacitor “resis-
tor.”

Figure 11,22 Voltuge-to-current con-
version by means of & switched-
- capacitor resistor,

11.6 Speed and Noise Issues

Even though reference generators are low-frequency circuits, they may impact the speed of
the circuits that they feed. Furthermore, various building blocks may experience “crosstalk™
through reference lines. These difficulties arise because of the finite output impedance of
reference voltage generators, especially if they incorporate op amps. As an example, let us
consider the configuration shown in Fig. 11.23, assuming the voltage at node ¥ is heavily
disturbed by the circuit fed by Ms. For fast changes in Vy. the op amp cannot maintain
Vp constant and the bias currents of Ms and Mg experience large transient changes. Also,
the duration of the transient at node P may be quite long if the op amp suffers from a
slow response. For this reason. many applications may require a high-speed op amp in the
reference generator.

In systems where the power consumed by the reference circuit must be small, the use
of a high-speed op amp may not be feasible. Alternatively. the critical node, e.g., node
P in Fig. 11.23, can be bypassed to ground by means of a large capacitor (Cy) 50 asto
suppress the eftect of external disturbances. This approach involves two issues. First, the
stability of the op amp must not degrade with the addition of the capacitor, requiring the
op amp to be of one-stage nature (Chapter 10). Second, since Cy generally slows down
the transient response of the op amp, its value must be much greater than the capacitance
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Figure 11.23 Effect of circuit tran-
sients on reference voltages and currents.

that couples the disturbance to node P. As illustrated in Fig. 11.24, if Cp is not sufficienty
large, then Vp experiences a change and takes a long time to return to its original valué,
possibly degrading the settling speed of the circuits biased by the reference generator. In
other words, depending on the environment, it may be preferable to leave node P agile so
that it can quickly recover from transients. In general, as depicted in Fig. 11.25, the response

of the circuit must be analyzed by applying a disturbance at the output and observing the
settling behavior.

Very Large Cp

Figure 11.24 Effect of increasing by
pass capacitor on the response of refer
ence generator.

Reference /\/_
Generator 1 +
v,
| | §+ -1- Figure 11.25 Setwp for testing the

transient response of a reference gene-
rator.

Example 11.3 e anl

Determine the smail-signal output impedance of the bandgap reference shown in Fig. 11.23 and
examine its behavior with frequency.

Solution

Fig. 11.26 depicts the equivalent circuit, modeling the open-loop op amp by a one-pole U’ﬂ"d‘
function A(s) = Ag/tl + s/wp} and an output resistance R,,, and each bipolar transisior by?

'
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Iy

out A VX
Ime Vy Imp Vx =
Als)

L _1_- Figure 11.26 Circuit for calculation
I Im of the output impedance of a reference
B generator.

resistance 1/gmy. If M| and M, are identical, each having a transconductance of g, p, then their
drain currents are equal to g p Vx, producing a differential voltage at the input of the op amp equal to

1 i
Vag = _ngVX_+8mPVX( +R1) (11.41}
EmnN EmN
= gmpVxRi. (11.42)
The current flowing through R, is therefore given by

Vx -f-gmpVleA(s}

Iy = (11.43)
Rour
yielding
Vx _ Rout (11.44)
Ix 1+ gnpRIA(s)
ROHf
= (11.45)
Emp ] 1+S/(1)0
1+ a
— R “ (11.46)

I+gmpRIA0 | &+
1L+ gmp Ry Ag)e

Thus. the output impedance exhibits a zero at wg and a pole at (1 + g p B Ao rwg, with the magni-
tude behavior plotted in Fig. 11.27. Note that | Z,.. | is quite low for @ < wg. but it rises to a high
value as the frequency approaches the pole. In fact, setting w = (] + gmp R Ap)wg and assuming
gmp R A0 3 1, we have

R I = i(1 4 gup Ry A0
| Zowi| = ou__ 12U+ gme RiAg (11.47)
L+ gmp R Ag 1+
R()“f
_ Sou (11.48)
V2

which is only 30% lower than the open-loop value.
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out

Rout
1+ gmp H-‘ AO

Wo (1+ngH1Ao)mg ;

Figure 11.27 Varjation of the reference generator output impedance
with frequency.

The output noise of reference generators may impact the performance of low-noise
circuits considerably. For example, if a high-precision A/D converter employs a bandgap
voltage as the reference with which the analog input signal is compared (Fig. 11.28), thep
the notse in the reference is directly added to the input.

Converter :> Cutput

Reference

Generator Figure 11.28 A/D converter using a
reference generator.

As a simple example. let us calculate the output noise voltage of the circuit shown in
Fig. 11.29, taking into account only the input-referred noise voltage of the op amp, Voo
Since the small-signal drain currents of M and M, are equal to V, .. /IR + g;:\,), we have
Ve = ~—;;;'P Ve ou[(By — 82 '\-). obtaining the differential voitage at the input of the op amp
as -- gJ}AEI Vi ow/(Ry — _9;_‘\,). Beginning from node A, we can then write

VH.{JIH' . 1 _ VJI.ONT
Rl + g;:J\ g”'-'\'r gHI.P ‘\O(Rl + g#;rl\")

= Viop + Viouwr (11.49

and hence

L

l l 1
V;r.nm 17_'_ l ] ( - ) - l = V”‘,.;.. (] Iw’
K, -+ Lon SEmN mp Ao Lo
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M,
|
Gmp Vp
Ag
A L

L
9mN

A

Figure 11.29 Circuit for calculation
of noise in a reference generator,

Since typically gmpAg 3> gmy > Rl_l.

| Vi,ourl = Vi op, (11.51)

suggesting that the noise of the op amp directly appears at the output. Note that even the
addition of a large capacitor from the output to ground may not suppress low-frequency
1/f noise components. a serious difficulty in low-noise applications. The noise contributed
by other devices in the circuit is studied in Problem 11.6.

11.7 Case Study

In this section, we study a bandgap reference circuit designed for high-precision analog
systems [71. The reference generator incorporates the topology of Fig. 11.19 but with
two series base-emitter voltages in each branch so as to reduce the effect of MOSFET
mismatches. A simplified version of the core is depicted in Fig. 11.30, where the PMOS
current mirror arrangement ensures equal collector currents for Q- Q.

Yoo

by

| Qs
i Figure 11.30 Simplified core of the

- = bandgap circuit reported in |7].
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Channel-length modulation of the MOS devices in Fig. 11.30 still results in Sigﬂiﬁcam
supply dependence. To resolve this issue, each branch can employ both NMOS and PMOs -
cascode topologies. Fig. 11.31(a) shows an example where the low-voltage cascode Curren
mirror described in Chapter 5 is utilized. To obviate the need for V; and Vi, this deg;
actuatly introduces a “'self-biased” cascode, shown in Fig. 11.31(b), where K, and R, Sustaip
proper voltages to allow all MOSFETSs to remain in saturation. This cascode topology i
analyzed in Problem 11.7.

Voo Voo

|-

j: |

] 1

"2
R, = A,
iy

:11 i

i 1

—

Ay
Qq Q, |
nAa A |
(a) {b)

Figure 11.31 (a) Addition of cascode devices 1o improve supply rejec-
tion. (b) use of self-biased cascode to eliminate Vy,| and V2.

The bandgap circuit reported in (7] is designed to generate a floating reference. This is
accomplished by the modification shown in Fig. 11.32. where the drain currents of My and
M, flow through R; and Rs, respectively. Note that M), sets the gate voltage of My &t
Vees + Vs, establishing a voltage equal to Vgey across Re if Mg and M, are identical
Thus, {59 = Vgea/ R, yleldmg Vay = VBE.t.(R.;/Ré}- Also, if Mg is identical to Mz, thest
(Ipio] = 2(Vr Inn)/ Ry and hence Vzs = 2(Vy Inn)itRs R ). Since the op amp ensures tha
Ve = Ve, we have -

.'E ™

R-i R5
Vou = R Vees + 2~§~ Vrlan. (11.52

Proper choice of the resistor ratios and n therefore provides a zero temperature coefficiet®

In order to further enhance the supply rejection. this design regulates the supply volt
age of the core and the op amp. [lustrated in Fig. 11.33. the idea is to generate a [0°®
supply. Vpny. that is defined by a reference Vg, and the ratio of R,; and R,, and helﬁ_;'
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Figure 11.32 Generation of a floating reference voltage.

Core

AL
Y TNy
) pral
- -
n —

Figure 11.33 Regulation of the supply voltage of the core
and op amp to improve supply rejection.

remains relatively independent of the global supply voltage. But how is Vi, itself gen-
erated? To minimize the dependence of Vg; upon the supply, this voltage is established
inside the core, as depicted in Fig. 11.34. In fact, Ry is chosen such that Vi is a bandgap
reference.

Fig. 11.35 shows the overall implementation, omitting a few details for simplicity. A
start-up circuit 1 also used. Operating from a 5-V supply. the reference generator produces
a 2.00-V output while consuming 2.2 mW. The supply rejection is 94 dB at low frequencies.
dropping to 58 dB at 100 kHz (7).
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Figure 11.35 Overall circuit of the bandgap generator reported in [7].
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Problems

Unless otherwise stated, in the following problems, use the device data shawn in Table 2. | and assume
Vop = 3 V where necessary.

il.1.

11.2.

11.3,

11.4,

Derive an expression for I, in Fig. 11.36,

Voo
El M, M,

"out

Y
-
-

|
wn
A

oh,
z 1 )

Explain how the start-up circuit shown in Fig. 11.37 operates. Derive a relationship that
guarantees Vy < Vrg after the circuit turns on.

Figure 11.36

Voo
M, MSI:J i
— R.E
L
1 8
Rb::
B—  mealix

2 My M, =
) Ry ﬂfir""_l:_'l

Consider the circuit of Fig. 11,15,

{a) If M and M> suffer from channel-length modulation, what is the error in the output
voltage?

{b) Repeat part (a) for My and M.

(¢) If M| and M2 have a threshold mismatch of AV, ie., Vrgy = Vry and Vygs =
Vru + AV, what is the error in the output voltage?

{d) Repeat part (c) for M3 and M.

In Fig. 11.15, if the open-loop gain of the op amp A is not sufficieatly large, then |Vy — Vy|
exceeds V,, where V, is the maximum tolerable error, Calculate th= minimum value of A| in
terms of V, such that the condition |Vy — Vy| < V. is satisfied.

Figure 11.37

In the circuit of Fig. 11.15, assume @» and Q4 have a finite current zain #. Calculate the error
in the output voltage.

Calculate the output neise voltage of the ¢ircuit shown in Fig. 11.29 due 1o the thermal and
flicker noise of My and M>.
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11.7.  Consider the self-biased cascode shown in Fig. 11.38, Determine the minimum and maximup
values of RIggr such that both M and M3 remain in saturation.

Figure 11.38

11.8. The circuit of Fig. 11.3{(a) sometimes turns on even with no explicit start-up mechanism,
Identify the capacitive path(s) that couple the transition on Vpp io the internal nodes and
hence provide the start-up current,

11.9.  Sketch the temperature coefficient of Vgg [Eq. (11.13)] versus temperature. Some iteratiog
may be necessary.

11.10. Determine the derivative of Eq, (11.13) with respect to temperature and sketch the result
versus 7. This quantity reveals the curvature of the voltage.

11.11. Suppose in Fig. 11.9 the amplifier has an output resistance R,,,. Calculate the error in V,,,.

11.12. The circuit of Fig. 11.9 is designed with R3 = | kQ and a current of 50 pA through it
Calculate ; = R» and n for a zero TC.

11.13. In the circuit of Fig. 11.15, @ and Q2 are biased at 100 A and Q3 and Q4 at 50 uA. If
Ry = 1 k§2, calculaie R2 and (W/L)|—4 such that the circuit operates with Vpp = 3 V.
Which op amp topology can be used here?

11.14. Since the bandgap of silicon exhibits a smail temperature coefficient, Eq. (11.36) suggesss
that dVgpp/aT x (4 + m)k/q, arelatively large value, whereas we derived Vg g such tha
it has a zero TC. Exptain the flaw in this argument.

11.18. A differential pair with resistive loads is designed such that its voltage gain, g, Rp, has a ze
TC at room temperature. If only the temperature dependence of the mobility is considered
determine the required temperature behavior of the 1ail current. Design a circuit that roughly
approximaies this behavior.

11.16. In Problem 11.15. assume the tail current is constant but the load resistors exhibit a f
nite TC. What resistor temperature coefficient cancels the variation of the mobility at roo®
temperature? :

11.17. Equation (11.36) suggests that a zero-TC voltage cannot be generated if the supply voltage®
as low as. say, 1 V. Figure 11.39 shows a bandgap reference that can operate with low supp®
voltages [8]. If Ry = A3, derive an expression for V,,,,.

11.18. Repeat Problem 11.17, if the op amp has an offset voliage Vips.

11.19. Figure 11.40 illustrates a “'single-junction” bandgap design [9]. Here, switches S| and 52‘
driven by compiementary clocks. e



F Re[efeﬂces

References

403

1
§ - 1
Vout
Ry
=R/, |
@y Q,
T T T T i Figure 11.39
Voo
Iy Iy
o +
S, X >—"""°Vout
01 c'l
A A
o~
Sy

Figure 11.40

(a} What is V,,, when §; is on and 33 is off?
(b} What is the change in V,,, when $; turns off and §; turns on?
(¢t Howare I, 1. Cy, and Cz chosen to produce a zero-TC output when 8 is off?
11.20. Suppose in Fig. 11.40, I3/ deviates from its nominal value by a sma!l error €. Calculate
V., when Sy is off.
11.21. The circuit of Fig. 11.20 is designed with (W/LY .y = 50/0.5.Ip, = Ip> = 30 uA,
R: =1k, and R2 = 2kQ. Assume A = y = 0 and Q3 is identical to Q.
iay Determine # and (W/L)}s such that V,,,, has a zero TC at room temperature.
thy Neglecting the noise contribution of @-Q3. calculate the output thermal noise.

11.22, Consider the circuit of Fig. 11.21. Assume K = 4. fcx = 50 MHz, and a power budget of 1
mW. Determine the aspect ratio of M-My and the value of Cg such that g, = 1/(300 £2).
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Chapter 12

Introduction to Switched-Capacitor
Circuits

Our study of amplifiers in previous chapters has dealt only with cases where the input signal
is continuously available and applied to the circuit and the output signal is continuously
observed. Called “continuous-time” circuits, such amplifiers find wide application in audio.
video, and high-speed analog systems. In many situations, however, we may sense the input
only at periodic instants of time, ignoring its value at other times. The circuit then processes
each “sample,” producing a valid output at the end of each period. Such circuits are callec
“discrete-time” or “sampled-data” systems.

In this chapter. we study a common class of discrete-time systems called “switched-
capacitor (SC) circuits.” Our objective is to provide the foundation for more advanced
topics such as filters. comparators, ADCs, and DACs. Most of our study deals with switched-
capacitor amplifiers but the concepts can be applied to other discrete-time circuits as well.
Beginning with a general view of SC circuits, we describe sampling switches and their
speed and precision issues. Next, we analyze switched-capacitor amplifiers, considering
unity-gain, noninverting, and multiply-by-two topologies. Finally, we examine a switched-
capacitor integrator.

12.1 General Considerations

In order to understand the motivation for sampled-data circuits, let us first consider the
simple continucus-time amplifier shown in Fig. 12.1(a). Used extensively with bipolar op
amps, this circuit presents a difficuit issue if implemented in CMOS technology. Recall
that, to achieve a high voltage gain, the open-loop output resistance of CMOS op amps
is maximized, typically approaching hundreds of kilo-ohms. We therefore suspect that R-
heavily drops the epen-loop gain, degrading the precision of the circuit. In fact, with the
aid of the simple equivalent circuit shown in Fig. 12.1(b). we can write

Vr-m - Lr’n er: "m
A, R+ V., | — Ryy—m—— = Vi1, (12.13
( R+ R» ! m) ; R+ R :

405
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Figure 12.1 (a) Continuous-time feedback amplifier, (b) equivalent circuit of (a).

and hence
an
Vort R Av = R (122)
= ——. T -
V,‘,, Rl Rou.' RZ
I+ -— A+ =
-+ R, + R,

Equation (12.2) implies that, compared to the case where Rour = 0, the closed-loop gain sf.
fers from inaccuracies in both the numerator and the denominator. Also, the input resistance

of the amplifier, approximately equal o R,, loads the preceding stage while introducing
thermal noise, '

Example 12.1

Using the feedback techniques described in Chapter 8, calculate the closed-loop gain of the circuit
of Fig. 12.1(a) and compare the result with Eq. (12.2).

Solution

With the aid of the approach described in Example 8.9, the reader can prove that

—

2
Vour = — R4 (1.3
Vin RE + Ri Ray: + Ry Ry + (1 + Ap)R) R>
- R— L _ (124
I = Row + };ur +1+ A,
|

E! R

The two results are approximately equal if Rout/R2 & Ay, a condition required to ensure the
fransmission through R, is negligible,

—

In the circuit of Fig. 12.1(a), the closed-loop gain is set by the ratio of R- and R;. Inordet
to avoid reducing the open-loop gain of the UP amp, we postulate that the resistors can b
replaced by capacitors [Fig. 12.2(a)]. But. how is the bias voltage at node X ser? We m:l.‘”.“ﬂd
alarge feedback resistor as in Fig. 12.2(b). providing de feedback whije negligibly affecllf[‘.a;..
the ac behavior of the amplifier in the frequency band of interest. Such qn arrangement B,

indeed practical if the circuit senses only high-frequency signals. But suppose, for exampky i L
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Figure 12.2 (a) Continuous-time feedback amplifier using capacitors. (b) use of
resistor to define bias point.

Vln

P

=  Figure 12.3 Step response of the am-
plifier of Fig. 12.2(b).

the circuit is to amplify a voltage step. Itustrated in Fig. 12.3, the response contains a step
change due to the initial amplification by the circuit consisting of C;. C;, and the op amp,
followed by a “tail” resulting from the loss of charge on C, through Rr. From another point
of view, the circuit may not be suited to amplify wideband signals because it exhibits a
high-pass transfer function. In fact, the transfer function is given by

i
Vouf()zm RFCES -:—_1_ (12.5)
Vi RF+'L Cis
CzS
_ o Rets (12.6)
RpCys+ 1

indicating that V,,;/ Vi, = ~C/C, only if w 2> (RFC)7 L,

The above difficulty can be remedied by increasing Ry Cz, but in many applications the
required values of the two components become prohibitively large. We must therefore seek
other methods of establishing the bias while utilizing capacitive feedback networks.

Let us now consider the switched-capacitor circuit depicied in Fig. 12.4. where three
switches contro] the operation: §, and S; connect the lett plate of C; to V;, and ground,
respectively, and Sz provides unity-gain feedback. We first assume the open-loop gain of
the op amp is very large and study the circuit in two phases. First, §, and Ss are on and Ss is
off, yielding the equivalent circuit of Fig. 12.5(a). For a high-gain op amp, Vy = V,,,, = (.
and hence the voltage across € is approximately equal to Vi, Next. at+ = 1, §; and 5,
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Figure 12,5 Circuit of Fig. 12,4 in (a) sampling mode. (b) amplification mode.

turn off and Sy turns on, pulling node A to ground. Since V, changes from {4 to 0. the
output voltage must change from zero to VinoCh/ C-.

The output voltage change can also be calculated by examining the transfer of charge. -
Note that the charge stored on € Just before 1y is equal to V;,,qC). Afters = £y, the negative -
feedback through C, drives the op amp input differential voltage and hence the voltage _'
across C, 1o zero (Fig. 12.6). The charge stored on C) at t = £, must then be transterred ‘0,;.5:_,
Cz. producing an output voltage equat to V,,0C,/C. Thus. the circuit amplifies Vo by 3
factor of Cy/ C. :

Several attributes of the circuit of Fig. 12.4 distinguish it from continuous-time impk®
mentations. First, the circuit devotes some time to “sample™ the input, setting the outpu“?
zero and providing no amplification during this period. Second. after sampling. for/ >
the circuit ignores the input voltage V,,,, amplifying the sampled voltage. Third. the cir€

?:l
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-
-

Figure 12,6 Transfer of charge from €| to C-.

configuration changes considerably from one phase to another. as scen in Fig. 12.5(a) and
(b}, raising concern about its stability.

What is the advantage of the amplifier of Fig. 12.4 over that in Fig. 12.1? In addition
to sampling capability, we note from the waveforms depicted in Fig. 12.5 that after V,,.
settles, the current through C, approaches zero. That is, the feedback capacitor does not
reduce the open-loop gain of the amplifier if the output voltage is given enough time to
settle. In Fig. 12.1, on the other hand, R; continuously loads the amplifier.

The switched-capacitor amplifier of Fig. 12.4 lends itself to implementation in CMOS
technology much more easily than in other technologies. This is because discrete-time
operations require switches to perform sampling as well as a high input impedance to
sense the stored quantities with no corruption. For example, if the op amp of Fig. 12.4
incorporates bipolar transistors at its input, the base current drawn from the inverting inpur
in the amplification phase [Fig, 12.5(b)] creates an error in the output voltage. The existence
of simple switches and a high input impedance have made CMOS technology the dominant
choice for sampled-data applications.

—
o TS

i !

CK

L

Sample

Amplity

t

Figure 12.7 General view of switched-capacitor
amplifier.

The foregoing discussion leads to the conceptual view illustrated in Fig. 12.7 for switched-
capacitor amplifiers. In the simplest case, the operation takes place in two phases: sampling
and amplification. Thus. in addition to the analog input. Vj,. the circuit requires a clock to
dehine each phase.

Our study of SC amplifiers proceeds according to these two phases. First, we analyze
various samipling techniques. Second, we consider SC amplifier topologies.,
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12.2 Sampling Switches
12.2.1 MOSFETS as Switches

A simple sampling circuit consists of a switch and a capacitor [Fig. 12.8(a)]. A Mog
transistor can serve as a switch {Fig. 12.8(b)] because (a) it can be on while carrying zep,

CK

L

Vin oo o—e—0 Vout Vine TR l o Vout
™

t -
2

- (a) ib)

Figure 12.8 (a» Simple sampling circuit, {b) implementation
of the switch by a MOS device.

current, and (b) its source and drain voltages are not “pinned’ to the gate voltage. i.e., if the
gate voltage varies, the source or drain voltage need not follow that variation. By contrast,
bipolar transistors Jack both of these properties, typically necessitating complex circuits to
perform sampling, '
To understand how the circuit of Fig. 12.8(b) samples the input, first consider the simple
cases depicted in Fig. 12.9, where the gate command, C K, goes highat? = . InFig. 12.9(a),
we assume that V;,, = O for ¢ = 7 and the capacitor has an initial veltage equal to Vpp.

+ : +1V %

t

i(b)
Figure 12.9 Response of a sampling circuit to different input levels and initial
conditions,
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Thus, at ¢ = 15, M, senses a gate-source voltage equal to Vpp while its drain voltage is
also equal to Vpp. The transistor therefore operates in saturation, drawing a current of
Ipi = (nCox/2AW/LYVpp — Vry)* from the capacitor. As Ve falls, at some point
Vour = Vpp — Vry, driving M, into the triode region. The device nevertheless continues
to discharge Cy until V,,,, approaches zero. We note thut for V.., < 2(Vpp — Vry). the
transistor can be viewed as a resistor equal to R, = (16, Coc(W/ LY Vpp — Vo)™l

Now consider the case in Fig. 12.9(b), where V,, = +1 V, V,.,(t = 15) = 0 V, and
Vip = 3 V. Here, the terminal of M, connected to Cy acts as the source, and the transistor
turns on with Vgs = +3 V. but Vps = +1 V. Thus, M| operates in the triode region,
charging Cy until V,,,, approaches +1 V. For V,,,, &~ +1 V, M exhibits an on-resistance
of Rm: = [ﬂncax(W/L)(vDD - Vz’rr — VTH)]‘I-

The above observations reveal two important points. First, 1 MOS switch can conduct
current in either direction simply by exchanging the role of its source and drain terminals.
Second, as shown in Fig. 12.10, when the switch is on, V,,, follows V;, and when the switch

5‘?
v
b p—

(b)

Figure 12.10 Track and hold capabilities of a sampling circuit.

is off. Vi, remains constant. Thus, the circuit “tracks” the signal when CA is high and
“freezes” the instantaneous value of V;, across Cy when CK goes low.

Example 12.2

In the circuit of Fig. 12.9(a), calculate V,,,; as a furction of time. Assume A = (3.

Solution

Before Vi, drops below Vi — Vg, M| is saturated and we have:

Ipit
Vourlt) = Vop — "2I_ (12.7)
CH

=y Lo Y Vop — Vep)t— 12.8)
= ¥pp 2un ox T oo TH Ch (12,
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" After
_ 2VryCy
= W = i (]2'9j
#nCor f(VDD - Vra)
M enters the triode region, yiclding a time-dependent current. We therefore write:
(;vf)h‘l
CH—';]“}— = —1p (12.30, |
) W .
= _Eﬂncox?{z(VDD = VraWour — Vi bigl >0 (12.!1’
Rearranging (12.11}, we have
d Vo, 1 Cor W
= — g —~-—dt, (12.12
Voo = Vra) = VourlVour 2" "Cu L )
which, upon separation into partial fractions, is written as
| | dVyu Cox W
[ + ] o = =2 ar (12.13)
Vour  20Vpp — Vru) —Vour | Vop — Vry Cn L
Thus,
Coe W
InVour —In2(Vpp —~ Vry) = Vouwrl = —(Vpp ~ Vra)uns Ca I(f — ), (12.14)
that is,
Vom‘ Co.r w
n =—(Vop - Vry e =—— —(1 — t]). (12.15)
2(Vpp ~ V1) = VYou "Cy L
Taking the exponential of both sides and solving for Vg, we obtain
C W
2Vpp — Vrilexp [—(VDD — Vi (- m}
Vmu = H (1216}

] [V % ) Co,t Hf(
— — n—_—  — r -.-.[
+exp DD T H Mn L 1)

In the circuit of Fig. 12.9(b), we assumed Vi, = +1 V {Fig. 12.11). Now suppose
Vin = Vpp. How does V,,,, vary with time? Since the gate and drain of M| are at the same
potential, the transistor is saturated and we have:

CHdvmfI - .t’D| (12]7)
dt
1 W .
= 5 HnCox Z(VDD = Vour — Vru), (12.18)
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Vin= Vop -

Voo —VrH
OMI Ch Vour /__

t

Figure 12.11  Maximum output level i1 an NMOS sampler.

where channcl-length modulation is neglected. It follow s that

dvmff ]- Cru W
= — . —— —f1, {(12.19)
(Vop = Vour — Vry)? 3” Cuy L
and hence
1 Vour ] C‘” Wr t (l’) 70)
= —jt,— —t| , 2.2
Voo = Vour — Vru | 27 Cy Ly
where body effect is neglected and V,,,, (¢ = 0) is assumed zero. Thus,
Vour = V V. : 12.21
our = Voo = Vi = T i (12.21)
—Hp—— 1T +

2" Cy L Voo — Vi

Equation (12.21) implies that as 1 — o0, V,,, = Vs5p ~ Vry. This is because as V,,,
approaches Vp p — V7 i, the overdrive voltage of M| vanishes, reducing the current available
for charging Cy to negligible values. Of course, even for V,,,, = Vpp — Vg, the transistor
conducts some subthreshold current and, given enough time, eventually brings V,,, to Vpp.
Nonetheless, as mentioned in Chapter 3, for typical operation speeds, it is reasonable to
assume that V,,,, does not exceed Vpp — Vrgy. .

The foregoing analysis demonstrates a serious limitztion of MOS switches: if the input
signal level 1s close to V. then the output provided by an NMOS switch cannot track the
input. From another point of view, the on-resistance of the switch increases considerably
as the mput and output veltages approach Vpp — Vry. We may then ask: what is the
maximum input level that the switch can pass to the output faithfuily? In Fig. 12.11, for
Vour = Vi, the transistor must operate in deep triode region and hence the upper bound of
Vip equals Vip — Vry. As explained below, in practice Vi, must be quite lower than this
value.

Example 12.3

In the circuit of Fig. 12.12, calculate the minimum and maximum on-resistunce of M|, Assume
tn Cor = 50 nA/VZ, W/L=1W/1.Vryg =07V, Vpp=3\N.andy =0.
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+3V

M, +0.5V .-

el

pFIcH

fin=10 MHz 1

Figure 12.12

Solution

We note that jo the steady stae, M remains in the tiode region because the gate voltage is higher
than both Vi, and V,,, by a value greater than Vyg. If Jin = 10 MHz. “wve predict that Vi, tracks
Vin with a negligible phase shift due to the on-resistance of M| and Cg. Assuming Vi, = Vi, we
need not distinguish between the source and drain terminals, obtaining

1
Ron1 = W - (1222}

tnCorx E(VDD — Vi = Vry)

Thus, Rontmax 2 1.11 k2 and Rpnt min = 870 Q. By contrast, if the maximum input lavel is raised
10 1.5V, then Rypi may = 2.5 kS2.

MOS devices operating in deep triode region are sometimes called “zero-offset” switches
to emphasize that they exhibit no dc shift between the input and output voltages of the simple
sampiing circuit of Fig. 12.8(b).! This is evident from examples of Fig. 12.9, where the
output eventually becomes equal to the input. Nonexistent in bipolar technology, the zero
offset property proves crucial in precise sampling of analog si gnals.

We have thus far considered only NMOS switches. The reader can verify that the fore-
going principles apply to PMOS switches as well. In particular. as shown in Fig. 12.13,2
PMOS transistor fails to operate as a zero-offset switch if its gate is grounded and its drain
terminal senses an input voltage of | Vr 4 p| or less. In other words. the on-resistance of the
device rises rapidly as the input and output levels drop to |Vry p| above ground.

12.2.2 Speed Considerations

What determines the speed of the sampling circuits of Fig. 12.8? We must first define the

speed here. Illustrated in Fig. 12.14, a simple. but versatile measure of speed is the time
required for the output voitage to go from zero to the maximum input level after the switdh™
turns on. Since V,,,,, would take infinite time to become equal to V;,,.. we consider the OU‘P",_
settled when it is within a certain “error band.” AV, around the final value. For examplés.
we say the output settles to 0.1% accuracy after fy seconds, mezning that in Fig. 124

AV/V,0 = 0.1%. Thus. the speed specification must be accompanied by an accuray..

"We assume the cireuit lollowing the sampler draws no input de current.
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Figure 12.13 Sampling circuit using PMOS switch.
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M, 0 ——
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Figure 12.14 Definition of speed in a sampling circuit.

specification as well. Note that after = 15, we can consider the source and drain voltages
to be approximately equal.

From the circuit of Fig. 12.14, we surmise that the sampling speed is given by two
factors: the on-resistance of the switch and the value of the sampling capacitor. Thus, to
achieve a higher speed, a large aspect ratio and a small capacitor must be used. However, as
ilustrated in Fig. 12,12, the on-resistance also depends on the input level, yielding a greater
time constant for more positive inputs (in the case of NMOS switches). From Eq. (12.22),
we plot the on-resistance of the switch as a function of the input level [Fig. 12.15(a)], noting
the sharp rise as V;,, approaches Vpp — Vry. For example, if we restrict the variation of
R,, to arange of 4 to 1, then the maximum input level is given by

: — + . (12.23)

W W
iy Cu.r ‘E{ VDD - Vr’n.ma,\' - VTH) Hay Co.r Z"{ VDD - VTH)

That 1s,

(Vop — Vru). (12.24)

%!I.mﬂ.l’

PN

This value falls around V5 /2. translating to severe swing limitations. Note that the device
threshold voltage directly limits the voltage swings.*

*By contrast, the output swing of cascode stages is typically limited by overdrive voltages rather than the
threshold voltage.
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A A iy
Ron.N H""-P 2
0 Voo—-Vmu v, 0 i Vigel Vin
(a) (b
Figure 12.15 On-resistance of (a) NMOS and (b) PMOS devices as a function of input
voltage.

In order to accommodate greater voltage swings in a sampling circuit. we first observe
that a PMOS switch exhibits an on-resistance that decreases as the input voltage becomes
more positive [Fig. 12.15(b)]. It is then plausible to employ “complementary™ switches
so as to allow rail-to-tail swings. Shown in Fig. 12.16(a), such a combination requires
complementary clocks, producing an equivalent resistance:

Rmr,eq = Ron.N" Ron,P (12.25)
1 1
— = W (12.26)
U'nco.t(f) (Vop — Vin — Vruw) upCo.r(*E) (Vin = Vraepl)
Al : P
N |
- w w w W )
I-anu_r(z)ﬁ_ (Vop — Vruwn) — [uncax (Z)N — 1 pCox (f) P] Vie =~ pCox ( —L‘)P [Vruel

(12.27) |

Interestingly, if 1, Cor(W/L)y = tpCor(W/L)p. then Ry, o is independent of the input
level.? Figure 12.16(b) plots the behavior of R, ., in the general case. revzaling much less
variation than that corresponding to each switch alone.

For high-speed input signals, it is critical that the NMOS and PMOS switches i
Fig. 12.16(a) turn oft simultaneously so as to avoid ambiguity in the sampled value. If. ©
for example, the NMOS device turns off Af seconds earlier than the PMOS device, thed
the output voltage tends to track the input for the remaining At seconds. but with a larg®, .
input-dependent time constant (Fig, 12.17). This effect gives rise to distorticn in the qamPI"‘!
value. For moderate precision, the simple circuit shown in Fig. 12.18 provides complemet,
tarv clocks by duplicating the delay of inverter /; through the gate G». &

In reality, Vryy and Vryp vary with ¥, through body effect but we ignore this variation here.
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Via b—*:}:b——rq Vout
My

[
T I . Raneq
ck - . - -
| Vel Voo-VrH Vin
(a) ib

Figure 12.16 (a) Complementary switch, (b) on-resistance of the complementary
switch,

ldeal
Voul /\C‘E/Value
Figure 12.17 Distortion generated if

}—‘ complementary switches co not turn off
simultancously.

CKII’\ o——9

_DO—DO_O cK , -
Figure 12.18 Simple circuit generat-

tng complementary <locks,

12.2.3 Precision Considerations

Our foregoing study of MOS switches indicates that a larger W/ L or a smaller sampling
capacitor results in a higher speed. In this section, we show that these methods of increasing
the speed degrade the preciston with which the signal is sampled.
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Three mechanisms in MOS transistor operation introduce error at the instant the gy,
turns off. We study each effect individualty.

Channel Charge Injection Consider the sampling circuit of Fig. 12,19 and recy)) tha
for a MOSFET to be on, a channel must exist at the oxide-silicon interface. .--\ssufn;ng
Vie &= V... we use our derivations in Chapter 2 to express the total charge in tha inversion
layer as

Q= WLC,(Vpp — Vi — Vry), (1228}

where L denotes the effective channel length. When the switch turns off, Q.. exis through
the source and drain terminals, a phenomenon called “channel charge injection.”

A

M
VoL 1_-L o Vgt
c
1

H Figure 12,18 Charge injection when

a switch turns off,

The charge injected to the left side of Fig. 12.19 is absorbed by the input source. creating
no error. On the other hand, the charge injected to the right side is deposited on Cy,
introducing an error in the voltage stored on the capacitor. For example, if half of 0, is
injected onto Cy, the resulting error equals

_ WLC,(Vpp — Viy — Viry)
- 2CH '

AV

(12.29)

Mustrated in Fig. 12.20, the error for an NMOS switch appears as a negative “pedestal” a
the output. Note that the error is directly proportional to W LC,, and inversely proportiond
to Cy.

Figure 12.20 Effect of charge injection.

An important question that arises now is: why did we assume in arriving at (12.29) tha
exuctly iialf of the channel charge is injected onto Cy? In reality, the fraction of charg®
that exits through the source and drain terminals is 4 relatively complex function of\"ﬁi'if"“; :
parameters such as the impedance seen at each terminal to ground and the transition U 4
of the clack [1, 2]. Investigations of this effect have not vietded any rule of thumb th g
can predict the charge splitting in terms of such parameters. Furthermore. in many Cﬂ‘"i‘-’



sec. 122 Sampling Switches 419

these parameters, e.g., the clock transition time, are poorly controlled. Also, most circuit
simulation programs model charge injection quite inaccurately. As a worst-case estimate,
we can assume that the entire channel charge is injected onto the sampling capacitor.

How does charge injection affect the precision? Assuming al! of the charge is deposited
on the capacitor, we express the sampled output voltage as

WLC,«(Vpp — Vi, — Vg

Vowe = Vin — (1230)
Cu
where the phase shift between the input and output is neglected. Thus.
| WLC,\ WLC,
V-"Juf= in (l+ CH ) - CH - (V;)“— ".';H . (1231)

suggesting that the output deviates from the ideal value through two effects: a non-unity
eain equal to | + WLC,,/Cy.* and a constant offset voltage —WLC,.(Vpp — Vry)/Cy
(Fig. 12.21). In other words, since we have assumed channel charge is a /inear function of
the input voltage, the circuit exhibits only gain error and dc offset.

With
Charge
Sampled i Injection
Vout

Figure 12.21 Inputfoutput character-
istic of sampling circuit in the presence
of charge injection.

In the foregoing discussion, we tacitly assumed that Vry is constant. However, for
NMOS switches (in an n-well technology), body effect must be taken into account.” Since
Vrg = Vrao + y(V2¢8 + Vs — /2¢5), and Vs & —Vj,, we have

WLC(J_\' .
VOHF = in — ‘HE‘;—H— (VDD - ‘/llﬂ - VTHI] - y 2¢H + 1’!;'” -+ :/\ 2@3) . {1232)
WLC,, WLC,, ———
= Vi (l + C—) -+ V_C o \X:¢B + Vi
H - H
WLC.. —
——2 (Vop = Vruo + v\ 2s). (1233)
H

*The voltage guin is greafer than unity because the pedestal becomes smaller as the input level rises.

*Even for PMOS switches, the #-well is connected to the most positive supply voltage because the source and
drain terminals of the switch may interchange during sampling.
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It follows that the nonlinear dependence of Vry upon Vi, introduces nonlinearity in g,
input/output characterisuc. :

In summary, charge injection contributes three types of errors in MOS sampling Circujy,
gain error, dc offsets, and nonlinearity. In many applications, the first two can be toleraey
or corrected whereas the last cannot.

It is instructive to consider the speed-precision trade-off resulting from charge injection
Representing the speed by a simple time constant 7 and the precision by the error AV gy,
to charge injection, we define a figure of meritas F = (zAV)~!. Wniting

T = Ron Cy (1234]
1
- Cy. 12.3
) .u'rlcu,r(wa)(vDD — Vm - VTH) i ( 51
and
WLC.gx
AV = (Vop — Viy — Vry), (12.36)
Cy
we have
bn
F= 77 (12.37)

Thus, to the first order. the trade-off is independent of the switch width and the sampling
capacttor.

Clock Feedthrough In addition to channel charge injection, a MOS switch couples the
clock transitions to the sampling capacitor through its gate-drain or gate-source overlap
capacitance. Depicted in Fig. 12.22, the effect introduces an error in the sampled outp
voltage. Assuming the overlap capacitance is constant, we express the error as

wC,,
AV = Vo ———24— 12.38)
“Xwc,, +Cy (

where C,, is the overlap capacitance per unit width. The error AV is independent of the
input level, manifesting itsetf as a constant offset in the input/output characteristic. As with
charge injection, clock feedthrough leads to a trade-off between speed and precision as well

c .
I H Figure 12.22 Clock feedthrough in a
= sampling circuit,
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kT/C Noise Recall from Example 7.1 that a resistor charging a capacitor gives ris¢
to a total rms noise voltage of /kT/C. As shown in Fig. 12.23, a similar effect occurs in
sampling circuits. The on-resistance of the switch introduces thermal noise at the output and.
when the switch turns off, this noise is stored on the capacitor alone with the instantancous
value of the input voltage. It can be proved that the rms voltage of 1th\ sampled noise in this
case is still approximately equal to /T /C {3, 4].

HDI‘I

Vin D——)M—l—" Vout Vino +——oVin+ VW
=> L
™

Cy

Figure 12.23 Thermal noise in a sampling circuit.

The problem of T/ C noise limits the performance in many high-precision applications.
In order to achieve a low noise, the sampling capacitor must be sufficiently large, thus loading
other circuits and degrading the speed.

12.2.4 Charge Injection Canceliation

The dependence of charge injection upon the input level and the trade-off expressed by
(12.37) make it necessary to seek methods of cancelling the effect of charge injection so as
to achieve a higher F. We consider a few such technigues here.

To arrive at the first technique, we postulate that the charge injected by the main transistor
can be removed by means of a second transistor. As shown in Fig. 12.24, a *dummy” switch,
M, driven by CK is added to the circuit such that after M, turns off and M, turns on, the
channel charge deposited by the former on Cy is absorbed by the latter to create a channel.
Note that both the source and drain of M, are connected to the output node.

How do we ensure that the charge injected by My, Agy, is equal to that absorbed by Mo,
Ag,? Suppose half of the channel charge of M is injected onto Cy, ie.,

W L,Cpae
= —lzi——%—(‘/cx — Vin = Ve ). (12.39)

Since qu = “’EL:C(“(VCK — Vin - VTH')_), if we choose “/3 = (.5W, and L: = L, then
Ags = Agy. Unfortunately, the assumption of equal splitting of charge between source and
drain is generally invalid, making this approach less attractive.

Ag

- - 2 Vout
Agy lﬁ‘q 2 . L
c Figure 12,24 Addition of dumsmy de-
I H vice to reduce charge injection and clock
= feedthrough.



422

Chap. 12 Introduction to Switched-Capacitor Cifr:uih

Interestingly, with the choice W, = 0.5W, and L; = L, the effect of clock feedthrgy
is suppressed. As depicted in Fig. 12.25, the total charge in V. 1s zero because

g -
"Vl Cm' ZWECUU

— Ve + V _ 0 5
CK W Cp 4 Cy —2W2(C0 K W,C,, + Cy + 2W1C,, (12404

B W
Vino T_E? Q_!Q—a V, > " Co}’ \/2 W, C,,

out
M, M, Cu
e, I

a7

Figure 12.25 Clock feedthrough suppression by dummy switch.

Another approach to lowering the effect of charge injection incorporates both PMOS
and NMOS devices such that the opposite charge packets injected by the two cancel each
other (Fig. 12.26). For Aq; to cancel Ag,, we must have W\ L Co (Veg — Vi — Vrpy) =
WalACoi(Vin — [Vruel). Thus, the cancellation occurs for onty one input level. Even for
clock feedthrough, the circuit does not provide complete cancellation because the gate-drain
overlap capacitance of NFETs is not equai to that of PFETs.

CK
Electrons

T
Vin Vout
= Holes = Figure 12.26 Use of complementary
CK . ) L
switches to reduce charge mjection.

Our knowledge of the advantages of differential circuits suggests that the problem of
charge injection may be relieved through differential operation. As shown in Fig. 12.27,
we surmise that the charge injection appears as a common-mode disturbance. But, wriling-+
Agi = WLC (Ve — Vin- — V), and Aga = WLC, (Veg — Vi — Vrnah ¥
recognize that Agy = Ag~ only if Vi) = Vi,2. In other words, the overall eerot is nok
suppressed for differential sicnals. Nevertheless, this technique both removes the constant
oftset and lowers the nonlinear component. This can be understood by writing 3

Ay — Agr = WLC, [\ Vi = Vin) + (Vrim — Vi) (12‘”__-);?-;
- WLC:‘JJ [“'JHJ - vr'Hl + YV (\/2¢r + VI'ME - \/2¢}F + Vf'i:l)] - (1242';3
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Le,
M,
Vinte _Jj T 2 Voun
Ag,
M,
vi"‘zc l 0 Voulz
Sal L
I " Figure 12.27 Difterential sampling
- cireuit,
Since for Vi = Viua, Agq — Ag, = 0, the characteristic exhibits no offset. Also, the

nonlinearity of body effect now appears in both square-root terms of (12.42). feading to
only odd-order distortion (Chapter 13).

The problem of charge injection continues to limit the speed-precision envelope in
sampled-data systems. Many cancellation techniques have been introduced but each leading
to other trade-offs. One such technique, called “bottom-plate sampling.” is widely used in
switched-capacitor circuits and is described later in this chapter.

12.3 Switched-Capacitor Amplifiers

As mentioned in Section 12.1 and exemplified by the circuit of Fig. 12.4, CMOS feedback
amplifiers are more easily implemented with a capacitive feedback network than a resis-
tive one. Having examined sampling techniques, we are now ready to study a number of
switched-capacitor amplifiers. Our objective is to understand the underlying principles as
well as the speed-precision trade-offs encountered in the design of each circuit.

Before studying SC amplifiers, it is helpful to briefly look at the physical implementation
of capacitors in CMOS technology. A simple capacitor structure is shown in Fig. 12.28(a).
where the “top plate” is realized by a polysilicon layer and the “bottom plate™ by a heavily

8

p-substrate

Figure 12,28 (a) Monolithic capacitor structure, (b) circuit model of 1u) including
parasitic capacitance to the substrate.
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doped n™ region. The diclectric is the thin oxide layer used in MOS devices as well 8 Aq
important concern in using this structure is the parasitic capacitance between each plaie gng
the substrate. In particular, the bottom plate suffers from substantial junction capacitancey,
the underlying p region—typically about 1010 20% of the oxide capacitance. For this reasop,
we usually model the capacitor as in Fig. 12.28(b). Monolithic capacitors are described j,
more detail in Chapters 17 and 18.

12.3.1 Unity-Gain Sampler/Buffer

While a unity-gain amplifier can be realized with nn resistors or capacitors in the feedback
network [Fig. 12.29{a)]. for discrete-time applications, it still requires a sampling circuj
We may therefore conceive the circuit shown in Fig. 12.29(b) as a sampler/butfer. However,
the input-dependent charge injected by §; onto Cy limits the accuracy here.

v ' v, o o—s
n —o Vout In s, l —o Vout

(a} {(b)

Figure 12.29 (a) Unity-gain buffer. (b) sampling circuit followed by unity-gain buffer.

Now consider the topology depicted in Fig. 12.30(a), where three switches control the
sampling and amplification modes. In the sampling mode, §; and S; are on and Sy is off.
yielding the topology shown in Fig. 12.30(b). Thus, Vo, = Vx = 0. and the voitage
across Cy tracks Vi,. Att = tg, when Vi, = Vp, S; and S turn off and S3 turns on,
placing the capacitor around the op amp and entering the circuit into the amplification
mode [Fig. 12.30(¢)]. Since the op amp’s high gain requires that node X still be a virua
ground and since the charge on the capacitor must be conserved, Vi, Tises to a value
approximately equal to Vp. This voltage is therefore “frozen” and it can be processed by
subsequent stages. :

With proper timing, the circuit of Fig. 12.30(a) can substantially alleviate the problem
of channel charge injection. As Fig. 12.31 illustrates in “slow motion.” in the transition
from the sampling mode to the amplification mode, S turns off slightly before 5, does.
We carefully examine the effect of the charge injected by §» and §;. When §; tums 0k
it injects a charge packet Ag> onto Cg. producing an error equal 0 Aga/Cy. Howevef.
this charge is quite independent of the input level because node X is a virtual grov
For example. if S is realized by an NMOS device whose gate voltage equals V- thes -
Ags = WLC,.(Veg — Vry — V). Although body effect makes Vry a function of ¥z
Agn is relatively constant because Vy is quite independent of V;,.

The constant magnitude of Ag, means that channet charge of $» introduces only ®
offset (rather than gain error or nonlinearity) in the input/output characteristic. As descrl

%The oxide in this ivpe of capacitor is typically thicker than the MOS gate oxide because silicon dioxide 9"_,:" :
Faster on i hemilv-doped material,
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Figure 12.30 (a) Unity-gain sampler, (b) circuit of {a) in sampling mode
{(c) circuit of (a) in amplification mode.

P
T
Sy
v o—o—o— |—-
" CH x r—o VOU(
(a)
A S S
s, AT i
1
ooty L
" Ch X — Yout Ch X — Vout
(b) (c)

Figure 12.31 Operation of the unity-gain sampler in slow motion.

below, this offset can easily be removed by differential operation. But, how about the charge
injected by S; onto Cy? Let us set V;.. 10 zero and suppose S, injects a charge packet Ag,
onto node P [Fig. 12.32(a)]. If the capacitance connected from X to ground (including
the input capacitance of the op amp) is zero, Vp and Vy jump to infinity. To simplify the
analysis, we assume a total capacitance equal to Cy from X to ground (Fig. 12.32(b)], and
we will see shortly that its value does not affect the results. In Fig. 12.32(b), each of Cp
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5, p Ch X
v c»—-o/o—-{
" L———b- Voul
Aq,
{ias
Ch
1l
5, p Cux X X i
Vi . Vout ' 2 Yout
Ag, Cx =cC
I I X Auy
(b) ()

Figure 12.32 Effect of charge injected by Sy with (a) zero and (b) finite op amp input
capacitance, {c) transition of circuit to amplification mode.

and Cy carries a charge equal o Agy. Now, as shown in Fig. 12.32(c), we place Cy around
the op amp, seeking to obtain the resulting output voltage.

To calculate the output voltage, we must make an important observation: the total charge
at node X cannot change after Sy turns off because no path exists for electrons to flow into
or out of this node. Thus, if before S, turns off. the total charge on the right plate of Cy
and the top plate of Cy is zero. it must still add up 10 zero after S| injects charge because
no resistive path is connected to X. The same holds true after Cy is placed around the op
amp.

Now consider the circuit of Fig. 12.32(c¢), assuming the total charge at node X is zero. We
canwrite Cy Vy — (Vo ~ Vyx)Cy = Q,and Vx = V', /A,,. Thus, ~(Cx 4+ Cy)Vour /Avi~
VourCy = O, 1e., V,,, = 0. Note that this result is independent of Ag,, capacitor values.
or the gain of the op amp, thereby revealing that the charge injection by $ introduces no
error if S» turns off first.

In summary, in Fig. 12.30(a). after §; turns off. node X “floats,” maintaining a constant
total charge regardless of the transitions at other nodes of the circuit. As a result, after
the feedback configuration is formed. the output veltage is not influenced by the charge
injection due to §;. From another point of view. nods X is a virtual ground at the moment
S turns off. freezing the instantancous input level across Cy and yielding a charge equal
to VyCp on the left plate of Cy. After settling with feedback, node X is again a virtual
ground, forcing Cy to still carry VyCy and hence the output voltage 1o be appmximalel)'
egual to V.

The effect of the charge injected by Sy can be studied from yet another perspective-
Suppose in Fig. 12.32(c). the output voltage is fnite and positive. Then, since Vy &
Vi /{—= 7). Vy must be finite and negative, requiring negative charge on the top plate
of Cy. For the total charge at X to be zero, the charge on the lett plate of Cy must be
positive and that on its right plate negative. giving V., < 0. Thus, the only valid solutiof
s Vour =00
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The third switch in Fig. 12.30(a), §3, also merits attention. Ln order to turn on, S5 must
establish an inversion layer at its oxide interface. Does the required channel charge come
from Cy or from the op amp? We note from the foregoing analysis that after the feedback
circuit has settled, the charge on Cy equals V;.Cp, . unaticcied by §3. The channel charge of
this switch is therefore entirely supplied by the op amp. introducing no error.

Our study of Fig. 12.30(a) thus far suggests that, with proper timing, the charge injected
by §) and §3 1s unimportant and the channel charge of §, results in a constant offset voltage,

Fig. 12.33 depicts a simple realization of the clock edges to ensure S) turns off after 5»
does.

v, o—T:-F—q
in '_(!;L_}" —o Vot

Figure 12.33 Generation of proper clock edges for unity-gain sampler.

The input-independent nature of the charge injected by the reset switch allows complete
cancellation by differential operation. Illustratad in Fig. 12.34, such an approach employs
a differential op amp along with two sampling capacitors so that the charge injected by S,
and S appears as a conunon-mode disturbance at nodes X and Y. This is in contrast to the
behavior of the differential circuit shown in Fig. 12.27, where the input-dependent charge
tnjection still leads to nonlinearity. In reality. S» and S exhibit a finite charge injection
mismatch, an issue resolved by adding another switch, S,,, that turns oft slightly after S,
and S5 (and before Sy and S}, thereby equalizing the charge at nodes X and Y.

Figure 12.34 Differential realization
of unity-gain sampler,
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Precision Considerations The circuit of Fig. 12.30(a) operates as a unity-gain busfer
in the amplification mode, producing an output voltage approximately equal 1o the VOltage
stored across the capacitor. How close to unity is the gain here? As a general cage, y,
assume the op amp exhibits a finite input capacitance Ci, and calculate the output volyyg,
when the circuit goes from the sampling mode to the amplification mode (Fig. 1235,
Owing to the finite gain of the op amp. Vy # 0 in the amplitication mode, giving a charge

Ve X
Vin °_+| —
C

Figure 12.35 Equivalent circuit for accuracy calculations.

equal to C;, Vx on Cy,. The conservation of charge at X requires that Cy, Vx come from
Cy, raising the charge on Cy to CyVy + Ciy Vy.? Tt follows that the voltage across Cy
equals (Cy Vo + Ci Vx)/ Cyr. We therefore wiite V,,, — (Cz Vo + CinVx)/Cy = Vyand
V.‘( - - our/Aul- Thus,

Vo

st (C”‘ +1)
‘ Aul CH
1 Cin
~ vo[p ( +1)]. (1249

Ay \Cy ;

-

Vour =

(12.43)

As expected, if Cin/Cy <« 1, then V,,, = Vo /(1 + A;l‘ 5. In general, however, the circuit
suffers from a gain error of approximately —(Ciy/Cy + 1), Ay, suggesting that the input
capacitance must be minimized even if speed is not critical. Recall from Chapter 9 thatto
increase A, we may choose a large width for the input transistors of the op amp, but at the
cost ol higher input capacitance. An optimum device size must therefore yield minimum
gain error rather than maximum A,

Example 12.4 -—

In the circuit of Fig. 12.35, Cj, = 0.5 pF and Cy = 2 pF. What is the minimum op amp gain M
guarantees a gain error of 0,197

Solution

Since Cipy/Cyp = 0.25, we have Ay, = 1000 x 1.25 = 1250.

- _ N ‘ ) -
"The charge on Cyy increases hecause positive charge transfer from the 127t plate of Cy 10 the top plate of e
leicls 1o @ more positive voltage across Cyy .
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CK
P
s‘l
V|n CHI_F —o Voul
{a)

Figure 12.36 (a) Unity-gain sampler in sampling mode, {b) equivalent circuit of (a).

Speed Considerations Let us first examine the circuit in the sampling mode
[Fig. 12.36(a)}. What is the time constant in this phase? The total resistance in series
with Cy 15 given by R,,) and the resistance between X and ground, Ry. Using the simple
op amp model shown in Fig. 12.36(b), where R, denotes the open-loop output impedance
of the op amp, we have

(Ix — Gm Vx)Ro + Ix K2 = Vy, (I245)
that is,
Ro + Ronz
- . 12.46

Since typically Rpy &« Ro and G.Ro > 1, we have Ry = 1/G,,. For example, in
a telescopic op amp employing differential to single-ended conversion. G,, equals the
transconductance of each input transistor.

The time constant in the sampling mode is thus equal to

1
Tsam = (Ronl =+ G_m) CHo (12.47)

The magnitude of 7,,, must be sutficiently small to allow settling in the test case of Fig. 12,14
to the required precision.

Now let us consider the circuit as it enters the ampiification mode. Shown n Fig. 12.37
along with both the op amp input capacitance and the load capacitance, the circuit must
begin with V,,, = 0 and eventually produce V,,, = Vq. If C;,, is relatively small, we can
assume that the voltages across C and Cy do not change instantaneously, concluding that
if Voo & 0and Vey = Vg, then Vx = —V; at the beginning of the amplification mode.
In other words, the input difference sensed by the op amp initially jumps to a large value.
possibly causing the op amp to slew. But, let us first assume the op amp can be modeled by
a linear model and determine the cutput response.

To simplify the analysis, we represent the charge on Cy by an explicit series voltage
source. Vs. that goes from zero to Vp att = 1 while Cy carries no charge itseif (Fig. 12.38).
The objective is to obtain the transfer function V,,,(s)/ Vs(s) and hence the step response.
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Figure 12,37 Time response of unity-gain sampler in amplification

mode.
Vi .
_ S+ CH |
I—O—%——
X _J_+ 3 t _L ° Vout
Cin - Vx (T_)GITIVX HD I CL
= I = = = Figure 12,38 Equivalent circuit of
= unity-gain circuit in ampiification moge.
We have
1
Vout (}-{ + CLS) + G Vx = (Vs + Vx — Vour)Cus. (12.48)
0

Also, since the current through C;, equals Vy Ciys,

C”'S
CHS

Vx + Vy + V5 = V,,,. (1249)

Calculating Vi from (12.49) and substituting in (12.48), we arrive at the transfer function:

’ ) .
lo:u{s) — Ro (Gm + CmS)CH . (12.50,
Vs Ro{CLCin +CinCy — CyC)s + GmRyCly + Cy + Cip

Note thatfor s = 0, (12.50) reduces to a form similar to (12.43). Since typically G RoCu ¥
Cy. Ciy, we can simplify (12.50) as

Vom (S) — (Gm + C,‘,,S)CH . (12_51)”
VS (CLCr'r. =+ CIHCH + CHCL )5 + Gm CH )

Thus. the response is characterized by a time constant equal to

CiCin+CinChx + CHCL
famp = GnCr
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which is independent of the op amp output resistance. This is because a higher Ry leads
1o a greater loop gain, eventually yielding a constant closed-loop speed. If Ci, & Cy, Cy,
then (12.52) reduces to C / G, an expected result because with negligible C;,, the output
resistance of the unity-gain buffer is equal 10 1/G,,.

We now study the slewing behavior of the circuit, considering a telescopic op amp as an
example. Upon entering the amplification mode, the circuit may experience a large step at
the inverting input (Fig. 12.37). As shown in Fig. 12,39, the tail current of the op amp's input
differential pair is then steered to one side and its mirror current charges the capacitance
seen at the output. Since M, is off during slewing, C;, is negligible and the slew rate is
approximately equal to /55/C,. The slewing continues until Vy is sufficiently close to the

gate voltage of M), after which point the settling progresses with the time constant given
in (12.52).

5

TF |

=

2

5 TF |
g<

Figure 12.39 Unitv-gain sampler
during slewing.

Qur toregoing studies reveal that the input capacitance of the op amp degrades both the
speed and the precision of the unity-gain sampler/butfer. For this reason. the bottom plate
of Cy in Fig. 12.30 is usually driven by the input signal or the output of the op amp and
the top plate is connected to node X (Fig. 12.40). minimizing the parasitic capacitance
seen from node X to ground. This technique is called “bottom-plate sampling.” Driving the
bottom plate by the input or the output also avoids the injection of substrate noise to node
X (Chaprer 18).

It is instructive to compare the performance of the sampling circuits shown in
Figs. 12.29tbyand {2.30(a). In Fig. 12.29(b), the sampling time constant is smaller because
it depends on only the on-resistance of the switch. More importantly, in Fig. 12.29(b}, the
amplification after the switch turns off is almost instantaneous, whereas in Fig, 12.30 it
requires a finite settling time. However, the critical advantage of the unity-gain sampler is
the input-independent charge iniection.
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S3
o
S,
o0
$4

VinO"'—O""ﬂ'——"l-
Lo X |, > Vo

Figure 12.40 Connection of capacitor to the unity-gain
sampler.

12.3.2 Noninverting Amplifier

In this section, we revisit the amplifier of Fig. 12.4, studying its speed and precision proper-
ties. Repeated in Fig. 12.41(a), the amplifier operates as follows. In the sampling mode, §,
and S; are on and 53 1s off, creating a virtual ground at X and allowing the voltage across
€ to track the input voltage [Fig. 12.41(b)]. At the end of the sampling mode, $; tums
off first, injecting a constant charge, Ag», onto node X. Subsequently, S turns off and §
turns on [Fig. 12.41(c)]. Since Vp goes from Vi, to 0, the output voltage changes from Q1o
approximately Vi,o(C;/C,), providing a voltage gain equal to Cy/Cy. We call the circuita

“noninverting amplifier” because the final output has the same polarity as Vj,o and the gain
can be greater than unity.

S,
Lr e
C,
Sf C1 ' { C-[
V. f——t Vi 0—f —
" l X —2 Vo n P X o Vout
- '
(a) (b)
Cy
i Cy

Vil"lO C1 cC V|I10
l.,.___; 2
‘ P X ° Yout

{c)

L}
L3
.

Figure 12.41 (a) Noninverting amplifier, (b) circuit of (a) in samp]mg mode, (c) transition .
of circuit to amplification mode.
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As with the unity-gain circuit of Fig. 12.30(a), the noninverting amplitier avoids input-
dependent charge injection by proper timing, namely, turning $; off before S, (Fig. 12.42}.
After S is off, the total charge at node X remains constant, making the circuit insensitive to
charge injection of §; or charge “‘absorption” of S3. Let us first study the effect of §; carefully.
As iltustrated in Fig. 12.43, the charge injected by S1, Ag), changes the voltage at node P by
approximately AVp = Agq/C).and hence the output voltage by —Aq, / Ca2. However. after
S; turns on, Vp drops to zero. Thus. the overall change in Vp is equal to 0 — Vi, = — Vi,
producing an overall change in the cutput equal to — Vinoe{—C1/C2) = Vo C1/Ca.

S,
qu oo
C»
S, +Vin0 it '
vil"l ? P cl I1 x p—0 VOUt
Figure 12.42 Transition of noninvent-
s ing amplifier to amplification mode.
S urns off.
v, \+AVP
n0
Gy
s, I Ve } I

S5 turns on.

P
Vi oeemdt” —
n N C1 X —= vout 0 -
Aq1 53 t
- 01
l — _ rin0

= c
Vout 2

~Y

Figure 12.43 Effect of charge injected by §y.

The key point here is that Vp goes from a fixed voltage, Vp, to another. 0, with an
intermediate perturbation due to $\. Since the output voltage of interest is measured after
node P is connected to ground, the charge injected by S does not affect the final ourput.
From another perspective, as shown in Fig. 12.44, the charge on the right plate of C; at the
instant S~ turns oft is approximately equal to — V.,oCy. Also, the total charge at node X must
remain constant after Sy turns off. Thus. when node P is connected to ground and the circuit
settles, the voltage across € and hence its charge are nearly zero, and the charge —V;,yC,
must reside on the lefi-plate of Cs. In other words, the output voltage is approximately equal
10 VinoC1/Coregardless of the intermediate excursions at node P.
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Sy 5,
oo o
"_.JF*_‘__ 1 »—_]|+—-4
V. 0 Vlno
31 + in0 . 0
V, o—oo— —4 —
n P C X —oVou 5> [P ci1x oV,

Figure 12.44 Charge redistribution in noninverting amplifier.

The foregoing discussion indicates that two other phenomena have no effect on the fing
output. First, from the time S> turns off until the time $; turns off, the input voltage may
change significantly (Fig. 12.45) without introducing any error. In other words, the sampling
instant is defined by the turn-off of S,. Second, when S turns on, it requires some channe]
charge but since the final value of Vp is zero, this charge is unimportant. Neither of these
effects introduces error because the total charge at node X is conserved and Vp is eventually
set by a fixed (zero) potential. To emphasize that Vp is initially and finally determined by
fixed voltages, we say node P is “driven” or node P switches from a jow-impedance nodeto
another low-impedance node. Here the term low-impedance distinguishes node P, at which
charge is not conserved, from “floating” nodes such as X, where charge 1s conserved.

S,
o
Cs
Vin — st

; | X b0 Vout
S

Figure 12.45 Effect of input change after §2 turns off.

In summary, proper timing in Fig. 12.41(a) ensures that node X is perturbed by only the
charge injection of S», making the final value of V,,,, free from errors due to Sy and 53 The
constant offset due 10 S can be suppressed by difierential operation (Fig. 12.46).

Example 12.5 —

L

In the differential circuit of Fig. 12.46, suppose the equalizing swilch is notused and S and Sé exhibé
a threshold voltage mismatch of 10 mV. [f Cy = 1 pF. ¢ : = 0.3pF, Vry = 0.6 V. :nd for all switche
WL C,, = S0 1F. calculate the dc oftset measured at the output assuming all of the channel charge %,
Sz and 53 is injected onto X and Y, respectively. _
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81 C‘]
OB }—
Vin 5

O—0C_—f |

Figure 12,46 Difterential realization
of noninverting amplifier.

Sy

[a” o
Vln

or 3_._?

Sy

Figure 12.47

Solution

Simplifying the circuit as in Fig. 12,47, we have V,,,;, = Ag/Ca, where Ag = WILC, AVry. Note
that Cy does not appear in the result because X is a virtual ground. i.e.. the voltage across €| changes
onliy negligibly. Thus, the injected charge resides primarily on the left plate of C-. giving an output
error voltage equal to AV, = WLC, AVrgy/Cr = 1 mV,

Precision Considerations As mentioned above, the circuit of Fig. 12.41(a) provides
a nominal voltage gain of C/C». We now calculate the actual gain if the op amp exhibits a
fimte open-loop gain equal to A,,). Depicted in Fig. 12.48 along with the input capacitance
of the op amp. the circuit amplifies the input voltage change such that:

(Vour — Vx)Cas = Vx Cins + (Vx — Vi)Cys. (12.53)
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C,
11
C1 X ir
Vi o—1 - ] Vit
o L -J-_ p A o Figure 12.48 Equivalent circuit of
nI w vi noninverting amplifier during  ampli.
= fication.
Since Vo, = —Ay Vy. we have
vﬂl!f - Cl ]
Vi, t C:+Cy+ Gy (1254
N C‘2 +
AL-l
For large Ay,
Vo C C+ €+ G 1
out | ~1 | — 2 { in - (1255)
Vin Ca ¢, A

implying that the amplifier suffers from a gain error of (Cz + C) + Cin)/(C2A41). Note tha

the gain error increases with the nominal gain €/ Cs.

Comparing (12.44) with (12.55), we note that with Cy = C» and for a nominal gain
of unity, the noninverting amplifier exhibits greater gain error than does the unity-gain
sampler. This is because the feedback factor equals C2/(Cy + Cyyy 4+ Ca) in the former and
Cy/{Cy + Cin) in the latter. For example, if C;, is negligible, the unity-gain sampler’s gain
error is half that of the noninverting amplifier.

Speed Considerations The smaller feedback factor in Fig. 12.48 suggests that the

time response of :he amplifier may be slower than that of the unity-gain sampler. This is
indeed true. Consider the equivalent circuit shown in Fig. 12.49(a). Since the only difference
between this circuit and that in Fig. 12.38 is the capacitor C,, which is connected from node
X to an ideal voltage source, we expect that (12.52) gives the time constant of this amplifier
as well if C;, is replaced by C,,, + Cy. But for a more rigorous analysiy, we substtute
Vi,. Cy, and C;, in Fig. 12.4%a) by a Thevenin equivalent as in Fig. 12.49(b), where
a = C1/(Cy + Ciy),and Cpy = € + Ciyy, and note that

Coy

Vy = Vr'n - Vou -~ VO,”. 12.56)
x = (a I)Ceq t + {
Thus.
Vi =V Ceq Vi | G + V. ! +Cis) =t(aV, -V )._,__--—-C"‘*Cz 5
taty, om)cyq T C: T Your m oul Ro LS| =V, oiit Ceq + G ‘%I‘

f - s’
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G,
I
Cy
X
R | [ t l ° Vout
+
Yin()  Cin T_ Vx @vax %Ro T C
(a)
Co
c —
eq X
R |_+ t l @ vout
o Viﬂ ) Vx (T—D vax Rg I CL
T .;_-. T = T
B!

Figure 12,49 (a) Equivalent circuit of noninverting ampli-
fier in amplification mode, (b) circuit of (a) with V;,, Cy, and
C;, replaced by a Thevenin equivalent.

and hence
C
—Cogm (G — C21)R
Vour () = "C G o (12.58)
v, C2Gom Ro + Coq + C2 + RolCL(Cog + C2) + CogCals '

Note that for s = 0, (12.58) reduces to (12.54). For a large G, Ry, we can simplify {12.58)
to

¢y
—Coy———(Gpy — Cr8)R
V"‘”(s) N Tt C’_"( m 28)Ro 12.59)
Vin RolCy C,_.q +C.Cy + Ceq Cs + Gy, KoC> '
obtaining a time constant of
C € 1 Cr Ct.'f 2
Tamp = LCey +CLCat CoyCa (12.60)

Gm C:

which is the same as the time constant of Fig. 12.37 if C,,, is replaced by C;, + Cy. Note
the direct dependenge of 7g,,, upon the nominal gain, C,/Ca.

It is instructive to examine the amplifier’s time constant for the special case C; = 0.
Equation {12.60) yields 1, = (C) + C;,)/ G, 2 value independent of the feedback
capacitor. This is because. while a larger Cs introduces heavier loading at the output. it also
provides a greater feedback factor.

The reader may wonder why Eq. (12.58) yields a negative gain for the circuit that we
have called a “nontnverting” amplifier. This equation simply means if the lert plate of C; is
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stepped down, then the output goes up. This does not contradict the operation of the Origing)
circuit (Fig. 12.41), where the change in Vp is equal to — Vi,

12.3.3 Precision Multiply-by-Two Circuit’

The circuit of Fig. 12.41(a) can operate with a relatively high closed-loop gain, by j
sutfers from speed and precision degradation due to the low feedback factor. In this section,
we study a topology that provides a nominal gain of two while achieving a higher speed
and lower gain error [5]. Shown in Fig. 12.50¢4), the amplifier incorporates two equg|
capacitors, Cy = C2 = C. Inthe sampling mode, the circuit is configured as in Fig. 12.50(b),

V o
In X —o vout

s; | ¢
S¢ )
{a)
Lo c
th’_t::j_)(‘ o Vo — " v,
(b) (©)

Figure 12.50 (a) Multiply-by-two circuit, (b) circuit of (a) in sampling mode, (¢) circuit
of (a) in amplification mode.

establishing a virtual ground at X and allowing the voltage across C; and C to track V. In
the transition to the amplification mode, S3 turns off first. C; is placed around the op amp.
and the left plate of C, is switched to ground [Fig. 12.50:c)]. Since at the moment 55 turms
off, the total charge on C| and C: equals 2V;,oC (if the charge injected by 5z 1s neglected).
and since the voitage across C- approaches zero in the amplification mode. the final voltage
across C; and hence the output voltage are approximately equal to 2V,,. This can also be
scen from the slow motion illustration of Fig. 12.51.

The reader can show that the charge injected by S| and S and absorbed by Ss and
Ss is unimportant and that injected by S introduces a constant offset. The offset can be
suppressed by ditterential operation.

The speed and precision of the multiply-by-two circuit are expressed by (12.60) and
(12.55), respectively, but the advantage of the circuit is the higher feedback factor fof &
given closed-loop gain. Note. however, that the input capacitance of the multipiy-b)"l‘“_g
circuit in the sampling mode is higher. e
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Vino
+ —

S, Vino ) 2V\no
oo - =

—o Vour ‘:> c, —o Vout C\r.>' C, —2 Vout
Vine =4 I .FIO‘ 5

Vino -

Figure 12.51 Transition of muitiply-by-two circuit to amplification mode in slow motion.

12.4 Swiiched-Capacitor Integrator

Integrators are used in many analog systems. Examples include filters and oversampled
analog-to-digital converters. Fig. 12.52 depicts a continuous-time integrator, whose output
can be expressed as

1
Vour = — Vindi, 12.61
= [ (12.61)

if the op amp gain is very large. For sampled-data systems. we must devise a discrete-time
counterpart of this circuit.

)¢ pnd Vout

Figure 12.52 Continuous-time inte-
grator.

Before studying SC integrators, let us first point out an interesting property. Consider
a resistor connected between two nodes [Fig. 12.53(a)}, carrying a current equal to (V4 —
Vg)/R. The role of the resistor is to take a certain amount of charge from node A every
second and move it to node B. Can we perform the same function by a capacitor? Suppose
in the circuit of Fig. 12.53(b), capacitor Cg is alternately connected to nodes A and B ata
clock rate fcx. The average current flowing from A to B is then equal 1o the charge moved

R
—
!

1a}

Figure 12.53 (a) Continuous-time and (b) discrete-time resistors.
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in one clock period:

- Cs(Vy -V
fex
= Cs fex(Va — Vp). (12,63,

We can therefore view the circuit as a “resistor” equal to {Cs fex}~'. Recognized by James

Clark Maxwell, this property formed the foundation for many modem switched-capaciipy

circuits.

Lert us now replace resistor R in Fig. 12.52 by its discrete-time equivalent, arriving at
the integrator of Fig. 12.34(a). We note that in every clock cycle. C; absorbs a charge equa

c C1y,
- i
“2 Vout * Cz "
v, o—
n ‘ X L° Vour +
I”
g ) T
(a) (b)
Figure 12.54 (a) Discrete-time integrator, (b) response of circuit to a constant input

voliage.

to C, Vi, when 5, is on and deposits the charge on C, when S» is on {(node X is a virtual
ground). For example, if Vi, is constant, the output changes by V;,Cy/C» every clock cycle
[Fig. 12.54(b)]. Approximating the staircase waveform by a ramp, we note that the circuit
behaves as an integrator,

The final value of V,,,; In Fig. 12.54(a) after every clock cycle can be writien as

C
Vom(kTCK) = Vmu[(k - I)TCK] - Vm[(k - l)TCK] . —Chl- (12.64)
2

where the gain of the op amp is assumed large. Note that the small-signal settling time
constant as charge is transferred from C, to C is given by (12.52).

The integrator of Fig. 12.54(a) suffers from two important drawbacks. First. the input-
dependent charge injection of §; introduces nonlinearity in the charge stored on Cy and
hence the output voltage. Second, the nonlinear capacitance at node P resulting from
the source/drain junctions of §; and S, leads to a nonlinear charge-to-voltage conversion
when C; is switched to X. This can be understood with the aid of Fig. 12.55. where

the charge stored on the total junction capacitance. C;, is not equal o VinoC ;. but ruthef
equal 10

ind
q(‘j = j C‘,dV.
3]
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C,
.....__”..___
p Sz
v 0+| - | c X —o Vout
n
-T ! i = Figure 12.55 Effect of junction ca-
T H pacitance nonlinearity in SC integrator.

Since C; is a function of voltage, g.; exhibits a nonlinear dependence on Vg, thereby
creating a nonlinear component at the output after the charge is transferred to the integration
capacitor.

Anintegrator topology that resolves both of the foregoing issues is shown in Fig. 12.56(a).
We study the circuit’s operation in the sampling and integration modes. As shown in
Fig. 12.56(b), in the sampling mode S; and Sy are on and S, and S, are off, allowing
the voltage across C to track V;, while the op amp and C; hold the previous value. In the
transition to the integration mode, S3 turns off first, injecting a constant charge onto Cy, S,
turns off next, and subsequently 5; and S; turn on (Fig. 12.56(c)]. The charge stored on C,
is therefore transferred to C; through the virtual ground node.

Since 53 turns off first, it introduces only a constant offset, which can be suppressed by
differential operation. Moreover, because the left plate of C; is “driven’ (Section 12.3.2),
the charge injection or absorption of §; and S, contributes no error. Also, since node X
1s a virtual ground, the charge injected or absorbed by s is constant and independent
of Vin-

How about the nonlinear junction capacitance of 53 and 547 We observe that the voltage
across this capacitance goes from near zero in the sampling mode to virtual ground in the

c?
|
S'l c1 P 54
Vipo—o1—0p i o—; L o,
ou
%T.Sz 8, L
(a)
c2 “2
c, — Cy il

Vlno—._“-—_l_ 2 Yout -L_-”-_‘ — Yout

{b) (<)

Figure 12.56 (a) Parasitic-insensitive integrator. (b circuit of (a) in sampling mode,
{c) circuit of (a) in integration mode.

L
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integration mode. Since the voltage across the nonlinear capacitance changes by ay

o Seoms e b ery :
small amount, the resulting nonlinearity is negligible.

12,5 Switched-Capacitor Common-Mode Feedback

Our study of common-mode feedback m Chapter 9 suggested that sensing the output CM
level by means of resistors lowers the differential voltage gain of the circuit considerably,
We atso observed that sensing techniques using MOSFETs that operate as source followers
or vartable resistors suffer from a limited linear range. Switched-capacitor CMFB networks
provide an alternative that avoids both of these difficulties (but the circuit must be refresheq
periodically.)

In switched-capacitor common-mode feedback, the outputs are sensed by capacitors
rather than resistors. Figure 12.57 depicts a simple example, where equal capacitors C, and
C; reproduce at node X the average of the changes in each output voitage. Thus, if V,,,, and
Vour2 €Xperience, say, a positive CM change, then Vy and hence /s increase, pulling Vount
and V,,,,> down. The output CM level is then equal to V5, plus the voltage across €| and Cy.

Figure 12,57 Simple SC common-
- mode feedback,

How is the voltage across C) and C- defined? This is typically carried out when the
amplitier is in the sampling (or reset) mode and can be accomplished as shown in Fig. 12.58.
Here. during CM level definition. the amplifier differential input is zero and switch Sy i
on. Transistors M, and M, operate as a linear sense circuit because their gate voltages
are nominally equal. Thus, the circuit settles such that the ouput CM level is equal t0
Viise.1 + Vi ss. Atthe end of this mode. §) turns off, leaving a voltage equal to V54 7 across
€ and Cy. In the amplification mode. Mg and M; may experience a large nonlinearity but
they do not impact the performance of the main circuit because S, is off,

In applications where the output CM level must be defined more accurately than in the
above example. the topology shown in Fig. 12.59 may be used. Here. in the reset mode.
one plate of ) and C, is switched to V¢ while the other is connected to the gate of
M. Each capacitor therefore sustains a voltage equal to Vieyy — V. [n the amplificatiot -
mode, S- and S; are on and the other switches are off. yielding an output CM level equal 0 .
Veur — Vise + Vigss. Proper definition of /53 and {p, with respect to fpg e can guaranies o
that Vs 55 = Vgse and hence the output CM level is equal to Vi, £
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Figure 12.58 Definition of the volt-
- age across C; and C.

Vv,
M4E-l DD
—l} 5 Vb

S3
i
s V
S:_ o}
MzF'IFI Irer
1y
Sy Me

Figure 12.59 Alternative topology for definition of output CM
level,

With large output swings, the speed of the CMFB loop may in fact influence the settling
of the differential output [6]. For this reason, part of the tail current of the differential pairs
in Figs. 12.38 and 12.59 can be provided by a constant current source so that Ms makes
only smali adjustments to the circuit.

Unless vtherwise stated, in the follow ing problems, use the device data shown in Table 2.1 und assume
Vop = 3 V where necessary. Also. assume all transistors are in saturation.

12.1.  The circuit of Fig. 12.2(b; is designed with C; = 2 pF and C2 = 0.5 pF.
(a) Assuming Rp = oo but the op amp has an output resistance R,,,. derive the transfer
function Vg, (s)/ Vils).
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{b) If the op amp is ideal, determine the minimum value of K¢ that guarantees a gain e,
of 1% for an input frequency of 1 MHz.

Suppose in Fig. 12.5(a), the op amp is characterized by a transconductance G and an outpy
resistance Roue.

{a) Determine the transfer function V. / Vi, in this mode,
(b) Plot the waveform at node B if Vi, is a 100-MHz sinusoid with a peak amplitude of 1 v,
Cy = 1 pF, G,y = 1/{100 £2), and R,y = 20 k€2,

In Fig. 12.5(b), node A is in fact connected to ground through a switch (Fig. 12.4). If the

switch introduces a series resistance R, and the op amp is ideal, catculate the time constan

of the circuit in this mode. What is the total energy dissipated in the switch as the circujt

enters the amplification mode and V), settles to its final value?

The circuit of Fig. 12.9(a} is designed with (W/L)| = 20/0.3 and Cg = | pF.

(a) Using Eqs. (12.9) and (12.16), calculate the time required for Vy,, to drep to +1 my,

{b) Approximating M| by alinearsesistorequalto [, Co (W LY (Vpp—Vrull™ I calculate
the time required for V,,,; to drop to +1 mV and compare the result with that obtained in
part {a}.

The circuit of Fig. 12.11 cannot be characterized by a single time constant because the

resistance charging Cy (equal to 1/gm if ¥y = ) varies with the output level, Assume

(W/L); = 20f05 and CH =1 pF

{(a) Using Eq. (12.21), calculate the time required for Vs toreach 2.1 V.

(b) Sketch the transconductance of M versus time.

In the circuit of Fig. 12.8(b). (W/L) = 20/0.5 and Cy = ! pF. Assume A = y = 0 and

Vip = Vo sinwipt + Vi, where @y, = 21 x (100 MHz). .

(a) Calculate Ry and the phase shift from the inpur to the cutput if Vo = Vi = 10 mV,

(b) Repeat part (a) if Vg = 10 mV but V,, = 1 V. The variation of the phase shift translates
to distortion. '

Describe an efficient SPICE simulation that yields the plot of Rypn ey for the circuit of
Fig. 12.16.

The sampling network of Fig, 12.16 is designed with (W/L). = 20/0.5, (W/L)> = 60/0.5,
and Cy = | pF. If Vi, = 0 and the initial value of V,,; is ~3 V, estimate the lime required
for Vo 10 drop to +1 mV.

In the circuit of Fig. 12.19. {W/L); = 20/0.5 and Cy = 1 pF. Caiculate the maximum
error at the output due to charge injection. Compare this error with that resuiting from clock
feedthrough,

The circuit of Fig. 12.60 samples the input on C; when C X is high and connects € and C:

when CK is low. Assume (W Ly = (W/L)ppand C; = C;.

{a) If the initial voltages across C; and Ca are zero and V;y, = 2V, plot Vy,,, versus time fOf
many clock cycles. Neglect charge injection and clock feedthrough. '

1
viﬂ %—4} VOU '

Figure 12.60

h}a T
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(b} What is the maximum error in V,,,, due to charge injection and clock feedthrough of M;
and M;? Assume the channel charge of M splits cqually between €y and C.
(c) Determine the sampled k7 /C noise at the output afier M> turns off.

For Vi, = Vgsinwgt + Vo, where Vp = 0.5 V and ay = 27 x (10 MHz), plot the output
waveforms of the circuits shown in Fig. 12.29(b) and 12.30¢a). Assume a clock frequency of
50 MHz.

In Fig. 12.45, S turns off A7 seconds after 5~ and 3y turns on Ar seconds after § turns off.

Plot the output waveform, taking into account the charge injection and clock feedthough of
S§1-51. Assume all of the switches are NMOS devices.

The circuit of Fig. 12.48 is designed with C; = 2 pF. ;,, = 0.2 pF and 4, = 1000, What is
the maximum nominal gain, C1/C2, that the circuit can provide with a gain error ot 1%7?

In Problem 12.13, what is the maximum nominal gain if G, = /(100 Q) and the circuit
must achieve a time constant of 2 ns in the amplification mode? Assume C,, = 0.2 pF and
calcutate Cy and Ca.

The integrator of Fig. 12,54 is designed with C| = Cy = | pF and a clock frequency of
100 MHz. Neglecting charge injection and clock feedthrough, sketch the output if the input
is a 10-MHz sinusoid with a peak amplitude of 0.3 V. Approximating €. 1. and S2 by a
resistor, estimate the output amplitude. :

Consider the switched-capacitor amplifier depicted in Fig. 12.61, where the common-mode
feedback is not shown. Assume (W/LY} 3 = 50/0.5.Iss = |l mA, C, = C> = 2 pR
C3 = C4 = 0.5 pF, and the output CM level is 1.5 V. Neglect the transistor capacitances.

Vem Figure 12.61

(a) What is the maximum allowable output voltage swing in the amplification mode?
{b) Determine the gain error of the amplifier.
(c) What is the small-signal time constant in the amplitication mode?

Repeat Problem 12.16(c) if the gate-source capacitance of My and M5 1s not neglected.

A ditferential circuit incorporating a well-designed common-mode feedback network exhibits
the open-loop input-output characteristic shown in Fig. 12.62(a). In some circuits, however,
the characteristic appears as in Fig. 12.62(b). Explain how this effect oceurs.
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(a} {b}

Figure 12.62

12.19. Tn the common-mode feedback network of Fig. 12.58, assume W /L = 50/0.5 for all trap.

sistors, {ps = 1 mA, and Ips7 = 30 pA. Determine the allowable range of the inpu
common-mode level.

12.20. Repeat Problem 12.19 if (W/L)e 7 = 10/0.5.

12.21. Suppose in the common-mode feedback network of Fig. 12.58, 5y injects a charge of Ag ontg
the gate of Ms. How much do the gate voltage of M5 and the output common-mode level
change due to this error?

12.22. Inthecircuit of Fig. 12.63, each op ampis represented by a Norton equivalent and characterized
by Gy and R,y . The output curreats of two op amps are summed at node Y [7]. (The circuit
is shown in the amplification mode.) Note that the main amplifier and the auxiliary amplifier
are identical and the error amplifier senses the voltage variation at node X and injects a

Main Amplifier

E Gy
E ]l
c 1f
Vlno"'"“"'i"“’_-‘ G v Y oV ot
: + :
= = Roulé
. Error
= 1 Amplifier
N c,
5 11
ey i E
L4 ~ :
x _{Gm
L o

Auxilrary Ampilifier Figure 12.63
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proportional current into node ¥. The output impedance of the error amplitfier ts much greater
than R,,;. Assume G,, Rour 3 1.

(a) Calculate the gain error of the circuit.

(b) Repeat part (a) if the auxiliary and error amplifiers are eliminated and compare the
results.
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Chapter 13

Nonlinearity and Mismatch

In Chapters 6 and 7. we dealt with two types of nonidealities, namely, frequency response
and noise, that limit the performance of analog circuits. In this chapter, we study two other
imperfections that prove critical in high-precision analog design and trade with many other
performance parameters. These effects are nonlinearity and mismatch.

We first define metrics for quantifying the effects of nonlinearity. Next, we study non-
linearity in differential circuits and feedback systems and examine several linearization
techniques. We then deal with the problem of mismatch and dc offsets in differential cir-
cuits. Finally, we consider a number of offset cancellation methods and describe the effect
of oftset cancellation on random noise.

13.1 Nonlinearity
13.1.1 General Considerations

As we have observed in the large-signal analysis of single-stage and differential amplifiers,
circuits usually exhibit a nonlinear input/output characteristic. Depicted in Fig. 13.1. such
a characteristic deviates from a straight line as the input swing increases. Two examples

Vo & Actual

/- Ideal

5y

Figure 13.1 Input/output characteris-
tic of a nonlinear <vstem.

are shown in Fig. [3.2. In a common-source stage or a Jitferential pair, the output varjatiod
becomes heavily nonlinear as the input level increases. In other words, for a small inpul
swing, the output is a reasonable replica of the input but for large swings the output elhlb‘”"'
“saturated” levels.

448
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Yoo
Rp
VOUI
Vh"lo_l M1
Vourd 70 |

ry
(a)

(b)

Figure 13.2  Distortion in () ¢ common-source stage und (b) a &itferential puir.
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The nonlinear behavior of a circuit can also be viewed as variation of the slope ang
hence the small-signal gain with the input level. Iilustrated in Fig. 13.3, this observatipy
raeans that a given incremental change at the input resuits in different incremental change,
at the output depending on the input dc level.

out

5y
Y

. ty
(a) (b)

Figure 13.3 Variation of smali-sigral gain in a nonlinear amplifier.

In many analog circuits. precision requirements mandate relatively small nonlinearities,
making it possible to approximate the input/output characteristic by a Taylor expanston in
the range of interesi. '

V(1) = ayx(8) + aax? () Fasx ) + - (13.D

For small x, v(r) = ¢ x. indicating that &, is the small-signal gain in the vicinity of x = 0.

How is the nonlinearity quantified? A simple method is to identify oy, aa, etc., in (13.1).
Another metric that proves useful in practice is to specify the maximum deviation of the
characteristic from an ideal one (i.e., a straight line). As shown in Fig. 13.4, for the voltage
range of interest, [0 Vi, max). We pass a straight line through the end points of the actual
characteristic, obtain the maximum deviation, AV, and normalize the result to the max-
imum output swing, V., mac. FOr example, we say an amplifier exhibits 1% nonlinearity
{AV/ Viurmae = 0.01) for an input range of 1 V.

Vout“
4

out‘max ............................... -

> Figure 13.4 Definition of nonlif «
in :

Vln.max earity
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Example 13.1

The input/output characteristic of a differential ampiifier is approximated as V(1) = apr{t) —

a3x3(t). Caleulate the maximum nonlinearity if the input range is from x = — x40 O X = + X0 .

Figure13.5

Solution

As depicted in Fig. 13.3. we can express the straight line passing through the end points as

3
alxmax + a3'rn1ax ¥

= (13.2%
Lrax
= (o +aaidy)x. (13.3)
The difference between v and vy is therefore equal to
Ay =y =1 (13.4
= a1x +a3x’ — (a1 + cz3x§mx).r. (13.5

Setting the derivative of Ay with respect to x to zero, we have X = Xpyq/+/3 and the maximum
deviation is equal to 2erax,, . /(3+/3). Normalized to the maximum output. the nonlinearity is obtained

as

. 3
A-\ — 203"(!)1'{!.\' { I } 6 )

Ymax 3\/5 % 2(0‘1_{”'“.‘_ + Q’}.Y“ )

HAX

Note that the factor of 2 in the denominator is inciuded because the maximum peak-to-peak output
. . . .y 1 .
swing is equal to 2{&| Xnax — er3x? ). For small nonlinearities, we can neglect azx,,,, . with respect

X
L0 O | Xppary . AITIVING A1

Av o3 1
—— et

= 3, (13.7)
Ve 3\/3'(1! X

Nate that the relative nonlinearity is proportional to the square of the maximum input swing in this
example.
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13.1.2 Nonlinearity of Differential Circuits

Chap. 13 Nonlinearity and Misma:a,

The nonlinearity of a circuit can also be characterized by applying a sinusoid at the inpy
and measuring the harmonic content of the output. Specifically, if in (13.1), x(#) = A cos gy
then ’

v(it) =aAcoswt + a2 A? cos’ wr + oy cos® wt — - - - (13.3)
oy Al 147
= o ACOSw! + 22 (14 cos(2wit)] + %{3 coswt + cosQBwt)] +---. (13.9) '

We observe that higher-order terms yield higher harmonics. In particular, even-order termg
and odd-order terms resuli in even and odd harmonics, respectively. Note that the magnitude
of the nth harmonic grows roughly in proportion to the nth power of the input amplitude,
Called “harmonic distortion,” this effect is usually quantified by summing the power of ajl
of the harmonics (except that of the fundamental) and normalizing the result to the power
of the fundamental. Such a metric is called the “total harmonic distortion” (THD). For a
third-order nonlinearity:

(a2A%/2)* + (a3 A3/4)°

THD =
(Q’]A + 3Q3A3/4)2

(13.10)

Harmonic distortion is undesirable in most signal processing applications, including
audio and video systems. High-quality audio products such as compact disc (CD) players
require a THD of about 0.01% (80 dB) and video products, about 0.1% (—60 dB).

[

Differential circuits exhibit an ~odd-symmetric™ input/output characteristic, i.e., f(—x)=
— f(x). For the Taylor expansion of (13.1) to be an odd function, all of the even-order terms,
oarp; must be zero:

yir) = o x(8) + oax>(0) — asx>@) + -+ (13.11)

indicating that a differential circuit driven by a differential signal produces no even har-
monics. This is another very important property of differential operation.

In order to appreciate the reduction of nonlinearity obtained by differential operation.
let us consider the two amplifiers shown in Fig. 13.6. each of which is designed to provide
a small-signal voltage gain of

A, = guRp (13'12)

W
= ﬂncon(VGS — Vru)Rp. (13‘13.),%:'

o

¥
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Voo
Voo
Rp Ap
Rp
wiLlT 1 wiL
Mo Vout o]
Vin°""| * ! Vin |—-|
WiL o J
fss'—" 2 ’

Figure 13.6 Single-ended and ditYerential amplifiers providing the
same voltage gain.

Suppose a signal V,, cos wt is applied to each circuit. Examining only the drain currents for
simplicity, we can write for the common-source stage:

1 12% -
Ipg = Eﬂncox"i'(VGS = Vru + Vi cosot)
1 w \ W
= Eau*nco.t Z(VGS — VruY + unCox “E(VGS — Vry) Vi cos wt
I w
+ E,U.,,CUIZV,,E cos® wt

W 1 W,
=1+ ﬂ-nco,\: I(VGS - VTH)Vm Cos wf —+ Iﬂnca,t'_i“v;;[l -+ COS(2C:)I)]. (13.14)

Thus, the amplitude of the second harmonic, A g p~. nommalized to that of the fundamental,

AF, is
Ayps V., .
HD: = : (13.15)
AF HVgs — Vry)
On the other hand, for M; and M, in Fig. 13.6, we have from Chapter 4:
i W 4] )
IDI _I."J: = _HIICG.YH‘/IIH _"_"i'_ -V {1316}
2 L C z in
\ n“lﬂ' my L

1

W ;
= Eﬂnco.rfvr'nv HVgs — Vry)? — V2. (13.17)
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Vi &« Vgs — Vry, then

W V2
i —Ipy = nCo. “_‘Virr V - Vr: ] — = 3
o1 p2 = M Cox 7 (Vas 'ru)\/ A Vs Vrn 2 (13.18,
Hal g 7 inl¥Gy TH - 8(1}05 — VTH)E “3!9]
% V3 cos? wr
= 41, C (Vc;s — Vru) |:Vm coswt — ——" q] 13.
8Vos — Vi) )
Since cos’ wt = [3coswt + cos(3wr)]/+, we oblaih,
3V V3 cos(3wt)
Iot = Ipy = gm |V, — i t— g, " . .
pr—io =8 [ " 32(Vgs — VTH)2:| coswt— & 32(Vgs — Vra)? (13.21)
If V,, > 3V2/[8(Vgs — Vry)®), then
A y?
HO3 » . (1322

Ar  32(Vos — Vra)?

Comparison of (13.15) and (13.22) indicates that the differentiul circuit exhibits much
less distortion than its single-ended counterpart while providing the same voltage gain and
output swing. For example, if V,,, = 0.2(Vgs — Vrg), (13.15) and (13.22) yicld a distortion
of 5% and 0.125%, respectivelv.

While achieving a lower distortion, the differential pair consumes twice as much power

as the CS stage because Iss = 2/. The key point, however, is that even if the bias currenl
of My is raised to 21, (13.13) predicts that the distortion decreases by only a factor of J2
(with W/ L maintained constant).

13.1.3 Effect of Negative Feedback on Nonlinearity

In Chapter 8. we observed that negative feedback makes the closed-loop gain relatively
independent of the op amp’s open-loop gain. Since nonlinearity can be viewed as variation

of the small-signal gain with the input level, we expect that negative feedback suppresses

this variation as well, yielding higher linearity for the closed-loop system.
Analysis of nonlinearity in a feedback system is quite complex. Here, we wmnderi
simple, “mildly nonlinear” system to gain more insight, The reason is that. if propeﬂ)'

designed. a teedback amplifier exhibits only small distortion cormponents. lending itself 10

this type of analysis.
Let us assume that the core amphiber in the system of Fig. 13.7 has an input- OUlP"‘

characteristic ¥ = a;x + a».x”. We apply a sinusoidal input v(7) = V,, cos w?. poqtulﬂll““m
that the output contains a fundamental component and a second harmonic and hence C‘

caAri




+ ys o
x (1) Gy X+ O X =y (1)
Figure 13.7 Feedback sysiem in-
B corporating a nonlinear feedforward
amplifier.
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|
| be approximated as y & a cos wf + b cos 2wt.! Our objective is to determine a and b. The
i output of the subtractor can be written as

ys = x(1) — By{t) (13.23)
=V, coswt — B{acoswt + bcos2ewr) (13.24)
= (V, _ Ba)coswt — Bbeos 2wt. (13.25)

This signal experiences the nonlinearity of the feedforward amplifier, thereby producing an
output given by:

y(£) = o) [{(Vyy, — B)coswt — Bbcos2wt]

a3 [(Vie — Ba)cos wt — Bbcos 2wi)? (13.26)
= [ {V,, — Ba) — ax(V,, — Ba)Bb]}coswt
»(V,, — Ba)*
w[wa;ﬁb+ Lrﬁa—)] cos 2wt + -+ - . (13.27)

The coefficients of cos wt and cos 2wt in (13.27) must be equal to a and b, respectively:

a = () — 0286} Vin — Ba) (13.28)
o Vi — Ba)’
AL

i

b=—aBb+ (13.29)

The assumption of small nonlinearity implies that both &2 and b are small quantities. yielding
a = atV,, — Bajand hence

o

a=———-->"Y,, (13.301
l‘Jr*ﬁO'.'l

which is to be expected because Ba; is the loop gain. To culculate b. we write

a
V. — Ba = —. (1331

o

I'Note that higher harmonics and phase shifts through the system are neglected.
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thus expressing (13.29) as

l a\’®
b=—opb+ EQI (t_!.?) - (l332j
That is,
¥s ¥ :
b(l = — | —
(I +ap) 5 (a[) (13.33,
O rxlz -
=S —=V5 13.
202 (1 + B 2 - (B3
[t foliows that
po@¥n_ L (13
2 (1+ B )

For a meaningful comparison, we normalize the amplitude of the second harmonic to ‘
that of the fundamental:
[ ) Vm 1 1

7w (4Pt (1339

b—-
= =

Without feedback, on the other hand, such a ratio would be equal to (o2 V,f, /2)/eyVy =
@2V /(2c1). Thus, the relative magnitude of the second harmonic has dropped by a factor
of (1 + Bary)% _

As described in Chapter 8, a feedback circuit employing a feedforward amplifier witha
finite gain suffers from gain error. For a feedforward gain of A, and a feedback factor of
B, the relative gain error is approximately equal to 1/(8Ag). If the feedforward amplifier
exhibits nonlinearity, it is possible to derive a simple relationship between the gain emor
and maximum nonlinearity of the overail feedback circuit. As illustrated in Fig. 13.8, we
draw two straight lines, one representing the ideal characteristic (with a slope 1/8) and
another passing through the end points of the actual characteristic. We note that with this
construction, the nonlinearity. Av,. is always smaller than the gain error, Ay,. This is of
course true only if the small-signal gain drops monotonically as v goes from 0 10 Xmas» 3

v A A

X "."' ' '\y-|

- Figure 13.8 Gain error and nonlinear-
X max X ity in a feedback system.
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typical behavior in most analog circuits. Thus, a sufficient condition to ensure Ay, < € is
to guarantee that Ay, < e by choosing a high open-loop gain for the amplifier.

The above condition is often applied in analog design because it is much easier to
predict the open-loop gain than its nonlinearity. Of course, this simplification is obtained at
the cost of a pessimistic choice of the amplifier’s gain. an issue that becomes more serious
as short-channel devices limit the voltage gain that can be achieved.

13.1.4 Capacitor Nonlinearity

In switched-capacitor circuits, the voltage dependence of capacitors may introduce sub-
stantial distortion. While for a linear capacitor we have Q = CV, for a voltage-dependent
capacitor we must write dQ = CdV. Thus, the total charge on a capacitor sustaining a
voltage V) is
L{l
O(V)) = Ccdv. (13.37)
0

To study the effect of capacitor nonlinearity, we express each capacitor as C = Cp(l +
oV +cx2V2 + ..

Let us consider the noninverting amplifier of Fig. 12.41(a), repeated in Fig. 13.9, as an
example. At the beginning of the amplification mode, C; has a voltage equal to V,o and
C; a voltage of zero. Assuming C; & M Cy(l +a; V), where M is the nominal closed-loop
gain (C, = MC3), we obtain the charge across C; as '

Ving
o = CydV (13.38)
[t]
v,
= MCy(l + o V) dV (13.39)
0
= MCoV;,.o-i-MCD%VZ. (13.40)

Similarly, if C; &= Cp(1 + o V), then the charge on this capacitor at the end of the amplifi-
cation mode is

V{JIII' - : .
Q2=f CrdV (13.41)
i} .
= CoVour + Cgf'-'z—‘ v (13.42)
C,
VInO C1

‘P X < Vout

Figt-re 13.9 Effect of capacitor nonlincérity.

]|
-
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Equating @, and @7 and solving for V,,,;, we have

1 1 2
Vour = E( -1+ \/l + MajVig +2Ma;V,—,,0). (13.43)

The last two terms under the square root are usually much less than anity and. since fo,
e « 1.1 +¢€~1+¢e/2 —€*/8, we can write

Mo
Vour % M Vino + (1 — M) —= V. (13.44)

The second term in the above equation represents the nonlinearity resulting from the voliage
dependence of the capacitor.

13.1.5 Linearization Techniques

While amplifiers using “global” feedback (e.g., the switched-capacitor topologies of Chap-
ter 12) can achieve a high linearity, stability and settling issues of feedback circuits limit
their usage in high-speed applications. For this reason, many other techniques have been
invented to linearize amplifiers with less compromise in speed.

The principle behind linearization is to reduce the dependence of the gain of the circuit
upon the input level. This usually translates into making the gain relatively independent of
the transistor bias currents.

The simplest linearization method is source degeneration by means of a linear resistor.
As shown in Fig. 13.10 for a common-source stage and revealed by the observations in the

Figure 13.10 Common-source stage with resistive degener-
auon.

previous section, degeneration reduces the signal swing applied between the gate and the
source of the transistor, thereby making the input/output characteristic more linear. Fro®
another point of view, neglecting body effect, we can write the overall transconductance of
the stage as ; 3

_ Bm S ! 34”
mWo— - .
I+ Smi RS N
which for large g, Rs approaches 1/Rs. an input-independent value. ' ' E }”1
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Note that the amount of linearization depends on g, Rs rather on Ry alone. With a

relatively constant G, the voltage gain, G,, Rp, is also relatively independent of the input
and the amplifier is linearized.

Example 13.2

A common-source stage biased at a current [y experiences an input voltage swing that varies the drain
current from 0.7571 to 1,257, Calculate the variation of the small-signal voltage gain (a) with no

degeneration, (b) with degeneration such that g,, Ry = 2, where g,y denotes the transconductance al
In=H.

Solution

Assuming square-law behavior, we have g, & /Ip. For the case of no degeneration:

Em high 1.25
= . 13.4
Emiow V075 (13.46)

With gm Rs = 2,

mgm
Gm,high = 1+ mngs (13.47)
Gm.:‘ow Mgm .
1+ ﬁgm Rg

1.25 1424075
0.75 1+2J/1.25

/1.23
=0.84,f ——. 1349
0.75 ( )

Thus, degeneration decreases the variation of the small-signal gain by approximately 16% in this
case.

Resistive degeneration presents trade-offs between linearity, noise, power dissipation.
and gain. For reasonable input voltage swings (e.g.. 1 V,,), it may be quite difficult to
achieve even a voltage gain of 2 in a common-source stage if the nonlinearity }s o remain
below 1.

A ditferential pair can be degenerated as shown in Figs. 13.11(a}and (b). In Fig. 13.11{a).
Iss flows through the degeneration resistors, thereby consuming a voltage headroom of
{ssRs/2. an important issue if a high level of degenera{ioh is required. The circuit of
Fig. 13.11(b). on the other hand, does not involve this issue but it suffers from a slightly
higher noise (and offset voltage) because the two tail current sources introduce some dif-
ferential error. The reader can prove that if the output noise current of each current source
is equal to /2, then the input-referred noise voltage of the circuit of Fig. 13.11(b) is higher
than that of Fig. 13.11(a) by 272 R%. '
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Voo *f
Ap Ap ¥
VDUt
—{ [ M, M,
v
Rs| As
o
{a)

(b)

Figure 13.11 Scurce degeneration applied to a differential pair.

Resistive degeneration requires high-quality resistors, a commodity unavailable in many
of today’s CMOS technologies (Chapter 17). As depicted in Fig. 13.12, the resistor can be
reptaced by a MOSFET operating in deep triode region. However, for large input swings,
My may not remain in deep triode region, thereby experiencing substantial change in its

on-resistance. Furthermore. V), must track the input comumon-mode level so that R,,3 can
be defined accurately.

Ao, | My

Vin u—J’:‘t.—n
3
o
Iss(y +)/ss  Figure 13.12 Differential pair degen-
2 2 erated by a MOSFET operating in deep

- triode region.
Another linearization technique is iitustrated in Fig. 13,13 [1]. Here, M; and M, arein

deep triode region i V;,, = 0. As the gate voliage of M becomes more positive than the gaie
voltage of M», transistor M: stays in the triode region because Vpy = Vg — Vs whereas

My M, ;

y
[+
Iss(y ¥)!ss  Figure 13.13 Differential pair degen-
2 2 erated by two MOSFETSs operating in the e
= T triode region. x
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M, eventually enters the saturation region because its drain voltage rises and its gate and
source voltages fall. Thus, the circuit remains relatively linear even if one degeneration de-
vice goes into saturation. For the widest linear region, [1] suggests (W /L) 2 = T(W /L)1 4.

A linearization technique avoiding the use of resistors is based on the observation that
a MOSFET operating in the triode region can provide a linear {p/ V5 characteristic if its
drain-source voltage is held constant: /p = (1/2)uCor(W/LY2(Vgs — Vru)Vps — V5]
Illustrated in Fig. 13.14, the technique employs amplitiers A, and A, along with cascode
devices M3 and M to force Vy and Vy to be equal to V), for varying input levels.

, A, A,
V,
bFD_":Ma M, Fﬂ;‘ b
X

Y
VIn1T_I J Vin2
e

Figure 13.14 Differential pair using input devices op-
erating in the triode region.

This circuit suffers from several drawbacks. First, the transconductance of M, and .M-.
equal to w,Cox(W/L)Vps, is relatively small because Vps must be fow enough to ensure
each input transistor remains in the triode region. Second, the input common-mode level
must be tightly controlled and it must track V}, so as to define [p; and /p;. Third, Ms. M.
and the two auxiliary amplifiers contribute substantial noise to the output.

Another approach to linearizing voltage amplifiers is to perform "post-correction.” Illus-
trated in Fig. 13.15. the idea is to view the amplifier as a voltage-to-current (V/I) converter
followed by a current-to-voltage (1/V) converter, If the V/I converter can be described as
It = f(Vin) and the I/V converter as Vi, = F7 (i), then V,,, is a linear function of
V.,. That is, the second stage corrects the nonlinearity introduced by the first stage. As an
example, recall from Chapter 4 that for the circuit shown in Fig. 13.16(a), we have

Vimi — Viex = Vgs1 — Vg2 (13.30)

. 21p1 B 2p2 (13.51)

W W
Moy Cox I > Hp Co.r 'E" L
o— - | IN—. 1
Vin ’out Vout ' ‘
o—- o — Figure 13.15 Voltage amplifier view-

ed as a cascade of two nonlinear stages.
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Figure 13.16 (a) Differential pair with nonlinear I/ V characteristic, (b) diode-connected devices with
nonfinear V /[ characteristic, (¢) circuit having linear input/output charactecistic.

We also note that for the circuit shown in Fig. 13.16(b),

Vour = Vos3 — Vigsa (13.52)
215 214

W B wy
P:'ncax (_) ncax(_)
L 34 * L 34

where channel-length modulation and body effect are neglected. [t follows that for the
circuit shown in Fig. 13.16(c),

(13.53)

21py 21ps
= - .54
Vour . (W) c (W) (13.54)
nvoxt Hn x| =
g L /34 “\L 34
| w B}
= ————=(Vin1 — Vin2) sqrr(-—) . (13.35)
4 L/
L/
Thus, as derived in Chapter 4, the voliage gain is equal to
(13.56)

( W ) '
NAL /e .
a quantity independent of the bias currents of the transistors.

In practice, body effect and other nonidealities in short-channel devices give nsC” i
nonkinearity in this circuit. Furthermore, as the differential input level increases, driving MY

e
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or M, into the subthreshold region. Egs. (13.51) and (13.53) no longer hold and the gain
drops sharply.

13.2 Mismatch

Our study of amplifiers in the previous chapters has mostly assumed that the circuits are
perfectly symmetric, i.e., the two sides exhibit identical properties and bias currents. In
reality, however, nominally-identical devices suffer from a finite mismatch due to uncer-
tainties in each step of the manufacturing process. For example, as illustrated in Fig, 13.17.
the gate dimensions of MOSFETs suffer from random, microscopic vanations and hence
mismatches between the equivalent lengths and widths of two transistors that are identically
taid out. Aiso, MOS devices exhibit threshold voltage mismatch because. from (2.1), Vry
is a function of the doping levels in the channel and the gate, and these levels vary randomly
from one device to another.

— —
i H 1 L
P m|

......

Figure 13.17 Random mismaiches due to microscopic
variations in device dimensions.

Study of mismatch consists of two steps: (1) identify and formulate the mechanisms that
lead to mismatch between devices: (2) analyze the effect of device mismatches upon the
performance of circuits. Unfortunately. the first step is quite complex and heavily dependent
on the fabrication technology and the layout. often requiring actual measurements of mis-
matches. For example, the achievable mismatch between capacitors is typically quoted to be
0.1%. but this value is not derived from any fundamental quantities. We therefore consider
only some basic trends and intuitive results. Layout techniques tor minimum mismatch are
described in Chapter 18.

Expressing the characteristics of 2 MOSFET in saturation as [p = (1/2yuC, (W/L)
(Vas — Y1y 1. we observe that mismatches between i, C,,. W, L, and V7 resuitin mis-
matches between drain currents (for a given Vi) or gate-source voltages (for a given drain
current) of two nominalty-identical transistors. Intuitively, we expect that as W and L in-
crease. their relative mismatches. AW/ W and AL/L, respectively, decrease. i.e.. larger
devices exhibit smaller mismatches. A more important observation is that all of the mis-
matches decrease as the area of the transistor. WL, increases. For example. increasing
W reduces both AW/ W and AL L. This ix because as WL increases. random varia-
lions experience greater “averaging.” thereby falling in magnitude. For the cuse depicted
in Fig. 13.18. AL> < AL, because. if the device 1s viewed us many small paralle! tran-
sistors (Fiz. 13.19), each having a width W,. then we can write the equivalent length as



464 Chap. 13 Noniinearity and Mismatch
o || |
i L
L{T"""’ D I een — [ 1 [}
Sl [} — | | .
ALy Ala
(a) (b)

Figure 13.18 Reduction of length mismatch as a result of increasing the width.

Figure 13.19 Wide MOSFET viewed as a parailel combination of narrow devices.

Leg = (Ly+ La+---+ Ly)/n. The overall variation is therefore given by

ALe ™ (ALY + ALY+ -+ ALY /i (13.57)
ay 1/2
AL
_ (nalf) ™ (13.58)
H
. AL (13.59)
Tn

where ALj is the statistical variation of the length for a transistor with width Wy. Equa-
tion (13.59) reveals that for a given Wy, as n increases. the variation of L,, decreases.
The above result can be extended to other device parameters as well. For exampie, we
postulate that uC,, and Vg suffer from less mismatch if the device area increases. IHus-
trated in Fig. 13.20, the reason is that a large transistor can be decomposed into a series and

Figure 13.20 Large MOSFET viewed as a combination of small devices.
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parallel combination of small unit transistors with dimensions Wy and L. cach exhibiting
(1tCox); and Vpy;. For given Wy and Ly, as the number of unit transistors increases., (L C..
and Vrg experience greater averaging, leading to smaller mismatch between two laree
transistors. )

The foregoing qualitative observations have been verified mathematically and experi-
mentally [2, 3]. Here, we state without proof that

A
AVry = \/‘{;—Z (13.60)
W A

A(;J.Coxf) = _‘K_,.L. (13.61)

where Ayry and A are proportionality factors.

Interestingly, Ay7y has been observed to scale down with the gate oxide thickness [3].
From the data in [4], Ayry ~ 10 mV-um for ¢,, = 100 A. Thus, in a 0.6-m technology
with #,, = 100 zgx, two 100 um/0.6 um devices (L.sr =~ 0.5 um) exhibit a threshold
mismatch of 1.4 mV. With this information, we can write

AVTH = \/F mV, (1362)

where ¢,, is expressed in angstroms and W and L in microns. Since the channel capacitance
is proportional to W LC,,, we note that A Vr 4 and the channel capacitance bear a trade-off.

We now study the effect of device mismatch upon the performance of circuits. Mis-
matches lead to three significant phenomena: dc offsets, finite even-order distortion, and
lower common-mode rejection. The last phenomenon was studied in Chapter 4.

DC Offsets Consider the differential pair shown in Fig. 13.21(a). With V;, = 0 and
perfect symmetry, V,,, = 0, but in the presence of mismatches, V,,, # 0. We suy the
circuit suffers from a dc “offset” equal to the observed value of V,,, when Vi, is set to

lad b

Figure 13.21 (a) Differential pair with offset measured at the ouiput,
by circuit of {a) with its otfset referred to the input.
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zero. In practice, it is more meaningtul to specify the input-referred ottset voltage, g,
fined as the input level that forces the output voltage to go to zero [Fig. 13.21(b)). Ney
that |Vosial = |Vos.owl/Ay. As with random noise, the polanty of random offse is
unimportant.

How does offset limit the performance? Suppose the differential pair of Fig. 133
is to amplify a small input voltage. Then, as depicted in Fig. 13.22, the output contgip,
amplified replicas of both the signal and the offset. In a cascade of direct-coupled amplifiers,
the dc offset may experience so much gain that it drives the latter stages into nonliney,
operation.

Vos,in

[P

o

Figure 13.22 Effect of offset in an amplifier.

A more important effect of offset is the limitation on the precision with which signals
can be measured. For example, if an amplifier is used to determine whether the input signal
is greater or less than a reference, Vg r (Fig. 13.23), then the input-referred offset imposes
a lower bound on the minimum V;, — Vg r that can be detected reliably. '

Vos,in —_
Vlnb—o 0

o
Ay > Vo,
<

VREF® |~

Figure 13.23 Accuracy limitation of an amplifier due to offset.

Let us now calculate the offset voltage of a differential pair. assuming that both the
input transistors and the ioad resistors suffer from mismatch. Asillustrated in Fig. 13.21(bh
our objective is to find the value of Vg, such that V,,, = 0. The device mismatches
are incorporated as Vry, = Vrg. Vs = Vrg + AV (W/L) = WL (W/Lh =
W,L — AW/Lv R = Rp. R = Rp + AR. Forsimplicitv, A = y = 0. and mismatchés
in 4, C., are neglected. For V,,, = 0, we must have /p, R} = Ip2 R, concluding that Ioy,:,
cannot be equal to /p;. Thus, we assume Ip) = Ip, Ip2 = Ip + Alp. : b
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Since Vos.in = Vgs1 — Vg, we have
21 27
Vos.in = —DIW + Vra) ~ mw - Ve (13.63)
ncox i ncwc -
wo(T), (7).
_ 2 In In+ Alp
B u'ncox E w + A W - AVTH (13.64)
L L L
Al
I+ Tq
D — AVry. (13.65)

el

Assuming Alp/ip and A(W/L)}/(W/L) « 1, and noting that for ¢ « | we can write
VIi+ex1+¢e/2and (V1 +¢€)} ~ 1 —¢/2, wereduce (13.65) 10

)[1 M]}—AVM (13.66)

3 21p Alp
Vos.in = - (E) {1—(1+m _2(W/L)
\ Haloox I
B 21p —Alp | AW/LY]
= (W [ T 2(W/L)] AVrg. (13.67)
\ Hnt-ox I

where the product of two small quantities is neglected. Recall that /p1 R, = Ip2R> and
hence IpRp = (Ip + AIp)d(Rp + ARp) = IpRp + RpAlp — IpARp. Consequently,

Alp/lp = —ARp/Rp, and

2ip

ARp, AW/L
b /):I—AVTH‘ (13.68)

" 1K1 L

We also recognize that the square-root yuantity is approximately equal to the equilibrium
overdrive voltage of each transistor, Vg5 — Vry. and

ARp A(W/L)
— AVry. .
R + WD) ] AVry (13.69)

Vg — V
Vos.in = 3 L [
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Equation (13.69) is an important result, revealing the dependence of Vo 0n devige
mismatches and bias conditions. We note that (i) the contribution of load resistor mismac,
and transistor dimension mismatch increases with the equilibrium overdrive, and (2) the
threshold voltage mismatch is directly referred to the input. Thus, it is desirable to minimig,
Vi;s — Vru by lowering the tail current or increasing the transistor widths. In reality, since
niismatches are independent statistical variables, we express {13.69) as?

2 Vos — Vra N | fARD\? AW/ .
Vie. = —_— e D -
OS.in ( 3 ) ( R, ) +{ Wil +AViy, (13.70

where squared quantities represent standard deviations.

To gain more insight into the effect of offset, et us establish an analogy between offset ang
noise. 1f the two inputs of a differential pair are shorted, the output voltage exhibits a finie
noise, that is, a voltage that varies with time. We may therefore say that the offset voliage
of a differential pair resembles a very low-frequency noise component, varying so slowly
that it appears constant in our measurements. Viewed as such, offsets can be incorporated
as noise sources, allowing us to utilize analysis techniques developed in Chapter 7. To this
end, we represent the offset of two nominally-identical transistors by a voltage source equal
to {13.70) in series with the zate of one of the transistors.

Example 13.3

Calculate the input-referred offset voltuze of the circuit shown in Fig. 13.24(a). Assume all of the
transistors operate in saturation.

Figure 13.24

As mentioned earlier, AVr gy does depend on W, an effect that can he added as a ¢ross-comrelation tem *
neglect s werin here for simplicity. o

-
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Solution

We insert the offsets of the NMOS and PMOS pairs as in Fig. 13.24(b). To obtain /), = Ip~ and
Ip3 = Ips, we have from (13.69).

iVgs = Vrudn [ A(W/L)
Vos.v = > 3 [ WL N+AVTH.;\-' (1371
Vs — Vrule [ A(W/L)
= AV . 2
Vos.p 3 [ WL |, + AVrpp (13.72)

From the noise analysis in Chapter 7. Vps. p is amplified by a gain of g, plrown|iros and divided
by gman{rov|lrop) when referred 1o the main input. As a result,

Vos — Vrgie [ A(W/L) 8mp
Vos.in = l [ AVru.p
" 2 W/L  |p BmN

. (Vos — VTHIN [A(W/L)

AV . 7
5 WL }N+ TH.N (13.73)

_ In practice. we add the “power™ of these terms, as exemplified by (13.70). Note that. as with noise,

the contribution of the offset of the PMOS pair is proportional to gmp/gmn.

The foregoing example can be better understood if we study the offset behavior of
current sources. Consider the nominally-identical current sources M, and M- in Fig. 13.25.
Negtecting channel-length modulation, we determine the total mismatch between /5, and
Ip> by calculating the total differential. Recall from calculus that if v = f(x;. x-....). then
the total differential is given by

_of of

Av = —Ax +
) axl : ax:

Axy -, (13.74)

Equation (13.74) simply means that each mismatch component Ax; is weighted by the
corresponding sensitivity 3/ dx; as it contributes to the total mismatch. Since /p =
(/20 Cor (W/ LN Vs — Vi g 3. we have

3ip W dip
Alp= —"— A =]+ ——"2  A(Ves— Viy). (13.75
° T aw/L, (L) 8(Vgs — Ve o 08— Vi)

j’m 2
!

l
] ] 1 .

l | M Figure 13.25 Mismatch between two
= 2 CUITEn! SOUrces.
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where mismatches in u, C,y are neglected. It follows that

1 w w
Alp = S punCor(Ves — Vru) A (1—) —,unfmz(vos— Vrw)AVry. (1376

Unlike the input-referred offset voltage, current mismatch is usually normalized to the
average value to allow a meaningful comparison:

Alp  AW/L AV.
p_ &W/L) ., AVre (1377,
In W/L Vos — Vru _

This result suggests that, to minimize current mismatch. the overdrive voltage must be
maximized. a trend opposite of that in (13.69). This is because as Vgs — Vry increases,
threshold mismatch has lesser effect on the device currents.

The dependence of offset voltage and current mismatches upon the overdrive voltage
is similar to our observations in Chapter 7 for corresponding noise quantities. For a given
current, the input noise voltage of a differential pair increases as the overdrive increases
because g, = 2Ip/(Vgs — Vry). Also, the output noise current of current sources is
proportional to g,, and hence proportional to Vgs — Vry.

Even-Order Distortion Our study of nonlinearity in Section 13.1 implies that, by virtue
of odd symmetry, differential circuits are free from even-order distortion. In reality, however,
misinatches degrade the symmetry, thereby introducing a finite even-order nonlineanty.

Analysis of the even-order distortion in the presence of mismatches is generally quite
complex, often necessitating simulations. Here, we consider a simple case to gain some
insight. Suppose the two signal paths in a differential circuit are represented by y, =
o x) + eaxi + aax and y2 & Bixa + fax? + Bax; (Fig. 13.26). The ditferential output is
given by

y1 = 2 = (11 — Baxa) + (eax? — Bax7) + (eax] — Bax3), (13.78)
which, for x; = —x», reduces to
yi— v = (o) + B)x) +{ar — 52.3-\]: +tos + ﬁs)-"?- «13.79)

2 3
Oy X+ 02X + ClgXx

x4 (t) o

oy, (1)

x,(t) o oy, (1)

\VAVA

2 3 Figure 13.26 Effect of mismatch on
B 1X+ Bz X Bs X second-order distortion.
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If xi(t) = Acoswr, then the second harmonic has an amplitude equal to (w: = 2)A°, 2.
i.e., proportional to the mismatch between the second-order cocthicients of the input/output
characteristic.

We should also mention that since at high frequencies, signals experience considerable
phase shift, even-order distortion may arise from phase mismatch, This point is considered
in Problem 13.1.

In circuits dissipating a high power, thermal gradients across the chip may create asyvm-
metries. For example. if one transistor of a differential pair is closer to a high-power output
stage than the other transistor. then mismatches arise between the threshold voltages and
the mobilities of the two transistors.

13.2.1 Offset Cancellation Techniques

As mentioned above. the threshold voltage mismatch of MOSFETS trades with the channel
capacitance, For example. a threshold mismatch of 1 mV translates 1o roughly 300 fF
of channel capacitance for each transistor in a 0.6-pum technology. If many differentiai
pairs are connected in parallel {e.g.. in an A/D converter), the input capacitance becomes
prohibitively large. severelyv degrading the speed and/or demanding high power dissipation
in the preceding stage. Another difficulty is that mechanical stress may increase the offset
voltages after a circuii is packaged. For these reasons, many high-precision systems require
electronic cancellation of the offsets. As explained below, oftset cancellation can also reduce
1/ f noise of amplifiers considerably.

As our first step toward understanding the principle of offset cancellation. let us consider
the circuit of Fig. 13.27(a). where a differential amplifier having an input-referred offset

Vos C4 Vos ¢
0—{_ }-—-~+ - X (U T X
A, Sy Ay > A, Vos S;
e |~ {b— ¥ |~ — Y
Cy )
{aj ib)
Vos Cy
S ° X
-y
A>
|~ 1 oY
Cy
$13 38, S,1 1s,
.
Vem Vem
(¢}

Figure 13.27 (a) Simple amplifier with capacitive coupling it the output. () Cir-
cuit of (a) with its inputs and outputs shorted, (c) proper setting of the common-mode
level during offset cancellation,
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voitage Vgs is followed by two series capacitors. Now suppose, as shown in Fig. 13-27(b}’
the inputs ore shorted together, driving the amplifier output to Vor = A, Vps. Furthennm.c‘
assume that during this period. nodes X and Y are shorted together as well. We note thy
when all of the node voltages are settled and A, Vs is stored across Cy and Cy, a zep
differential input results in a zero difference between Vy and Vy. Thus, after S| anq g,
turn off, the circuit consisting of the amplifier and €, and C; exhibits a zero offset voliage..
amplifying only changes in the differential input voliage. In practice, the inputs and outpyy
must be shorted to proper common-mode voltages [Fig. 13.27(¢c)].

In summary, this type of offset canceliation “measures™ the offset by setting the differ.
ential input to zero and stores the result on capacitors in series with the output. The circyjy
therefore requires a dedicated offset cancellation period. during which the actual input i
disabled. Fig. 13.28 depicts the final topology, where C X denotes the offset cancellation
command. Called “output offset storage,” this technique reduces the overall offset to zero
if S3-84 exhibit no charge injection mismatch. Note, however, that if A, is large, 4,V
may “saturate” the amplifier output. For this reason. A, is typically chosen to be less than
roughly 10.

Figure 13.28 Control of amplifica- |
tion and offset cancellation modes by 2
clock.

Vem Vem

In applications where a high voltage gain is required, the topology of Fig. 13.29(a) may
be employed. Called “input offset storage.” this approach incorporates two series capacitors
at the input and places the amplifier in a unity-gain negative-feedback loop during offset
cancellation. Thus, from Fig. 13.29(b), V,,, = Vxy and (V,,, — VpsX(—A,) = V,,,. Thatis,

Ay
Vour = Ly (13.80)
t 1+ A, 20

In essence. the circuit reproduces the amplifier’s offset at nodes X and Y, storing the result
on Cy and C». Note that for a zero differential input. the differential output is equal t0 VOS’.__
* Theretore. the input-referred ottset voltage of the overall circuit ‘ufter S3 and Sy tum offt -
equals Vos/A, it Syand 5. match perfectly (and the input cape.citance of the amP“ﬁ“._-,_
iy much less than €, and C-). In reality. however, when 55 and S, turn ofl, their charg®
injection mismatch may saturate the amplifier if A, is very large. £
The general drawback of input and output storage techniques is that they introduck ;.
capacitors in the signal path. a particularly serious issue in op amps and feedback systé
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S, S3
o0 T
1 x €1 xi Vos
oo i — O S
Vin l'/u:aut
O"-O/C . 4 {: Y I——‘Y—4 —0
o C,
Sid 452 G oo
4
Sy
Vem
(a} (h

Figure 13.29 (a) Input offser storage, (b) circuit of (a) in the offset cancellation mode.

The bottom-plate parasitic of the capacitors may reduce the magnitude of the poles in the
circuit, thereby degrading the phase margin. Even in open-loop amplifiers, this parasitic
may limit the scttling speed, intensifying the speed-power trade-off.

To resolve the above issues, the offset cancellation scheme can isolate the signal path
from the offset storage capacitors though the use of an “auxiliary” amplifier. Consider the
topology shown in Fig. 13.30, where 4,,, amplifies the differential voltage V) stored across
C and C, and subtracts the result from the output of A|. We note that if Vos Ay = Vidu...
then for Vi, = 0, Vo, = 0, and the circuit is free from offsets. The key point here is that
€, and C; do not appear in the signal path.

Vos1
- C +
Vin
[ S
p _
\g
|~

I Figure 13.30 Addition ofun auxiliary
= stage to remove the olfset of anumplifier.
How is V) generated in Fig. 13.307 This is accomplished as illustrated in Fig. 13.31. Here.
a second stage. A+, is added and its cutput is sensed by A, during offset cuncellation.
To understand the operation. suppose that first only S, and S» are on, yielding V,,, =
VosiAiAs. Now. assume S3 and Sy turn on, placing A=~ and A, in a nevative teedback
loop. The reader can show that V,,,, then drops by a factor approximately equat to the loop
gaimn: Vos1 A1 As/(AxA ) = Vosi Ay Ague. Stored across Cy and Ca. this value is indeed
the required V) in Fig. 13.30 because (Vos A1 A )Aue = Vogr Ay

-IHI—~H
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Vosi
+
o ot O ™ °
v, A 2 A, v
in 1 A + out

O—O/G— . ] [—— + o

5,1 18, - S5

Py —t—1

Aaux S

Vem N oD

C, Cy

r[l-—l I—-—u

"

Figure 13.31 Auxiliary amplifier placed in a feedback loop during offset cancellation.

The topology of Fig. 13.31 suffers from two drawbacks. First. two voltage gain stages in
the signal path may not be desirable in a high-speed op amp. Second. addition of the output
voltages of A| and A5 is quite difficult. For these reasons, the technique is usually realized
as shown in Fig. 13.32(a), where each G, stage is simply a differential pair and the R stage
represents a transimpedance amplifier. As exemplified by Fig. 13.32(b), G,,; and R may in
fact constitute a one-stage op amp while G,,; adds an offset correction current at the low
impedance nodes X and Y.

Let us now examine the offset cancellation in Fig. 13.32(a) carefuliy. taking the offset
voltage of G, into account as well. As depicted in Fig. 13.33. we can write:

[Gml VOSI - Gml(vom - VOSZ)]R = Vour. (1382)
Thus,
S RVpsr
Vy = SmiRVosi + GmRVos2 (13.83)
[+ GmaR

This voltage is stored on C| and C, after S; and Ss turn off. The offset voltage referred to
the main input is therefore given by

V
TL‘rG'S.m.' = Gf?!th (1384}
ml
_ VOSI Gml VOS: (1385)
N 1+ GmJR Gml I+ GmER
Vosi + Vosa (13.36)

- GmlR Gm] R .

where we have assumed G, -R 3 1. If G, R and G, R are large. as in the op amp of
Fig, 13.32(b). then Vo o is very small.

The offset cancellation of Fig. 13.32 warrants a cautionary note. Upon turning off, 53 .
and Sy may inject slightly unequal charges onto €, and Ca, respectively. creating an error -
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Gm2 S4
Vem . B

{a)

Figure 13.32 (a) Circuit of Fig. 13.31 using G, and R stages, (b) realization of {a} in
a folded-cascode op amp.

Vost
¥ \ O
— Gb R> Vou
e |~ °
Voss
~
nOn

Gm2

Figure 13.33 Circuit of Fig. 13.32(a) including offset of
Gz
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voltage that is not corrected because the feedback loop is opened. The reader ¢an proye
thatfor a differential injection-induced error voltage of AV, the resulting input-referreg
offset voliage equals (G 2/ Gmi)A V. For this reason, Gmz 1s usually chosen to be on the
order of 0.1G - '

We should also mention that the unity-gain and precision multiply-by-two circuits de.
scribed in Chapter 12 cancel the offset of the op amp as well. The proof is left to ihe
reader.”

[t is important to note that the offset cancellation techniques studied here require periodic
refreshing because the junction and subthreshold leakage of the switches eventually corrupts
the correction voltage stored across the capacitors. In a typical design, the offset must be
refreshed at a rate of at least a few kilohertz.

13.2.2 Reduction of Noise by Offset Cancellation

Recall from previous sections that the offset of a differential amplifier can be viewed as

a noise component having a very low frequency. We therefore expect that periodic offset

cancellation can potentially reduce the (low-frequency) noise of the circuit as well.
Consider a simple differential amplifier that is to be used in the front-end of a sam-

3[f. as shown in Fig. 12.34, an equalizing switch is added to the circuit, then the op amp offset may not be
removed.

(a)

' ¢
o—"o I X oj—so
VIn A1 Y Vout
O—O/c_ - =_ > D/C E

c, A
5,1 18, S;1 18, T

Vem Vewm
{b)

Figure 13.34 (a) Front end of a sainpler. (b} circuit of (a) with
offset cancellation applied to the first stage.
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pling system [Fig. 13.34(a)]. Here, the noise of A, directly corrupts V,,,. The 1/f noise
of A proves especially problematic if the signal spectrum extends from zero to only
a few megahentz, because the 1/f noise corner frequency is typically around 500 kHz
to | MHz.

Now suppose the amplifier undergoes offset cancellation before every sampling operation
[Fig. 13.34(b)). That is, as depicted in Fig. 13.35. the input is disabled: the offset of A, is
stored on C and Cy; the input is enabled and amplified by A; and A» and stored on (s
and Cy; and finally the sampling switches are turned off. How does the noise ot 4, affect
the final cutput? Denoting the time elapsed from the end of oftset cancellation to the end
of sampling by At = ¢ — ¢, we recall that at 7 = 7/, Vyy = 0. Thus. {from ¢, to 1, only
high-frequency noise components of Ay, on the order of > 1/At, change Vyy significantly.
In other words, offset cancellation suppresses noise frequencies below roughly /At

I c,

Cy c

End of Offset Cancellation

End of Sampling

-

ty t,

t

Figure 13.35 Sequence of operations in the sampler.

To better understand this concept. let us consider a numerical example. Assuming
Ar = 10 ns, we examine two noise components. one at | MHz and another at 10 MHz,
approximating each with a sinusoid (Fig. 13.36). For a sinusoid of amplitude A and fre-
quency f, the maximum slew rate is equal 10 277 4 and hence the maximum variation in
Ar seconds is 2 f AAr. Normalizing this value to the amplitude, we obtain the change for
1-MHz and 10-MHz components as AVi/A = 6.3¢% and AV-/A = 63%. respectively.
We theretore conclude that noise frequencies below a tew megahertz do not have sufticient
time to change if the sampling occurs only 10 ns after the end of offset cancellation.

Originally utilized in charge-coupled devices {CCDs), the foregoing property of offset
cancellation is called “corrclated double sampling”™ (CDS) because it involves two consecu-
tive sampling operations {the first being offset storage) that arc so tightly spaced in time that
they do not allow (low-frequency) noise components to vary significantly. A powerful tech-
nique, CDS finds wide usage in suppressing the 1/ noise of MOS circuits. Nonetheless, it
leads to aliasing 0. wideband noise [5].
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\: 1T MHz

~Y

Figure 13.36 Varation of 1-MHz and 10-MH7 noise components in a
time interval of 10 ns.

13.2.3 Alternative Definition of CMRR

Recall from Chapter 4 that common-mode rejection is represented by the change in the
differential output divided by the change in the input common-mode level and CMRR &
defined as the differential gain divided by this quantity. We also noted that in fully differential
circuits. the finite output impedance of the tail current source and asymmetries limit the
common-mode rejection.

Now consider a differential circuit sensing an input CM change, AV, . If the dif-
ferential output voltage changes by AV,,, while the differential input voltage 1s zero, we
can sav that the output offser voltage of the circuit has changed by AV,,,. In other words,
common-mode rejection can be viewed as the change in the output offset divided by the
change in the input CM level. Following the notation in Chapter 4, we write

AVOS,OM
Acwv— = — 13.87)
CM-DM AVerr o (

Since CMRR = Apm/Acy-py, we have

Apwm
A VOS.rm.r

A VCM.M

A_VCM..‘H
A VUSJJ:H .

Anuy

Noting that AVos oue/Apyr 5 1n fact the input-referred offset voltage, we have

AV oy
CMRR = _.1.'.m-
VOSJ'M
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(a) _ (h

Figure 13.37 PMOS differential pair fa) without and
{b) with body effect.

The above result proves useful in analyzing the behavior of circuits. For example, suppose
an op amp incorporates a PMOS differential pair at the input. Which one of the topologies
shown in Fig. 13.37 yields a higher CMRR? In Fig. 13.37(a), body effect is eliminated and
the threshold voltages of My and M- are independent of the input CM level. In Fig. 13.37(b),
on the other hand, M, and M> experience body effect and, if they suffer from mismatches
in their body effect coefficients, then the difference between V7 and Vygo, ie., the input
offset voltage, varies with the input CM level, degrading the common-mode rejection.

Problems.

Unless otherwise stated, in the foliowing problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary, Also, assumne all transistors are in saturation,

13.1.

13.2.

13.3.

13.4.

13.5.

13.6.

13.7.

The input-output characteristic of an amplifier is approximated as (1) = o x{r) + aax(r)
in the range v = [0 xpaxl.

(a) What is the maximum neonlineanity?

(b} What is the THD for x(1) = (Xmgy COS@F + Xpux )/ 2.

In the circuits of Fig. 13.6, W/L = 20:0.5and / = 0.3 mA. Calculate the harmonic distortion
in each circuit if the input signal has z peak amplitude of 100 mV. How do the results change
if we double W/L or I?

For the circuits of Fig. 13.6(a). plot the THD and the input-referred thermal noise as a function
of {a) W/ L. (b) I. Identify the trude-offs berween noise. linearily. and power dissipation,

In Fig. 13.6, mo effects tead to a trade-off between nonlinearity and voltage gain. Describe
these effects.

The circuit of Fig. 13.6(a) is designed with W/ L =350/0.5. 1 = 1 mA,and Ry = 2k The
circuit is placed in a feedback loop similar to that of Fig. 13.7 with 8 = (0.2 and senses an
input sinusoid with & peak amplitude of 10 mV. Caleulate the THD it the output.

Suppose in Fig. 13.14, A1 and A3 have an input-referred noise voltage V,. Neglecting other
sources of noise. calculate the input-refzrred noise voltage of the overall cireuit,

Equation 13,36 suggests thatif the open-loop gain. &y . increases while other parameters remain
constant. then the harmonic distortion drops sharply. Repeat Probiem (3.5 with W/L =
200,/0.5 to achieve a higher open-loop gain and explain the results,
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139,

13.10.

13.13.
13.14.

13.15.

13.16,

13.17.

Chap. 13 Noniinearity and MiSmatch

Equation 13.36 suggests that if Say 2» 1, then b/a g, Repeat Problem 135 with
g =04 _
S. -:pose the nonlinear feedforward amplifier in Fig. 13.7 is characterized by y() = ayx(1) 4
o3 v3(r). Estimate the magnitude of the third harmonic at the output of the overall sysiem,

As mentioned in Chapter 2, MOS devices operating in the subthreshold region exhibi 4,
exponential behavior: /p = loexp[Vss/(¢ V7)), Suppose both of the circuits showy in
Fig. 13.6 operate in the subthreshold region. Derive expressions for the harmonic amplj.
tudes if the input signal is much less than ¢ V. For the differential pair, first prove fhy -
Ipt — Ipy o tanh{V;,/(2¢ V7)) and then wrile the Taylor expansion of the hyperbalic
tangent. .

. The mobility of MOSFETs is in fact a function of the gate-source voltage and expresseg

as 1 = po/[1 +8(Vgs — Vry)). where 8 is an empirical facror (Chapter 16). Assuming
B(Vgs — Vry) <« | and using the relationship (1 + )"l = 1 — e fore « 1, calculate the
third harmonic in the circuit of Fig. 13.6(a).

. The input devices of a differential pair have an effective length of 0.5 um.

(a)} Assuming AVzg = 0.1t /+/ WL and neglecting other mismatches, determine the min-
imum width of the transistors such that Vo5 < 5 mV.
(b) If the tail curtent is 1| mA, what is the maximum input swing that gives a THI} of 1%?

Repeat Probiem 13.12(b) if the tolerable input offset is 2 mV and compare the results.

Determiine the dimensions of My and M» in Fig. 13.25 such that fp| = Ip2 = 0.5 mA,

Alp/ip =2%,and Vgs — Vra =05V, Assume AVrg = 0.115: /v WL and neglect other
mismatches. .

Source degeneration can improve the matching between current sources if resistor mismatches
are small. Prove that in the circuit of Fig. 13.38,

Alp 1 AlpnCoc)  AW/L) 28VTy
= + - - —gmARs Y, (13.91)
ip 1+ gm Rs UaCox UV/L) Vs — V'

where A R denotes the mismatch between Ry and Rs2. Note that for an appreciable reduction
of Al /Ip, Rs must be greater than 1/g,,.

- Figure 13.38

In the circuit of Fig. 13.26, assume or; = & butx (1) = Acosewr and yzi1 = A coﬁ(wf‘*'ﬂ)‘
where ¢ denotes a small phase mismatch. Caleulate the magnitude of the wecond harmonic 3
the output.

In the circuit of Fig. 13.39, M3 and My sutfer from a threshold mismatch of AVry and e
circuit is otherwise symmeltric. Assuming ~ = 0 but » = 0, calculate the inpul—rcfem?d oﬂ"d-.-"
vollage. What happens as Ry — X7

..
5
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Figure 13.39

13.18. In the circuit of Fig. 13.29, the amplifier has an input capacitance (between X and ¥) equal
to C;n. Calculate the input offset voltage after offset compensation.

13.17. The circuit of Fig. 13.29 is designed for an input offset voltage of 1 mV. If the width of the
transistors in the input differential pair of the amplifier is doubled. what is the overall input
offset voltage? (Neglect the input capacitance of the amplifier.)

13.20. Explain why the circuit of Fig. 13.24 suffers from a trade-otf between the input offset and the
output voltage swing (for a given tail current).
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Chapter !

Oscillators

Oscillators are an integral part of many electronic systems. Applications range from clock
generation in microprocessors to carrier synthesis in cellular telephones, requiring vastly
different oscillator topologies and performance parameters. Robust, high-performance os-
cillator design in CMOS technology continues to pose interesting challenges. As described
in Chapter 13, oscillators are usually embedded in a phase-locked system.

This chapter deals with the analysis and design of CMOS oscitlators, more specifically,
voltage-controlled oscillators (VCOs). Beginning with a general study of oscillation in
feedback systems, we introduce ring oscillators and LC oscillators along with methods of
varying the frequency of oscillation. We then describe a mathematical model of VCOs that
will be used in the analysis of PLLs in Chapter 15.

14.1 General Considerations

482

A simple oscillator produces a periodic output, usually in the form of voltage. As such, the
circuit has no input while sustaining the output indefinitely. How can a circuit oscillate?
Recall from Chapter 10 that negative teedback systems may oscillate, i.e.. an oscillator is
a badly-designed feedback amplifier!' Consider the unity-gain negative feedback circu
shown in Fig. 14.1, where

Vour H{s)

-

¥y = (14.”
va'r.' 1 + H(S)

As mentioned in Chapter 10. if the amplifier itself experiences so much phase shift at high
frequencies that the overall feedback becomes positive, then oscillation may occur. More
accurately. if for s = jwg. H( jon) = —1, then the closed-loop gain approaches intinity #
. Under this condition, the circuit amplifies its own noise components af wy indefinitely:
In fact. as conceprually illustrated in Fig. 14.2, a noise component at wq experiences al

gain of unity and a phase shift of 180-. returning to the subtractor as a negative replicd

Tt is satid. Tn the high-frequency world. amplifiers oscillate and oscillators dor™,”
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H{s)

-+
Vino—b@—D—«—o out

~t

Figure 14.1 tocdback system.

A

J¥
Figure 14.2 Evolution of oscillatory system with time.

of the input. Upon subtraction, the input and the feedback signais give a larger difference.
Thus, the circuit continues to “regenerate,” allowing the component at wy to grow.

For the oscillation to begin, a loop gain of unity or greater is necessary. This can be <een
by following the signal around the loop over many cycles and expressing the amplitude of
the subtractor’s output in Fig. 14.2 as a geometric series (if JHi jon) = 180°):

Vy = Vo + [HGwp)| Vo + |HGwo)* Vo + | H(jeg) Vo + -+ (1+.2)

If |H(jwg)| > 1. the above summation diverges whereas if | H jwp)| < 1. then

Vo
=«
I~ |H(jwo)l

In summary. if a negative-feedback circuit has a loop gain that satisties two conditions:

VX | 143)

tH(jwo) = 1 i1
LH(jwg) = 180°. 'l

‘l‘
-

}

1«
th

)

then the circuit may oscillate at wp. Called “Barkhausen criteria.” these conditions are
necessary but not sufficient [1]. In order to ensure oscillation in the presence of temperature
and process variations, we typically choose the loop gain to be at least twice or three times
the required value.

We may state the second Barkhausen criterion as £ H(jw) = |80 or a total phase shift
of 360°. This should not be confusing: if the system is designed to have a low-frequency
negative feedback. it already produces 180° of phase shift in the xignal traveling around
the loop (as represented by the subtractor in Fig. 14.1). and _H(jw) = 180° denotes
an additional frequency-dependent phase shift that, as illustrated in Fig. 14.2, ensures the
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feedback signal enhances the original signal. Thus, the three cases illustrated in Fig. 14
are equivalent in terms of the second criterion. We say the system of Fig. 14.3(a) exhibig

H{jw) H{jw) Hljw)
+ + +
O O Ol
- + +
T 180° 360°
(a} (b}

Figure 14.3 Various views of osciilatory feedback system.

a frequency-dependent phase shift of 180° (denoted by the arrow) and a dc phase shift of
180°. The ditference between Figs. 14.3(b) and (c) is that the open-loop amplifier in the
former contains enough stages with proper polarities to provide a total phase shift of 360°
at wo whereas that in the latter produces no phase shift at wg. Examples of these topologies
are presented later in this chapter.

CMOS oscillators in today’s technology are typically implemented as “ring oscillators”
or “LC oscillators.” We study each type in the following sections.

14.2 Ring Oscillators

A ring oscillator consists of a number of gain stages in a loop. To arrive at the actual
implementation, we begin by attempting to make a single-stage teedback circuit oscillate.

Example 14.1

Explain why a single comman-source stage does not oscillate if it is placed in a unity-gain loop.

Solution

From Fig. 14.4. it is seen that the open-loop circuit contains oniy one pole, thereby providing 3
maximum frequency-dependent phase shift of 0° (at a frequency of infinity). Since the common-
source stage exhibits a de phase shift of 180° due to the signal inversion from the gate 1o the drain,
the maximum total phase shitt is 270°, The loop therefore fails to su-tain osciltation growth.

Figure 14.4 |
]

=y
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The above example suggests that oscillation may occur if the circuit contains multiple
stages and hence multiple poles. Indeed. such a topology was considered undesirable in
Chapter 10 because it led to inadequate phase margin in op amps. We therefore surmise
that if the circuit of Fig. 14.4 is modified as shown in Fig. 14.5, then two significant poles
appear in the signal path, allowing the frequency-dependent phase shift to approach 180 .

LAk
Ak

= Ay = Ag
F

l_'rlM o " %"'-

O

out

Figure 14.5 Two-pole feedback
system.

Unfortunately, this circuit exhibits positive feedback near zero frequency due to the signal
inversion through each common-source stage. As a result, it simply “latches up” rather than
oscillates. That is, if Vg rises, Vg falls, thereby turning M off and allowing Vg to rise
turther. This may continue until Vg reaches Vpp and V¢ drops to near zero, a state that will
remain indefinitely.

To gain more insight into the oscillation conditions, let us assume an ideal inverting stage
(with zero phase shift at all frequencies) is inserted in the loop of Fig. 14.5, providing nega-
tive feedback near zero frequency and eliminating the problem of latch-up (Fig. 14.6). Does
this circuit oscillate? We note that the loop contains only two poles: one at E and another

'_I M1 Mz

I~
= < H H Figure 14.6 Two-pole feedback sys-
tem with additional signal inversion.

LA
Wy
I
a
m
i
1]
Q
a
@
-3

at F. The frequency-dependent phase shift can therefore reach 180°, but at a frequency of
infinity. Since the loop gain vanishes at very high frequencies, we observe that the circuit
does not satisfy both of Barkhausen's criteria at the same frequency (Fig. 14.7). failing to
oscillate.

The foregoing discussion points to the need for greater phase shift around the loop,
suggesting the possibility of oscillation if the third inverting stage in Fig. 14.6 contains a
pole that contributes significant phase. We then arrive at the topology depicted in Fig. 14.8.
If the three stages are identical. the total phase shift around the loop. ¢. reaches —135°
Al w = wp pt= wpr = Wpi)and —2707 at w = o< Consequently, ¢ equals —180° at
w < oc, where the loop gain can be still greater than or equal to unity. This circuit indeed
oscillates if the loop gain is sufficient and it is an example of a ring oscillator.
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~180°
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Figure 14.7 Loop gain characteristics of a two-pole system.

[—1tj:41 ] tffuz | L{t:n43i£

Figure 14.8 Three-stage ring oscillator.

[t is instructive to calculate the minimum voltage gain per stage in Fig. 14.8 that is
necessary for oscillation. Neglecting the effect of the gate-drain overtap capacitance and
denoting the transfer function of each stage by —Ap/(1 + s/wp). we have for the loop gai:

3
H(s) = ——~———A°S - (14.6)
(1 4+ ~—)
Wi

The circuit oscillates only if the frequency-dependent phase shift equals 180°, i.e., if each
stage coniributes 60°. The frequency at which this occurs is given by

tan -1 wri.\'(' — 60 (14.'”
)

and hence:
Wyer = \/g(v‘n- (]48’ )
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The minimum voltage gain per stage must be such that the magnitude of the loop gain
at wesc 18 equal to unity:

Aj
3 = |. P14Y
wnxr' 2
=
wy
It follows from (14.8) and (14.9) that
Ag = 2. (14,10

In summary. a threa-stage ring oscillator requires a low-frequency gain of 2 per stage. and
it oscillates at a frequency of V3wo, where wy is the 3-dB bandwidth of each stage.

Let us now examine the waveforms at the three nodes of the osciilator of Fig. 14.8. Since
each stage contributes a frequency-dependent phase shift of 60° as well as a low-frequency
signal inversion, the waveform at each node is 240° (or 120} out of phase with respect 1o
its neighboring nodes (Fig. 14.9). The ability to generate multiple phases is a very vseful
property of ring oscillators.

- Figure 14.9 Waveforms of a three-
stage ring oscillator.

Amplitude Limiting The natural question at this point is: what happens if in the thrze-
stage ring of Fig. 14.8. A = 2? We know from Barkhausen’s criteria that 1f Ay < 2. the
circuit fails to oscillate. but what if Ag > 2? To answer this question. we first model the
oscillator by a linear feedback system, as depicted in Fig. 14.10. Note that the feedback
is positive (i.e.. V... is added 10 V,,) because H(s) in Eq. (14.6) already includes the
negative polarity resulting from three inversions in the signal path. The closed-loop transrer
tunction is:

_AS

V.l : 3
! f{e)z (l+f/w:n¥ (14.11)
V;'_.,{S}

0
{ | + .\‘/wu}"
- Ay
T+ s/wn) + AL

(412}
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re 14.10 Linear model of three-stage ring oscillator.

The denominator ot (14.12) can be expanded as:

s 5 5 . .,
(1+——)3+Ag=u+—+Ao)[(1+——-)-—(1+3—)A0+A5].
wp wo wo wp

Thus, the closed-loop system exhibits three poles:

s| = (—Ag — Dwy
Ao(1 £ jV3) |

s

23 =1 Jws.

(14.13)

(14149

(14.15)

Since Ag itself is positive. the first pole leads to a decaying exponential term: expf(— A4, -
1)ewot ), which can be neglected in the steady state. Figure 14.11 illustrates the locations
of the poles for different values of Ag, revealing that for Ag > 2, the two complex poles
exhibit a positive real part and hence give rise 1o a growing sinusoid. Neglecting the effect
of s, we express the output waveform as

Ag — 2 Ag

Vore (1) = a exp( 5 wot ) cosi wol ). (14.16}
Thus, if Ag > 2. the exponential envelope grows to infinity.

jo {l j© jowl

X
X
-3 Dy g -3 Wy l G -3 Wy Y

i X

0<A0<2 A0=2 A0>2

Figure 14.11  Poles of three-stage ring oscillator for various values of gain.
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In practice, as the osciliation amplitude increases, the stages in the signal path experience
nonlinearity and eventually “saturation,” limiting the maximum amplitude. We may say the
poles begin in the right half plane and eventually move to the imaginary usis 1O StOp the
growth. If the small-signal loop gain is greater than unity, the circuit must ~pend enough
time in saturation so that the “average” loop gain is still equal to uniry.-

Example 14.2

Shownin Fig.14.12 s adifferential implementation of the oscillator of Fig. 14.8. What is the maximum
voltage swing of each stage?

ik

1T
AAA
ny
D
—
s
—r
A
VY
Ah
vy
s |
—
oy

X

Vop=Aqlss

Figure 14,12

Solution

If the gain per stage is well above 2. then the amplitude grows until each differential pair expeniences
complete switching. that is. until /55 is completely steered to one side every halt cycle. As a result,
the swing at each node is equal 10 /s R). From the waveforms shown in Fig. 13.12. we ulso observe
that each stage is in its high-gain region for only a fraction of the period, (e.¢.. when |[Vy — Vylis
smally.

A simple implementation of ring oscillators that does not require resistors 1s depicted
in Fig. 14.13. Suppose the circuit is released with an initial voltage at each node equal

“While intuitive, these staiements are not rigorous. The concepts of transfer function. poles. and loop gain are
difticult w apply to a nonlinear circuit.
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=  Figure 1413 Ring oscillator using
CMOS inverters.

to the trip point of the inverters, V,,,-p.3 With identical stages and no noise in the de-
vices, the circuit would remain in this state indefinitely,* but noise components disturb
each node voltage, yielding a growing waveform. The signal eventually exhibits rail-to-rad
swings.

Let us now assume the circuit of Fig. 14.13 begins with Vx = Vpp (Fig. 14.14). Under
this condition, ¥y = 0 and V7 = Vpp. Thus, when the circuit is released. Vy begins to fall

t
Figure 14.14 Waveforms of ring osciilator when one node is initialized w1 Vpp.

to zero (because the first inverter senses a high input). forcing Vy to rise to Vpp after o€
inverter delay, Tp. and 1’z to fall to zero after another inverter delay. The circuit therefore
oscillates with a delay of Tp between consecutive node voltages, yielding a period of 6To-

The above small-signal and large-signal analyses raise an interesting question. Whi’?""
small-siznal oscillation frequency is given by A V3w, 2 |from Eq. t14.161].the large--*li-'“"

*The trip point of an inverter is the input voltage that results in an equal cutput volfage,

must be initialized at a ditterent voltage.
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value is 1/(6Tp). Are these two values equal? Not necessarily. Alter all. wy is determined
by the small-signal output resistance and capacitance of each inverter near the trip point
whereas Tp resuits from the large-signal, nonlinear current dri ve angl capacitances of each
stage. In other words, when the circuit is released with 4! inverters at their trip point, the
oscillation begins with a frequency of ﬂAgwg/Z but. as the amptitude grows and the circuit
becomes nonlinear, the frequency shifts to /(6T ) twhich is a lower value).

Ring oscillators employing more than three stages are also feasible. The total number
of inversions in the loop must be odd so that the circuit does not latch up. For example,
as shown in Fig. 14.15(a), a ring can incorporate five inverters, providing u frequency of

(b)

Figure 14.15 (a) Five-stage single-ended ring oscillator, (b)
four-stage differential ring oscillator.

1/(107p). On the other hand, the differential implementation can utilize an even number
of stages by simply configuring one stage such that it does not invert. [Hustrated in Fig.
14.15(b), this tlexibility demonstrates another advantage of differential circuits over their
single-ended counterparts.

Example 14.3

What is the minimum required voltage gain per stage in the four-stage oscillutor of Fig. 14.15(b)?
How many signal phases are provided by the circuit?

Solution

Using a notaticn similar to that for Fig. 14.8, we have:

A-l
His)=m ——L2— (14.17)
(14—
wn

For the circint to osciliate, each stage must contribute a frequency-dependent [ hase shift of 180°/4 =
457. The frequency at which this occurs is given by tan ™" wpse /o0 = 457 and hence wose = . The
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minimum voltage gain is therefore derived as
‘jl Waose .}: )

That is. Ap = V2. As expected. this value is lower than that required in a three-siage ring.

With 457 of phase shift per stage, the osciilator provides four phases and their complements, This
is illustrated in Fig, 14,16,

[ R

Figure 14.16

The number of stages in aring oscitlator is determined by various requirements. including
speed, power dissipation. noise immunity, etc. In most applications, three 1o five stages
provide optimum pertformance (for differential implementations).

Example 14.4

Determine the maximum voltage swings and the minimum supply vollage of a ring o« {llator incor
porating differential pairs with resistive loads {e.g.. as in Fig. 14,12} if no transistor ust enter (he
triode region, Assume each stage experiences complete switching.

Solution

Figure 14.17(a) shows two stages in cascade. If each stage experiences complete switchng, then each
drain voltage. e.g.. Vi or Vy. varies between Vpp and Vo — fssRp. Thus. when - is fully on
its gate and drain voltages are equal to Vpp and Vpp — I55 R p. respectively. For this rransistor ©
remain in saturalon. we have IssRp < Vry, Le., the peak-to-peak swing at each drzin must noé
exceed V.

How is the minimum supply voltage determined? [f Vpp is lowered, the voltage .1 tae commed
source node of each differential pair.e.g.. Vp in Fig, 14.170a). falls. eventually driving the w2il transist®
mto the riode region. We must therefore caleulate Vp tor the worst case. noting that © » does v
with lime because M) and M2 carry uneyual currents when the input difference becomes large.

Now vonsider the stand-ulone cireuit of Fig. 14.17(b). assuming the inputs vary betw zen Vpo ¥
Vip — {55 Rp. How does Vip vary? When the gate voltage of M|, V). isequalto Vi and Mo ¢

!
j
¢
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Figure 14.17
all of f55,
2lss
Vp=Vpp - | ————— — Vry. (14.19
J#ﬂcox(W/L)l.Z

As Vi fulls and V; rises, so does Vp because, so long as M- is off. M operates as a source follower.
When the difference between Vi and Va reaches ﬁ(‘/@g_eq — Vry). where Vgs .4 denotes the
equilibrium overdrive of each transistor, M+ turns on. To calculate Vp after this point, we note that
Ipi+Ips=lss, Vst = Vi — V. and Vg = Vo — Vp. Thus,

| W - 1 W -
‘.}‘JU-nCn_t{r)l.l(Vl -V = Vrgyr — ;unCo.‘-(—L-ha{V: - Vp — Vry)y = Iss. (120

£xpanding the quadratic terms and rearranging the result, we have

2ss
V2 2V Vo Ve )Vp — 1 Vi — Vo iV b (Vo — V)t e 35 g (142
e =2V~ Vrg+Va—Vrg)Vp =1V~ Vrg)y +(Va— Vry) e Con(W/ LN 2 )

Tt follows that

! +Hys
Ve = (Vi + Vo =2Vry + [—(V) - V2)2 + —————— . (14.22
P R o = R W L) ‘




494 Chap. 14 Oscinato,‘ |

1t Vi and Vi vary differentially, they can be expressed as V; = Vey + AV and Vs = Ve - Ap
where Vo = Vpp ~ IssRp /2, vielding )

Vo= Vew - Vrn = [-avi4 — 55

‘ 2 i ﬂrrcrv.r(‘v,;‘{-)].l. “413,
Thiy expression reveals why node P is considered a virtual ground in small-signal operation: if Ay
is much less than the maximum overdrive voltage, then Vp is relatively constanl. Since the term undq
the square root reaches a maximum for AV = 0 (equilibrium condition.

/ = (142
\ tn Cpt W L}]‘jl b

VP.min =Veuy - VTH -

As expected, the last term in (14.24) represents the overdrive voltage of exch transistor in equilibriym
iwhere fp = Ip2 = I55/2)

Figure 14.17{c) shows typical waveforms in the oscillator. Note that 1'p varies at twice the oscils
lation frequency. This property is sometimes exploited in “frequency doublers.”

To determine the minimum supply voltage, we write Vp min > Vyss5, where Viss denotes the
minimum required voltage across fsg. Thus,

Rplss Iss .
Vpp — - Vry — > Viss, (14.25)
2 ﬂvncﬂx(W/L]'l.l
and
Iss Relss
Vop = Viss + Vry + - =2 (14.26)
#nco,r(w/L}Ll -

' The terms on the right are: the voltage headroom consumed by a current source, one threshold voltage.
the equilibrium overdrive, and halt of the swing at each node.

In CMOS technologies lacking high-quality resistors, the implementation of Fig. [4.17(3)
must be modified. While a PMOS transistor operating in the deep triode region can sene
as the load [Fig. 14.18(a}], the gate voltage must be set so as to define the on-resistance
accurately. Alternatively, a diode-connected load can be utilized [Fig. 14.181m] but atthe
cost of one threshold voltage in the headroom. Figure 14.18(c) shows a more orficient Joad 1
where an NMOS source follower is inserted between the drain and gate of each PMOS
tranststor. With the output sensed at nodes X and Y. M3 and M, consume only a voltage
headroom equat 0 |Vpgsy 4. If Viggs = Vrgs. then Mz operates at the edge of the m#
ode region and the small-signal resistance of the load is roughly equal to 1/gum {with the
assumption A = y = () (Problem 14.4).

The loud of Fig. 13.18(c¢) exhibits another interesting property a< well, Since the S""
source capacitance of Mz is driven by the source follower. the time constant asso€
with the load is smalier than that of & diode-connected transistor. Also. the tinile ouli“ !
resistance of the follower may vield an inductive behavior for the load (Problem 14 5)'%‘ Py
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{c)

Figure 14.18 Differential stages using PMOS loads.

14.3 LC Oscillators

Monolithic inductors have graduaily appeared in bipolar and CMOS technologies in the past
10 yvears. making it possible to design oscillators based von passive resonant circuits. Betore
delving into such oscillators. it is instructive 1o review basic properties of RLC circuits.

As shown in Fig. 14 19(a). an inductor L, placed in parallel with a capacitor C res-
onates at a frequency w,.. = | /L, C|. At this frequency. the impedances of the inductor,
J L\ @res, and the capacitor. 1/(j Cw,. ). are equal and opposite, thereby yielding an infinite
impedance. We say the circuit has an infinite quality factor. (. In practice, inductors (and
capacitors) suffer from resistive components. For example. the series resistance of the metal
wire used in the inductor can be modeled as shown in Fig. 14.19(b). We define the Q of the
inductor as Lw/Rs. For this circuit, the reader can show that the equivalent impedance 15
given by

Re+ Ls
| 4+ L,Cys2 - RCys

Zoy(5) = (14.27)
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L
Ly C; ! Cy
Rg
Figure 14.19 (a) Ideal and (b) realis-
b)
(a) { tic LC tanks.
and hence,
. R+ L%w*
Izeq(s = jﬂ))l?' = 3 : (1428}

C (1= LiCiw?) + RICHY

That is, the impedance does not go to infinity at any s = jw. We say the ¢ircuit has a finite
Q. The magnitude of Z,, in (14.28) reaches a peak in the vicinity of w = 1/V/L;C), but
the actual resonance frequency has some dependency on Kj.

The circuit of Fig. 14.19(b) can be transformed to an equivalent topology that more easily
lends itself to analysis and design. To this end, we first consider the series combination shown
in Fig. 14.20(a). For a narrow frequency range, it is possible to convert the circuit to the
parallel configuration of Fig. 14.20(b). For the two impedances to be equivalent:

RPLPS

Ls+Rs=———.
! 3 Rp+Lps

(14.29)
Considering only the steady state response, we assume s = jw and rewrite (14.29) as

(LiRp + LpRs)jw+ RsRp — LiLpw’ = RpLp jo. (14.30)

This relationship must hold for all values of w (in a narrow range), mandating that

LiRp+LpRs=RpLp _ {t4.31)
RsRp — L\ Lpw® =0. (14.32)
L4
Lps =R
R e

Figure 14.20 Conversion of a series

fa) (b) combination to a parallel combination,
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Calculating Rp from the latter and substituting in the former. we have
RE
LszI(l-}--‘vL,,—S—_,). (14.33)

1w

Recail that Lyw/Rs = @, a V;_:.lue typically greater than 3 for monolithic inductors. Thus,

Lp=~L, (14.34)
and
L-w?
Rp = ft?s (14.35)
~ 07 Rs. (14.36)

In other words, the parallel network has the same reactance but a resistance Q7 times the
series resistance. This concept holds valid for a first-order RC network as well if the Q of
the series combination is defined as 1 /(Cw)/R;s.

The above transformation altows the conversionillustrated in Fig. 14.21, where Cp = C;.
The equivalence of course breaks down as @ departs susbtantially from the resonance

=]
L
! © > 8 =R, =c,
Rs
o Figure 14.21 Conversion of a tank to

three parallel components.

frequency. The insight gained from the parallel combination is that at ¢ = l/m, the
tank reduces to a simple resistor; 1.e., the phase difference between the voltage and current
of the tank drops to zero. Plotting the magnitude of the tank impedance versus frequency
[Fig. 14.22(a)). we note that the behavior is inductive for e < w| and capacitive tor w > w;.
We then surmise that the phase of the impedance is positive for ev < ) and negative for
w > w) {Fig. 14.22(b)]. These observations prove useful in studying LC oscillators. {Why
do we expect the phase shift to approach +90- at very low frequencies and —90° at very
high frequencies?}

Let us now consider the “tuned” stage of Fig, 14.23(a), where an L.C tank operates as
the load. At resonance, jL,w = 1/(jC,w) and the voltage gain equals —¢,, | Rp. (Note
that the gain of the circuit 1s very small at frequencies near zero.) Does this circuit osciilate
it the output 15 connected to the input [Fig. 14.23(b)}? At resonance. the toat phase shift
around the foop is equal to 180 (rather than 360) 1. Also, from Fig. 13.22tb). the frequency-
dependent phase shift of the tank never reaches 180°. Thus, the circuit does not oscillate.




498

(a)
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(b)
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Figure 14,22 (a) Magnitude and (b)
phase of the impedance of an LC tank as
a function of frequency.

Lp

-1 Yoo

R =Cp
© ¥Yout

-

(];}

Figure 14.23 (a) Tuned gain stage. tb) stage of (a) in

feedback,

Betore modifying the circuit for oscillatory behavior, let us observe another interesting
property of the gain stage of Fig. 14.23(a) that distinguishes it from a common-source -
topology using a resistive load. Suppose. as shown in Fig, 14.24, the stage is biased at 3

_ drain current /. If the series resistance of L, is small. the dc level of V,,,, is close to Vop-

How does V,,,,, vary if a small sinusoidal voltage at the resonance frequency is applied 10 the
input? We expect V,,, 10 be an inverted sinusoid with an average value near Vi p becausé
the inductor cannot sustain a large dc diop. In other words, if the average value of Vow
deviates significantly from Vyp, then the inductor series resistance must carry an averagé
current greater than /. Thus, the peak output level in fact exceeds the supply voltage. an
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Ahd
¥

Lp

Figure 14.24 Qutput signal levels in a wned stage.

important and often useful attribute of the LC load. For example, with proper design, the
output peak-to-peak swing can be larger than Vpp.
We now study two types of LC oscillators.

14.3.1 Crossed-Couple'd Oscillator

Suppose we place two stages of Fig. 14.23(a) in a cascade, as depicted in Fig. 14.25. While
similar to the topology of Fig. 14.5, this configuration does not latch up because its low-

Lp

LAk
WY
D
=,
11
| R ]
O
o
™=
o
AAL
Lid]
)
o
i1
11
O
o

e
L Figure 14.25 Two tuned stages in a

feedback loop.

frequency gain is very small. Furthermore, at resonance. the total phase shift around the
loop is zero because each stage contributes zero frequency-dependent phase shift. Thatis. if
gm1 RpgnoRp > L. thenthe loop oscillates. Note that b and Vy are differential wavetorms.
(Why?)

Exampie 14.5

Sketch the open-loop voltage gain and phase of the circuit ~shown in Fig. 14.25. Neglect transistor
capacitances.

Solution

The magnitude of the transter function has a shape simifar to that in Fig. 14.22w) but with sharper rise
and fall because it results from the producr of those of the two stages. The total phase at low frequencies
is viven by signal inversion by each common-source stage plus a 906 phase shirt due 1o each tank.
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A similar behavior occurs at high frequencies. The gain and phase are sketched in Fig. 1426, From
these plots, the reader can prove that the cireuit cannot oscillate at any other frequency.

| H

Figure 14.26 Loop gain characteristics of the circuit shovwn in Fig. 14,25,

The circuit of Fig. 14.25 serves as the core of many LC oscillators and is sometimes
drawn as in Fig. 14.27(a} or (b). However, the drain currents of M, and M- and hence the
output swings heavily depend on the supply voltage. Since the waveforms at X and Y are
differential, the drawing in Fig. 14.27(b) suggests that M| and M can be converted o 3
differential pair as depicted in Fig. 14.27(c), where the total bias current is defined by 5.

Example 14.6

For the circuit of Fig. 14.27(c). plot V¥ and Vy and 5y and f152 as the oscillation begins.

Solution

It the circuit begins with zero difference between Vy and Vy, then Vy = Vy & Vpp. The two
trunsistors share the tail current equally. If (g 2 Rp e 2 1, where Rp is the equivalent paﬁﬂl‘?l
resistunce of the tank at resonance, then noise components at the resonance frequency are continually
ampiified by My and Wa. allowing the oscillation to grow. The drain currents of M and b2 vary
according to ¢ instantancous valie of Vy — Vy (as ina differential pair).

As shown in Fig. 14.28. the oscillation amplitude grows untl the loop gain drops at the peaks.
In fact, it g, 2 Ry 15 large enough, the difference between Vy — Uy reuches a level that ste2rs the
entire tail current ty one transistor, turning the other off. Thus, in the steady state. I and fp2 v
between zero and fog.

——" )
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Figure 14.27 (a) Redrawing of the oscillator shown in Fig. 14.25, (b) another redrawing of the circuit,
(c} addition of tail current source to lower supply sensitivity.

Figure 14.28

The oscillator of Fig. 14.27(c) is constructed in fully differential form. The supply
sensitivity of the circuit. however, is nonzero even with perfect symmetry. This is because
the drain junction capacitances ot M, and M vary with the supply voltage. We retum to
this issue in Example 14.9,



02 | Chap. 14 Osciitatorg

14.3.2 Colpitts Oscillator

An LC oscillator may be realized with only one transistor in the signal path. Consider the
gain stage of Fig. 14.23(a) again and recall that the drain voltage cannot be apphed to the
gate because the overall phase shift at resonance equals 180 rather than 3607 . Also. recail
that in a common-gate stage, the phase shift from the source to the drain is zero. We then
surmise that if, as shown in Fig. 14.29(a). the drain voltage is returned to the source rather
than the gate, the circuit may oscillate. The coupling must incorporate a capacitor to avoiqd
disturbing the bias point of M.

L=k =R, Tl Cp lLesll Z R, T Cp
l © Vout -L °Vout
Vo[ M, C, Voo d[D M, C;
Iy Tin Is
(a) (b)

Figure 14.29 (a) Tuned stage with feedback applied from drain to
source, (b} addition of input current to calculate closed-loop gain.

Unfortunately, owing to insufficient loop gain, the circuit of Fig. 14.29(a) does not
oscillate. To prove this point, we invoke the view of Fig. 14.1. where an oscillator is
considered a feedback system with infinite closed-loop gain. Applying an input current as

depicted in Fig. 14.29(b) and neglecting transistor parasitics. we obtain the closed-loop
gain as:

Vour !
= —I R 14.37)
I L psi] C.sl ke (

because M| and C» directly conduct the input current to the tank. Since the closed-loop
y P ‘
gain cannot be equal to infinity at any frequency, the cireuit fails to oscillate.

Example 14.7 s

The reader may wonder why the input 1o the feedback svstem is realized as a current source applied
to the source of the transistor rather than a voltage source upplied to is gate. Perform the analyss
with the tatter stimulus,

Solution

From Fig. 14.30, we note that with a finite variation of Vi, the change in /, is still zero if the
bias current source is ideal. Thus. if the xource-bulk junction capacitance of M is neglected. the
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- Yoo
Les =, lcp
-JI_ ° Vout
M, C
V() ¥
L iy

Figure 14.30

change in the tank current is zero, yielding V,,,/ Vi, = 0. Interestingly, Vx does vary with Vj,,
but M| generates a small-signal current that cancels that through C;. The reader can prove that
Vx/Vin = 8m/(gm + C25).

The above example reveals two important points. First, to excite a circuit into oscillation,
the stimulus can be applied at different points. (That is, the noise of any device in the loop
can initiate the oscillation.’} Second, in Fig. 14.30. V,,,/ Vi, is zero because the impedance
connected between the source of M, and ground is infinity. We then add a capacitor from
this node to ground as shown in Fig. 14.31(a), seeking conditions of oscillation. Note that
the capacitor in parallel with L p is removed. The reason will become clear later.

— Voo

r"-
o
AbA
vy
P
v

. —oV

+ out

L ol
:l-: -

(ay . 1]

Figure 14.31 (a) Colpiit: oscillator. (b equivalent circuit of (2) with input stimulus.

“This is because the natural trequencies of a lincar (observable) system do not depend on the location of the
stimulus. Of course, the tvpe of stimulus (voltage or current) must be chosen such that when it is sel to zero, the

circuit returns to its origina! 1opology. For example, driving the gate of My in Fig. 1430 by a current changes the
natural frequencies of the circuit.
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Approximating M, by a single voltage-dependent current source, we CODSIruct the
equivalent circuit of Fig. 14.31(b). Since the current through the parallel combination of
Lp and Rp is given by V,,/(Lps) + V,u/Rp, the total current through Cy 18 equal 14
I:'rl - Vum;’( Lps)y— vnm/RP. YICldII'Ig

lel‘ Vm” l

Vi=—lliy—7— — )

LPS Rp C_M‘ ”4._‘8|

Writing the current through C; as (Vo + V1)Cas, we sum all of the currents at the Outpu(.
node:

Vour vmu 1 Vom Vum 1 | Vom vn
"”n(lr'f-"___"_'_+ %,.;"‘({‘,—_———C‘!S'i'—'—“'“{":i:
S T L es  Rp )Cls Vour = Chin Lps Rp ’c,sl = " Lps  Rp 0.
) (14.39;
It follows that
1'{’ml.r RPLPS(gm + CzS)

= . 14.
fin RpCyCiLlps? +(Cy + Ca)Lps? +{gmnlp + Rp(C) + C)]s + gmRp (14.40) .

Note that, as expected, (14.40) reduces to (Lps||Rp)if C; = 0. The circuit oscillates if
the closed-loop transfer function goes to infinity at an imaginary value of s, sg = jwg.

Consequently, both the real and imaginary parts of the denominator must drop to zero at
this frequency:

—RpCiCrLpwhy + [gmlp + Rp(CL + C)lwg =0 (1441
—(Cy + Ca)Lpwi + guRp = 0. (14.42)

Since with typical values, g.Lp <« Rp(C( + C3), Eq. (14.41) yields:

- \
Wp = - cc {14.43)
L 1%
F Cy+C»
and Eq. (14.42) results in
(C, + Ca)
nRp = —————tm (b4
Emitp C,C
C] C" » -
= —{l+—=—)". 1443
C:{ Cl) {

Recognizing that g, Rp is the voltage gain from the source of M| to the output (if gnp = 0)
we determine the ratio C,/C> for minimum required gain. The reader can prove that the
minimum occurs for C,/C. = L, requiring

ngP = +. “4'46’

Equation (14.46) demonstrates an important disadvantage of the Colpitts oscillator “‘ifh
respect to the cross-coupled tepology of Fig. 14.27(c). The former demands a voltage gaid
of at least 4 at resonance and the latter, only unity. This issue is critical if the inductof -
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suffers from a low Q and hence a small Rp, a common situation in CMOS technologies,
As a consequence, the cross-coupled scheme is used more widely.

The foregoing analysis neglected the capacitance that appears in paralicl with the induc-
tor. As suggested in Problem 14.10. if this capacitance. Cp. is included in the equivalent
circuit, Eq. (14.43) is modified as:

g
oy 1
i

. 14.47)
C,C; ‘

LpiCp+ ———

piCp Ci+Cz)

whereas (14.46) remains unchanged. Thus, Cp is simply included in parallel with the series
combination of €| and C».

14.3.3 One-Port Oscillators -

Our development of oscillators thus far has been based on feedback systems. An alternative
view that provides more insight into the oscillation phenomenon employs the concept
of “negative resistance.” To arrive at this view, let us first consider a simpie tank that
is stimulated by a current impulse [Fig. 14.32(a)]. The tank responds with a decaying
oscillatory behavior because, in every cycle, some of the energy that reciprocates between

i ! In C - Rp
t = = =
(b
4 - Active
Comte *Ap — Circuit
- HP

el

Figure 14.32 () Decaying impulse response of a tank. 1b) addition of neg-
ative resistance to cancel loss in Rp. (c) use of an active circuit to provide
negative resistance,
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the capacitor and the inductor is lost in the form of heat in the resistor. Now suppose a IeNiSyy
caual to —Rp 1s placed in parallel with Rp and the experiment is repeated [Fig. 14. 3iyp

Since Rp{|[(—Rp) = oc. the tank oscillates indefinitely. Thus, if a one-port circuit exhibi;

a negative resistance is placed in parallel with a tunk {Fig. 14.32(c) j the combination may

oscillate. Such a topology 15 called a one-port oscillator.

How can a circuit provide a negative resistance? Recali that feedback multiplies ¢
divides the input and output impedances of circuits by a factor equal to one plus the |
gain. Thus, if the loop gain is sufficiently negative, (i.e., the feedback is sufficiently positive;,
a negative resistance is achieved. As asimple example. let us apply positive feedback aroung
a source follower. The follower introduces no signal inversion and neither must the feedback
network. As depicted in Fig. 14.33(a), we implement the feedback by a common-gate stage

I
9mi V,

s

(a) (b)
Figure 14.33 (a) Source follower with positive feedback to create negative input impedance.

{b} equivalent circuit of 12) 1o calculate the input impedance.

and add the current source /5 to provide the bias current of M5. From the equivalent circuit
in Fig. 14.33(b) (where channel-length modulation and body etfect are neglected), we have

",\’ = EBmz V2 = —8mi VI (1448’
and
Vy = Vi — Vs (14.49)
N S (14.50)
Bml m2
Thus.
l_x — _(_,.l_ + ). {14.5”
1\ \‘;“” QFH:
and. if Tl = w2 = Sm- then
x .72 (1450

{ X Hin
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Negative resistance becomes more intuitive if we bear in mind that it is an ircrenental
quantity, that is, negative resistance indicates that if the applied voltage increases. the current
drawn by the circuit decreases. In Fig. 14.33(a), for example, if the input voltage increases.
so does the source voltage of M|, decreasing the drain current of My and allowing part of
{5 to flow to the input source.

With a negative resistance available, we can now construct an oscitlator as illustrated in
Fig. 14.34. Here, Rp denotes the equivalent parallel resistance of the tank and, for oscillation

l VDD

1 M-I

Le

A

Figure 14.34 Oscillator using nega-
tive input resistance of a source follower
H with positive feedback.
build-up, Rp —2/g» = 0. Note that the inductor provides the bias current of M», obviating
the need for a current source. If the small-signal resistance presented by M| and M, to the
tank is less negative than — Rp, then the circuit experiences large swings such that each
transistor is nearly off for part of the period, thereby yielding an “average” resistance of
—Rp,
The circuit of Fig. 14.34 is similar to the stage of Fig. 14.29(a) but with the feedback
capacitor replaced by a source follower. More interestingly, the circuit can be redrawn as in
Fig. 14.35(a), bearing a resemblance to Fig. 14.27(c). In fact, if the drain current of M, flows

L B 1
‘-EHP ICP CPT RPE'

MgF.“—'Vb_\—l. M, MzE"——K'”;W

™
LN
fm
Yy
=
o
| ngd
°
A
WY
]
T
o~
=

(a) (b}
Figure 14.35 (a) Redrawing of the topology shown in Fig. 14.34, 1b) ditferential version of (a),
through a tank and the resulting voltage is applied to the gate of .. the topology of Fig.

[+.35(b) is obtained. Ignoring bias paths and merging the two tanks into one (Fig. 14,36,
we note that the cross-coupled pair must provide a negative resistance of —Rp between
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Cpl2
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Figure 14.36 Eqguivalent circuit of Fig. 14.35(b).

¢

nodes X and Y to enable oscillation. The reader can prove that this resistance is equal to
—2/gm and hence it is necessary that Rp > 1/g,,. Thus. the circuit can be viewed as either
a feedback system or a negative resistance in paraliel with a lossy tank. This topelogy is

also called a “negative-G,, oscillator.”

As another method of creating negative resistance. consider the topology depicted in
Fig. 14.37(a), where none of the nodes is grounded and channel-length modulation, body
effect, and transistor capacitances are neglected. Since the drain current of M) is equal to

(—=1x/C15)gm, we have

: —1Iy 1 Iy
¥ X C[S gm)C;s Clj'
-9 Ap
C, C0°
!—v-o—-—‘\Mr-*——
Zx
e —
Ci+Cy
(a) thy

(14.53)
L
. M1
i =c
—
Cy

{c)

Figure 14.37 (a) Circuit topoiogy providing nega'ive resistance, (b) equivalent circuit of (3h

t¢) oscillator using (a).

~
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and hence

ﬁ _ Bm " I . ] S
]X CICE_\-: ET: - —_‘—: =24

For s = jw. this impedance consists of a negative resistunce equal to —8mCy 0y
in series with the series combination of C) and (- [i“ig. 14.37(h)]. Thus, as shown in Fig,
14.37(c), if an inductor is placed between the gate and drain i M. the circuit may oscillate.
Of the three nodes in the circuit, one can be an ac ground. resulting in the three different
topologies illustrated in Fig. 14.38. The circuit of Fig, 14,38y is in fact based on a source
follower, whose input impedance was found in Chapler 6 to contuin a negative real part.
The configuration of Fig. 14.38(b} is a Colpitts oscilluor.

(a) (b) (c)

Figure 14.38 Oscillator topologies derived from the circuit of Fig, 14.371¢),

Example 14.8

Redraw the circuits of Fig. 14.38 with proper biasing.

Solution

The circuits are redrawn in Fig. 14.39.

1c}
Lak lhl

Figure 14.39
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14.4 Voltage-Controlled Oscillators

Most applications require that oscillators be “tunable.” 1.e., their output frequency be ,
function of a control input, usually a voltage. An ideal voltage-controlled oscillator is 4
circuit whose output frequency is a linear function ot its control voltage (Fig. 14.40):

Woyer = Wo + A".'C'U vuuu- (1455,]

Here, wy represents the intercept corresponding to V,.,,, = 0 and Ky o denotes the “gajp"
or “sensitivity™ of the circuit (expressed in rad/s/V).” The achievable range, w2 — wy, is
called the “tuning range.”

Veltage-Controlled

vcont O—] e i wQUt

Oscillator
moul |
Waliiieierirciar e
O I .-
Woi-
Ve
cont Figure 14.40 Definition of a VCO.

Example 14.9

In the negative-G,, oscillator of Fig. 14.27(c), assume Cp = 0. consider only the drain junction
capacitance, Cpg. of M| and M», and explain why Vpp can be viewed as the control voltage.
Calculate the gain of the VCO.

Solution

Since Cpyg varies with the drain-bulk voltage, if Vhp changes, so does the resonance frequency of
the tank. Noting that the average voltage across Cpyp 1= approximately equai to Vpp. we write

Cus -
Cng = ——~—-"-£:5 ;:n - {14.36)
(1= oy }m
og
and
‘}(.U.-.-;; -
Kveg = ‘ — (14.57
Voo
Bosey;  1C g

ACpr  WVnp

& & more familiar unit is Hz/V but one must be careful with the dimension of Kye o in the context of phase
locked loops,
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With wyy, = 1/ LpCpp. we have

-1 "
Kvco = — _ . mlns (14.59)
2VLpCpgChy Vo
il - ——
g
m
= Vo (1460
2pgil ~ }
o8
Note that the relationship between i,y and V., is nontinear because K. .. - zries with Vpp and
[T

i ———e = eme

Before moditying the oscillators studied in the previous sections tor tZnability, we sum-
marize the imporstant performance parameters of VCOs.

Center Frequency The center frequency (i.e., the midrange valuz in Fig. 14.40) is
determined by the environment in which the VCO is used. For example, in the clock
generation network of a microprocessor. the VCO may be required to run at the clock rate
or even twice that. Today’s CMOS VCOs achieve center frequencies as high as [0 GHz.

Tuning Range The required tuning range is dictated by two parameters: { 1) the variation
of the VCO center frequency with process and temperature and (2 the frequency range
necessary for the application. The center frequency of some CMOS o cillators may vary
by a factor of two at the extremes of process and temperature. thus mandcaiing a suthceiently
wide (> 2x) tuning range o guarantee that the VCO output frequency czn be driven to the
desired value. Also, some applications incorporate clock frequencies that must vary by one
to two orders of magnitude depending on the mode of operation. demandi= g a proportionally
wide tuning range.

An important concern in the design of VCOs is the variation of the output phase and
frequency as a result of noise on the control line. For a given noise ampitude. the noise in
the output frequency is proportional to Ki-co because @, = wy + A -, Ve Thus. to
minimize the etfect of noise in V' ;. the VCO gain must be minimized. o o nstraintin direct
conflict with the required tuning range. In fact. if. as shown in Fig. | 2.2, the allowuble
range of 1", is from V; to Va re.g.. from (1o Vyypp0 and the tuning range miust span at least
- 10 ., then Kveg must satisty the following requirement:

e — o

Kycoz2 ——. (14.61)
1": -\ i

Note that. for a given tuning range, Ky ¢ increases as the supphy voltage Jecreasex. muking

the oscillator more sensitive to noise on the control line.

Tuning Linearity As exemplified by Eq. (14,60 the tumng charactznstes of VCOs
exhibit nonlinearity, ... their gain, K. is not constant. As explained in Chapter 15,
such nonlinearity degrades the setiling behavior of phase-locked loups. For this reason, it
is desirable to minimize the variation of K¢ across the tuning range.
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Actual osciltator characteristics typically exhibit a high gain region in the middle of the
range and a low gain at the two extremes (Fig. 14.41). Compared to a linear characteriy,
(the gray line), the actual behavior displays a maximum gain grearer than that predicieq

Wou 4

w4

: a— Figure 14.41 Nonlinear VCO charac-
vy V2. Veom ter?sli(.‘.

by (14.61). implying that, for a given tuning range, nonlinearity inevitably leads to higher
sensitivity for some region of the characteristic.

Output Amplitude It is desirable to achieve a large output oscillation amplitude, thus
making the waveform less sensitive (0 noise. The amplitude trades with power dissipa-
tion. supply voltage, and (as explained in Section 14.4.2) even the tuning range. Also, the
ampiitude may vary across the tuning range, an undesirable effect.

Power Dissipation As with other analog circuits, oscillators suffer from trade-offs
between speed, power dissipation, and noise. Typical oscillators drain 1 to 10 mW of
power.

Supply and Common-Mode Rejection  Oscillators are quite sensitive to noise, espe-
cially if they are realized in single-ended form. As seen in Example (4.9, even differential
oscillators exhibit supply sensitivity, The design of oscillators for high noise immunity is
a difficult challenge. Note that noise may be coupled to the control line of a VCO as well.
For these reasons. it 1s preferable (but not always possible) to employ differential paths for
both the oscillation signal and the control line.

Output Signal Purity Even with a constant control voltage, the output waveform of
a VCO is not perfectly pericdic. The electronic noise of the devices in the oscillator and
supply noise lead to noise in the output phase and frequency. These effects are quantified
by “ntter” and “phase noise” and determined by the requirements of each application.

14.4.1 Tuning in Ring Oscillators

Recall trom Section 14.2 that the oscillation frequency. f,.., of an N-stage ring equals
(2N'T, =, where Tp denotes the lurge-signal delay of each stage. Thus. to vary the fre-
quency. Th can be adjusted.

Ax o simpie example, consider the ditferential pair of Fig, 14.42 as one stage of nng
oscillator. Here, M3 and M, operate in the triode region, each acting as a variable resistor
controlled by V. As V,,,.. becomes more positive, the on-resistance of M and Ma
mereases. thus raising the time constant at the output, 1y, and lowering /... If Ma and Ma
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V,
fola)
My M,
O
Veont N s Vour
—{loM, M, J_ L
Vin T Co T Co
c - —
ISS - ) - [y - - -
Figure 14.42 Diftercntial pair with
- variable vulput e constant,
remain in deep triode region,
T = Rpn3.4CyL i 14.62)

Ce

W : 114.63)
“pco.r(z)l-l(VDD — Veone — |"’THP|}

In the above equation. C; denotes the total capacitance seen at each output to ground
(including the input capacitance of the following stage). The delay of the circuit is rougnly
proportional to 7y, vielding

1
fove X — 1464
) Tp

W :
f-"-,ﬂCu.t(Z)J.-l-(VDD - Vz-um =~ Vrupl
el . AR
Ct

Interestingly. fo,. 1s linearly proportional to Ve,

Example 14.10 v ... e o ettt e+ e
For given device dimensions and bias currents in Fig. 14,420 determme the masimum ailow 2ble valie
ot Veone. What huppens if M3 and My enter saturation?

Salution

Let us assume (somew hat arbitrarily) that M; and My remain in deep triode region if 1,025 =
0.2 % 2|Vgs:.: — Vryp . If each stage in the ring experiences comptete switching. then the muximum
drain current of My and Ve (s equal to fsy. Tosatisfy the above conditon we mustivve £y Ry =
Q.4 Vpp — Vi —\Vrge:) and hence

Iss

T =040 np = Vi — Wrg p|) ( 1-4.66)

HaCaxl "[h_uvnn ~ Ve = [Vl
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It follows that

Iss
Veont < Vop —{Vrupel — : (14.67)

3%
0-4.‘1;) Cr)_r ( _E' )3.4

It Veons exceeds this level by a targe margin, M3 and M eventually enter saturation. Each stage then
requires common-mode feedback to produce the output swings around a well-defined CM level,

ey

The differential pair of Fig. 14.42 suffers from a critical drawback: the output swing of
the circuit varies considerably across the tuning range. With complete switching. each Stage
provides a differential output swing of 2/55 R,,3.4. Thus, a tuning range of, say. two 10 one

translates to a twofold variation in the swing.

In order to minimize the swing variation, the tail current can be adjusted bv V., as wel|
such that, as V,,,, becomes more positive, /g5 decreases. The circuit nonetheless requires
a means of maintaining Is5 R34 relatively constant. To this end, let us consider the circuit
in Fig. 14.43(a), where Ms operates in the deep triode region and amplifier A applies

S g L
L ; T

i

cont

{(a) (b}

Figure 14.43 (a}Simple feedback circuit defining Vp, (b} replica biasing 1o define voliage swings
in a ring oscitlator.

negative feedback to the gate of Ms. If the loop gain is sufficiently large. the differential
input voltage of A must be small, giving Vp & Vger and |Vpss| = Vpp — Vegr. Thus,
the feedback ensures a relatively constant drain-source voltage even if /| varies. In fact, as
I, say. decreases, A; raises the gate voltage of M: suchthat R,,s/y = Vpp — Vrer:

The topology of Fig. 14.43(a) can serve as a “replica circuit” for the stages of a rng
oscillator, thereby defining the uscillation amplitude. Illustrated in Fig. 14.43tb). the ideais
to "servo” the on-resistance of M3 and M, to that of M5 and vary the frequency by adjusting
f; and /ss simultaneously [2]. If My and M, are identical to Ms and /g5 to [,. then Vx
and Vy vary from Vpp to Vpp — Veer a8 M| and M steer the tail current 1o one side of
the other. Thus, if process and temperature variations, say, decrease, /; and Isg, then Al
increases the on-resistance of Ms-Ms, forcing Vp and hence Vy and Vy (when M, of M:
is fully on) equal to Vggr.
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The bandwidth of the op amp A in Fig. 14.43(b) ix of some concern. If achange in Vg,
takes a long time to change w,,,,, then the settling speed of a PLL using this VCO degrades
significantly (Chapter 15).

Example 14.11

How does the oscillation frequency depend on Jss for a VCO incorporating the stage of Fig. 14.43(b).
Solution

Noting that Ryn3 4fss = Vpp — Vegr, wehave R,,3 4 = (Vi — Vepp)/{ss and hence

l
Jose X RoaCe (14.68)
anld 4l |

!
o 5§ _
(Vop — Veerp 1 Cy.

(14.69)

Thus, the characteristic is relatively linear.

Delay Variation by Positive Feedback To arrive at another tuning technique, recall
that a cross-coupled transistor pair such as that of Fig. 14.36 exhibits a negative resistance of
—2/g.,avalue that can be controlled by the bias current. A negative resistance — Ry placed
in parallel with a positive resistance +Rp gives an equivalent value +Ry Rp/{Ryx — Rp),
which is more positive if | — Ry| > |4+ Rp|. This idea can be applied to each stage of aring
oscillator as illustrated in Fig. 14.44(a). Here, the load of the differential pair consists of

1
Lol
Ak
¥YY
LhA
Yy
=]
[~

/‘:l Vout \ Voo

LT
o
b ;
hg \
s
0

v'o—l M, M, .
in VH"IO_| M1
° g
m3,4
? ’55 Vcont ’1 - -
(a) (b}

Figure 14.44 (a) Ditferential stage with variable negative-resistance load, (b) half-
circuit equivalent of (a).

resistors R, and R~ (R; = R> = R) and the cross-coupled pair M1-M,. As [ increases,
the small-signal differentiai resistance —2/g,,3.4 becomes less negative and, from the half
circult of Fig. 14.44(b), the equivalent resistance Rp' (—1/2.:4) = Rp/(1 — guisRp)
increases, thereby lowering the frequency of oscillation.

An tmportant issue in the circuit of Fig. 14.44(a) ts that as /; varies so do the currents
steered by M, and M, to R, and R-. Thus, the output voltage swing is not constant across
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the tuning range. To minimize this effect, /55 can be varied in the opposite direction Such
that the total current steered between R, and R» remains constant. In other words, j i
desirable to vary /) and Iss differentially while their sum is fixed, a characteristic Provideg
by a differential pair. Illustrated in Fig. 14.45, the idea is to employ a differential pair Ms-M,
to steer [y to My-My or M3-M, so that Iss + I; = /. Since /7 must flow through R ang

IYYs

Ry

wy

hhA
T
[\~

—[. M,

Veontt °_l

Figure 14.45 Use of adifferential pair
to steer current between M;-Ma and M-
M.

Ra, if M-M, experience complete switching in each cycle of osciliation, then /7 is steered
to Ry (tbrough M, and M3) in half a peried and to R» (through M, and M,) in the other
half, giving a differential swing of 2Rp 1.

In the circuit of Fig. 14.45, V.1 and V,,,2 can be viewed as differential control lines if
they vary by equal and opposite amounits. Such a topology provides higher noise irnmunity
for the control input than if V., is single-ended. Now, note that as V.., decreases and
Veons2 increases, the cross-coupled pair exhibits a greater transconductance, thereby raising
the time constant at the output nodes. But what happens if all of Ir is steered by Mg to M3
and M4? Since M and M> carry no current, the gain of the stage falls to zero, prohibiting
oscillation. To avoid this effect, a small constant current source, /4, can be connected from
node P to ground. thereby ensuring M, and M> always remain on. With typical values, this
ring oscillator provides a two-to-one tuning range and reasonable linearity.

Example 14.12 e

Calculate the minimum value of /5 in Fig. 14.45 (o guarantee a low-frequency gain of 2 when alldl
It is steered 10 the cross-coupled pair. :

Solution R

The smali-signal voltage gain of the circuit equals g, 2R p/{t — gm34 R p). Assuming squm"'h'
devices, we have )

w Rp .'-{1:_ .
\/P’vn Cu.r(z)l,?.fH | o T IR =2 (14-7‘.33-__;,-_.
\'ﬂ Hal oy a haglrRp
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That is,

2
11%
4 |:l h J“ucax(‘f)},-tl? RF]

I
HZ W
#nco.t(*‘;:)l_:R}J

(14.71)

An important drawback of using the differential pair Ms-, in the circuit of Fig. 14.45
ts the additional voltage headroom that it consumes. As depicted in Fig. 14.46, for Ms;
to remain in saturation, Vp must be sufficiently higher than Vy. When Veoni = Voo

"’i:-1 M op le.:“_‘

Veont1 = M 5 Mg o Veontz
N

Figure 14.46 Headroom calculation
for a current-steering topology.

the minimum allowable drain-source voltage of Ms is equal to its equilibrium overdrive
voltage, implying that, compared to that caiculated in Example 14.4, the supply voltage
must be higher by this value. Note also that if V... or Vi, is allowed to vary above its
equilibrium value by more than V74, then Ms or M, enters the triode region.

The above observation reveals a trade-off between voltage headroom and the sensitivity of
the VCO. In order to minimize the sensitivity with a given tuning range, the transconductance
of Ms- Mg must be minimized. (That s, to steer all of the tail current, the differential pair must
require a large Veonrt — Veonr2.) However, for a given tail current, g, = 21p/(Vgs — Vra)
indicating a large equilibrium overdrive for Ms-Me and a correspondingly higher value for
the minimum required supply voltage.

We should mention that the pair Ms-Mg need not remain in complete saturation. If
the drain voltages are low enough to drive these transistors into the triode region, then
the equivalent transconductance of the differential pair drops. thus demanding a greater
Vieonst — Veonez to steer the 1ail current. This phenomenon in fact translates to a lower VCO
sensitivity. In practice, careful simulations are required to ensure the VCO characteristic
remains relatively linear across the range of interest.’

At low supply voltages, it is desirable to avoid the voltage headroom consumed by Ms-
Mg in Fig. 14.45. The issue can be resolved by means of “current folding.” Suppose, as
illustrated in Fig. 14.47(a), a differential pair drives two current mirrors, generating /7,
and I,,;2. Since Iy + 12 = [s5. lout = K1y and 1,2 = K12, wehave foyp1 + Lowy = K fss.
Thus, as V;,,y — Vi, goes from a very negative value 10 a very positive value, [, varies

7If both Ms and My are in the triode region and Veonrt # Veons2. then supply voltage variations affect the
current steered between the two transistors. introducing noise in the frequency of oscitlation,
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Figure 14.47 (a) Current folding topology, (b) application of current folding to current steering,

from K Iss to zero and [, from zero to K Igs while their sum remains constant - a behavior
similar to that of a differential patr.

We now utilize the topology of Fig. 14.47(a) in the gain stage of Fig. 14.44(a). Shown
in Fig. 14.47(b), the resulting circuit operates from a low supply voltage.

Delay Variation by Interpolation Another approach to tuning ring oscillators is based
on “interpolation” [3,4]. As illustrated in Fig. 14.48(a), each stage consists of a fast path and

Fast Path
Vine @“’ Vout
Vconl
 Slow Path
{a)

P e s PaC

(b) {c)

Figure 14.48 (a) Interpolating delay stage. (b) smallest delay, {b) fargest delay.
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a slow path whose outputs are summed and whose gains are adjusted by V., in opposite
directions. At one extreme of the control voltage. only the fast path is on and the slow path
is disabled, yielding the maximum oscillation frequency {Fig. 14.48(b)]. Conversely, at the
other extreme, only the slow path is on and the fast path is off, providing the minimum
oscillation frequency {Fig. 14.48(c)]. If V,,,,, lies between the two extremes, each path is
partially on and the total delay is a weighted sum of their delays.

To better understand the concept of interpolation, let us implement the topology of Fig.
14.48(a) at the transistor level. Each stage can be simply realized as a ditferential pair whose
gain is controlled by its 1ail current. But how are the two outputs summed? Since the two
transistors in a differential pair provide output cuerrents. the outputs of the two pairs can be
added in the current domain. As depicted in Fig. 14.49(a), simply shorting the outputs of
two pairs performs the current addition, e.g., for small signals. [, = 21 1 Vint + &34 Vina.
The overall interpolating stage therefore assumes the configuration shown in Fig. 14.49(b),
where V! and V7 denote voltages that vary in opposite directions (so that when one
path turns on, the other turns off). The output currents of M,-M> and M1-M, are summed
at X and Y and flow through R and R3, producing V,,,.

In the circuit of Fig. 14.49(b), the gain of each stage is varied by the tail current to achieve
interpolation. But it is desirable to maintain constant voltage swings. We also recognize
that the gain of the differential pair Ms-Ms need not be varied because even if only the
gain of M3-M, drops to zero. the slow path is fully disabled. We then surmise that if the
tail currents of M-M> and My-M, vary in opposite directions such that their sum remains
constant, we achieve both inierpolation between the two paths and constant output swings.

Ak
"y

@‘SS \—I Ms Mg l‘l @‘—ch;nt
?—a Vc;m

{a) ib)

Figure 14.49 (a) Addition of currents of two differentiat pairs. (b) interpolating delay stage.
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Mustrated in Fig. 14.50, the resulting circuit employs the differential pair M7-My 1o .. -
Iss between M -M:z and M;-AM,. I V., is very negative, My is off and only the fag Path
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Figure 14,50 Interpolating delay stage with current steering.

amplifies the input. Conversely, if V.., is very positive, M5 is off and only the slow path
is enabled. Since the slow path in this case employs one more stage than the fast path, the
VCO achieves a tuning range of roughly two to one. For operation with low supply voltages,
the control pair M7-Mjy can be replaced by the current-folding topology of Fig. 14.47(a).

Example 14.13

Combine the wning techniques of Figs. 14.45 and 14.50 to achieve a wider tuning range.
Solution

We begin with the interpolating stage of Fig. 14.50 and add a cross-coupled pair to the output nodes
{Fig. i4.51(a)). However, in order to obtain constant voltage swings. the total current through the
load resistors must remain constant. This is accompiished by replacing the control differential paw
with the current-folding circuit of Fig. 14.47(a). Depicted in Fig. 14.51(b), the resulting configuratioa
steers the current to M|-M> 10 speed up the circuit and to M3-My and Myg-M;, 10 slow down the
circuit. The tail current source dimensions are chosen such that fgg) = Is52 + Is53.

Wide-Range Tuning Except for the circuit of Fig. {4.43(b), the ring oscillator (W '_ i
techniques presented thus far achieve a tuning range of typicatly no more than three toont- N
In applications where the frequency must be varied by orders of magntitude, the wpolog

shown in Fig. 14.52 can be used. Driven by the input. the additional PMOS transistors Ms
M pull each output node to V. creating a relatively constant output swing even with 1
variations in fsg. The oscillation frequency of a ring incorporating this stage can be e
by more than four orders of magnitude with less than a twofold variation in the ampltUg
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Figure 14.51

14.4.2 Tuning in LC Oscillators

The oscillation frequency of LC topologies is equal to f... = 1727 +/LC), suggesting
that only the inductor and capacitor values can be varied to wne the frequency and other
parameters such as bias currents and transistor transconductances affect f,,. negligibly.
Since it is difficult to vary the value of monolithic inductors. we simply change the tank
capacitance to tune the oscillator. Voltage-dependent capacitors are called “varactors.™

“The term “varicap™ is also used.
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Figure 14,52 Differentiai stage with
wide runing range.

A reverse-biased pan junction can serve as a varactor. The voltage dependence is ex.
pressed as
Co
Cvﬂr = . (14.72}

Ve
14+ —)"
( ¢3)

where Cp 1s the zero-bias value, Vi the reverse-bias voltage, ¢g the built-in potentiat of
the junction, and m a value typically between 0.3 and 0.4.7 Equation (14.72) reveais an
important drawback of LC oscillators: at low supply voltages Vi has a very limited range.
yielding a small range for C,,, and hence for f ... We also note that to maximize the tuning
range, constant capacitances in the tank must be minimized.

Example 14,14

Suppose in Eq. (14.72). ¢ = 0.7 V, m = 0.35, and Vg can vary from zero to 2 V. How much tuning
range can be achieved?

Solution

For Vg = 0.C; = Co and fosemin = 1/(20/LCq). For Vg = 2V, C; % 0.62C) and fosc.max =
t/(2x /L x 0.62Cp) = 1.27 fosc.min. Thus, the tuning range is approximately equal to 27%. As
explained later, the parasitic capacitances of the inductor and the transistoris) further limit this range
because they cannot be varied by the control voltage.

Let us now add varactor diodes to a cross-coupled LC oscillator (Fig. 14.53). To avoid
forward-basing D) and D significantly, V,,,,, must not exceed Vy or Vy by more than3
tew hundred millivolts. Thus. if the peak amplitude at each node is A, then 0 < Veom <
Vpp — A + 300 mV. where it is assumed a forward bias of 300 mV creates negligible
current. [nterestingly. the circuit suffers from a trade-off between the output swing and the
tuning range. This effect appears in mosi LC oscillators,

Note that. since the swings at X and ¥ are typically large (e.g.. 1 V,,, at each nodeh
the capacitance of Dy and D: varies with time. Nonetheless, the “average™ value of the
capacitance ts still a function of V.., providing the tuning range.,

Note that mr = 0.5 for an abrupt junction. but pr junctions in CMOS technology are not abrupt.
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Figure 14.53 LC oscillator using varactor Jiodes,
How are varactor diodes realized in CMQS technology? Mlustrated in Fig. 14,54 are two
types of pn junctions. In Fig. 14.54(a), the anode is inevitably grounded whereas in Fig.
14— o——o
il 1 1 1
e J U »J = JUx]

Side
View n—well
p-substrate p-substrate
Top g
View n ’T"?p+ n* p* ot
{a} thy

Figure 14.54 Diodes realized in CMOS techraloey.

14.54(b), both terminals are floating. For the circuit of Fig. 14.23. only the floating diode
can be used. To increase the capacitance of the junction. the p~ and #™ areas (and hence
the s1-well) are enlarged.

Upon closer examination, the structure of Fig. [4.54(b) suffers from u number of draw-
backs. First, the n-well material has a high resistivity. creating a resistance in series with
the reverse-biased diode and lowering the quality factor of the capacitance. Second, the
n-well displays substantial capacitance to the substrate. contributing a constant capacitance
to the tank und limiting the tuning range. The diode 15 therefore represented as shown in
Fig. 14.55, where C, represents the (voltage-dependent) cupacitance between the n-well
and the substrate.'”

"n circuit simulations. €, is replaced by a diode haring proper junction capacitance.
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I " Figure 14.55 Circuit mode} of the

= varactor shown in Fig. 14.54(b).

In order to decrease the series resistance of the structure shown in Fig. 14.54(b), the p-
region can be surrounded by an n* ring so that the displacement current flowing through
the junction capacitance sees a low resistance in all four directions [Fig. 14.56(a)]. Sincga
single minimume-size p* area has a small capacitance. many of these units can be placed ip
parallel [Fig. 14.36(b}]. The n-well, however, must accommodate the entire set, exhibiting
a large capacitance to the substrate.

g .
E r Ii}

(a) (b}

Figure 14.56 (a) Reduction of series resistance by sur-
rounding the p™ region by an n™ ring, (b) several diodes in
parallel.

It is instructive at this point to examine the unwanted capacitances in the circuit of Fig.
14.53, i.e.. the components that are not varied by Vi.,,,. We identifv three such capacitances:
(1) the capacitance between the n-well and the substrate associated with Dy and Dy (D)
the capacitances contributed by the transistors to each node. i.e.. Cgp, 2Cgp (the factor
of 2 arising from Milter effect!!), and Cpp: (3) the parasitic capacitance of the inductor
itself. Monolithic inductors are typically implemented as metal spiral structures (Fig. 14.57
having relatively large dimensions (S = 100-200 pm). Their capacitance to the substraie
is therefore quite large.

In Fig. 14.53. it is desirable to connect the anode of the diodes to nodes X and Y
thereby eliminating the parasitic #-well capacitances trom the tank. Shown in Fig. 14.58 5
a topology allowing such a modification. Here. the cross-coupled pair incorporates PMOS
devices. providing swings around the ground potential. However. owing to their lowet
mobility, the PMOS transistors must be wider than their NMOS counterparts so as 1@
exhibit the same transconductance. This increases the second component mentioned above-

11f the yate and drain voltages vary by ~yual and opposite amounts. the Miller multiplication factor is "#
to 2 regardless of the ~mall-signal yain.
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LT

H Figure 14,57 Spiral inductor struc-
ture.

Lp Lp Figure 14.58 Negative-G, oscillator
using PMOS devices to eliminate n-well

capacitance from the tanks.

The design of low-noise CMOS LC oscillators with acceptable tuning range is stiil a topic
of active research. Issues such as phase noise and inductor and varactor design continue

to intrigue researchers. MOS varactors have also been investigated as an alternative to pn
junctions.

14.5 Mathematical Model of VCOs

The definition of the voltage-controlled oscillator given by Eq. {14.55) specifies the relation-
ship between the control voltage and the output frequency. The dependence is “memoryless”
because a change in V,,,; immediately results in a change in w,,,. But how is the cutput
signal of the VCO expressed as a function of time? To answer this question, we must review
the concepts of phase and frequency.

Consider the waveform V(1) = V,, sinwgt. The argument of the sinusoid 1s called the
“total phase™ of the signal. In this example, the phase varies linearly with time. exhibiting
a slope equal to wg. Note that. as depicted in Fig. 14.59, every time wof crosses an integer
multiple of or. V(1) crosses zero.

Now consider two wavetorms V({t) = V,, sin[¢(71] and Va(r) = V,, sin[¢a(1)]. where
D11 = wit. P2(t) = ent. and wy < wa. As illustrated in Fig, 14.60. ¢o(¢) crosses integer
multiples of ;v faster than ¢,{r) does, yielding faster variations in Va(r). We say Va(z)
accumulates phase faster.
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Phase

Figure 14.59 Tllustration of phase of
a signal.

Figure 14.60 Variation of phase for
two signals.

The above study reveals that the faster the phase of a waveform varies, the higher the

frequency of the waveform. suggesting that the frequency'? can be defined as the derivative
of the phase with respect to time:

do

w:"?.

(14.73)

Example 14,15 -

Figure 14.61(a) shows the phase of a sinusoidal waveform with constant amplitude as a function of
time. Plot the waveform in the time domain.

b 3

>

"*The quantity w = 2 f is called the “radian frequency” (and expressed in rad/s) to distinguish it from
texpressed in Hz). In this book. we cult both the frequency, but use w more often to avoid the factor Ir.

3

g

g ek
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Figure 14,61

Solution

Taking the time denvative of ¢(r), we obtain the behavior illustrated in Fig. i4.61{b). The fraquency
therefore periodically toggles between w) and wa, yielding the waveform shownin Fig. {3.61ic1. t This
1$ a simpie example of binary frequency modutation, called “frequency shift keying™ and utilized in
wireless pagers and many other communication systems.)

Equation (14.73) indicates that, if the frequency of a waveform is known as a function
of time, then the phase can be computed as

¢=fwm+@L (14.74)

In particular. since for a VCO. w,. = wo + Kveo Vione. We have
Vour (1) =V, cos{f Wor T + Bp) (14.75)
= V,, cos{wpt + chof Vimdt = ¢q). (14.76)

Equation (14.76) proves essential in the analysis of VCOs and PLLs."” The initiai phase ¢y,
is usually unimportant and is assumed zero hereatter.

I Note 1hat Kvco cannat be brow ;ht out of the integral it the characterisiic is nonlinear,
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Example 14.16

——

The control line of 2 VCO senses a rectangulur signal toggling between Vy and V2 at a period 7,
Plot the frequency, phase, and output waveform as a function of time.

Solution

Since Wy = wp + Kyco Veonr, the ouiput frequency toggles between w) = wo + KveoV| ang
w1 = wp + Kyvce Va (Fig. 14.62). The phase is equal 1o the time integral of this result, rising linearly

1))
o 0 ——

0 Tm

~¥

o (1)

Volt)

Figure 14.62

with time at a slope of w4 for half the input period and w» for the other half. The output waveform of
the VCO is similar to that shown in Fig. 14.61. Thus, a YCO can operate as a frequency modulator.

As explained in Chapter 15, if a VCO is placed in a phase-locked loop, then only the
second term of the total phase in Eq. (14.76) is of interest. This term, Kyco f Veonedl, 18
called the “excess phase,” ¢, . In fact. in the analysis of PLLs. we view the VCO as asystem
whose input and output are the control voltage and the excess phase. respectively:

Pox = KVCO f V(-mudf- (1477}

That is. the VCO operates as an ideal integrator, providing a transfer function:

¢e_c (5) = KVCO ) {1478)

;
Vo s

Exampie 14.17 et

his

>

A VCO senses a small sinusoidal control voltage Viegn; = V), cos wyn . Determine the oulputWﬂV‘?fUm‘ "

and its spectrum.
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Solution
The output is expressed as
Vour(t) = Vo cos{wgt + Kvceo f Voardy (1479
Ya
= Vocos(wgr + Ky -2 sin Ot (14.80)
ey
VHI A
= VoCOSO)OICDS(KVCo-——5|nw’,:” “48”
s . Vi
—Vysinagt siniKvep - SIN gy 7
Lud
If V., is small enough that Kyveo Vin /s, < | rad, then
. Vfﬂ -
Vour (t} = Vg cos wyt — Vp(sin wgr)(chow— SiNwy!t) (14.832)
m
K Vi Vi
= Vpcoswor — L(‘;5;—"'—0[r.:os(cm;, = Wy )t — COslwy + wy, )t]. {14.33)
m

The output therefore consists of three sinusoids having frequencies of wy. wy — ey, and wg + wyy.
The spectrum is shown in Fig. 14.63. The components at wy + w,, are called “sidebands.™

g ¢

Wo~Wy Wy WtW, ©®

Figure 14.63

The above example reveals that variation of the control voltage with time may create
unwanted components at the output. Indeed. when a VCO operates in the steady state, the
control voltage must experience very little variation.' This issue is studied in Chapter 15.

A common mistake in expressing the phase of signals arises from the familiar form
Vin cOs wot. Here, the phase is equal to the product of frequency and ume, creating the
impression that such equality holds in all conditions. We may even deduce that. since the
output frequency of a VCO is given by wy — Kyco Veone. the output wavetorm can be
written as Vi, cos[(wo + Kvco Veon: )t]. To understand why this is incorrect. let us compute
the frequency as the derivative of the phase: -

d
w = E‘r"[(w() + KVCO Vn‘onr)r] {14.84)

!
d " [N

= Kvco t+wy+ KveoVeonr. (14.85)

"“Except when the VCO senses a signal to perform frequency modulation.
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The first term in this expression is redundant, vanishing only if d Vi, /dt = 0. Thus, in the
¢eneral case, the phase cannot be written as the product of time and frequency.

Our study of VCOs in this section has assumed sinusoidal output waveforms. In prac.
tice, depending on the type and speed of the oscillator. the output may contain significan
harmonics. even approaching a rectangutar waveform. How should Eq. (14.76) be modifieg
in this case? We expect that V,,,,(¢) can be expressed as a Fourter series:

Vour (1) = Vi cos{wgt + ¢1) + Va cos(2ewyt + 020 + - (14.86)

We also note that if the (fundamental) frequency of a réctagular waveform is changed by
Af. the trequency of its second harmonic must change by 2. etc. Thus, if Ve, \'arie's
by AV. then the frequency of the first harmonic varies by Ky AV, the frequency of the
second harmonic by 2Ky o AV, etc. That is,

Vo {t) = Vi cosleonr+Kyeo f vmmdt"}"el)“f“ Vacos(2woer+2Kv 0o [ Vt_‘;,,,,a‘r+92)+. .

(14.87)
where 6,. &>, - - - are constant phases necessary for the representation of each harmonic in
the Fourier series expansion.

Equation (14.87) suggests that the harmonics of an oscillator output can be readily taken
into account. For this reason, we often limit our calculations to the first harmonic even
though we may draw the waveforms in rectangular shape rather than sinusoidal shape.

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary, Also. assume all transistors are in saturation.

14.1.  For the circuit of Fig. 14.6, determine the open-loop tranfer function and calculate the phase
margin, Assume g,;| = g2 = &m and neglect other cupacitances.
14.2.  in the circuit of Fig. 14.8, assume gy = g2 = &3 = (200 oL
(a) What is the minimum value of Rp that ensures oscillaton?
(b) Determnine the value of Cy for un oscillation frequency of | GHz and a total low-frequency
loop gain of 16.

14.3.  For the circuit of Fig. 14.12. determine the minimum value of /5; that guarantees oscillation-
{Hint: if the circuit is at the edge of oscillation. the swings are quite smal.)

14.4.  Prove that the small-signal resistance of the composite lowd in Fig. 14.18(c) is roughly equal -
o ] .fgm_%- :

14.5.  Including only the gate-source capacitance of Mz in Fig. 14.18c). explain under what o8
dition the impadance of the composite load (seen at the drain of M:) becomes inductive.

14.6. It euchinductorin Fig. 14.25 exhibits a series resistance of R how low must Ry be to ensure
the low-frequency loop gain is less thur unity ! (This condition ix necessary to avoid I.m.huPJ :

147.  Explain why the Vy and Vy wavetorms in Fig. 14.28 are closer to sinusoids {i.e., they COI‘“{N ’
srnaller harmonics) than the fp and /2 waveforms.
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Determine the minimum value of /s in Fig. 14.27(¢) that puarantees oscillation. Estimate
the maximum value of I5g that guarantees M| and M- Jo not enter the triede region.

Repeat Example 14.7 by applying a current stimulus to the drain of M.

Prove that if a capacitor Cp is placed in paralle) with L p in Fig. 14.31{a then Eq. (14.47)
resulis.

The Colpitts oscillator of Fig, 14.31{a} was analyzed and its oscillation conditions were derived
by applyingacurrent stimulus to the source. Repeat the analysis by applying a voltage stimulus
to the gate of M.

Repeat the analysis of the Colpitts oscillator for the topologies in Figs. 14.38(a) and (c).
Determine the oscillation condition and the frequency of oscillation.

The stage of Fig. 14.45 is designed with /r = | mA and (W/L) > = 50/0.5. Assume

Iy < I).

(a) Determine the minimum value of Ry = R; = R to ensure oscillation in a three-stage
Ting.

(b} Determine (W /L)z 4 such that g,,3.4R = 0.5 when each of M3 and M carries I7/2.

(¢) Calculate the minimum value of /4 to guarantee oscillation.

(d) If the common-mode level of Vegyr; and Vignes is 1.5 V, calculate (W/ L)s g such that I
sustains 0.5 V when Veopr = Veonr2.

Repeat Exampie 14.14 if each inductor in the circuit contributes a constant capacitance equal
w0 C[ .

The VCO of Fig. 14.53 is designed for operation at 1 GHz.
(a) If Lp = 5 nH and the total (fixed) parasitic capacitance seen at X (and ¥) to ground is
500 {F, determine the maximum capacitance that D) and D2 can add to the circuit.

(b) If the tail current is equal to | mA and the Q of each inductor at | GHz is equai to 4,
estimaie the output voltage swing.
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Chapter 15

Phase-Locked Loops

The concept of phase locking was invented in the 1930s and swiftly found wide usage in
electronics and communication. While the basic phase-locked loop has remained nearly the
same since then, its implementation in different technologies and for different applications
coniinues to challenge designers. A PLL serving the task of clock generation in a micro-
processor appears quite similar to a frequency synthesizer used in a cellphone, but the actual
circuits are designed quite differently.

This chapter deals with the analysis and design of PLLs with particular attention to
implementations in VLSI technologies. A thorough study of PLLs would require an entire
book by itself, but our objective here is to lay the foundation for more advanced work.
Beginning with a simple PLL architecture, we study the phenomenon of phase locking and
analyze the behavior of PLLs in the time and frequency domains. We then address the prob-
lem of lock acquisition and describe charge-pump PLLs (CPPLLs) and their nonidealities.

Finallv, we examine jitter in PLLs, study delay-locked loops (DLLs). and present a number
of PLL applications.

15.1 Simple PLL

A PLL is a feedback svstem that compares the output phase with the input phase, The
comparison is performed by a “phase comparator”™ or “phase detector” (PD), It is therefore
beneticial to define the PD rigorously.

15.1.1 Phase Detector

A phase detector is a circuit whose average output. V,,,, is linearly proportional to the
phase difference. Ag. between its two inputs (Fig. 15.1). In the ideal case. the relationship
between V,,, and A is linear. crossing the origin for A¢ = 0. Calied the “zain” of the PD.
the slope of the line. K p . is expressed in V/rad.

A familiar example of phase detector is the exclusive OR (XOR} gate. As shown in
Fig. 13.2, as the phase difference between the inputs varies, so does the width of the output g
pulses. thereby providing a dc level proportional to A¢. While the XOR circuit produces ]

532 :
i
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=

Vi (1) Phase

- VOI.lt (f) -
v, () Detector Ad

Figure 15.1 Definition of phase detector.

0> v " iy
V, (1) | l
Vout(r)_ﬂ - I- I- r n_

Figure 15.2 Exclusive OR gate as phase detector.

error pulses on both rising and falling edges, other types of PD may respond only to positive
or negative transitions.

Example 15.1

If the output swing of the XOR in Fig. 15.2 is Vg volts, what is the gain of the circuit as a phase
detector? Plot the input-output characteristic of the PD.

Solution

If the phase difference increases from zero 1o A¢ radians, the area under each puise increases by
Vo - A¢. Since each period contains rwo pulses. the average value rises by 2[Vp - Ao (2r)], vielding
a gain of Vp/m. Note that the gain is independent of the input frequency.

To construct the input-output characteristic, we examine the circuit’s response 1o various input
phase differences. As illustrat=d in Fig. 13.3. the average output voltage rises 10 (Vo= [ x /2 = Vo/?
for A¢ = /2 and Vy for Ao = x. For A¢ > m. the average begins to Jrop. falling to ¥y /2 for
Ag¢ = 371/2 and zero for M@ = 2. The characteristic is therefore periodic. exhibiting both negative
and positive gains.

The operation of phase detectors is similar to that of differential amplifiers in that both
sense the difference between the two inputs. generating a proportional output.

15.1.2 Basic PLL Topology

To arrive at the concept of phase locking, let us consider the problem of aligning the output
phase of a VCO with the phase of a reterence clock. As illustrated in Fig. 15.4ta), the rising
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Figure 15.3

ib)

Figure 15.4 (u) Two wavetorms with a skew, (b) change of VCO frequency to elimimate
the skew.,
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edges of Vyco are “skewed” by At seconds with respect to Vg, and we wish to eliminate
this error. Assuming that the VCO has a single control input. V., we note that to vary the
phase, we must vary the frequency and allow the integration ¢ = [(wo + Kvco Veonr} dt 10
take place, For example, suppose as shown in Fig. 15.4(b). the VCO frequency is stepped to
ahigher value at ¢ = 1. The circuit then accumutates phase faster. gradually decreasing the
phase ervor. Att = fa, the phase error drops to zero and. if V..., returns to its original value,
Vvco and Veg remain aligned. Interestingly, the alignment can be accomplished by stepping
the VCO frequency to a lower value for a certain time interval as well {Problem 15.2). Thus,
phase alignment can be achieved only by a (temporary) trequency change.

The foregoing experiment suggests that the output phase of a VCO can be aligned with
the phase of a reference if (1) the frequency of the VCO is changed momentarily, (2) a
means of comparing the two phases, i.e.. a phase detector. is used to determine when the
VCO and reference signals are aligned. The task of aligning the output phase of the VCO
with the phase of the reference is called “phase locking.”

From the above observations, we surmise that a PL1L simply consists of a PD and a VCO
in a feedback loop [Fig. 15.5(a)]. The PD compares the phases of V,,,; and V,,, generating
an error that varies the VCO frequency until the phases are aligned. i.¢., the loop is locked.

Vipo—a YeD Vio— Vro Veont
_| D 1 vCO ° Vout PD = | PF = yCO o Vout
o ¢'in
Oout
(a) b

Figure 15.5 (a) Feedback loop comparing input and output phases. (b) simple PLL,

This topology, however, must be modified because (1) as exemplified by the waveforms of
Fig. 15.2, the PD output. Vpp, consists of a dc component desirable) and high-frequency
components {undesirable), and (2) as mentioned in Chapter 14, the control voltage of the
oscillator must remain quiet in the steady state, i.e., the PD output must be filtered. We
therefore interpose a low-pass filter (LPF) between the PD and the VCO [Fig. 15.5(b)],
suppressing the high-frequency components of the PD output and presenting the dc level to
the oscillator. This forms the basic PLL topology. For now. we assume the LPF has a gain
of unity at low frequencies (e.g.. as in a first-order RC section).

It is important to bear in mind that the feedback loop of Fig. 15.5(b) compares the phases
ot the input and output. Unlike the feedback topologies studied in the previous chapters,
PLLs typically require no knowledge of voltages or currents in their feedback operation. If
the loop gain is large enough. the difference between the input phase. ¢;,. and the output
phase. ¢,,,,. falls to a small value in the steady state. providing phase alignment.

For subsequent anaiyses of PLLs. we must define the phase lock condition carefully. If
the loop of Fig. 15.5(b) is locked. we postulate that ¢, — @iy is constant and preferably
small. We therefore define the loop to be locked if ¢, — @, does not change with time,
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An important corollary of this definition is that

APous doi,
Ll T 0
at dr “5'“
and hence
oyt == LVin, (152}

This is a unique property of PLLs and will be revisited more closely later.

In summary, when locked. a PLL produces an output that has a small phase error with
respect to the input but exactly the same frequency. The reader may then wonder why a
PLL is used at all. A short piece of wire would seem to perform the task even better! We
answer this question in Section 15.5.

Example 15.2

Implement a simple PLL in CMOS technology.

Solution

Figure 15.6 illustrates an implementation utilizing an XOR gate as the phase detector, The VCO is

VDD
out

D, D,

Vin D T
r ¢

Figure 15.6

configured as a negative-G,, LC osciltator whose frequency is tuned by varactor diodes.

PLL Waveforms in Locked Condition In order to familiarize ourselves with the
behavior of PLLs, we begin with the simplest case: the circuit is locked and we wish (0
examine the waveforms at each point around the loop. As illustrated in Fig. 15.7(a). Via
and V,,,, exhibit a small phase difference but equal frequencies. The PD therefoie gencrates
pulses as wide as the skew between the input and the output’ and the low-pass filter extracts
the dc component of Vpp. applying the result to the VCO. We assume the LPF has a gain
of unity at low trequencies. The small pulses in V7 g are called “ripple.”

"tn this example. the PD produces pulses only on the rising transitions,
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Figure 15.7 (a) Waveforms in a PLL in locked condition, (b) calculation of phase error.

In the waveforms of Fig. 15.7(a), two quantities are unknown: ¢ and the dc level of V.,
To determine these values, we construct the VCO and PD characteristics [Fig. 15.7(b)].
If the input and output frequencies are equal to w|, then the required oscillator control
voltage is unique and equal to V;. This voltage must be produced by the phase detector.
demanding a phase error determined by the PD characteristic. More specifically. since
Woyr = o + KVCO Vcor:f and WD = KPDAd’- we can write

w) — wy

Vi=——. (15.3)
and
do = — (15.4)
Kpp
— w
= K_“:;Ef; (15.5)

Equation (15.5) reveals two important points: (1) as the input frequency of the PLL varies.
so does the phase error: {2) to minimize the phase error. K pp Ky must be maximized,

Example 15.3

A PLL incorporates a2 VCO and a PD having the characteristics shown in Fig. 15.8, Explain what
happens as the input frequency varies in the locked condition.

Solution

The PD characteristic is relatively linear near the origin but exhibits a small-signal gain of zero if
the phase difference equals £ /2, at which point the average output is equal to £ Vy. Now suppose
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|

cont

Figure 15.8

the input frequency increases from wy, requiring a greater control voltage, If the frequency is high
enough (= wy) to mandate Ve, = Vo, then the PD must operate at the peak of its characteristic,
However, the PD) gain drops 1o zero here and the feedback loop fails. Thus, the circuit cannot lock if
Win = wWx.

With the basic understanding of PLLs developed thus far, we now return to Eq. (15.2),
The exact equality of the input and output frequencies of a PLL in the locked condition
is a critical attribute. The significance of this property can be seen from two observations.
First, 1n many applications, even a very small (deterministic) frequency error may prove
unacceptable. For example, if a data stream is to be processed svnchronously by a clocked
system, even a slight difference between the data rate and the clock frequency results in a
“drift,” creating errors (Fig. 15.9). Second, the equality would ror exist if the PLL compared
the input and output frequencies rather than phases. As iliustrated in Fig. 15.10(a), a loop
employing a frequency detector (FD) would suffer from a finite difference between w;,
and w,,, due to various mismatches and other nonidealities, This can be understood by
an analogy with the unity-gain feedback circuit of Fig, 15.10(b). Even if the op amp’s

Data _I'— —_L
Clock _l |

t

Figure 15.9 Drift of data with respect to clock in the presence of smat) frequency error.

Vi o— V.
in .| FD = | PF VCO @ Vout n —2 Vout

—

|

{a) {b)

Figure 15.10 (a) Frequency-locked loop, (b) unity-gain feedback amplifier.
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open-loop gain is infinity, the input-referred offset voltage leads to a finite error between V,,,
and V,,,.

Small Transients in Locked Condition Let us now analyze the response of a PLL
in locked condition to small phase or frequency transients at the input.

Consider a PLL in the locked condition and assume the input and output waveforms can
be exprassed as
Vin(t) = Vi coswnt (15.6)
Vour (1) = Vg cos{w t + ¢g). (15.7)
where higher harmonics are neglected and ¢y is the static phase error. Suppose. as shown in

Fig. 15.11, the input experiences a phase step of ¢, at¢ = 1,.1i.e., ¢, = wif — P ult —1)).2
Since the output of the LPF does not change instantaneously, the VCO initially continues to

Vi, o—m Vep Virr

O - PD —*{ LPF 1 VCO ° Vout
Wout

¢In

Pout

Figure 15.11 Response of a PLL to a phase step.

oscillate at w,. The growing phase difference between the input and the output then creates
wide pulses at the output of the PD, forcing V. pr to rise gradually. As a result. the VCO
frequency begins to change, attempting to minimize the phase error. Note that the loop is
not locked during the transient because the phase error varies with time,

~In this exampte, ¢;, and ¢,,, denote the oral phases of the input and output, respectively.
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What happens after the VCO frequency begins to change? If the loop is to return to locy
woy; Must eventuaily go back to w,, requiring that Vy pr and hence ¢o. — ¢in also repyp
to their original values. Since ¢, has changed by ¢,, the vanation in the VCO frequcngy is
such that the area under w,,,, provides an additional phase of @ in ¢,

x
f ot = ). {15.8)
rl

Thus, when the loop settles, the output becomes equal to

vour(t) = VB COS{[:)[I + (p(] + ¢‘1“(f - fl)l- (159]

Consequently, as shown in Fig. [5.11. ¢.... gradually “catches up™ with ¢;,.

It is important to make two observations. (1) After the loop returns to lock, afl of the
paramcters (except for the total input and output phases) assume their original values. Thatis,
@in — Pour> Yopr, and the VCO frequency remain unchanged—an expected result because
these three parameters bear a one-to-one relationship and the input trequency has stayed
the same, (2) The control voltage of the oscillator can serve as a suitable test point in the
analysis of PLLs. While it is difficult to measure the time variations of phase and frequency
in Fig. 15.11, V., {= Vi pr) can be readily monitored in simulations and measurements,

The reader may wonder whether an input phase step alwavs gives rise to the response
shown in Fig. 15.11. For example, is it possible for V; pr to nng before settling to its final
value? Such behavior is indeed possible and will be quantified in Section 15.1.3.

Let us now examine the response of PLLs to a small input frequency step Aw att =4
(Fig. 15.12). As with the case of a phase step, the VCO initially continues to oscillate at

W0y E (1)2=(D1+.-'_\(D

jlll:lllllllll_JllllllL

qun .

— h Dout

_|J1|__i|||||l_lI_LF‘l_I_L_I_\_J'L
|1 nnnnn.11

T
‘/"’ﬁ\—_—_—

t t

Figure 15.12 Response of a PLL 10 a small frequency step.
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wi. Thus, the PD generates increasingly wider pulses. and V; pg rises with time. AS w,,,
approaches w) + Aw, the width of the pulses generated by the PD decreases, eventually
settling to a value that produces a dc component equal to (w( + Aw —wy)/ Kvco- Incontrast
to the case of phase step, the response of a PLL (o a frequency step entails a permanent
change in both the control voltage and the phase error. If' the input frequency is varied
slowly, wpy,, simply “tracks” w;,.

The exact settling behavior of PLLs depends on the various loop purameters and will be
studied in Section 15.1.3. But, to arrive at an important observation. we consider the phase
step response depicted in Fig. 15.13, where V', rings hefore setthng to its final value.

~Y

Figure 15.13 Example of phase step response.

Consider the state of the loop at f = 7. At this point. the output frequency is equal to its
final value (because V,,,, is equal to its final vatue) but the loop continues the transient
because the phase error deviates from the required value. Similarly, at t = 1, the phase
error is equal to its final value but the output frequency is not. In other words. for the loop
to settle, both the phase and the frequency must settle to proper values.

Example 15.4

Consider the PLL shown in Fig. 15.14, where an external voltage V., is added o the output of
the low-pass filter.” (a} Determine the phase error and Vi pr it the loop is Jocked and V,, = V.
(b) Suppose V. steps from V| to V3 at ¢ = 7). How does the loop respond?

Solution

(@) I the loopis locked. woq: = wjy and Vegr = (win —wo )/ Ky, Thus, Vier=teiy—wn)/Kico-
Viand Ap =V pr/Kpp=twi, —wp)/(KppKyvco)—Vi/Kpp.

{b) When V. steps from V| 10 V3, V,,,,, immediately goes from (w;, — wnt/ Kyveo 10 (wig —
W)/ Kycp + (Va — V). changing the VCO frequency to oy — KyeolVy — V-y. Since Vipr
cannot change instantaneously. the PD begins to generate increasingly wider pulses. raising Vy pr
and increasing os.,,,. When the loop retumns to lock. 7o, becomes equal 1o g and Vppp =1 ., —
wo)/ Kvco — Va. The phase error also changes 10 (w:n — o) /AK py Kveo)~ Vay Kpp. Note that the

IThis topology is used for some types of frequency modulation in wireless communication.
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Vo=t Vep Vier Veom
PD 1 { PF '““""""'@—’* VCO -0 Vi

Figure 15.14

area under wy,; during the transient is equal to the change in the output phase and hence the change

in the phase error:
20 Vi - V-
f Wonpdt = —eotl (15.10)
£ Kprp

From our study thus far, we conclude that phase-locked loops are “dynamic” systems,
i.e.. their response depends on the past values of the input and output. This is to be expected
because the low-pass filter and the VCO introduce poles (and possibly zeros) in the loop
transfer function. Moreover, we note that, so long as the input and the output remain
perfectly periodic (i.e., ¢in = wint and Gpyy = Wint + g}, the loop operates in the steady
state, exhibiting no transient. Thus, the PLL only responds to variations in the excess phase
of the input or output. For example, in Fig. 15.11. ¢, = w;t + @ u(t — ;) and in Fig. 15.12.
Gin =t + Aw-tult — ).

15.1.3 Dynamics of Simple PLL

With the qualitative analysis of PLLs in the previous section. we can now study theif
transient behavior more rigorously. Assuming the loop is initially locked, we treat the
PLL as a feedback system but recognize that the output quantity in this anulysis must b
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the (excess) phase of the VCO because the “error amplifier” can only compare phases. Our
objective is to determine the transfer function &, (s)/ ®;, (5) for buth open-toop and closed-
loop systems and subsequently study the time-domain response. Note that the dimensions
change from phase to voltage through the PD and from voltage to phase through the VCO.

What does ®,,,(s)/ P;,(s) signify? An analogy with more familiar transfer functions
proves useful here. A circuit having a transfer function V,,,(s)/ V,,(s) = 1/(1 + s/ey) is
considered a low-pass filter because if V;, varies rapidly, V., cannot fully track the input
variations. Similarly, ®,.;(s)/®ia(s) reveals how the output phase tracks the input phase if
the latter changes slowly or rapidly.

To visualize the varjation of the excess phase with time, consider the waveforms in
Fig. 15.15. The period varies slowly in Fig. 15.15(a) and rapidly in Fig. 15.15(b). Thus.
¥a(r) experiences faster phase variation than does y,(z).

y1{t) —

11 0000 .,
HEERERNRR) N

(a)

v20) 1 101 1] ]
L L L L L.

(b

Figure 15.15 Slow and fast variation of the excess phase.

Let us construct a linear model of the PLL, assuming a first-order low-pass filter for
simplicity. The PD output contains a dc component equal to K p p (o, — @i, as well as high-
frequency components. Since the latter are suppressed by the LPF, we simply model the PD
by a subtractor whose output is “amplified” by Kpp. Illustrated in Fig. 13.16, the overall
PLL model consists of the phase subtractor, the LPF transfer function 1/(1 +s/wrpr),

PD . LPF VCO

+ Kpp 1 K
Din Ot -, S - veo o Pyt
- ? : Wi ps s

Figure 15.16 Linear model of type 1 PLL.

where wy pr denotes the —3-dB bandwidth, and the VCO transfer function Kvco/s. Here,
®;n and Py, denote the excess phases of the input and output waveforms, respectively. For
example, if the total input phase experiences a step change, ¢, u(r), then @;,(5) = ¢ /5.
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The open-loop transfer function is given by

oui

H{(s}open = cb_h(s)lopen (15.11
1 K
= Kpp - T ree, - (150
1+ d
WLPF
revealing one pole at s = —wy pr and another at s = 0. Note that the loop gain is equal to

H(s)lopen because of the unity feedback factor. Since the loop gain contains a pole at the
origin, the system is called “type L

Before computing the closed-toop transfer function, let us make an important observa-
tion. What is the loop gain if s is very small, i.¢., if the input excess phase varies very slowly?
Owing to the pole at the origin, the loop gain goes to infinity as s approaches zero, a point
of contrast to the feedback circuits studied in Chapters 8 and 10. Thus, the phase-locked
loop (under closed-loop, locked condition) ensures that the change in ¢,,; is exactly equal
to the change in ¢;, as s goes to zero. This result predicts two interesting properties of
PLLs. First, if the input excess phase varies very slowly, the output excess phase “tracks”
it. (After all, Pous is “locked” to ¢;,.) Second, if the transients in ¢;, have decayed (another
case corresponding to s — 0), then the change in @y, is precisely equal to the change in
$in. This is indeed true in the example depicted in Fig. 15.11.

From (15.12), we can write the closed-loop transfer function as:

KppKye
H(Skiows = — fo7veo . (15.13)

+s+ KppKvco

WLprF

For the sake of brevity, we hereafter denote H(5)|closed SImply by H(s) or ®our/ Pin. As
expected, if s — 0, H(s) — 1 because of the infinite loop gain.

In order to analyze H(s) further, we derive a relationship that allows a more infuitive
understanding of the system. Recall that the instantaneous frequency of a waveform s equal
to the time derivative of the phase: w = d¢/dt. Since the frequency and the phase are related
by a linear operator, the transfer function of (15.13) applies to variations in the input and
output frequencies as well:

ot K K

+5+ KppKvco

Win

WLPF

For example, this result predicts that if w;, changes very slowly (s — 0). then weur tracks
win, again an expected result because the loop is assumed locked. Equation (15.14) also
indicates that if ;,, changes abruptly but the system is given enough time to settle (s — 0)
then the change in w,,, equals that in w;, (as illustrated in the example of Fig. 15.12).

The above observation aids the analysis in two directions. First, some transient responses ¥
of the closed-loop system may be simpler to visualize in terms of changes in the frequency .
quantities rather than phase quantities. Second, since a change in w,,, mustbe accompaﬂied

e
b
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by a change in V,,.,, we have

Veon
H(S)=KVCO'#(S). (15.15)

1

That is, monitoring the response of V,,, 10 variations in w;, indeed yields the response of
the closed-loop system.

The second-order transfer function of (15.13) suggests that the step response of the type I
system can be overdamped, critically damped, or underdamped. To derive the condition for
each case, we rewrite the denominator in a familiar form used in control theory, s2 -+ 2 w,s +
w?, where ¢ is the “damping ratio” and w, is the “natural frequency.” That is,

w2
H = — L , 15.16
) 57+ 20 w,s + @} ( )
where
wr = VorerKepKvco (15.17)
1 7 wrpr
N Y (15.18)
2Y KepKvco

The two poles of the closed-loop system are given by

512 = ~fwg £ /(5% — Dl (15.19)
= (—¢ = v{? — Don. (15.20)

Thus, if £ > I. both poles are real, the system is overdamped, and the transient response
contains two exponentials with time constants 1/5; and 1/s2. On the other hand, if { <1,
the poles are complex and the response to an input frequency step wi, == Awu(t) 1s equal
to

- Y . .
Wour(£) = {1 — e 5 [cos(wyy/ 1 — ¢21) — —=—==sin(w, /1 — {?1)] } Awu(t} (15.21)
J1-1¢2

=11~ ;e_“""‘ sinfw,+/ 1 — £21 + 6)]Awu(t), (15.22)

[ —¢2

where w,,, denotes the change in the output frequency and 8 = sin~! /1 — ¢2. Thus, as
shown in Fig. 13.17, the step response contains a sinusoidal component with a frequency
wpy/ 1 = ¢ that decays with a time constant (Zwy)~'. Note that the system exhibits the
same response if a phase step is applied to the input and the output phase is observed.
The settling speed of PLLs is of great concern in most applications, Equation (15.22)
indicates that the exponential decay determines how fast the output approaches its final
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Win

wout

Figure 15.17 Underdamped response
of PLL to a frequency step.

~Y

value, implying that £ w, must be maximized. For the type I PLL under study here, (15.17)
and (15.18)} yield

1

fw, = S@LPE: (15.23)

This result reveals a critical trade-off between the settiing speed and the ripple on the VCO
control line: the lower wy pr, the greater the suppression of the high-frequency components
produced by the PD but the longer the settling time constant.

Example 13.5

A celiutar telephone incorporates a 900-MHz phase-locked loop to generate the carrier frequencies.
If wypr =271 x (20 kHz) and the output frequency is to be changed from 901 MHz 10 901.2 MHz.
how long does the PLL output frequency take to settle within 100 Hz of its final value?

Solution

Since the step size is 200 kHz. we have

[1 — e %" sin(wy+/ 1 — &2t + 8] x 200 kHz = 200 kHz — 100 Hz. (15.29)
Thus.
. 100 Hz
“lwnls gingw, i+ ) = . 15.25)
e sin(wnyf 1 — ¢4ts +0) 300 Kia (

In the worst vase, the sinusoid is equal to unity and

e~%f = 0.0005. (15.26)
That is,
1.6
= 1520
Is Laon (
B
= 152 (15.28}
wrpr

= .12 ms. (15.29)
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C=0.2

t

Figure 15.18 Underdamped response of a second-order
system for various values of £,

In addition to the product {w,, the value of ¢ itself is also important. Illustrated in
Fig. 15.18 for several values of ¢ and a constant w,, the step response exhibits severe
ringing for { < 0.5. In view of process and temperature variation of the loop parameters,
¢ is usualty chosen to be greater than +/2/2 or even 1 to avoid excessive ringing.*

The choice of ¢ entails other trade-offs as well. First, (15.18) implies that as wy pr is
reduced to minimize the ripple on the control voltage, the stability degrades. Second, (15.5)
and (13.18) indicate that both the phase error and ¢ are inversely proportionalto K ppKyco:
lowenng the phase error inevitably makes the system less stable. In summary, the type I
PLL suffers from trade-offs between the settling speed, the ripple on the control voltage
(1.e.. the quality of the output signai), the phase error. and the stability.

The stability behavior of PLLs can also be analyzed graphically, providing more insight.
Recall from Chapter 10 that the Bode plots of the magnitude and phase of the loop gain
readily yield the phase margin. Let us utilize {15.12) to construct such plots. As shown in
Fig. 15.19, the loop gain begins from infinity at @ = 0 and falls at a rate of 20 dB/dec for
w < w pr andatarate of 40 dB/dec thereafter. The phase begins at —90° and asymptoticaily
reaches —180°.

What happens if a higher KppKyco is chosen so as to minimize ¢,,, — ¢;,? Since
the entire gain plot in Fig. 15.19 is shifted up, the gain crossover moves to the right, thus
degrading the phase margin. This is consistent with the dependence of ¢ upon KppKyco.

As observed thus far, Kpp K\ ¢p impacts many important parameters of PLLs. This
quantity is sometimes called the loop gain (even though it is not dimensioniess) due to the
resemblance of A¢ = (we,r — wy)/(K pp Ky o) to the error equation in a feedback system.

The stability behavior of type 1 PLLs can also be analyzed by the locus of their poles in
the complex plane as the parameter Kpp Ky o varies (Fig. 15.20). With KppKyco = 0,

4The value of £ may also yield peaking in the transfer function. Thus, some applications require a { of 5 to 10
to avold peaking in the presence of higher order poles.
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Figure 15.19 Bode plots of type ] PLL.
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2 Figure 15.20 Root locus of type I
PLL.
the loop is open, ¢ = oo, and the two poles are given by s = —wrpr and 53 = 0. As

K ppKveo increases (i.e., the feedback becomes stronger), £ drops and the two poles, given
by 510 = (= =/ ¢? — 1)w,, move toward each other on the real axis. For¢ = 1 (e,
KepKvco = wrpr/d4). 51 = 53 = —{w, = —wrpr/2. As Kpp K\ ¢p increases further,
the two poles become complex, with a real part equal t0 —{wn = —wrpr/2, moving in
parallel with the jw axis.

We recognize from Fig. 15.20 that, as 5, and 5> move away from the real axis, the system
becomes less stable. In fact, the reader can prove that cos ¢ == { (Problem 15.8), concluding
that as ¢ approaches 90°, ¢ Jrops to zero.

Another wansfer function that reveals the settling behavior of PLLs is that of the error &t
the output of the phase subtractor in Fig. 15.16. Defined as H(s) = {(¢;, — Bour Y Pin» this
transfer function can be obtained by noting that ¢, /¢in = H(s) and. from (15.13),

H.(s) =1 — H(s) (15.30)

242
_ ,s + 2L w,s - (15.31)
57+ 2L wys + wy
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As expected, H(s) — 0if s — O because the output tracks the input when the input varies
very slowly or the transient has settled.

Example 15.6

Suppose a type | PLL experiences a frequency step Aw at 1 = 0. Calculate the change in the phase
EITOr.

Solution

‘The Laplace transform of the frequency step equals Aw/s. Since H,(s) relates the phase error to the
input phase, we write ®;,,(s) = (Aw/5)/s = Aw/s~. Thus, the Laplace transform of the phase error is

Aw
De(s) = He(s) — (15.32)
52
2
5%+ 20 wps Aw
= - —_ 15.33
$2 4+ 2 wns +wl 52 ( )
From the final value theorem,
@ = 00) = lin})sfbe(s) (15.34)
5
2
= 2% Aw (15.35)
. (J'Jn
Aw
= — (15.36)
KppKvco

which agrees with (15.5),

15.2 Charge-Pump PLLs

While type I PLLs have been realized widely in discrete form. their shortcomings often
prohibit usage in high-performance integrated circuits. In addition to the trade-offs between
¢, wrpr, and the phase error, type I PLLs suffer from another critical drawback: limited
acquisition range.

15.2.1 Problem of Lock Acquisition

Suppose when a PLL circuit is turned on. jts oscillator operates at a frequency far from the
input frequency, i.e., the loop is not locked. Under what conditions does the loop “acquire”
lock? The transition of the loop from unlocked to locked condition is a very nonlinear
phenomenon because the phase detector senses unequal frequencies. The problem of lock
acquisition in type I PLLs has been studied extensively [1, 2], but we state without proof
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that the “acquisition range"5 is on the order of wy pr, that 1s, the loop locks only if the
ditference between w;, and w,,, is less than roughly wiprb

The problem of lock acquisition further tightens the trade-ofts in type I PLLs. If w5
reduced to suppress the ripple on the control voltage, the acquisition range decreases, Ny,
that even if the input frequency has a precisely controlled value. a wide wcquisition Fange
is often necessary because the VCO center frequency may vary considerably with proce,,
and temperature. In most of today’s applications, the acquisttion range of the simple Pt |
studied thus far proves inadequate.

{n order to remedy the acquisition problem, modem PLLs incorporate frequency detec.
tion in addition to phase detection. Called “aided acquisition” and iltustrated in Fig. 1525,
the idea is to compare w;, and w,,, by means of a frequency detector, generate a dc com.

Yin o—¢ 4—@
Win

Figure 15.21 Addition of frequency
YipF2  detection to increase the acquisition
range.

ponent Vi ppa proportional to w;, — . and apply the result to the VCO in a negative-
feedback loop. At the beginning, the FD drives w,,,, toward w;,, while the PD output remains
“quiet.”” When |w, — @i, | is sufficiently small, the phase-locked loop takes over, acquiring
lock. Such a scheme increases the acquisition range to the tuning range of the vCo.

15.2.2 Phase/Frequency Detector and Charge Pump

For periadic signals, it is possible to merge the two loops of Fig. 15.21 by devising a circuit
that can detect both phase and frequency differences. Called a phase/frequency detector
(PFD) and illustrated conceptually in Fig. 13.22, the circuit employs sequential logic t0
create three states and respond to the rising (or falling) edges of the two inputs. If initially
Q4 = Qg = {.then arising transition on 4 leadsto Q4 = 1, @5 = 0. The circuit remains

f Acquisition range, tricking range. lock range. capture range, and puil-in range are often used to describe the
hehavior of PLLs in the piesence of input or VCO freguency variation. For our purposes. the acquisition range.
the capture range, and the pull-in range are the same. The racking range refers to the input frequency range actoss
which a locked PLL vaa track the input. With the addinon of frequency detection. the acquisition range hecomes
equal o the tracking runge (for periedic sigpals),

®This is a very rough estimate. fn practice. the acquisition range may be several times narrower or wider- s
also assumed that the tuning range of the VCO is lurge enough not to linint the acquisition range.

"This may not be true if the input is not periodic.
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Figure 15.22 Conceptual operation of a PFD.

in this state until B goes high, at which point Q4 returns to zero. The behavior is similar
for the B input.

In Fig. 15.22(a), the two inputs have equal frequencies but A leads B. The output Q4
continues to produce pulses whose width is proportional t0 ¢, — ¢y while Qp remains at
zero. In Fig. 15.22(b), A has a higher frequency than B and Q4 generates pulses while Og
does not. By symmetry, if A lags B or has a lower frequency than B, then Qg produces
pulses and (4 remains quiet. Thus, the dc contents of Q4 and Qg provide information
about ¢4 — ¢ Or wa — wg. The outputs @4 and @p are called the “UP” and “DOWN"
pulses, respectively.

Example 15.7

Explain whether a master-slave D flipflop can operate as a phase detector or a frequency detector.
Assume the flipflop provides ditferential outputs.

Solution

As shown in Fig. 15.23(a), we first apply inputs having equal frequencies and a finite phase difference,
assuming the cutput changes on the rising edge of the clock input. If A leads B, then V,,, remains ata
logical ONE indetinitely because the flipflop continues 1o sample the high levels of A. Conversely, if
A lags B, then V,,,, remains low. Plotted in Fig, 15.23(b). the input-output characteristic of the circuit
displays a very high gain at A¢ = 0. xx7. .- and a zero gain at other values of A¢. The D flipflop
is somctimes called a “bang-bang™ phase detector to emphasize that the average value of V., jumps
from — V) to 4V} as A¢ varies from slightly below zero to slightly ubove zero,
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Now let us assume unequal frequencies for A and B. If the flipflop is to behave g
a frequency detector, then the average value of V,,,, must exhibit different polarities fo
ws > wy and wy < wg. However, as illustrated in Fig. 15.23(c), the average value is zerg
in both cases.

The circuit of Fig. 15.22 can be realized in various forms. Figure 15.24(a) shows 3
simple implementation consisting of two edge-triggered, resettable D flipflops with thej;
D inputs tied to a logical ONE. The inputs of interest, A and B, serve as the clocks of the
flipflops. It Q4 = Qp = 0 and A goes high. @ 4 rises. If this event 1s followed by a rising
transition on B, Qg goes high and the AND gate resets both flipflops. In other words, Q,
and ()5 are simultaneously high for a short time but the difference between their average
values still represents the input phase or frequency ditference correctly, Each flipflop canbe
implemented as shown in Fig. 15.24(b), where two RS latches are cross-coupled. Latch |
and Latch 2 respond to the rising edges of CK and Reset, respectively.

Ao—D

Bo—CK

out

1

+V1

ib)

{c)

Figure 15.23 (a} D fliptlop us a phase detector. {b) input/output characteristic. (c) response of D flipflop to unequal inpit

freyuencies.
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Figure 15.24 (a) Implementation of PFD, (b) implementation of D flipflop.

Example 15.8

Determine the width of the narrow reset pulses that appear in the Q g waveform in Fig. 15.24(a).

Solution

Figure 15.25(a) illustrates the overall PFD at the gate level. If the circuit begins with A = 1, Q4 = |,
and Qg = 0, arising edge on B forces O 5 to go low and, one gate delay later, Q5 to go high. As

B
& B
Q )
& »
Reset .h 4 ;
E -
Qa4 b :':
—*-—-——-——-:—
F ~
F
{a) (b)

Figure 15.25
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shown in Fig. 15.25(b). this transition propagates to Reset, E,E, Q4. Reset, F.F,and Qp. Thus,
the widih of the pulse on ( g is approximately equal to 10 gate delays.3

It is instructive to plot the input-output characteristic of the above PFD. Defining the
output as the difference between the average values of Q4 and Qp when wy = wg and
neglecting the effect of the narrow reset pulses, we note that the output varies symmetrically
as i A¢| begins from zero (Fig. 15.26). For A¢ = £360°, V,,, reaches its maxisnum Q:r
minimum and subsequently changes sign.

)

Vout

~360°

Fo
o

+360° A

Figure 15.26 Input-output characteristic of the three-
state PFD.

How is the PFD of Fig. 15.24(a) utilized in a phase-locked loop? Since the difference
berween the average values of Q4 and Qp is of interest, the two outputs can be low-pass
filiered and sensed differentially (Fig. 15.27). However, a more common approach is {0
interpose a “charge pump” (CP) between the PFD and the loop filter.

Q - Ahh

J YWy

: | ]
Bo—CK Ak
*-—Y¥y

lIHI'-———ﬂ

:D_d Vout

3

Q
o
a—{}—+

Figure 15.27 PFD followed by low-pass filters.

A charge pump consists of two switched current sources that pump charge into or oul of
the loop filter according to two logical inputs. Figure 15.28 illustrates a charge pump driven
by & PFD and driving a capacitor. The circuit has three states. If Q4 = Qs = 0. then i

*This is a rough approximation because the NAND gate, the inverter, and the NOR gates have different delays
and fancuts.
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Figure 15.28 PFD with charge pump.

and $, are off and V,,,, remains constant. If Q 4 is high and Q5 is low, then /| charges Cp.
Conversely, if Q4 is low and Qg is high, then I; discharges Cp. Thus, if, for example, A
leads B, then Q 4 continues to produce pulses and V,,, rises steadily. Called UP and DOWN
currents, respectively, I; and I, are nominally equal.

Example 15.9

What is the effect of the narrow pulses that appear in the Q5 waveform in Fig. 15.28?

Solution

Since Q4 and Qg are simultaneously high for a finite period (approximately 10 gate delays from
Example 15.8), the current supplied by the charge pump to Cp is affected. In fact, 1f [y = /2, the
current through §; simply flows through S» during the narrow reset pulse, leaving no current to charge
C p. Thus, as shown in Fig. 15.29, V,,, remains constant after g goes high.

1P

~¥

Figure 15.29
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The circuit of Fig. 15.28 has an interesting property. If A, say, leads B by a finit amouny
Q 1 produces pulses indefinitely, allowing the charge pump to inject /) into Cp and forcing
V..r to 1ise steadily. In other words, for a finite input ervor, the output eventually goey t;
+20 or —o9, 1.e., the “gain” of the circuit is infinity. The consequences of infinite gain yre
described below.

15.2.3 Basic Charge-Pump PLL

et us now construct a PLL using the circuit of Fig. 15.28. Shown in Fig. 15.30 and cafley
a charge-pump PLL, such an implementation senses the transitions at the input and outpur,

Figure 15.30 Simple charge-pump PLL.

detects phase or frequency differences, and activates the charge pump accordingly. When
the loop is tumed on, w,,, may be far from w;,, and the PFD and the charge pump vary the
control voltage such that w,,, approaches w;,. When the input and output frequencies are
sufficiently close, the PFD operates as a phase detector, performing phase lock. The loop
locks when the phase difference drops to zero and the charge pump remains relatively idie.

As observed above, the gain of the PFD/CP combination is infinite. i.e., a nonzero
(deterministic) difference between ¢;, and ¢, leads to indefinite charge buildup on Cp.
What is the consequence of this attribute in a charge-pump PLL? When the loop of Fig. 13.30
is locked, V,on, is finite. Therefore, the input phase error must be exactly zero.? This is in
contrast to the behavior of the type I PLL, in which the phase error is finite and a function
of the output frequency.

To gain more insight into the operation of the PLL shown in Fig. 13.30, let us ignore
the narrow reset pulses on Q4 and Qg and assume that after ¢,,, — ¢;, drops 1o Zer-
the PFD simply produces Q4 = Qg = 0. The charge pump thus remains idle and Cr
sustains a constant control voltage. Does this mean that the PFD and the CP are no fongef
needed?! If V,,,, remains constant for a long time, the VCO frequency and phase pegin 10

?As explained in Section [5.3.1. mismatches still yield a finite phase error.
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drift. In particular, the noise sources in the VCO create random variations in the oscillation
frequency that can result in a large accumulation of phase error. The PFD then detects
the phase difference, producing a corrective pulse on Q4 or Qg that adjusts the VCO
frequency through the charge pump and the filter. This is why we stated earlier that the
PLL responds only to the excess phase of waveforms. We also note that, since in Fig. 15.30

phase comparison is performed in every cycle, the VCO phase and frequency cannot drift
substantially.

Dynamics of CPPLL In order to quantify the behavior of charge-pump PLLs, we must
develop a linear model for the combination of the PFD, the charge pump, and the low-pass
filter, thereby obtaining the transfer function. We therefore raise two questions: (1) Is the
PFD/CP/LPF combination in Fig. 15.28 a linear system? (2) If so. how can its transfer
function be computed?

To answer the first question, we test the system for linearity. For example, as illustrated
in Fig. 15.31(a), we double the input phase difference and see if V,,, exactly doubles.

a] L 4] B
5| | e L
gt

~¥

Vour

(b)

Figure 15.31 (a) Test of linearity of PFD/CP/LPF combination, {b) ramp approximation of the
response,

Interestingly, the flat sections of V,,,, double but not the ramp sections. After all, the current
charging or discharging C is constant, yielding a constant slope for the ramp-—an effect
similar to slewing in op amps. Thus, the system is not linear in the strict sense. To overcome
this quandary, we approximate the output waveform by aramp {Fig. 13.31(b)], arriving at a
linear relationship between V,,,, and A¢. In a sense, we approximate a discrete-time system
by a continuous-time model.

To answer the second question, we recall that the transfer function is the Laplace trans-
form of the impulse response, requiring that we apply a phase difference impulse and
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compute V,,, in the time domain. Since a phase difference impulse is difficult to Visualize,
we upply a phase difference step, obtain V,,,,, and differentiate the result with TESPECt to time,

Let us assume the input period is T;, and the charge pump provides a current of /1o
the capacitor. As shown in Fig. 15.32, we begin with a zero phase difference and, ag; ~ 0,
step the phase of B by ¢y, i.€., Ad = ¢ou(r). As aresult, Q4 or Qg continues to produge

Tin

Figure 15,32 Step response of PFD/CP/LPF combination.

pulses that are ¢ T;, /(21 ) seconds wide, raising the output voltage by (/5/Cp)eo T /(27)
in every period.'® Approximated by a ramp, V,,, thus exhibits a slope of (7p/C p)d/(27)
and can be expressed as
Ip .
Vour () = E:GCt - Ople(t). (15.37)
The impulse response is therefore given by

h(t) = l:GCm”‘ (15.3%)
vielding the transfer function
Vo I IP ! "
i = N 153.39
2 T 3 (

Consequently. the PED/CP/LPF combination contains a pole at the origin, a point of contrast
to the PD/LPF circuit used in the type I PLL. In analogy with the expression Kyco/s. we
call fp/(2n Cp) the “gain” of the PFD and denote it bv K ppp.

Example 15.10 e

Suppose the output quantity of interest in the circuis of Fig. 15.28 is the current injected by the charge
pump into the capacitor. Determine the ransfer function from A¢ to this current, /

out -

""We neglect the effect of the narrow reset pulses that appear in the other output.



gec. 15.2

Charge-Pump PLLs 559

Solution
Since Vour(s) = foue /(C ps), we have

Ium !P
Sy — 15.40
Ad ) 2x’ ( )

Let us now construct a linear model of charge-pump PLLs. Shown in Fig. 15.33, the
model gives an open-loop transfer function

¢Ollf

_(s)lopcn. =

Ip Kveo
¢>r'n .

2rCp §°

(15.41)

Since the loop gain has two poles at the origin, this topology is called a ““type II" PLL. The
closed-loop transfer function, denoted by H(s) for the sake of brevity, is thus equal to

IpKveo

2T Cp
IpKyco '

2 Cp
This result 1s alarming because the closed-loop system contains two imaginary poles at
S12 = i /IpKyco/(2rxCp) and is therefore unstable. The instability arises because
the loop gain has only two poles at the origin, (i.e., two ideal integrators). As shown in
Fig. 15.34(a), each integrator contributes a constant phase shift of 90°, allowing the system
to oscillate at the gain crossover frequency.

H(s) = (15.42)

524

PFD/CP/LPF vCO
P+ ! N 4
Pin 0—-'—-- i 1— -~ veo o out

Figure 15.33 Linear model of simple charge-pump PLL.

In order to stabilize the system. we must modify the phase characteristic such that
the phase shift is less than 180° at the gain crossover. As shown in Fig. 15.34(b), this is
accomplished by introducing a zero in the loop gain, 1.e., by adding a resistor in series with
the loop filter capacitor {(Fig. 15.35). Using the result of Example 15.10, the reader can
prove (Problem 15.11}) that the PFD/CP/L.PF now has a transfer function

Vom IP |
A¢(“_E-?(R‘°+Cps)' (15.43)

It follows that the PLL open-loop transfer function is equal to

1
Pou (5)lopen = i*—’-(R + )KVCO. (15.44)

pt —
d;, 27 Cps s
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20log}Hopen| 4 20log| Hopen| &
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[+]
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-]
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/ Hopen Y fHopen Y
{a) ®

Figure 15.34 (a) Loop gain characteristics of simple charge-pump PLL, (b) addition of zero,

Reset i—C VCO © Vout

Figure 15.35 Addition of zero to charge-pump PLL.

and hence

Ip K

~ e (RpCps + 1)

H(s) = TP - : | (15.45)
P P
1+ —KvcoRps + K
s°+ 2 veo P S7Ca vco

The closed-loop system contains a zero at s; = —1/(RpCp). Using the same notation &

that for the tvpe I PLL, we have

Wy = IpKyco _ (15.46)
2J'I.'Cp
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_ Re [1pCpKycp
;= 3 T (15.47)

As expected, if Rp = 0, then § = 0. With complex poles, the decay time constant is given
by 1/(§w,) =4n/{(RplpKyco)-

Stability Issues The stability behavior of type II PLLs is quite ditferent from that of
type I PLLs. We begin the analysis with the Bode plots of the loop gain [Eq. (15.44)]. Shown
in Fig. 15.36, these plots suggest that if /» Ky decreases, the gain crossover frequency

e

20log|Hopen | 4

Lower fp Kyco

0 y -

; P py

\‘E\.‘ log®

: log®

0 -

=90
~180° Figure 15.36 Stability degradation
' of charge-pump PLL as [fpKvco
&-"pe“ decreases.

moves toward the origin, degrading the phase margin, Predicted by (15.47), this tread is in
sharp contrast to that expressed by (15.18) and illustrated in Fig. 15.19.

It is also possibie to construct the root locus of the closed-loop system in the complex
plane. For IpKvco = 0 (e.g., fp = 0), the loop is open and both poles lie at the origin. For
IsKyco > 0, we have, 513 = —fw, & w,+/¢2 — 1, and, since { x /7pKvco, the poles
are complex if Ip Kycp is small. The reader can prove (Problem 15.14) that as [, Kvco
increases, 5; and §; move on a circle centered at o = ~1/{RpCp) witharadius 1 /(RpCp)
(Fig. 15,37). The poles return to the real axis at ¢ = |, assuming a value of —=2/(RpCp}.
For ¢ > 1, the poles remain real, one approaching —1/(R»Cp) and the other going to —oc
as IpKveo — +oo. Since for complex s, and 52, ¢ = cos g, we observe thatas I1p Kyegp
exceeds zero, the system becomes more stable.

Figure 15.37 Root locus of type If
PLL.
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The compensated type II PLL of Fig. 15.35 suffers from a critical drawback. Since the
charge pump drives the series combination of R and Cp, each time a current is injected | into
the loop filter, the control voltage experiences a laree jump. Even in the locked condition,
the mismatches between /) and I» and the charge injection and clock feedthrough of 5,
and > introduce voltage jumps in V.. The resulting ripple severely disturbs the VCo
corrupting the output phase. To relax this issue, a second capacitor is usually addeq ; in
parallel with Rp and Cp (Fig. 15.38), suppressing the initial step. The loop filter now is of

oV,

out

Figure 15.38 Addition of C» to reduce ripple on the control line.

second order, yielding a third-order PLL and creating stability difficulties [4]. Nonetheless,
if C; is about one-fifth to one-tenth of Cp, the ciosed-loop time and frequency responses
remain relatively unchanged.

Equation (15.47) implies that the loop becomes more stable as Rp increases. In reality,
as Rp becomes very large, the stability degrades again. This effect is not predicted by
the foregoing derivations because we have approximated the discrete-time system by a
continuous-time loop. A more accurate analysis is given in [2], but simulations are often
necessary to determine the stability bounds of CPPLLs.

15.3 Nonideal Effects in PLLs
15.3.1 PFD/CP Nonidealities

Several impertections in the PFD/CP circuit lead to high ripple on the control voltage even
when the loop is locked. As mentioned earlier. the ripple modulates the VCO frequency:
producing a waveform that is no longer periodic. In this section, we study these nonidealities-
The PFD implementation of Fig. 13.24(a) generates narrow, coincident pulses on both
Q. and Qp even when the input phase difference is zero. As illustrated in Fig. 15.39. if
A and 8 rise simultaneously, so do Q4 and Q. thereby activating the reset. That is, even
when the PLL is locked, @4 and Qg simultaneously turn on the charge pump for a ﬁnlls 5
period Tp == 10T, where Tp denotes the gate delay (Example 15.8). i’
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B e
a, T,
Qs Figure 15.39 Coincident pulses

o
Lt

generated by PFD with zero phase
difference,

What are the consequences of the reset pulses on @ 4 and @ g? To understand why these
pulses are desirable, we consider a hypothetical PFD that produces no pulses for a zero
input phase difference [Fig. 15.40(a)]. How does such a PFD respond to a small phase
error? As shown in Fig. 15.40(b), the circuit generates very narrow pulses on Q4 or Q3.

N B O A _] L
s_[ | L L s _[ 1] L

t t

{a) (b)

Figure 15.40 Output waveforms of a hypothetical PD with (a) zero input phase difference. and
(b} a small input phase difference.

However, owing to the finite risetime and falltime resulting from the capacitance seen at
these nodes, the pulse may not find enough time to reach a logical high level. failing to turn
on the charge pump switches. In other words, if the input phase difference, A¢, talls below
a certain value ¢y, then the output voltage of the PFD/CP/LPF combination is no longer a
function of A¢. Since, as depicted in Fig. 15.41, for |A¢| < ¢y the charge pump injects

Charge Pump 4
Current . +ip

-bo J -
[' do Ad

Figure 15.41 Dead zone in the charge
pump current,
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no current, Eq. (15.41) implies that the loop gain drops to zero and the output phase is noy
tocked. We say the PFD/CP circuit suffers from a dead zone equal to =@ around A¢ = .

The dead zone is highly undesirable because it allows the VCO to accumulate as much
random phase error as ¢ with respect to the input while receiving no corrective feedback
Thus, as illustrated in Fig. 15.42, the zero crossing points of the VCO output experience
substantial random variations, an effect called “jitter.”

Input

VCO Qutput

-~y

Figure 15.42 Jitter resulting from the dead zone.

Interestingly, the coincident p‘ulses on (4 and Qp can eliminate the dead zone. This is
because, for A¢ = 0, the pulses always turn on the charge pump if they are sufficiently wide.
Consequently, as shown in Fig. 15.43, an infinitesimal increment in the phase difference

T
AP=0 AD# 0

Figure 15.43 Response of actual PD 1o a small input phase difference.

results in a proportional increase in the net current produced by the charge pump. In othef
words, the «cad zone vanishes if 75 is long enough to allow Q4 and Q5 to reach a valid
logical level and turn on the switches in the charge pump.

While eliminating the dead zone, the reset pulses on @4 and Qp introduce other dif-
ficulties. Let us first implement the charge pump using MOS transistors [Fig. 15.44(a)l-
Here. M| and M- operate as current sources and M: and M, as switches. The output Q4 is
inverted so that when it goes high. My turns on.

The first issue in the circuit of Fig. 15.44(a) stems from the delay difference between
‘0. and Qg in turning on their respective switches. As shown in Fig. 15.44(b), the -nel'.a__
current injected by the charge pump into the loop filter jumps to + 7, and —/p. disturbing
the oscillator control voltage perivdically even if the loop is locked. To suppress this effect: -
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Current L_I /
—ip

VCOI‘“ / “,
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Voo
Vh2 ._IE_Mz
A o— Qa 5“
_V_i_.lt M,
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PFD I oo ‘T—Q Vcont
Bo_l a‘%'o—”: M4

BA T ¢
*—JII_LM1 :
( -

Figure 15.44 (a) Implementation of :harge pump, (b) effect of skew between Q4 and Qp,
{c) suppression of skew by a pass gate.

t

T Vi
)

a complementary pass gate can be in:2rposed between (Jp and the gate of M3, equalizing
the delays {Fig. 15.44(¢)].

The second issue in the CP of Fig. 15.44(c) relates to the mismaich between the drain
currents of M, and M,. As depicted in Fig. 15.45(a), even with perfect alignment of the UP
and DOWN pulses, the net current projuced by the charge pump is nonzero, changing Vo,
by a constant increment at each phase comparison instant. How does the PLL respond to this
error? For the loop to remain locked. (e average value of the control voltage must remain
constant. The PLL therefore creates a phase error between the input and the output such that
the net current injected by the CP in zvery cycle is zero [Fig. 15.45(b)). The relationship
between the current mismatch and the phase error is determined in Problem 15.12. It is
important to note that (1} the control voltage still experiences a periodic ripple, (2) owing
to the low output impedance of shor-channel MOSFETs, the current mismatch varies
with the output voltage (i.e., with the VCO frequency}, and (3) the clock feedthrough and
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Figure 15.45 Effect of UP and DOWN current mismatch.

charge injection mismatch between M3z and M, further increases both the phase error and
the ripple.

The third issue in the circuit of Fig. 15.4-4(¢c) originates from the finite capacitance seen
at the drains of the current sources. Suppose, as illustrated in Fig. 15.46(a), S, and S are
off, allowing M) to discharge X to ground and M- to charge Y to Vpp. At the next phase
comparison instant, both §; and S> turn on. Vy rises, Vy falls, and Vy =~ Vy = V,,, if the
voltage drop across ) and §; is neglected [Fig. 15.46(b)]. If the phase error is zero and

Voo

4s

2
j_ © Veont

1 = Cp

’ =

S
M

(a) (b)

Figure 15.46 Charge sharing between Cp and capacitances at X and Y.

Ip1 = |Ipa], does V... remain constant after the switches turn on? Even if Cx = Cy. the
change in Vy is not equal to that in V. For example, if V,,,,, is relatively high, Vy changes
by a laree amount and Vy by a smail amount. The difference between the two changes must
therefore be supplied by Cp, leading to a jump in V.

The above charge sharing phenomenon can be suppressed by “bootstrapping.” []lustrated

in Fig. 15.47 {3], the idea is to “pin” Vy and VY to V,,,,, after phase comparison is finished. .

When S, and S turn off. S5 and S; turn on, allowing the unity-gain amplifier to hold nodes
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Voo
Iz
Y
. 5
S2 I +1
I 9 ¥Veont
s,/ ~c
S, I P
X -
Iy

Figure 15.47 Bootstrapping X and Y
to minimize ch.urge sharing.

X and Y at a potential equal to V,p,. Note that the amplifier need not provide much current
because [ = f>. At the next phase comparison instant, S| and S» turn on, S3 and S, wrh off.
and Vx and Vy begin with a value equal to V,,,,. Thus, no charge sharing occurs between
Cp and the capacitances at X and Y.

15.3.2 Jitter in PLLs

The response of phase-locked loops to jitter is of extreme importance in most applications.
We first describe the concepts of jitter and the rate of change of jitter.

As shown n Fig. 15.48. a strictly periodic waveform. x,(r), contains zero crossings that
are evenly spaced in time. Now consider the nearly periodic signal x.(f), whose period

Ts
xy (1) ————
_ t
Xa (1)
- -
—_ : : t
- . al . .I il
TB - AT«‘ TB + ATZ ¢t0t1
Total
Phase
Excess Doxt
Phase e e Ny

\q’exz

Figure 15.48 Ideal and jittery waveforms,
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experiences small changes, deviating the zero crossings from their ideal points. We say e
latter waveform suffers from jitter.!' Plotting the total phase, ¢, and the excess phase,
%oy, Of the two waveforms, we observe that jitter manifests itseif as variation of the excey
phase with time. In fact, ignoring the harmonics zbove the fundamental, we can wrij,
X (1) = Acoswr and xa(t) = Acos{wt + ¢, (1)]. where ¢,(r) models the variation of th,
period.?

The rate at which the jitter varies is also important. Consider the two jittery waveformg
depicted in Fig. 15.49. The first signal, y(z). experiences “‘slow jitter” because its insiap-
taneous frequency varies slowly from one period to the next. The second signal, yvy(1),

y1 (1) L
| t
y2(t)
_ t
Excess Ot
Phase _ M . .

D
\¢
ex2
Figure 15.49 Illustration of slow and fast jitter.

experiences “fast jitter.” The rate of change is also evident from the excess phase plots of
the two waveforms.

Two jitter phenomena in phase-locked loops are ot great interest: (a) the input exhibits
jitter, and (b) the VCO produces jitter. Let us study each case, assuming the input and output
waveforms are expressed as x;,(t) == A cos{wt — ¢it1)] and x4, (1) = A cos[ws + o (11

The transfer functions derived for type I and tvpe II PLLs have a low-pass characteristic,
suggesting that if ¢;,(r) varies rapidly, then ¢..,(¢) does not fully track the variations. In
other words, slow jitter at the input propagates to the output unattenuated but fast jitter does
not. We say the PLL low-pass filters ¢;,(r).

Now suppose the input is strictly periodic but the VCO suffers from jitter. Viewing jitter
as random phase variations. we construct the maedel depicted in Fig. 15.50, where the inputl
excess phase is setto zero (i.e., x;,{t) = A cos wr] and a random component Py o 18 added
to the output of the VCO to represent its jitter. The reader can show that the transfer function
from ©y o to P, for atype II PLL is equal to

Pout (gyee — > (15.48)
Pyeo 5 _fws +wp

"yitter is quantified by several difterent mathematical definitions, e.g., as in [5].

2 The quantity ¢, (f) tor more commoesly its spectrumy is called the “phase noise.” In this book, we assufie
the jitter is uniquely representad by @, (1.
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Figure 15.50 Effect of VCO jitter.

Interestingly, the characteristic has a high-pass nature, indicating that slow jitter compo-
nents generated by the VCO are suppressed but fast jitter components are not. This can
be understood with the aid of Fig. 15.50: If ¢vco(r) changes slowly (e.g., the oscillation
period drifts with temperature), then the comparison with ¢;, = O (i.e., a perfectly periodic
signal) generates a slowly varying error that propagates through the LPF and adjusts the
VCO frequency, thereby counteracting the change in ¢veg. On the other hand, if ¢vco
varies rapidly, (e.g., high-frequency noise modulates the oscillation period), then the error
produced by the phase detector is heavily attenuated by the poles in the loop, failing to
correct for the change.

Figure 15.51 conceptually summarizes the response of PLLs to input jitter and VCO jitter.
Depending on the application and the environment, one or both sources may be significant,
requiring an optimum choice of the loop bandwidth.

M ) Oout A
Gin bveo
- ' -
Rate of Change Rate of Change
of Qi of fyco

Figure 15.51 Transfer functions of jitter from input and VCO to the output.

15.4 Delay-Locked Loops

A variant of PLLs that has become popular in the past ten years is the delay-locked
loop. To arrive at the concept, let us begin with an example. Suppose an application re-
guires four clock phases with a precise spacing of AT = 1 ns between consecutive edges
[Fig. 15.52(a)]. How should these phases be generated? We can use a two-stage ditferential
ring oscillator'® to produce the four phases, but how do we guarantce that AT = ! ns

13 As explained in Chapter 14, a simple two-stage CMOS ring oscillator may not oscillate, This example is
merely for iflustration purposes.
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Figure 15.52 . (a) Clock phases with edge-to-edge delay of 1 ns, (b) use of a phase-locked ring oscillator to generate
the clock phases.

despite process and temperature variations? This requires that the oscillator be locked toa
250-MHz reference so that the output period is exactly equal to 4 ns [Fig. 15.52(b)].

An alternative approach to generating the clock phases of Fig. 15.52(a) is 10 apply the
input clock to four delay stages in a cascade. Illustrated in Fig. 15.53(a). this technique
nonetheless does not produce a well-defined edge spacing because the delay of each stage

CK, CK, CK; K,
Q

CKin —
CK, CK; CK; CK,

Vcont

PD/LPF

Y

ia} ib)

Figure 15.53 (a) Generation of clock edges by delay stages. (b) simple delay-locked toop.

varies with process and temperature. Now consider the circuit shown in Fig. 13.33(b). where
the phase difference between C K, and C K is sensed by a phase detector. a proportional
average voltage. V,,,,. is generated, and the delay of the stages is adjusted with negative
feedback. For a large loop gain, the phase difference between CK .., and C K s is small, that
is. the four stages delay the clock by atmost exactly one period. thereby establishing precise
edge spacing.' This topology is called a delay-locked loop to emphasize that it incorporales
a voltage-controlled delay line (VCDL} rather than a VCO. In practice. a charge pump 1%

4The 10tal delay through the four stages may be equal to two or more periods. We return to this issue |ater:
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interposed between the PD and the LPF to achieve an infinite loop gain. Each delay stage
may be based on one of the ring oscillator stages described in Chapter |4,

The reader may wonder about the advantages of DLLs over PLLs. First, delay lines are
generally less susceptible to noise than oscitlators are because corrupted zero crossings
of a waveform disappear at the end of a dzlay line whereas they are recirculated in an
oscillator, thereby experiencing more corruption. Second, in the VCDL of Fig. 15.53(b). 2
change in the control voltage immediately changes the delay, that is, the transter function
D i (8)/ Veoni (5) 1s simply equal to the gain of the VCDL, Kvepr. Thus, the feedback
system of Fig. 15.53(b) has the same order s the LPF and its stability and settling issues
are more relaxed than those of a PLL.

Example 15.11

Determine the closed-loop transfer function of the DLL shown in Fig. 15.54.

¢'in°— "—'°¢out

¥

PD CP

cont

)
o

W —
e
ab—{—
h? !
-

Figure 15.54

Solution

From Example 15.10, we write the transfer funct:on of the PD/CP/LPF combination as

V(onr Ip 1 1
Oy = | { R+ — (1549
ad )T 5y [( 7 CP.S) }

Cas
ip RpCps +1

= — : {(15.50)
27 (RpCpCas + Cp + Ca)s
The closed-loop transfer function is thus equal o
!f h’.’.
. IeKoCDL gocps+ 1)
o (5)closed = = )
i RpCpCas? +(Cp + Ca+ ioKycpr RpCp/Q2aNls + {pKvepr/(27)

{1550

This transfer function can be used to determine how @,y seitles if @i, experiences a change, Note
that in practice Rp may not be needed because the loop contains only one pole at the origin.
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The principal drawback of DLLs is that they cannot generate a variable output frequengy,
This issue becomes clearer when we study the frequency synthesis capabilities of PL[ i’n
Section 15.5.1. DLLs may aiso suffer from locked delay ambiguity. That is, it the topy
delay of the four stages in Fig. 15.53(b) can vary from below 7, to above 27}, then th,
loop may lock with a CK;,-10-C K4 delay equal to either T;,, or 2T,. This ambiguity proy,,
detrimental 1f the DLL must provide precisely-spaced clock edges because the edge-y,.
edge delay may settle to 27;, /4 rather than T;,/4. In such cases, add.tional circuitry jy
necessary to avoid the ambiguity. Also, mismatches between the delay stages and their loyg
capacitances introduce error in the edge spacing, requiring large devices and careful layoyr,

15.5 Applications

After nearly 70 years since its invention, phase locking continues to find new applica-
tions in electronics, communication, and instrumentation. Examples include memories,
microprocessors, hard disk drive electronics, RF and wireless transceivers, and optical fiber
recetvers.

The reader may recall from Section 15.1.2 that a PLL appears no more useful than a shon
piece of wire because both guarantee a small phase difference between the tnput and the
output. In this section, we present a number of applications that demonstrate the versatility
of phase Incking. The concepts described below have been the topic of numerous books
and papers, ¢.g., (6, 7).

15.5.1 Frequency Multiplication and Synthesis

Frequency Multiplication A PLL can be modified such that it multiplies its input
frequency by a factor of M. To arrive at the implementation, we cxploit an analogy with
voltage multiplication. As depicted in Fig. 15.35(a). a feedback system amplifies the input

Vin —a out
p fino—m| PFD }=| CcPLPF || vCO —o f out
- 1
b I
%Ry o M |——
{a) (b}

Figure 15.55 (a) Voltage amplification and (b) frequency multiplication.

voltage by a factor of M if the output voltage is divided by M [i.e, if R-/(Ri+ R2) = 1/M]
and the result is compared with the input. Thus, as shown in Fig. 15.55(b), if the output

frequency of a PLL is divided by M and applied to the phase detector, we have fo = Mo

From another point of view, since fp = four /M and fp and f;, must be equal in the jocked
condition, the PLL multiplies f; by M. The -+ M circuit is realized as a counter that produces
one output pulse for every M input pulses.
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As with voltage division in Fig. 15.55(a), the feedback divider in the toop of Fig. 15.55(b)
alters the system characteristics. Using (15.44), we rewrite (15.45) as

! I \ Kve
—f-(Rp+—-~) veo

A

e 1+ _l_fi(RP + —l») Kyco (1532)
M 2n Cps s
[—;—%—?mpcps +1)
. . (15.53)
53_,_1_9ch0 Rps + Iy Kveo
oM 2aCp M

Note that H{s) — M ass — 0.i.e., phase or frequency changes at the input result in an M-
fold change in the comresponding output quantity. Comparing the denominators of {15.45)
and (15.53), we observe that frequency division in the loop manifests itself as division of
Kvco by M. Inother words, as far as the poles of the closed-loop system are concerned, we
can assume the oscillator and the divider form a VCO with an equivalent gain of Kyco /M.
This is of course o be expected because, for the VCO/divider cascade shown Fig. 15.56,

we have
+ K Veor
Wy = 2T 2VCO Feon (15.54)
M
wo Kvco
=7+ _Mf Veons- (15.55)

Thus, the combination cannot be distinguished from a VCO having an intercept frequency
of wo/M and a gain of Kyep/ M.

Figure 15.56 Equi ilency of VCO/divider combination to
a single VCO.

The toregoing discussion suggesis that (15.46) and (15.47) can be respectively rewritten

as
! Ip Kveo
n = 15.56
“r =N mC, M (15.56)
Rp [{pCp Kvco
[ = SR IR (15.57)
Also, the decay time constant is modiied 1o (Cwy)™' = 4 M/(RplpKvcp) It follows

that inserting a divider in a type II loop degrades both the stability and the setiling speed,
requiring a proportional increase in the charge pump current.
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The frequency-multiplying loop of Fig. 15.55(b) exhibits two interesting propertics,
First. unlike the voltage amplifier of Fig. 15.53(a), the PLL provides a multiplication factey
exactly equal 10 M, an attribute resulting from the infinite loop gain and expressed by
Eq. (15.33). Second, the output frequency can be varied by changing the divide ratio M-‘
an extremely useful property in synthesizing frequencies, Note that DLLs cannot perform
such svnthesis.

Frequency Synthesis Some systems require a periodic waveform whose frequency (a)
must be very accurate (e.g., exhibit an error less than 10 ppm), and (b) can be varied in very
fine sieps (e.g., in steps of 30 kHz from 900 MHz to 925 MHz). Commonly encountereqd
in wirzless transceivers, such requirements can be met through frequency multiplication by
PLLs.

Figure 15.57 shows the architecture of a phase-locked rrequency synthesizer. The channel
control input is a digital word that varies the value of M. Since fo.; = M frEF. the relative
accuracy of f,,., is equal to that of frgr. For this reason, frer is derived from a stable,
low-noise crystal oscillator. Note that f,,, varies in steps equal to frzr 1f M changes by
one each ume.

fRef o—={ PFD || CP/LPF || VCO o fout
L
M |-
Channel
Control

Figure 15.57 Frequency synthssizer,

CMOS frequency synthesizers achieving gigahertz cutput frequencies have been re-
ported. Issues such as noise, sidebands, settling speed, frequency range, and power dissi-
pation continue to challenge synthesizer designers.

15.5.2 Skew Reduction

The earliest usage of phase locking in digital systems was for skew reduction. Suppose &
synchronous pair of data and clock lines cnter a large digital chip as shown in Fig. 15.58.
Since the clock typically drives a large number of transistors and long interconnects. il
is first applied to a large buffer. Thus. the clock distributed on the chip may suffer from
substantial skew with respect to the data. an undlesirable effect because it reduces the timing
budget for on-chip operations.

Now consider the circuit shown in Fig. 15.59. where € K;, is applied to an on-chip PLL
and the buffer is placed inside the loop. Since the PLL guarantees a nominally-zero pha-?
difference between CK;, and CK g, the skew is eliminated. From ancther point of view:
the constant phase shift introduced by the buffer is divided by the infinite loop gain of
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Figure 15.58 Skew between data and buffered clock.

Butter

CK|o—m PFD CP/LPF

VCO

Vveo o CK
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Figure 15.59 Use of a PLL to eliminate skew.

the feedback system. Note that the VCO output, Vy ¢, may not be aligned with CK,,, a
nonetheless unimportant issue because Vycp is not used.

Example 15.12

Construct the voltage-domain counterpart of the joop shown in Fig. 15.59.

Solution

The buffer creates a constant phase shift in the signal generated by the VCO. The voltage-domain
counterpart therefore assumes the topology shown in Fig. 15.60. We have

and hence

aur =

As A~ oo, Vo — Vi

Vi

A

(Vin = Vo)A + Viy = Vi (15.58)
AVin + Vot (15.59)
1+ A
out

Pt

Figure 15.60
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We should note that the skew can be suppressed by a delay-locked loop as wejj In
tact, if frequency multiplication is not required, DLLs are preferred because they are less
susceptible to noise.

15.5.3 Jitter Reduction

Recall from Section 15.3.2 that PLLs suppress fast jitter components at the input. fo
example, if a I-GHz jittery signal is applicd to a PLL having a bandwidth of 10 MHz. then
input jitter components that vary faster thar 10 MHz are attenuated, In a sense, the phase.
tocked loop operates as a narrowband filter centered around 1 GHz with a total bandwidth
ot 20 MHz. This is another important and useful property of PLLs.

Many appiications must deal with jittery waveforms. Random binary signals expe-
rience )itter because of (a) crosstalk on the chip and in the package (Chapter 18), )
package parasitics (Chapter 18), (c) additive electronic noise of devices, etc. Such wave.
forms are typically “retimed” by a low-noise clock so as to reduce the jitter. Illustrated
in Fig. 15.61(a), the idea is to resample the midpoint of each bit by a D flipflop that

fLNL?gK ol —eve 11U
JUULLL

(a)
Din oy D
at——V,
cK out
Clock Recovery __J—
Circuit
(b}

Figure 15.61 1. Retiming data with D flipflop driven by a
low-noise clock. 1by use of a phase-locked clock recovery circuit
to generate the clook.

is driven by the clock. However. in many applications, the clock may not be available
independently. For exampiz, an optical fiber carries only the random data stream, pro-
viding no separate clock waveform at the receive end. The circuit of Fig. 15.61fa} is
therefore modified as shown in Fig. 15.61(b), where a “clock recovery circuit” (CRC)
produces the clock from the data. Employing phase locking with a relatively narow
loop bandwidth, the CRC minmimizes the effect of the input jitter on the recovered
clock. ‘
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Unless otherwise stated, in the following problems, use the device data shown in Tuble 2.1 and assume

15.1.

15.2.

15.3.
154,

15.5.

15.6.

15.7,

15.8.
15.9.

15.10.

15.11.
15.12,

3 V where necessary. Also. assume all transistors are in saturation.

The Gilbert cell (Chapter 4) operates as an XOR gate with lirge input swings und as an anzlog
multiplier with small input swings. Prove that an analog multiplier can be used 1o detect the
phase difference between two sinusoids. Is the input-output characteristic of such a phase
detector linear?

Redraw the wavetorms of Fig. 15.4(b} if the VCO frequency is lowered at ¢ = 1. If the prase
emmor between Ve and Vy e before r = 1) is equal to ¢y and firco is lowered from fx 1o
fr. determine the minimum r; - #; that is sufficient for phase alignment.

Explain why' the fow-pass filter in Fig. 15.5(b} cannot be replaced by a high-pass filter.

A PLL using an XOR gate as a phase detector locks with ¢y — ¢ = 90°if KppKico is
large. Explain why?

Using the characteristic of Fig. 15.3 as an example, explain why the polarity of feedback in a
PLL (without frequency detection) is unimportant. (Hint: prove that the loop locks regardless
of whether the initial phase difference falls in the positive-slope region or the negative-slope
region.)

Assuming a first-order LPF in Fig. 15,14, determine the transfer function ®gy/ Py, where
Doy denotes the excess phase of Vi,

A VCO used in atvpe | PLL exhibits nonlinearity in its input-output characteristic, i.e., K'y'co
varies across the tuning range. If the damping ratio must remain between | and 1.5, how much
variation ¢an be tolerated in Kycp?

Prove that in the rout locus of Fig. 15.20, cos 8 = ¢.

A type I PLL incorporates a VCO with Kvcp = 100 MHz/V. a PD with Kpp = | V/rad,
and an LPF with @y pr = 2:7(] MHz). Determine the step response of the PLL.

Explain why in the charge-pump PLL of Fig. 15.35, the control voltage of the VCO cannot
be connected to the top plate of Cp. :

Prove that the transfer function of the PFD/CP/LPF circuitin Fig. 13.35is given by Eq. (15,470,

As illustrated in Fig. 15.45. mismatches between the UP and DOWN currents translate o
phase offset at the input of a CPPLL. With the uid of the wavetorms in Fig. 15.45. culculate
the phase offs=t in termys of current mismatch.

. ForaVCO.uwehave vy = wg+ Kyveo YVeonr. The control line experiences a small sinusoical

rapple. Veon: = Vi coswyt. I the VCO is followed by a +M cireuil, determiine the output
spectrum of the divider. Consider two cases: wo/M > w,y and e, M < wy.

Prove that the root locus of a type I PLL is as shown in Fig. 15.37.

Determine the transter function ®,,, /Py for the circuit of Fig. 13.14if the PLL is modified
to the architecture of Fig. 15.35.

. When a charge-pump PLL incorporating a PFD is turned on. the VCO frequeney may he fur

from the input frequency. Explain why the order of the PLL tanster tunction is lewer by one
while the PFD operutes as a frequency detector.



578 Chap. 15 Phase-Locked Loops

References

. R. E. Best, Phase-Locked Loops, Second Ed., New York: McGraw-Hill, 1993.

. E. M, Gardner, Phaselock Techniques, Second Ed.. New York: Wiley & Sons, 1979,

M. G. Johnson and E. L. Hudson, “A Variable Delay Line PLL for CPU-Coprocessor

Synchronization,” fEEE Journal of Solid-State Circuirs, vol. 23, pp. 1218—1223. Qct. 1688,

4. F. M. Gardner, “Charge-Pump Phase-Locked Loops,” IEEE Trans. Comm.. vol, COM-23,
pp-1849-1858, Nov. 1980.

. F.Herzel and B. Razavi, “A Study of Oscillator Jitter Due to Supply and Substrate Noise,” JEEE
Transactions on Circuits and Systems, Part II, vol.46, pp.56-62, Jan. 1999.

. 'W. F. Egan, Frequency Svnthesis by Phase Lock. New York: Wiley & Sons. 1981,

. I A, Crawford, Frequency Synthesizer Design Handbook, New York: Artech House, 1994,

13—

T

L]

-5 O



Chapter 16

Short-Channel Effects and
Device Models

The square-law characternistics denved for MOSFETs in Chapter 2 provide moderate accura-
cies for devices with minimum channel lengths of greater than 4 um, a value correspording
to technologies in production in the early 1980s. As device dimensions continue to scale
down, reaching below 0.2 um by the year 2000, higher order effects necessitate more
complex models so as to attain enough accuracy in simulations.

The problem of device models in CMOS technology has constantly haunted analog
designers, manifesting itself as substantial discrepancies between simulated and measured
results. A number of comprehensive books [1, 2, 3] and hundreds of papers deal with the
subject in great detail, but our objective here is to provide a basic understanding of short-
channel etfects and review some of the SPICE models developed to reflect such phenomena.
Knowledge of these issues also proves useful in interpreting the anomalies that the designer
may encounter in SPICE simulations.

We first describe the ideal scaling theory of MOS transistors. Next, we study short-
channel etfects such as threshold voltage variation, velocity saturation, and the dependence
of the output impedance on the drain-source voltage. We then review MOS device models,
including Levels 1-3 and the BSIM series. Finally, we discuss charge and capacitance
modeling, temperature dependence, and process corners.

16.1 Scaling Theory

The twe principal reasons for the dominance of CMOS technology in today's semicon-
ductor industry are the zero static power dissipation of CMOS logic and the scalability
of MOSFETSs. In a paper published in 1974 {4], Dennard et al. recognized the tremendous
potential of scaling MOS transistors. making predictions about speed and power dissipation
of digital CMOS circuits as devices are shrunk.

The ideal scaling theory tollows three rules: (1) reduce all lateral and vertical dimensions
by a(> 1); (2} reduce the threshold voltage and the supply voltage by «: (3) increase all of the
doping levels by o (Fig. 16.1). Since the dimensions and voltages scale together, all electric
fields in the transistor remain constant, hence the name “constant-field scaling.” Note that

579
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I
e

n

+

Y o> ! _

p-substrate p—substrate

Figure 16.1 ldeal scaling of MOS transistor,

W, L, tox, Vop, Vra, and the depth and perimeter of the source and drain junctions scale
down by a.

Let us examine the saturation drain current of a square-law device after scaling. Wriling

l Woay/V, Vrn )’
ID,scan‘ed = Eﬂn(acox) ( L.G{ ) ( c(js - ;H) (161)
1 w . 1
= Eﬂncox-z'(vas - VTHJ';. (16.2)

we observe that the current capability of the transistor drops by a factor of . Note that
the same result applies for the drain current in the triode region. The advantage of scaling,
however, lies in the reduction of capacitances and power dissipation. The total channel
capacitance is

WL
Cch.sml'td = _"""'[Q'Ca.r) (163}
o o
1
= '__IVLCO;- {16.4)
94

To caleulate the source/drain junction capacitance. we first analyze the effect of idea
scaling on the total width of the depletion region. Recall that this width is given by

2¢€,; | 1
= L T : 165}
Wy p (NA + N )f@a + Vz). {

where N, and Np denote the doping levels of the two sides of the junction, ¢s =
Vr In(N, ND/nf), and Vg is the reverse-bias voltage. The built-in potential, ¢p, is a weak
function of NyNp and in fact it increases if NV..NVp is scaled up by a>. For now, we
assume Vg 3> ¢p so that

f

WI ted '26_\;- ( 1 _ 1 E {Ibé}
[ Tt q Ct'_\'__l‘ - o _VD

1 {2 (1 1
~oo (S b (16.7)
“‘/ q (-V.a * A\'n) V- '
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Region

p-substrate p—substrate

Figure 16.2 Scaling of 5/D junction capacitances.

Thus, as with other dimensions, the width of each depletion region scales down by «,-
increasing the depletion region capacitance per unit area by the same factor.

As illustrated in Fig. 16.2, the bottom-plate capacitance of the S/D junction {per unit
area), C;, increases by a factor of .. The sidewall capacitance (per unit width), Cj;, 0n the
other hand, remains constant because the depth of the junction is reduced by «. It follows
that

WE"“ w E
CS,:‘D,sca(ed = '—(C!C}') +2 ( + _) (stw) (168)
o & o (54

1
= [WEC; + 2W + E)Cjsu]—. (16.9)
o

All of the capacitances therefore decrease by the scaling factor.
In digital applications, the scaling of the gate delay and power dissipation is of interest:
Approximating the delay of a CMOS inventer by Ty = (C/1)Vpp (Fig. 16.3), we have

v
Ty scated = %% (16.10)
-=(£Vm)l. (16.11)
! o

We conclude that the speed of digital circuits can potentially increase by the scaling factor.
For power dissipation, we write P = fCV},, where f is the operating frequency. Thus,

Vin TO Vout
! I c

Figure 16.3 CMOS inverter.
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Proated = f(C/a)XVpp/aY = fCV5p/a’. if f and the number of gates in the circy;
remain conslant Note that the layou{ denm\ i.e., lhe number of transistors per unit arey,
also scales by o>, o - S :

The reduction of power and delay and the increase in circuit densny make scaling ex.
tremely attractive for digital systems. Based on these observations, Gordon Moore predicied
in 1975 {5] that MOS device dimensions would continue to scale down by a factor of twg
every three years and the number of transistors per chip would double every one to twg
years. Such trends have indeed persisted over the past 25 years.

Let us now consider the effect of ideal scaling in analog circuits. Writing the transcon.
ductance as

W/ia Vs — V-
Smscated = pulaCoy 2 Yos = Vra (16.12)
Lo o

W
= #Co,\‘z(VGS - Vru) (16.13)

we note that the transconductance remains constant if all of the dimensions and voliages (and
currents) scate down. To calculate the output impedance in saturation, we first observe from
Fig. 16.4 and Eq. (16.7) that the width of the depletion region around the drain decreases
by «, and hence AL/ L remains constant. Since A = (AL/L)/Vps ( Chapter 2), A increases
by « and

¥YO.scaled = I (16.14)
ah—
o
1
= — 16.15
Ap ( )

p—substrate Pinch-Off \Depletion Regicon p~—substrate

Figure 16.4 Effect of scaling on pinch-oft.

The greatest impact of scaling on analog circuits is the reduction of the supply voltage-
With ideal scaling. the max;mum allowable voltage swings decrease by a factor of &
lowcring the dynamic range' of the circuit. For example, if the jower end of the dynamic
range is limited by thermal noise, then scaling Vi by a decreases the dynamic range by

' Dvnamic range is loosely defined as the maximum allowable voltage swing divided by the total noise vouage
in the band of interest. :
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the same factor because g, and hence thermal noise remain constant, Of course. since tor
analog circuits (Vpp/a@)(Ipp/@) = (VopIpp/a)*, the power dissipation drops by o,

In order to restore the dynamic range, the transconductance of the transistors must be
increased by a factor of o’ because thermal noise voltages and currents scale with /...
Thus, since voltage scaling requires that Vgs — Vry decrease by u factor of o. we note
from gn = 2Ip/(Vgs — Vry) that Ip must increase by the same factor. leading to a
power dissipation of (Vpp/aialp) = Vppip. Also, from g, = uC, (W/L)V;y —
Vrr), we conclude that if C,, is scaled up by « and L and Vg5 — Vry are scaled down
by o, then W must increase by a (whereas in ideal scaling it would decrease by this
factor). That is, for a constant {thermal-noise limited) dynamic range, ideal scaling of linear
analog circuits requires a constant power dissipation and a higher device capacitance, €.9..
(e WXL/ a)aCor) = aWLC,y. Interestingly, if the lower end of the dynamic range is
determined by k7 /C noise, then to maintain a constant slew rate in switched-capacitor
circuits, the bias current must scale up by a factor of o®, resulting in an increase in the
power dissipation [Problem 16.3(d)].

In practice, technology scaling has deviated from the ideal, constant-ficld scenario con-
siderably. The supply voltage and MOS threshold voltage have not scaled as rapidly as
device dimensions. For example, Vpp has decreased from 5 Vito25vVand Vrg from08 'V
to 0.4 V as minimum channel length has dropped from 1 gm to 0.25 um. Furthermore.
many “short-channel™ effects have plagued the transistors, making it difficult to obtain all
of the benefits that would accrue with ideal scaling.

The reluctance of circuit designers to use a lower supply voltage and the fundamental
limitations in decreasing the MOS threshold voltage have led to another scaling scenario:
constant-voltage scaling. In this case, the device dimensions shrink by «, the doping levels
increase by a, and the voltages remain constant. thereby increasing the electric fields by
2. Such high electric fields both raise the possibitity of device breakdown and exacerbate
short-channel effects. In realityv. technology scaling has followed a mixture of constant-
field and constant-voltage trends, thus demanding innovative device design so as to achieve
reliability and performance.

16.2 Short-Channel Effects

In order to appreciate the need for sophisticated device models. we briefly study some of
the phenomena that manifest themselves for channel lengths below approximately 3 pm.
As we will see. a basic understanding of these effects also proves essential to the design of
analog (and digital) circuits,

Small-geometry effects arise because five factors deviate the scaling from the ideal
scenario: (1) the electric fields tend to increase because the supply voltage has not scaled
proportionally; (2) the built-in potential term in Eq.1 16.5) is neither scalable nor negligible:
(3) the depth of S/D junctions cannot be reduced easily; (4) the mobility decreases as the
substrate doping increases: () the subthreshold slope (described below} 15 not scalable.

16.2.1 Threshold Voltage Variation

The choice of the threshold voltage is based on the device performance in typical circuit
applications. The upper bound is roughly equal to Vihp/4 to avoid degrading the speed
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of digital CMOS gates. The lower bound is determined by several factors: the subthresh.
old behavior, variation with temperature and process. and dependence upon the channe|
length {6].

Let us first consider the subthreshold behavior. For long-channel devices, the subthresh.
old drain current can be expressed as

w 3 V(;g — VTH _VDS
ID = ;.{CJIVT (CXP T) (1 — CXP v y (1616]

where Cy = €9 N,.,/(4dg) denotes the capacitance of the depletion region under the
gate area, Vr = kT/g. and § = 1 4+ Cy/Co. {6]. Equation (16.16) reveals two interesting
properties. First, as Vpg exceeds a few Vr, Ip becomes independent of the drain-sourc;
voltage and the relationship reduces to Eq. (2.30). Second, under this condition the slope
of Ip on a logarithmic scale equals

d(logs )

1
3Vos = (logpe)——+ (16.17)

Ve

The inverse of this quantity is usually called the “subthreshold slope,” §:

ax

C
S =23Vr (1 + cd ) V/dec. (16.18)

For example, if C4 = 0.67C,,, then § = 100 mV/dec. suggesting that a change of 100 mV
in Vg5 leads to a ten-fold reduction in the drain current. In order to turn off the transistor by
jowering Vgs below Vry, S must be as small as possible. i.e.. C4/C,; must be minimized.

The relatively constant magnitude of S severely limits the scaling of the threshold voltage.
For example, a subthreshold slope of 80 mV/dec imposes a lower bound of 400 mV for Vry
if the “off current”” must be roughly five orders of magnitude lower than the *“on current.”

The difficulty in scaling V7 becomes even more serious if we take into account the
variation of Vr gy with temperature and process. The threshold voltage exhibits a temperature
coefficient of approximately —1 mV/°K, yielding a 30-mV change across the commercial
temperature range (0 to 50°C)." Process-induced variation is also in the vicinity of 50 mV.
raising the margin to approximately 100 mV. Thus, it is difficult to reduce Vr 4 below several
hundred millivolts.

An interesting phenomenon observed in scaled transistors is the dependence of the
threshold voltage on the channel length. As shown in Fig. 16.5, transistors fabricated on
the same water but with different lengths yield lower V7 4 as L decreases. This is because the
depletion regions associated with the source and drain junctions protrude into the channel
area considerubly, thereby reducing the immobile charge that must be imaged by the chan®
on the gate (Fig. 16.6). In other words. part of the immobile charge in the substrate is NOW
imaged by the charge inside the source and drain areas rather than by the charge on the

bl - . - - . . .
- Interestingly, ax the lemperatute rises. so does 5. further exacerbating the situation,
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Figure 16.6 Charge sharing between source/drain deple-
tion regions and the channel depletion region.

gate.” As a result, the gate voltage required to create an inversion layer decreases. Since
the channel length cannot be controlled accurately during fabrication, this effect introduces
additional variations in Vry. The implication of this phenomenon in analog design is that
if the length of a device is increased so as to achieve a higher output impedance, then the
threshold voltage also increases by as much as 100 to 200 mV.

Another short-channel phenomenon related to the threshold voltage is “drain-induced
barrier lowering” (DIBL). Recall from Chapter 2 that in weak inversion, as the gate voltage
rises, the surface potential becomes more positive [Fig. 16.7(a)], attracting carriers from
the source region. In short-channel devices, the drain voltage also makes the surface more
positive by creating a two-dimensional field in the depletion region [6]. In essence, the drain
introduces a capacitance C, that raises the surface potential in a manner similar to C,. As a
result, the barrier to the flow of charge and hence the thrzshold voltage are decreased. This
effect manifests itself if the plot of Fig. 2.27 is drawn in both deep triode and saturation
regions [Fig. 16.7(b)}.

The principal impact of DIBL on circuit design is the degraded output impedance. This
point is explained in Section 16.2.5.

16.2.2 Mobility Degradation with Vertical Field

At large gate-source voltages, the high electric field developed between the gate and the
channe! confines the charge carriers to a narrower region below the oxide-silicon interface,

*While intuitive, this explanation is not guite correct. More accurzte descriptions can be found in books on
semiconductor devices.
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p-substrate
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- Figure 16.7 (a) DIBL in a shor-
Vi Vi v,
1 7TH2 as channel device. (b) effect of DIBL on
by current characteristic.

leading to more carrier scattering and hence lower mobility. Since scaling has substantially
deviated from the constant-field scenario, small-geometry devices experience significam
mobility degradation. An empirical equation modeling this effect is

Ho
1+ 8(Vgs — Vra)'

where 1o denotes the “low-field” mobility and # is a fitting parameter roughly equal to
(1077 /1,¢) V™! [7]. For example, if £,y = 100 A, then @ &~ 1 V~! and the mobility begins
to fall considerably as the overdrive exceeds 100 mV. Note that 6 rises as £,y drops because
the electric field in the oxide becomes stronger.

In addition to lowering the current capability and transconductance of MOSFETSs, mo-
bility degradation deviates the I/V characteristic from the simple square-law behavior.
Specifically, whereas a square-law device generates only even harmonics in its drain cur-
rent in response to a sinusoidal gate-source voltage, Eq. (16.19) predicts odd harmonics as
well. In fact, writing

Heff = (16.19)

1 1#aCox w
In = — (Vo — V 16.20)
D=37 T 60Ves—Vem L ‘s ru). {

and assuming 8(Vgs — Vi) « 1. we obtain

]- “V - '
Ip = :HUCU.\-I‘[I —68(Vgs — Vi) l(Vgs — Vru 1 (16.21)

1 W
= —#ocm [(Vos ~ Veu) = 8(Vgs — Vrw)'). (16.22)
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This is a rough approximation but it reveals the existence of higher harmonics in the drain
current.

The mobility degradation with the vertical field affects the device transconductance as
well. This is studied in Problem 16.9.

16.2.3 Velocity Saturation

The mobility of carriers also depends on the lareral electric field in the channel, beginning
to drop as the field reaches levels of 1 V/um. Since the carrier velocity v = u £. we note that
v approaches a saturated value, about 107 cr/s. for sufficiently high fields. Thus, as carriers
enter the channel from the source and accelerate toward the drain, they may eventually reach
a saturated velocity at some point along the channel.? In the extreme case, where carriers
experience velocity saturation along the entire channel, we can rewrite Eqg. (2.2)as

Ip = vy Qy (16.23)
= Uy W Vo — Vrp). (16.24)

Interestingly, the current is linearly proportional to the overdrive voltage and does not
depend on the length. In fact, as shown in Fig. 16.8, Ip-Vps characteristics of devices

Iph

VGSO+ AV

VGSO+ 2AV

VGSO"' AV

Vaso

I =-__
Vps

Figure 16.8 Effect of velocity sarzration on drain current
characteristics.

with L < | um reveal velocity saturation because 2qual increments in Vs — Vry result
in roughly equal increments in /p. We also note that g, = v,a W, concluding that
the transconductance is a weak tunction of the drain current and channel length in the
velocity-saturation regime.

Under typical bias conditions, MOSFETs exper:2nce some velocity saturation. display-
ing a characteristic between linear and square-law ~ehavior. An important consequence is
that. as V5 increases. the drain current saturates w21 before pinch-oft occurs. As shown in
Fig. 16.9(a). carriers reach velocity saturation if Vp: exceeds Vpg < Vios — Vry. yielding a

*Even in long-channet devices, carriers experience velocity sz uration if the drain-source voltage is high enough
1o pinch off the channel. At the pinch-off point, the mohile chazze density is near zero, the electric field is very
large. and hence the velocity of carriers is saturated.
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Figure 16.9 Effect of velocity saturation: (a) premature drain
current saturation, (b) reduction of transconductance.

constant current quite lower than that obtained if the device saturated for Vps > Vs — Vry.
Furthermore. as illustrated in Fig. 16.9(b), since an increment in Vg gives a smaller incre-
ment for / when velocity saturation occurs, the transconductance is also lower than that
predicted by the square law.

A compact and versatile equation developed to represent velocity saturation (in the
saturation region) is

(Vgs — Vru)?
Ip = WCyivgyy

(16.25)

where u,,r is given by Eq. (16.19) [7, 8). The same work provides the following equation
for the drain-source voltage at the onset of premature saturation [Vpg in Fig. 16.9(a)]:

2. L(Vgs ~ Vry)
2pesi L+ Vs = Veg'

VDS.mr = (1626)

Equation (16.23) provides two interesting results. First. if L or v,,,, is large, the expression
reduces to the square-law relationship. Second. if the overdrive voltage is so small that the
denominator of (16.23} is approximated as 2v, L iy and pepy = uy. then the device
still follows the square-law behavior even if L is relatively small. For example, if v, = 107
cnvs, L = 0.5 pm. and po = 350 cm*/V'/s, we have 2ug, L/ 1tg = 1.43 V. recognizing
that for overdrive voltages of a few hundred millivolts. the transistor operation is somewil
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close to the square law. Thus. the simplified treatment of Chapter 2 can still provide insight
for many analog applications.

Equation (16.25) can be further simplified to yield additional results. Substituting for
tesy from Eq. (16.19), we have

(Vgs — Vry)?

Ip = WCstsar v 1 (16.27)
Vos — Vry + —22[1 4+ 8(Vgs — Vry)l
Ho
Vos — Vry)?
= WCosVsar5— ( S5 ) (16.28)
—vsa [
: +(1+ d )(Vcs— Vrg)
o Hao
1 W Veae — V- 2
= 5#0Cax Vos = Vra) . (16.29)
1+( £o +9)(VGS_VTH)
2ugq L

This equation is similar to (16.20), implying that the degradation of the mobility with
both lateral and vertical fields can be represented by adding the terms zg/ (25, L) and 8.
Thus, the results obtained from (16.20) apply here as well. For example, the drain current

contains high-order nonlinear terms. Equation (16.29) can also predict the transconductance
(Problem 16.10).

16.2.4 Hot Carrier Effects

Short-channel MOSFETSs may experience high lateral electric fields if the drain-source volt-
age is large. While the average velocity of carriers saturates at high fields, the instantaneous
velocity and hence the kinetic energy of the carriers continue to increase, especially as they
accelerate towards the drain. These are called “hot” carriers [2].

In the vicinity of the drain region, hot carriers may “hit” the silicon atoms at high speeds.
thereby creating impact ionization. As a result, new electrons and holes are generated, with
the electrons absorbed by the drain and the holes by the substrate. Thus, a finite drain-
substrate current appears. Also. if the carriers acquire a very high energy, they may be
injected into the gate oxide and even flow out the gate terminal, introducing a gate current.
The substrate and gate currents are often measured to study hot carrier effects.

The scaling of technologies proceeds so as to minimize hot carrier effects. This limitation
and other breakdown phenomena make the supply voltage scaling inevitable.

16.2.5 Output Impedance Variation with Drain-Source Voltage

In modeling channel-length modulation by a single constant A, we have assumed that
the output impedance of the transistor. rg, is constant in the saturation region. In reality.
however. ro varies with Vs, As Vps increases and the pinch-off point moves toward the
source. the rate at which the depletion region around the source becomes wider decreases,
resulting in a higher incremental output impedance. Illustrated in Fig. 16.10, this effect is
somewhat similar to the variation of the capacitance of a reversed-biased pn junction: with
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Figure 16.10 Decrement in chunzzl length for (a) small
Vpg and (1) large Vps.
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a small reverse bias, the width of the depletion region is a strong function of the voltage
applied to the junction and with a large reverse bias. a weuk function.
In this regime, the output impedance can be approximated as

2L 1 qNg
= e~ [T By Vo 2
) AL ID\/ZEM‘ (Vbs — Vbs.sur), (16.30)

- —=

L

where Vp ,a; is the drain-source voltage at the onset of pinch-off [9]. Another approximation
developed in conjunction with (16.25) and (16.26) is described in [8].

In short-channel devices, as Vps increases further. drain-induced barrier lowering be-
comes significant, reducing the threshold voltage and increasing the drain current. This effect
roughly cancels that expressed by (16.30), giving a relatively constant output impedance.
At sufficiently high drain voltages, impact ionization near the drain produces a large current
(flowing from the drain into the substrate), in essence lowering the output impedance. The
overall behavior of rp is plotted in Fig. 16.11.

Channel-Length
Modulation and DIBL

fo T Channel-Length
\ lonization
Vos

Figure 16.11 Overall variation of ocutput resistance as a
function of Vps.

The variation of 7o gives rise 1o nonlinearity in many circuits. In a cascode op amp.
for example. as the output voitage varies, so does the output impedance of the cascode
devices and hence the voltage gain of the circuit. Furthermore, impact ionization limits
the maximum gain that can be obtained from cascode structures because it introduces a
smali-signal resistance from the drain to the substrute rather than to the source.

16.3 MOS Device Models

Since the introduction of the first MOS model in the mid-1960s [ 10]. tremendous research
has been expended on improving the accuracy of models as device dimensions scale down.
Developed between the mid-1960s and the late 1970s. the Level 1. 2 and 3 models consec-
utively included higher order effects so as to provide reasonable accuracy with respect to
measured transistor characteristics for channel fengths as small as 1 zem. Following this set
were the Compact Short-Channel IGFET Mode! (CSIM) from AT&T Bell Laboratories and
the Berkeley Short-Channel IGFET Model (BSIM) from University of California, Berkeley
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in the mid- 1980s. These models proved inadequate for analog design and v cre followed by
BSIM2. HSPICE level 28, BSIM3, and a number of others in the late 1980s and early 1990;_

MOS device modeling continues to pose a challenge—especially for high-frequency
operation—because even today's sophisticated models become inadequate after one or
two technology generations (e.g., from 0.5 um to 0.35 um w0 0.25 pm). Our objective
is to develop a basic understanding of some of the models to the extent necessary for
simulations. We should also mention that the utility of a model is given by the accuracy
it provides in various regions of operation for different device dimensions. the ease with
which its parameters can be measured, and the efficiency that it allows in simulations. The
interested reader is referred to {1} for an in-depth coverage.

16.3.1 Level 1 Model

Also known as the Shichman and Hodges Model [10], this representation uses the parameters
listed in Table 2.1 and is based on the following equations:

134

1 2 N :

Ip = 2Kpm[2(vgs — Vra)Vps — Vig](1 + AVps) Triode Region  (16.31)
1 W 2 : :

Ip = =Kp———(Vgs — Vru)(1 + AVps) Saturation Region (16.32)
2 "L-2Lp

where Kp = puCop and Vry = Vrgo + v{/2¢5 — Vas — ' 2¢p). Note that this model
does not include subthreshold conduction or any short-channel etfects.

The device capacitances are represented according to the simple model described in
Chapter 2, but with one modification. Since in that model, Cgs abruptly changes from
(2/3IWLC,e — WC,, in saturation to (1/2)WLC,, + WC,,, in the riode region [and Cgo
from WC,, to (1/2)WLC,, + WC,,], most computation algorithms experience conver-
gence difficulties here. For this reason, Cgs and Cgp in the tricde region are formulated as

2 (Vos — Vps — Vra ) } .
Cos = —WLC,. 11 - -1+ WC,, (16.33)
o5 = 3 ‘ [2( Vs ~ Vra) — Vps)-
2 (Vgs — Ve } -
Cop=—WLC, |1 — 1+ WG, (16.34)
“P =3 l [2(Ves — Vra) — Vos)- '
C(}g = 0. (1635]

We note that if the device operates at the edge of saturation. Viss — Vps = V7. Cgs =
(2/HWLC,. —WC,..and Cgp = WC,,. Thus, the capacitance values change continu-
ously from one region to another.

The Level | model maintains reasonable I/V accuracy for channel lengths as small a5
roughly 4 um. but it still predicts the output impedance of transistors in saturation quite
poorly,
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16.3.2 Level 2 Modei

The Level 1 model began to manifest its shortcomings as channel lengths fell below approx-
imately 4 um. The Level 2 model was then developed to represent many high-order effects.

An assumption that we made in Chapter 2 in deriving the square-law characteristics
was a constant threshold voltage along the channel. This assumption is not correct even for -
long-channel devices because the charge in the depietion region under the channel varies
according to the local voltage (Fig. 16.12). Since the inversion laver and the depletion region

Va

y "l—_Oi. Vosi

PR

Local Threshold /

fo
o

X

Figure 16.12 Variation of threshold along the channel.

must image the charge on the gate, as the inversion layer vanishes in the direction toward
the drain, the depletion region must enclose more charge. Performing the integration in
Section 2.2.2 with a varying threshold voltage yields [1}:

Ds
-

w .
Ip = #Cox'z (Vs — Vrao)Vps —

2 .
- 3}’[( Vs — Vas + 265 )7% — (~Vgs — 2‘35.‘-“)'1'!-]] . {16.36)

Interestingly, even for Vgs = 0, Ip exhibits some dependence on ;». Moreover. for small
Vps. the equation reduces to that of the Level 1 model, but for large V¢ the drain current is
less than that predicted by the square law. It can also be shown that the edge of the saturation
region 1s given by [1]:

. 2
Vo = Vs — Vrno —dr + - 111 - \ L+ F(Vr;s — Vrye + ¢F1} - (16.37)

In the saturation region, the drain current is

|

. (16.38
| = ~Vps -38)

[DS - !D.m!

where [, is calculated from (16.36) for Vipy = Vg yur
Modeling channel-length modulation or. more generally, the finite output impedance has
alwavs remainzd a difficult problem. Representing such phenomena by only 7. 18 far from
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accurate. In the Level 2 implementarion, if 4 is not specified, it is obtained by calculating
the width of the depletion region between the pinch-off point and the edge of the drain,
Using simple relationships for the depletion region of a pr junction. we can write

ey
AL = \/ ——{a + (Vps — Vou)h (16.39,
q-\.\'ub

where Vp ;u; denotes the pinch-off voltage.*

The principal difficulty in the above approach is that both the drain current and its
derivative are discontinuous at the edge of the triode regi\on {11! To resolve this issue, AL
is actually obtained by a “fixed-up” equation:

2¢y 3
AL:\/ v (V,+,/1+L,), (16.40)

g Nsub

where V, = (Vps — Vp.sar )/ 4. The channel-length modulation coefficient is then expressed
as A = AL/(LVps). An auribute of (16.40) is that the output conductance of the transis-
tor varies as Vps increases. an effect not represented by the first-order model using a
constant 2.

The Level 2 model also includes the degradation of the mobility with the vertical field
in the channel. The mobility is calculated from

. ( €. U. )"'- (16.41)
e = HONC, Vos —Ven—UVos) '

where U denotes the gate-channel critical electric field, L, is a fitting parameter between
0 and 0.5, and U, is an exponent in the vicinity of 0.15.

The subthreshold behavior implemented in the Level 2 model dennes a voltage Von 28
Vo = Vry + ¢Vy, where ¢ = | — {gNFps/Cor) + Cy Cor, and Ngg 1s an empirical
constant. The drain current is then expressed as

Ips = I, exp Yas = You V"”. (16.42)
LVr
where 7, . is the drain current calculated in strong inversion {Eq. (16.36)] for Vg5 = Vea-
An important drawback of this represeniation is the discontinuity in the slope of /p as the
device goes from the subthreshold region to strong inversion (Fig. 16.13), leading to various
difficutties and errors in simulation.

In addition to the above effects, the Level 2 model represents two other short-channel
phenomena: the variation of Vrgy with L. and velocity saturation. The fimplementation of
these effects is quite involved and can be found in {1].

Measured data [1] indicate that the Level 2 model provides reasonable I/V accuracy tor
wide. short devices in the saturation region with L == 0.7 jm but it suffers trom substemtial

*The junction is vonsidered ~one-sided” here, i.e., the drain doping tevel is much higher.
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logip &

- Figure 16.13 Kink in drain current
VIH Vas  charecteristic in Level 2 model.

error in representing the output impedance and the transition point between saturation and
triode regions. For narrow or long devices, the model is quite inaccurate.

16.3.3 Level 3 Model

The Level 3 model realization is somewhat simiiar to the Level 2 model, with some equations
simplified and many empirical constants introduced to improve the accuracy for channel
lengths as small as | um.

This model expresses the threshold voltage as

8.15 % 1077

Vrg = Vrwo + Foy vV 2¢r — Vas + Fo(2¢F — Vps) +§ WA
oxLiyy

Vps, (16.43)

where F; and F, represent short-channel and narrow-channel effects.’ respectivelv. and &
models drain-induced barrier lowering.
The mobility equation involves both vertical and lateral field effects and is expressed as:

o) = mﬂfv_ (16.44)
|+ Herf VDS
l'mu.\'Ll
where
gy = aal (16.45)

1+ 80V — VTHJ.

and .., denotes the maximum velocity of the carriers in the channel. As can be seen from
(16,441 and (16.45). pt,.,, models the etfect of the verticai field while p udds that of the
lateral field as well,

The drain current 1s realized as;

Wers Fy Vos | o
I = C,-—E—' Voy — V —(] -*-——*\——*“‘_.___._..._-FF,) 2 Ve, (16.46
n = by L/, GS THO + T S, =V, : 2 es )
where Vo = Vi if the device is in sawration. The quantity V', ., represents both

vhannel pinch-off and velocity saturation (Fig. 16.9) and is expressed by relatively complex

SFor narrow-channel devices. the threshold voltage fncreases it the width is reduced (6]
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equations [1]. The subthreshold current relations are similar to those of the Level 2 modey,
still suffering from derivative discontinuity near strong inversion.

The Level 3 model employs more sophisticated methods of computing channel-lengih
modulation as well as charge and capacitance parameters. The details can be found in {1},
Comparison with measured data [1] suggests that the Level 3 model. as with the Level 2
model, exhibits moderate accuracy for wide, short transistors but suffers from large errorg
for longer channels.

An important drawback of the Level 3 model is the discontinuity of the derivative of /,,
with respect to Vps at the edge of the triode region. leading to large errors in the calculation
of the output impedance. Shown in Fig. 16.14 for a short-channel device, the variation of
rn with Vps is quite poorty modeled.

A

fo

Vos

Figure 16.14 XKink in output resistance in Level 3 model.

16.3.4 BSIM Series

The philosophy behind the Level 1-3 models was to express the device behavior by means of
equations that originated from the physical operation. However, as transistors were scaled
to submicron dimensions, it became increasingly more difficult to introduce physically
meaningful equations that would be both accurate and computationally efficient. BSIM
adopted a different approach: numerous empirical parameters were added so as to simplify
the equations—but at the cost of losing touch with the actual device operation.

An interesting feature of BSIM is the addition of a simple equation to represent the
geometry dependence of many of the device parameters. The general expression is of the
form:
ap _ Br
Lepr Wy

P="P—- (16.47)

where Py is the vaiue of the parameter for a long. wide transistor (P = Py if Lpg;. Weps =
~o). and «p and Bp are fitting factors. For example. the mobility is computed as:

P
= Mn — - . (16.48)
Lepr  Wopy

The formulation of (16.47) nonetheless becomes less accurate at smal! dimensions {11
The device equations and fitting parameters used in BSIM are beyond the scope of this

book. Using approximately 50 parameters. this model provides the following improvemsnts

over the Level 3 version [1]: (1) the dependence of mobility upon the vertical fietd includes
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the substrate voltage: (2) the threshold voltage is modified for substrates with nonunitorm
doping; (3) the currents in the weak and strong inversion regions are derived such that their
values and first derivatives are continuous; (4) to simplify the drain current equations. ncw
expressions are devised for velocity saturation. dependence of mobility upon the lateral
field, and the saturation voliage.

Measured results in u (17-um technology [1] indicate that BSIM avoids gross errors
in the I/V characteristics for various device dimensions. but its accuracy for narrow. short
transistors is somewhat poor.

In addition to shortcomings at channel lengths below approximately 0.8 pum, BSIM
suffers from other subtle inaccuracies. For example, at large drain-source voltages, BSIM
predicts a negative output resistance for saturated MOSFETs. Furthermore, in deep triode
region. BSIM still exhibits slight discontinuities in the drain current [1].

The next model in the BSIM series is BSIM 2. Requiring approximately 70 parameters,
this version emplovs new expressions for mobility, drain current, and subthreshold con-
duction. It also represents the output impedance more accurately by incorporating both
channel-length modulation and drain-induced barrier lowering. Nevertheless, measured re-
sults indicate that the overall accuracy of the model is only marginally higher than that of
BSIM. For short, narrow transistors, BSIM?2 suffers from large errors in the triode region
and even substantial “kinks” in the saturation region [1].

The trend in BSIM and BSIM?2, namely, expressing the device behavior by means of
empiricai equations that bear little relation to the physical phenomena, eventually created
difficulties in modeling shoni-channel devices. Parameter extraction, modeling process vari-
ations. and the need for extensive use of polynomials ma-le the generation and application
of these models quite difficult. Consequently, the next generation, BSIM3, has returned to
the physical principles of device operation while maintaining many of the useful features
of BSIM and BSIM2. BSIM3 itself has rapidly gone through several versions, requir-
ing approximately 180 parameters in the third one. For channel lengths as low as 0.25 pm,
BSIM3 provides reasonable accuracy for subthreshold and strong inversion operation while
still suffering from large errors in predicting the output impedance.

16.3.5 Other Models

In addition to the Level |-3 models and the three generations of BSIM, a number of other
MOS models have been introduced. Among these. HSPICE Level 28. MOS9. and the Enz-
Krummenacher-Vittoz (EKV) model are the most notable. for they provide new approaches
to representing the behavior of MOSFETs [1]. For example. the HSPICE Level 28 modet
improves the dependence of accuracy upon device dimensions by expressing the parameters
as:

o p (1 1) P (- ')(L_‘)
=htolr-oo) " PAlw- ,) YY) \w T w, )

(16.49)

where L,.. and W,,; denote the dimensions of a “reference” device. i.e., a transistor whose
characteristics have been measured. Thus, the dependence is expressed in terms of in-
crements with respect to characterized transistors rather than the absolute value of the
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dimensions, yielding a potentially higher accuracy. Also, the term proportional 10 the prod.
uct of the length and width increments facilitates curve fitting.

The EKV model [11] substantially departs from traditional views of MOSFET operation
by considering the bulk, rather than the source, as the reference point for all voltages,
This approach thus avoids distinguishing between the source and drain terminals and,
more importantly, introduces a single drain-source current equation that is valid for both
subthreshold and saturation regions.

The reader is referred to [1] for an extensive study of these models.

16.3.6 Charge and Capacitance Modeling

The simple gate capacitance mode! described in Chapter 2 for the Level 1 model, called
the Meyer capacitance model [1], suffers from many shortcomings even for tong-channel
devices. In transient SPICE analyses, such a model does not conserve charge (!), thereby
introducing errors in the simulation. For example, as illustrated in Fig. 16.15, a periodic

“A0Onn
¢ x IR T I
t
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M, v

Inka T —IHI_LI‘I:,;_

Figure 16.15 Annihilation of charge in simulation.

rectangular waveform applied to a voltage divider consisting of an ides! capacitor and a
MOSFET experiences “droop™ at the output because in every period some vharge at node X
is lost, This effect arises from the calculation of charge by integrating capacitor voltages with
respect to time, an operation that accumulates small errors in the simulation.® To minimize
this type of error, the simulation algorithm can be modified such that it first computes the
charge in the inversion layer and the depletion region and subsequently partitions the charge
among the device capacitances.

Another issue in the Meyer charge model relates to partitioning of the channel charge
between the source and drain terminals. The assumption that in the triode region. Cgs =
Cip =t/2DWLC,, + WC.,,.. and in the saturation region, Cps = (2/IWLC,, + WCa
and Cop = WG, is quite inaccuraie for short-channel devices, requiring flextble parti-
tioning for ease of curve fitting. In BSIM and BSIM3, for example, three different charge
partitioning scenarios (40%/60%. 30%/50%. and 0%/100%) are available.

Recent efforts have created more sophisticated charge and capacitance models for MOS
devices so as to improve the accuracy. especially for analog applications, However, a8
with many other modeling improvements, the resulting equations are quite cumbersome.
imparting littte intuition. The reader is referved to [ 1] for details.

b Another source of error here is the assumplior that the device capucilances are reciprocul, £+
Cis = Cse [0,
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16.3.7 Temperature Dependence

Many parameters of MOS transistors vary with temperature, making it difficult to main-
tain a reasonable fit between measured and simulated behavior across a wide temperature
range. In the Level 1-3 models as well as BSIM and BSIM2, the following parameters
have temperature dependence: Vry, built-in potential of $/D junctions, the intrinsic carrier
concentration of silicon (n;), the bandgap energy (£,), and the mobility. Most equations
are empirical, e.g.,

' 7. =472
E,=1.16— 22x 107" (16.50)
7 + 1108
and
300\ */?
K=l (—}:‘*) ) (16.51)

where pg = u(7T = 300° K).

BSIM3 incorporates a few more parameters to represent the temperature dependence of
phenomena such as velocity saturation and the effect of subthreshold voliage on Vry. Itis
unclear at this point how accurately BSIM3 expresses the temperature variation of MOS
devices and circuits.

16.4 Process Corners

Unlike bipolar transistors, MOSFETs suffer from substantial parameter variations from
wafer to wafer and from lot to lot. Despite decades of technology advancement, the large
vartability of CMOS circuits remains a fact with which digital and analog designers must
cope.

In order to facilitate the task of circuit design to some extent, process engineers guarantee
a performance envelope for the devices, in essence tightening the anticipated parameter
variations by discarding wafers that fall out of the envelope (Fig. 16.16). Of course, in

Acceptable
Envelope

Performance

Process
Parameter 1

Process
Parameter 2

Figure 16.16 Performance envelope as a function of process
parameters,
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their eternal battle, circuit designers insist on a tighter variability space so that they cap
design more aggressively whereas process engineers tend to enlarge the envelope as much as
possible so as to increase the yield. For example, itis common in today's CMOS technologies
to obtain a gate delay that varies by a factor of two to one with process and temperature.
The performance envelope furnished to designers has tradittonally been one suited 1o
digital circuits and constructed in the form of “process corners.” Illustrated in Fig. 16,17,

PFET &
Speed
6. o Acceptable
- / Wafers
o L]
NFET Figure 16.17 Process cormers based
Speed on speed of NMOS and PMOS devices.

the idea is to constrain the speed envelope of the NMOS and PMOS transistors to a rect-
angle defined by four corners: fast NFET and fast PFET; slow NFET and slow PFET; fast
NFET and slow PFET; and slow NFET and fast PFET. For example, transistors having a
thinner gate oxide and lower threshold voltage fall near the fast corner. The device mod-
els corresponding to each corner are extracted from wafers whose NMOS or PMOS test
structures display a large or small gate delay. and the actual corners are chosen so as to
obtain an acceptable yield. Thus, only wafers satisfying these specifications are considered
acceptable. Simulation of circuits for various process corners and temperature extremes is
essential 1o determining the yield.

16.5 Analog Design in a Digital World

Memories and processors constitute the major portion of today’s semiconductor business.
Thus. as explained in Chapters 17 and 18, most CMOS technologies are designed, optimized,
and characterized for digital applications. Despite the increasing emphasis on the “analog”
accuracy of device models. we are still far from a point where we can fully trust the absolute
numbers obtained in circuit simulations. Analog designers routinelv encournter discrepancies
in SPICE. for example. between ac analysis and transient analysis. Moreover, many device
models fail simple benchmark tests [12] and effects such as flicker (and thermat) noise
and mismatch require measured data before they can be accurately reflected in simulations.
Subtle. yet important phenomena such as nonlinearity of the device output resistance are
represented incorrectly even in the most recent models. Also, the device models extracted
from a wafer often fail to accurately predict the speed of the circuits fabricated on the same
warter! These difficulties are intensified by the rapid migration of CMOS technologics from
one generation to the next.

Under these conditions. analog design relies on experience, intuition, and measured data-
In fact. the design of complex, high-performance analog circuits may require data points thit
can be obtained only by first fabricating and characterizing many simpler test circuits {t3).
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Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. Also. assume all transistors are in saturation.

16.1.

16.2.

16.3.

16.4.

16.5.

16.6.
16.7.

16.8.

16.9.

16.10.

16.11.

Silicon dioxide breaks down at high electric fields. Explain what happens if ideal scaling is
performed while keeping the gate oxide thickness constant,

The maximum doping level that can be established in the source and drain regions is limited
by the “solid solubility™ of silicon. Explain what happens to the S/D junction capacitance
and series resistance as ideal scaling occurs but the 8/D doping level remains constant. Does
DIBL become more or less significant?

Suppose the supply voltage of a switched-capacitor amplifier is reduced by a factor of two

and so is the maximum ailowable output voltage swing. In order to maintain the dynamic

range constant, the noise voltage must scale down by the same factor.

(a) If the noise is only of kT /C type, how should the capacitors in the circuit be scaled?

(b} If the time constant is given by G,,/C, where G, denotes the transconductance of a
one-stage op amp, how should G, be scaled to maintain the same small-signal time
constant?

(¢) How shouid the dimensions and tail curtent of the input differential pair of the op amp be
scaled?

{d) Repeat parts (b) and (c} where the slew rate must remain constant.

Explain how cach parameter in Eq. 116.16) scales in an ideal constant-field scaling scenario.
What happens 10 the subthreshold slope?

A common-gate stage designed for an input impedance of 50 Q undergoes ideal scaling. If
A = y = (), what is the input impedance?

Repeat Problem 16.5if A = 0. y # 0. and the load is a MOS current source that is also scaled.
For power-conscious applications, a figure of merit is defined as the transconductance of
devices normalized to their bias current. Determine this quantity for long-channel devices
operating in strong inversion or the subthreshold region. At what drain current are these two
equal?

Expiain why the mobile charge density cannot drop to exactly zero at any point along the
channel. What happens bevond the pinch-off point?

Using Eq. (16.20), calculate the transconductance of a MOSFET. What happens it the over-
drive voltage is very small or very large”? '

Using Eqg. (16.29), calculate the transconductance of a MOSFET. Prove that

I
__Ir | ! . (165
Vs — Vra -l+( uo

v L

+9)(VGS — Vru) {

Suppose the chanmel-length modulauon coetficient A is moditied as A/(1 + »Vpg). where
x is a constant, to represent the dependence of the output impedance upon 1ps. Caleulate
ro. Explain how a current source with such behavior introduces distortion in the voltage
4cross it.
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16.12. Assuming the devices in Fig. 16.18 experience complete velocity saturation. derive expres.
sions for the voltage gain of each circuit in terms of W and v, Assume A = y =

J Voo
i

(a)

Figure 16.18

16.13. Using Eq. (16.36), calculate g»p and compare the result with that derived in Chapter 2.

16.14. From Eq. (16.50, determine 3 £, /37T at room temperature and explain how it affects bandgap
reference voltages.

16.15. Suppose the fast corners of a process result from a higher 4 C,,. Explain what happens to the
voltage gain and the input thermal noise of the circuits shown in Fig. 16.19 at the four comers
of the process if the transistors are biased at a constant current in saturation.

Voo Voo
Vout Vaut

Vino—[,, M, Vine—IL M,

(a) .Y
Figure 16.19

16.16. Repeat Problem 16.15 if each transistor is biased with a fixed Vgs.
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Chapter 17

CMOS Processing Technology

With the high-order effects of MOS devices covered in Chapter 16. we now study the fabr-
cation of CMOS technologies. A solid understanding of device processing proves essential
in the design and layout of ICs because many limitations imposed on the performance of
circuits are related to fabrication issues. Furthermore, today’s semiconductor technology
demands that process engineers and circuit designers interact regularly so as to understand
each other’s needs, necessitating a good knowledge of each discipline.

In this chapter, we deal with the processing technology of CMOS devices, aiming to
provide a simple view of the fabrication steps and their relevance to circuit design and
layout. We begin with a brief description of basic fabrication steps such as wafer processing,
photolithography, oxidation. ion implantation, deposition, and etching. Next, we study the
fabrication sequence of MOS transistors in detail. Finally, we describe the processing of
passtve devices and interconnections.

17.1 General Considerations

604

Before delving into a detailed study of fabrication, it is instructive to consider the ba-
sic structure of NMOS and PMOS iransistors and predict the required processing steps.
As shown in Fig. 17.1, a p-type substrate (wafer) serves as the foundation upon which
n-wells. source/drain regions. gate dielectric. polysilicon, n-well and substrate ties, and
metal interconnects are built. Considering both the side view and the top view, we may
raise the tollowing questions: (1) How are various regions defined so accurately? For ex-
ample, how is a gate polysilicon line with a minimum dimension of 0.25 m fabricated
while maintaining a distance of 0.25 um from another polysilicon line? (2) How are the
n-wells and S/D regions built? (3) How are the gate oxide and polssilicon fabricated? (4}
How are the cate oxide and polysilicon aligned with the S/D regions? (3) How are the
contact windows created? (6 How are the metal interconnect layers deposited?

Modern CMOS technologies invelve more than 200 processing steps. but for our pur-
poses, we can view the sequence as a combination of the foilowing operations: (1) wafes
processing to produce the proper type of substrate: (2) photolithography to precisely define
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Top View

Dielectric

p—substrate

Figure 17.1 Side view and top view of MOS devices.

each region; (3) oxidation, deposition, and ion implantation to add materials to the wafer;
(+)etching to remove materials from the wafer. Many of these steps require “heat treatment,”
i.e.. the wafer must undergo a thermal cycle inside a furnace.

In semiconductor processing and characterization, we often refer to the ““sheet resistance”
of a laver. The total resistance of a rectangular bar is R = pL /(W - 1), where p 1s the
resistivity of the material, and L, W, and ¢, denote the length, width. and thickness of the
bar. respectively. In integrated circuits, the resistivity and thickness of the favers are set by
fabrication materials and processing steps and cannot be changed in the layout. The quantity
R- = p/1isthus defined as the sheet resistance, combining two constants of the technology.
Since R = R- for W = L. i.e.. for a square geometry, we express R in terms ot ohms per
square. For example, for a sheet resistance of 10 ©/0. a geometry with W =2 um and
L =20 um has a resistance of R =10 Q/0 x (20/2) = 100 €. In fact. we may say “this
fine 15 10 squares long.” meaning that L/ W = 10 and R = l0OR-.,

17.2 Wafer Processing

\

i The starting wafer in a CMOS technology must be created with w very high quality. Tha

i is. the wafer must be grown as a single-crystal silicon body having a very small number of
“defects.” ¢.g., dislocations in the cryvstal or unwanted impunities. Furthermore. the wafer

l must contain the proper type and {evel of doping so as to achieve the required resistivity.
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This is accomplished by the “Czochralski method,” whereby a seed of crystalline silicoy
1s immersed in molten silicon and gradually pulled out while rotating. As a result. a large
single-crystal cylindrical “ingot” is formed that can be sliced thin into wafers. The diameter
of the wafer has scaled up with new technology generations, exceeding 20 ¢cm (8 in) today,
Note that dopants are added to the molten silicon to ubtain the desired resistivity. The wafers
are then polished and chemically etched, thereby removing damages on the surface that are
created during slicing. In most CMOS technologies, the wafer has a resistivity of 0.05 o
0.1 $2-cm and a thickness of approximately 500 to 1000 pm (which is reduced to a few
hundred microns after all of the processing steps).

17.3 Photolithography

Photolithography. or simply lithography, is the first step in transferning the circuit lavout
information to the wafer. As shown in the top view of Fig. 17.1 and expiained in Chapter 18
in more detail, the layout consists of polygons representing different types of “lavers”
e.g., n-well, 8/D regions, polysilicon, contact windows, etc. For fabrication purposes. we
decompose the layout into these layers. For example, the layout of Fig. 17.1 can be viewed
as five different layers shown in Fig. 17.2, each of which must be created on the wafer with
a very high precision. Note that the “active” (or “diffusion™) layer includes the source/drain
regions and the p* and n* openings serving as the substrate and well ties.

n-well
{a)

Poly  ——————

: ] E =u E R m

] " :

{c) {d)

Metalr
(e)

Figure 17.2 Layers comprising the structures of Fig. 17.1.
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To understand how a layer is transferred from the layout to the wafer, let us consider
the n-well pattern of Fig. 17.2(a) as an example. This pattern is “written” to a transparent
glass “mask™ by a precisely controlled electron beam [Fig. 17.3(a)]. Also. as depicted in
Fig. 17.3(b). the wafer is covered by a thin layer of “photoresist.” o material whose etching
properties change upon exposure to light.! Subsequently. the mask is placed on top of
the wafer and the pattern is projected onto the wafer by ultraviolet (UV) light [Fig. 17.3(c)].
The photoresist “hardens™ in the regions exposed to light and remains “sott”™ under the
opaque rectangle, The wafer is then placed in an etchant that dissolves the "soft™ photoresist
area, thereby exposing the silicon surface [Fig. 17.3(d)}. Now, an n-well can be created in
the exposed area. We call this set of operations a lithography sequence.

Opaque
Transparent Polygon a— Photoresist
Glass /
MaSK \/ i/ W TT AT LTSI /./////."
t Substrate
(a) (b)

UV Light

it -
e o

e
rra A I s s . i ko ik
Substrate Substrate

(c) td)

Figure 17.3 (a) Glass mask used in lithography, (b} coverage of wafer by photoresist, (c) selective exposure
of photoresist to UV light. (c) exposed silicon after etching.

In summary, the sequence associated with the lithography of each layer involves one
mask and three processing steps: (1) cover wafer with photoresist; (2) align mask on top
and expose to light: (3) etch exposed photoresist. The example of Fig. 17.2 therefore requires
at least five masks and hence five lithography sequences.

We should mention that two tvpes of photoresists are used in processing. A “negative™
photoresist hardens in the areas exposed to light and a ~positive” photoresist hardens in
the areas not exposed to light. As explained later in this chapter. both types prove usetul in
fabrication.

The number of masks in a process heavily impacts the overall cost of fabrication. eventu-
ally influencing the unit price of the chip. This is so for two reasons: each mask costs several
thousand dollars, and. owing to the necessary precision. lithography is a slow and expensive
task. In fact. CMOS technology onginally became attractive by virtue of the relatively small
number of masks—about seven—that it required. Although in modern CMOS processes.

"In practice. a thin layer ot oxide is grown before depositing the photoresist to protect the surlace.
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this number is close to 25 (and the total cost of masks greater than $200,000). the cost of
each IC has nonetheless remained low because both the number of transistors per unit areq
and the size of the wafer have steadily increased.

17.4 Oxidation

A unique property of silicon is that it can produce a very uniform oxide layer on the surface
with little strain in the lattice, allowing the fabrication of gate oxide layers as thin as a fow
tens of angstroms (only several aromic lavers). In addition to serving as the gate dielectric,
silicon dioxide can act as a protective coating in many steps of fabrication. Also, in areas
between the devices, a thick layer of SiO3, called the “field oxide” (FOX) is grown. providing
the foundation for interconnect lines that are formed in subsequent steps (Fig. 17.4).

FOX FOX FOX

p—substrate

Figure 17.4 Field oxid=,

Silicon dioxide is “grown” by placing the exposed silicon in an oxidizing atmosphere
such as oxygen at a temperature around 1000°C. The rate of growth depends on the type
and pressure of the atmosphere, the temperature, and the doping level of the silicon.

The growth of the gate oxide is a very critical step in the process. Since the oxide
thickness. t,., determines both the current handling and reliability of the transistors, it must
be controlled to within a few percent. For example, the oxide thicknesses of two transistors
separated by 20 cm on a wafer must differ by less than a few angstroms, requiring extremely
high uniformity across the wafer and hence a slow growth of the oxide. Also, the “cleanness”
of the silicon surface under the oxide affects the mobility of the charge carriers and thus the
current drive. transconductance, and noise of the transistors.

17.5 lon Implantation !

In many steps of fabrication, dopants must be selectively introduced into the wafer. For
example. after the lithography sequence of Fig. 17.3 is completed, the n-well is formed by
entering dopants into the exposed silicon area. Simifarly, the source and drain regions of
iransistors require selective addition of dopants to the wafer.

The most common method of introducing dopants is “ion implantation,” whereby the
doping atoms are accelerated as a high-energy focused beam, hitting the surface of the wafi
and penetrating the exposed areas [Fig. 17.5(a)]. The doping leve! (dosage) is determine#
by the intensity and duration of the implantation, and the depth of the doped region 1s $%
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Figure 17.5 (a) lon implantation. ib) retrograde profile,

by the energy of the beam. As shown in Fig. 17.5. with a high energy. the peak of the
doping concentration in fact occurs well below the surface. thereby creating a “retrograde”
profile. Such a profile is desirable for the n-well because it establishes a low resistivity near
the bottom, reducing susceptibility to latch-up (Section 17.8). and a low doping level at the
surface, decreasing the S/D junction capacitance of PMOS devices.

Another important application of implantation is to create “channel-stop™ regions be-
tween transistors. Consider the field oxide and the $/D junctions of M| and .\/- inFig. 17.6(a),
assuming an interconnect line passes on top of the field oxide. Interestingly, the two n*
regions and the FOX form a MOS transistor having a thick gate oxide and hence a large
threshold voltage. Nonetheless, with a sufficiently positive potential on the interconnect
line. this transistor may turn on slightly, creating a leakzge path between \f, and M-. To
resolve this issue, a channel-stop implant (also called a nizld implant) is performed before
the field oxide deposition [Fig, 17.6(b)], thereby raising the threshold voliage of the field

- oxide transistor to a very large value,

Ion implantation damages the silicon lattice extensis 2iv. For this reason. the wafer is
subsequently heated to approximately 1000°C tor [5 to 30 minutes. allowing the lattice
bonds to form again. Called “annealing,” this operation ulvo leads to diffusion of dopants,
broadening the profile in all directions. For example. annealing results in side-diffusion of
S/D regions. creating overlap with the gate area. The water is therefore usually annealed
only once, after all implantations have been completed.

An interesting phenomenon in ion implantation s "channeling.” As shown in Fig. 17.7(a),
if the implant beam is aligned with the crystal axis. the 115 penetrate the wafer to a great
depth. For this reason, the implant (or the wafer) is ulted by 7-9° [Fig. 17.7(b)], avoiding
such an alignment and ensuring a predictable profile. As explained in Chapter 18, this tilt
impacts the matching of transistors. necessitating precautions in the lavout,
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Figure 17.6 (a) Unwanted conduction due to inversion of field area, (b) channel-
stop implant.
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Figure 17.7 (a) Effect of channeling, (b) tilt in implant to avoid
channeling.
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17.6 Deposition and Etching

As suggested by the structures of Fig. 17.1, device fabrication requires the deposition of
various materials. Examples include polysilicon. dielectric materials separating interconnect
fayers, and metal layers serving as inierconnects.

A common method of forming polysilicon on thick dielectric layers is “chemical vapor
deposition”™ (CVD)., whereby wafers are placed in a furnace filled with a gas that creates
the desired material through a chemical reaction. In modem processes, CVD is performed
at a low pressure to achieve more uniformity.

The etching of the materials is also a crucial step. For example. contact windows with
very small dimensions. 2.g.. 0.3 um x 0.3 um, and relatively large depths, e.g., 2 um, must
be etched with high pracision. Depending on the speed, accuracy. and selectivity required
in the etching step, and the tvpe of material to be etched, one of these methods may be used:
(1) “wet” etching, i.e.. placing the wafer in a chemical liquid (low precision); (2) “plasma™
etching, i.e.. bombarding the wafer with a plasma gas (high precision); (3) reactive ion
etching (RIE), where ions produced in a gas bombard the wafer.

17.7 Device Fabrication

With the processing operations described in the previous section, we now study the fab-
rication sequence and device structures in typical CMOS technologies. We consider three
categories: active devices. passive devices, and interconnects.

17.7.1 Active Devices

Basic Transistor Fabrication The fabrication begins with a p-type silicon wafer ap-
proximately 1 mm thick. Following cleaning and polishing steps. a thin layer of silicon
dioxide is grown as a protecuve coating on top of the wafer [Fig. 17.8(a)]. Next, to create
the n-wells. a lithographv sequence consisting of photoresist deposition, exposure to UV
light using the n-well mask. and selective etching is carried out and the n-wells are implanted
[Fig. 17.8(b)]. The remaining photoresist and oxide layers are then removed [Fig. 17.8(c)].

Recall from the previous section that a field implant and a tield oxide growth are neces-
sary in the areas between the transistors. At this point in the sequence, a stack consisting
of a silicon oxide layer. a <ilicon nitride (Si3N4). and u positive photoresist layer is created.
Next. the “active” mask i1« used tor lithography so that only the regions between the transis-
tors are exposed {Fig. 17.5¢d)).” Subsequently, the channel-stop implant is performed, the
photoresist is removed. and a thick oxide layer is grown in the exposed silicon areas, produ-
cing the field oxade. The protective nitride and oxide layers are then removed [Fig. 17.8(e)],
thereby exposing all areas where transistors are to be formed. In the subsequent diagrams,
the channel-stop implant = ill be omitted for the sake of clarity,

The next step involves the growth of the gate oxide. a ¢ritical operation requiring sfow,
low-pressure CVD {Fig. 17.361)]. As expluined in Chapter 2. the “native” threshold voltage

“The n-wells are not shown 1or clarity.
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Figure 17.8 Fubrication sequence of MOS devices.
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of the transistors is typically tur trom the desired value, necessitating a threshold-adjust
implant. (The native threshold of both PMOS and NMOS is usually more negative than
destred, e.g.. Vryy 2= 0. and Vryp = —1 V) Such an implant is performed following the
growth of the gate oxide. creating a thin sheet of dopants near the surface and making the
threshold of both NMOS and PMOS devices more positive.

With the gate oxide in place. the polysilicon layer is deposited and the “poly mask™
lithography is carried out. resulting in the structure shown in Fig. 17.82). We should
note that polysilicon is <imply noncrystalline (“amorphous’™) silicon. a property that arises
because this fayer grows on top of silicon dioxide and hence cannot form a crystal. Since
polysilicon serves as a conductor, its amorphous nature is unimportant. To reduce the
resistivity of this laver. an additional implant is typically used. yvielding a sheet resis-
tance of a few tens of ohms per square.

In the next step. the :ource/drain junctions of the transistors and the substrate and
n-well ties are formed by ion implantation. This step requires a “source/drain mask™ and
two lithography sequences. As illustrated in Fig. 17.8(h), the first sequence incorporates
a negative photoresist. exposing the areas to receive an n* implant (the $/D junctions of
NMOS transistors and the 77-well ties). In the second sequence [Fig. 17.8(i)]. the same mask
and a positive photoresist are used, exposing the areas to receive a p™ implant (the S/D
junctions of PMOS transistors and the substrate ties). Note that these implants also dope
the polysilicon layer, reducing its sheet resistance. This step completes the fabrication of
the basic transistors.

The reader may wonder why the source/drain junctions are formed after the gate oxide
and polysilicon. Suppose. as depicted in Fig. 17.9(a), these junctions are created first. Then,
the alignment of the gate poly mask with respect to the S/D areas becomes extremely
critical. Even if the misalignment is a small fraction of the minimum channel length, a
¢ap may appear between the source (or drain) and the gate area, prohibiting the formation

&> P

p-substrate p-substrate
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N-Type Implant
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Figure 17.9 ) Formation of n* regions before deposition of poly.
(b) self-uligned structure.



614

Chap. 17 CMOS FProcessing Technolc,gy

of a continuous channel in the transistor. By contrast, the sequence shown in Fig. 178
yields a “self-aligned” structure because the source/drain regions are implanted at precisely
the edses of the gate area and a misalignment in lithography simply makes one junt:tin'n
stightly narrower than the other [Fig. 17.9(b)]. Interestingly. the first few generations oy
CMOS technology were based on the approach shown in Fig. 17.9(a). but it was soon
discovered that the self-aligned structure woulid lend itself to scaling much more easily.

Back-End Processing With the basic transistors fabricated. the wafers must next yn.
dergo “back-end” processing, a sequence primarily providing variou: electrical connections
on the chip through contacts and wires. The first step in this sequence 15 “stirnidation.” Since
the sheet resistance of doped polysilicon and S/D regions is typicaily several tens of ohms
per square. it is desirable to reduce their resistance by about an order of magnitude, Sit;-
cidation accomplishes this by covering the polysilicon layer and active areas (S/D regions
and substrate and n-well ties) with a thin layer of a highly conduciive material, e.g.. tita-
nium silicide or tungsten. [llustrated in Fig. 17.10, this step in fact begins with creating an
“oxide spacer” at the edges of the polysilicon gate such that the deposition of the silicide
becomes a self-aligned process as well.> Without the spacer. the silicide layer on the gate
may be shorted to that on the source/drain.

Oxide Spacer

: p"' i ot
{ad
Silicide
T
I
y B
pq- . n+ | nq.

[ ——

1o}

Figure 17.10 (a) Oxide spacers and b silicidz,

The next step in back-end processing is to produce contact wincows on top of polysiii-
con and active regions. This is carried out by first covering the water with a relatively thick
(0.3- to 0.3-um) laver of oxide and subsequently performing a lithography sequence using
the “contact mask.” The contact holes are then created by plasma tching {Fig. 17.11tall.
Owing to reliability issues. contacts to the gate polysilicon are not placed on top of the
gule area,

Following contact windows. the first laver of metal interconract (called “metu 1)
(using ajuminum or copper) is deposited over the entire water. & iithography seqaiv®

ISelf-alivaed sihizide is sometimes called “salicide.”
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Figure 17.11  Contact and metal fabrication.

using the “metal 1 mask™ is then carried out and the metal layer is selectively etched
(Fig. 17.11(b)).

The higher levels of interconnect are fabricated using the same procedure [Fig. 17.11¢c)].
For each additional metai laver. two masks are required: one for the contact windows
and another for the metal itself. Thus. a CMOS process having five layers of metal con-
tains 10 masks for the back end. The contact windows between metal fayers are some-
times called “vias™ to distinguish them from the first level of contacts to active areas and
polysilicon.

We should mention that if a large area must be contacted. many small windows—rather
than a large window—are usually used. Dictated by reliability issues. the dimensions of
each contact or via are hixed and cannot be decreased or increased by the layout designer. An
interesting phenomenon related to Jarge active areas is “contact spiking.” It & large contact
window allows aluminum to touch the active area. then. as depicted in Fig. 17.12¢a). the
metal may “eat” and penetrate the doped region. eventually crossing the junction to the
bulk and shorting the diode. With small windows. on the other hand. this etfect is avoided
(Fig. 17.12(b)}.
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Figure 17.12 (a) Spiking due to large contact areas. (b) use of small contacts to avoid spiking.

The hnal step in back-end processing is 10 cover the wafer with a “glass™ or
“passtvation” layer, protecting the surface against damages caused by subsequent mechan-
ical handling and dicing. After a lithography sequence using the “passivation mask,” the
glass is opened only on top of the bond pads to allow connection to the external environment
(e.g., the package). i

17.7.2 Passive Devices

Passive components such as resistors and capacitors find wide usage in analog design,
making it desirable to add these devices to standard CMOS technologies. In practice, how-
ever. CMOS processes target primarily digital applications and hence provide only NMOS
and PMOS transistors. A new generation of CMOS technology may take one to two vears
and many iterations before it becomes an “analog process.” i.e., one offering high-quality
passive devices. If a digital CMOS process is to be used for analog design, we must seek
structures that can serve as passive components. The principal i1ssue in using such structures
is the variubility of the component value from wafer to wafer because the process flow does
not assume such structures are used in circuits.

Resistors A CMOS process may be modified 50 as to provide resistors suited 10 ana-
log design. A common method is to selectively “block™ the silicide layer that is deposited
on top of the polysilicon. thereby creating a region having the resistivity of the doped
pelysilicon (Fig. 17.13). This means the fabrication requires an additional mask and a cor-
responding lithography <equence. Since the poly doping level is determined by vanous
impiants in the process. the resistivity obtained here is not necessarily a target value, bul
it usually talls in the range of titty to a few hundred ohms per square. For the same red-
son, the resistance value may vary by as much as £20% from wafer to wafer or lot 10
lot.

The use of silicide on the two ends of the resistor in Fig. 17.13 results in a much
lower contact resistance than that obtatned by directly connecting the metal laver 10 doped
polvsilicon. This improves both the definition ot the resistor value and the maiching with
identical structures. Also, for a given resistunce. poly resistors typicaily exhibit much e
capacitance to the substrate than other types—on the order of ®0 at/iem? for the bottom plat®
cupacitance and 100 af/m for the fringing capacitance. These resistors are quite Hneaf
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Silicide Block

=1 FOX

p-substrate Figure 17.13 Poly resistor using
silicide block.

especially if they are long. The primary difficulties with silicide-block poly resistors are
vanability, mask cost, and process complexity.

In a purely digital process, silicided poly, silicided p* or n™ active areas, n-well. and
metal layers can be used as resistors. Since the silicided layers have a low resistivity and,
more importantly, their resistance varies substantially (e.g., by £50%), they are rarely
used in analog circuits.’ An n-well resistor can be formed as shown in Fig. 17.14. but
the n-well resistivity may vary by several tens of percent with process. With typical sheet
resistivities of about 1 k€2/Z. #1-well resistors can prove useful where their absolute value is

n-well

n-well

p-substrate Figure 17.14 Resistor made of #-
well.

“Onz exceptivn is where the low value is desirable and the ubsolute value is not critical, e.¢., in resistor ladders
used in ATy conveniers {Chapter 18).
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c t+— Vout
1 X
Vin °_—‘”""‘“-‘Il,_:|-M1
=R, -
lo !
Mg Y
=C
- I 0 Figure 17.15 LUse of an n-well resis-

tor in a coupling network.

not critical. For example, Fig. 17.15 shows a common-source stage that is biased by means
of Mp and /p while employing C, to block the dc level of the preceding stage. In order 1o
isolate the signal path from the low impedance (and the noise) introduced by M. resistor R,
is inserted between X and Y. Here, the value of R, is not critical so long as it is sufficiently
large.

We should mention that, due to the depletion region formed between the r-well and the
p-substrate. n-well resistors suffer from both a large parasitic capacitance and significant
voltage dependence. Fig. 17.16 illustrates a typical case, where one terminal of the n-well
resistor is tied to Vpp. Since the capacitance to the substrate is distributed (nonuniformly)
along the resistor. a lumped model may not be accurate enough, but as a rough approxima-
tion, we place half of the total capacitance on each side of the resistor. We also note that as
Veur varies. so do the width of the depletion region and hence the value of the resistor.

The metal layers available in CMOS technologies exhibit sheet resistances on the order of
70 m&/= i for bottom layers) to 30 m$2/Z (for top layers). Thus, for resistor values comimon
1n analog design. wmetal layers are rarely used.

Voo

"_':"?. Dep]e“on e VDD
&[4 Region

v, o
oD A, g —{n _

Figure 17.16 Common-source stage using #-well resistors.
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Capacitors Capacitors prove indispensible in most of today’s analog CMOS circuis.
Several parameters of capacitors are critical in analog design: nonlinearity (voltage depen-
dence), parasitic capacitance to the substrate, series resistance. and capacitance per unit area
(density). In CMOS technologies modified for analog design. capacitors are fabricated as
“poly-diffusion.” “poly-poly.” or "metal-poly” structures. Illustrated in Fig. 17.17, the idea
is to grow or deposit a relatively thin oxide between two fioating conductive layers, thereby
forming a dense capacitor with moderate bottom-plate parasitic (about 10 to 20%).

. /POIYZ Metal 1
Poly 1= o Poly 1 = . Poly 1
C::;E::f;;/ I - . . - s
R — o TRex i oo Fox
RRRRITEN (S
p—substrate p—substrate p—substrate
(a) (b} {c})

Figure 17.17 Linear capacitor structures, (a) poly-diffusion. (b} poly-poly, (c) metal-poly.

The fabrication steps required to build the poly-diffusion capacitor of Fig. 17.17(a) are
shown in Fig. 17.18. First, using the “capacitor mask,” a lithography sequence similar to that
of Fig. 17.3 defines the bottom plate areas and a heavy n* implant is applied [Fig. 17.18(a)}.
Next, the gate oxide layer is grown over the entire wafer {Fig. 17.18(b)]. Note that the
oxide grows faster over the 77 region because of the heavier doping level, yielding a
capacitance per unit area less than that of MOSFETs. The fabrication then proceeds as

P SO I Gate

e T at Oxide
p—-substrate p-substrate
{a) {b)

Metal 1
/Pofy ﬁl _ |
— =
T g

p—substrate p—substrate
) iy

Figure 17.18 Fubrication steps of poly-diffusion capacitor,
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in a standard CMOS process. forming capacitors and MOS devices simultaneously [Figy.
17.18(c) and (d)). i

It is important to understand the necessity of the capacitor mask in the above sequenc,.
The self-aligned process used to fabricate MOS devices forms active regions in the substryge
only after the gate oxide and polysilicon are created. It is therefore impossible to build
doped area itnder the polysilicon without an extra lithography sequence. Even if the layoy,
is drawn as in Fig. 17.19. since the #7 step is performed after the deposition of poly, the
resuit is still a MOS device rather than a linear capacitor.

-a— Poly

Active

N\

’ \ Figure 17.19 Layout yielding a
MOSFET rather than a linear capacitor.

By virtue of its simplicity. the poly-diffusion capacitor is the most common type, but
it still requires an additional mask and associated fabrication steps. This structure suffers
from some nonlinearity because the width of the depletion regions at the poly-oxide and
oxide-diffusion interfaces changes with the applied voltage (Fig. 17.20), thereby varying
the equivalent dielectric thickness between the two conductive plates. If C ~ Cgll +
oV 4+ V?2), then a; and oz are typically on the order of 5 x 107* V="' and 5 x 107> V=2,
respectively. The bottom-piate parasitic of this topology is atout 20% of the interplate
capacitance.

Depletion

Figure 17,20 Depletion regions in a

p—substrate e ,
polyv-ditfusion capacitor.

The poly-poly capacitor of Fig. 17.17(b) is used in “double-poly” processcs. e.g., those
designed for fabricating electrically erasable programmable read-only memories
(EEPROM:S). Requiring both a capacitor mask and processing steps for the deposition and
etching of the second polysiticon layer, this structure is available in some technulogies and
has roughty the same linearity and bottom-plate parasitic as the poly-diffusion capacitor.

The metal-poly topology shown inFig. 17,172 is the most linear and the most cxpensive
of the three. Here, after the transistors are formed and the polysilicon is silicided, a thin layef
of Si0: is deposited over the entire wafer. Next. a lithography sequence using the capacitof
mask defines areas on top of polysilicon where the oxide must remain. and selective etching
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is performed. Owing to silicidation, no depletion region is formed at the poly-oxide interface
and the linearity of the capacitor is improved. Nonlinearity coefficients as low as a few parts
per million have been achieved for such a structure {1]. The bottom-plate parasitic is on the
order of 10 to 20%.

Digital CMOS technologies do not offer the foregoing capacitor structures for cost and
yield reasons. The designer must therefore construct capacitors through the use of the
“native” layers of the process.

Perhaps the simplest capacitor structure in CMOS technology is that implemented by
a MOSFET. Illustrated in Fig. 17.21(a), the device has a capacitance that varies from a
small value at low voltages (where no channel exists and the equivalent capacitance is the
series combination of the oxide capacitance and the depletion region capacitance) to a large
value (C,,) if the voltage ditference exceeds Vry. Since the gate oxide is typically the thin-
nest layer in the process, MOS capacitors biased in strong inversion are quite dense, saving
substantial area if large values are required. For the same reason. the bottom-plate parasitic.
i.e., that due to drain and source junctions, is a relatively small percentage of the gate
capacitance—typically 10 to 20%.

l Ceh
nt J \__n* | e

p-—substrate

Ve
ta (b

Figure 17.21 (a) MOSFET configured as a capacitor, (b) nonlinear C/V charactenistic.

Unfortunately, the voliage dependence of MOS capacitors, even in strong inversion,
makes the structure less zutractive for precision charge transfer.

Example 17.1

Consider the multiply-bv-two amplifier of Section 12.3.3. shown in Fig. 17.22{a} as an imple-
mentation using a MOS czpacitor €| and a linear capacitor Cp. Explain how the output voltage
in the amplification mode 12 distorted.

Solution

Suppose for simplicity that 7., is below ground by more than Vi & so that the NMOS capacitors are
in strong inversion during <zmpling. As the circuit enters the amplitication mode. the voltage across
€ approaches zero and the ‘otal charge stored on C is transferred to C3. How much is this charge?
If C; were linear, we would have 0 = C |V, but here we must write dQ = CdV". Thus. as shovn
in Fig. 17.22tb}. the total trznsferred charge when ithe voltage across the capacitor goes from V;, 10
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O
1]

Cch

o

b)

Figure 17.22 Precision multiply-by-two circuit using a MOS capacitor.

zero is equal to the area under the C/V characteristic, a value substantially less than that in the linear
case. The output voltage is then given by

Vi
CidV. (17.1)

1
Vn = V; -+
i " C: o

Another issue related to MOS capacitors is their series resistance, an effect arising from
the gate materiat and. more importantly, the channel resistance. Assuming proper layout
minimizes the gate resistance, we view the channel resistance as shown in Fig. 17.23.
estimating the equivalent series resistance as (R, /2)[[( Ry, /2} = Rio /4. where R =
(tCo W/ LY Vs — Vr)]~!. The intrinsic time constant of the capacitor is therefore

c
Ryt | Frot! Aot As
o2 02

!

Figure 17.23 Channel resistance of MOS capacitor.
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equal to:

Ry,
T = ;'Cd, (17.2)
|
= P ' LVLC!JX (17.3)
-]-,-'IC,,_\-“'VXL){‘ Gy — VTH)
L]
= {17.-h)

du(Vos — Vru)

In reality, the distributed nature of the resistance and the capacitance along the channel
results in a time constant equal to one-third of that given above {2]. Another figure of merit
for such a capacitoris Q = {1/(Cw)]/ Rs. As a rule of thumb, we choose Rs < 0.1 (Cw).

Equation 17.4 indicates that for a given overdrive. to minimize the series resistance of a
MGOS capacitor. L must be minimized. Consequently, MOS capacitors are usually designed
as a paratle] combination of wide, short devices rather than a square block (Fig. 17.24). The
penalty 1s a higher junction capacitance to the substrate and somewhat greater area.

In applications requiring linear capacitors, a “sandwich” of conductive layers can be
formed in CMOS technology. Shown in Fig. 17.25 is an example, where the capacitance
between every two layers is exploited to increase the density. Since the dielectrics between

- - -

Figure 17.24 Use of wide, short MQOS fingers to reduce channel resistance.

C= C1+""+C4

=]

i+l
Metal 4 ?
c

1
Metal 3 —E:?
c

2
Metal 2| ——F—=-

Metal 1 —#
Cq

Poly ==

_I

Substrate Figure 17.25 Linear capacitor made
of native conductive layers.
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thc lave:‘«; are re]alive]y thick, this structure still requires a much larger area lhan the L) DL\

pol) and subs[ratc in Fig. 17.23) is quite large. dbOUt 30 10 60‘3' of the wotal lﬂit-lphnc
capacitance. This structure is studied in detail in Chapter 18.

Example 17.2

An amplifier with an input capacitance of Cy, is 10 be ac-coupled to a preceding stage having an outpy;
resistance R,y . Considering both of the topologies depicted in Fig. 17.26 and allowing a maximum
signal attenuation of 20%, determine the minimum value of the couplmg capacitor and the resulting
time constamt if Cp = 0.5C¢ or Cp = 0.2C.

|: Rout X Ce l: I: Rouwt Cc X l:
_. Cin Cin

{a) (b)
Figure 17.26

Solution
In Fig. 17.26(a), the attenuation is given by: A, = Cc/(Cc + Ciy). vielding C¢ = 4C;, for a 20%

signul loss. The total capacitance seen from node X to ground is therefore equal to Cp + C¢Cin/

(Ce + Cipg) = Cp + 0.8Cy. It follows that the time constant is 2.8R,,,C., for Cp = 0.5Ce and
1.6Royt Cin for Cp = 0.2Cc.

In Fig. 17.26(b), Cp itself attenuates the signal: A, = C¢/(C¢c — Cin — Cp), indicating that no
value of C¢ can yield a signal loss of 20% if Cp = 0.2C¢.

These calculations yield two important results. First, the topology of Fig. 17.26(a) is generally
preferable. Second, the addition of a coupling capacitor, e.g., to isolate the bias levels, substantially
degrades the speed.

17.7.3 Interconnects

The performance of today’s complex integrated circuits heavily depends on the quality of the
available interconnects, requiring more metal layers in new generanons of the technology-5
Proper modeling of interconnects in a high-performance circuit is still a topic of active
research, but our objective is to provide a basic understanding of the interconnect issues.

Two properties of interconnects, namely. series resistance and parallel capacitance. im-
pact the performance. often mandating iteration between lavout and circuit design. The
series resistance becomes especially problematic in suppiv and ground lines. creating d¢
and transient voltage drops. Also. for long signal lines, the distributed resistance and €&
pacitance of the wire may result in u signiticant delay.

S At the time of this writing, wechnologios with six layers of metal are in production.
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The resistance of metal wires can be easily estimated at low frequencies, where skin
effect is negligible, Typical sheet resistances are 30 mQ/O for the topmost (thickest) layer
and 70 mQ/C for lower layers. The finite resistance of wires influences the choice of line
widths for high-current interconnects such as supply and ground buses, as illustrated by the
following example.

Example 17.3

A D/A converter incorporates N equal current sources implemented as NMOS devices each having
an aspect ratio of W/L [Fig. 17.27(a)]. Assuming the interconnect between every two consecutive
current sources has a small resistance. r. estimate the mismatch between fyy and /.

! ! i
M.,j ! M.zj ? M, N
Vb‘ = } oo.—l
I r r r

1a) (b)

Figure 17.27 Effect of ground resistance in a D/A converter.

Solution

If r is sufficientls small. the circuit can be modeled as shown in Fig. 17.27(b), where. /| = [» =
= [y = I. The voltage at node NV is obtained by superposition of currents:

Ve = Ir+1C2ry+ -+ I(NF) (17.3)
NN+
= XD, (17.6)
If Vy is relatively small. the assumption /} = f» = ... = [y used in the above calculation is

reasonable and M- -My exhibit roughly equal transconductances. Thus,

Iy =1 - Em Vv (rr.n
NN +1
=/ --g,,,r-—--(—----)-mir (17.8)
NN + 1|
= f {l —gm-"(_,)'-t'“-')'] . (17.9

Since Vi = N . J-r.wehave /) = [ — ¢,V - [ - r, and the relative mismatch between /) and 7y

NIN-D
—

(17.10)

li'l -1y
= Bmr

I
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The key point here is that the error grows in proportion o N?. The ground bus must therefore be
sufficiently wide to minimize r.

Another factor determining the width of interconnects is “electromigration.” At high
current densities, the aluminum atoms in a wire tend to “migrate.” leaving a void that
eventually (after some years of operation) grows to a discontinuity. For this reason. long.
term reliability considerations restrict the maximum current density of interconnects, Ay 3
rule of thumb, a current-density of 1 mA per micron of width is acceptable. but the acwal
value varies according 1o the thickness of the metal. Also, for transient currents, the peak
value may be quite higher. '

The problem of interconnect capacitance is much more complicated. We begin with g
single wire on top of a substrate (Fig. 17.28). identifying a “parailel-plate™ capacitance and
a “fringe” capacitance. For narrow lines. the two are comparable.

I A
t o B L
% Fringe
h Capacitance
' Y YY Y VY
Substrate

Figure 17.28 Paraliel-plate and fringe capacitance of an
interconnect,

A simple empirical relationship for calculating the total wire capacitance per unit length
on top of a conducting substrate is:

W W 025 N
1 1

where W. /. and 1 denote the dimensions shown in Fig. 17.28 [31. For typical dimensions.
this equation predicts the capacitance with a few percent of error.

While upper levels of metal in a process exhibit less capacitance per unit width and
length. their minimum allowable width is usually greater than that of the lower layers. Thus.
the minimum capacitance for a given length may be only siightly smaller for the topmost
layer(s). Table 17.1 depicts typical values for the minimum widths and parailel-plate and
fringe capacitances (to the substrate) in a four-metal (.25-um process. ’ ‘

Wires also suffer from parallel and fringe capacitances between them. [lustrated in
Fig. 17.29. this effect is difficult to quantify for a complex layout. often necessitating the
use of computer programs. In practice. the capacitances between the layers are calculated
by “electromagnetic field solvers,” measured experimentally, and tabulated in the process
design manual. ;
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Table 17.1  Minimum widths and capacitances of
interconnects in a 0.25-um technology.

Poly Metal1 Metai2 Metal3 Metal4d

Minimum Width 0.25 0.35 0.45 0.50 0.60
(rm)
Bottom-Plate 80 30 15 9.0 7.0
Capacitance
{(aF/fum?)
Fringe Capacitance 110 80 50 40 30
{Two Sides) '
(aF/um)

YYvYvyvyy

Substrate

Figure 17.29 Complex interconnect structure.

17.8 Latch-Up

Owing to manuracturing ditficulties, the first few generations of MOS technologies provided
only NMOS devices. In fact. many of the early microprocessors and analog circuits were
fabricated in NMOS processes, but they consumed substantial power. The advent of CMOS
technology was motivated by the zero static power dissipation of CMOS logic—although
CMOS devices required a greater number of masks and fabrication steps. Another issue
that did not exist in NMOS implementations but arose in CMOS circuits was latch-up.

Consider the NMOS and PMOS devices shown in Fig. 17.30(a). Recall from Chapter 11
that a parasitic pap bipolar transistor, (31, is associated with the PFET. the n-well. and the
substrate. By the same token. a parasitic npn device. Q. canbe identified in conjunction with
the NFET. Wea make two observations: (1) the base of each bipolar transistor is inevitably
tied 1o the collector of the other: (b) owing to the finite resistance of the n-well and the
substrate. the bases of (/| and Q> see a nonzero resistance to Vpp, and ground. respectively,
The parasitic circuit can therefore be drawn as in Fig. [7.304by. revealing a positive feedback
loop around @ and @». In fact. if a current is injected into node X such that Vy rises. then
{c2 increases. Vy falls. j/cy, increases, and Vi rises further. If the loop gain is greater
than or equal to unity. this phenomenon continues until both transistors tum on completely.
drawing an enormous current trom Vpp. We say the circuit is latched up.
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2 Drain M2 . Voo M+ prain Voo
| 1 TJ 1 T// i _T_
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(a) : b

Figure 17.30 (a) Parasitic bipolar transistors in a CMOS process, (b} equivalent circuit,

The 1nitial current required to trigger latch-up may be produced by various sources in an
integrated circuit. For example, in Fig. 17.30(a), the bases of Q, and Q: are capacitively
coupled to the drains of M, and M>, respectively. A large voltage swing at the drains can
therefore inject a significant displacement current into the n-well or the substrate, initiating
latch-up.

A common case. of latch-up occurs with the use of large digital output buffers (invert-
ers). These circuits inject high currents into the substrate through the large drain junction
capacitance of the transistors and by forward-biasing the source-bulk junction diodes. The
latter -arises because of the substantial transient voltages produced across the bond wires
connected to the ground (Chapter 18).

In order to prevent laich-up, both process engineers and circuit designers take precau-
tions such that the loop gain of the equivalent circuit shown in Fig, 17.30tb} remains well
betow unity. Proper choice of the doping levels and profiles as well as tayout design rules
ensure a low value for both the parasitic resistances and the current gain of the bipolar
transistors. Furthermore, the layout of the circuit incroporates substrate and n-well contacts
with sufficiently small spacing so as to minimize the resistance. The design manual of each
technology typically provides an extensive set of lavout rules recommended for latch-up
prevention.

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. Also, assume all transistors ure in saturation.

17.1. A MOS technology is designed to provide only n-type transistors and two matal layers. Sketch
the fabrication steps and determine the minimum number of masks required :n this technology.

17.2. During a threshold-adjust implant. the wafer wus not tilted. leading 10 s2vere channeling.
Explain whether the resuiting threshold voltage is higher or lower than the target value.

17.3. The circuits of Fig. 17.31 have been fabricated with a longer-than-expectad gate oxidation
cycle. If the threshold voltages are still equal to the desirable value. sketen Vi, versus Via
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and compare the results to the target case.

Voo Yoo
M, M3
|Vaut Vln Vout
1) {b

Figure 17.31

The circuits of Fig. 17.31 have been fabricated without a threshold-adjust implant. Sketch
Voue versus Vi, and compare the results to the target case.

Due 1o a layout error, the circuit shown in Fig. 17.32 suffers from contact spiking in one of the
junctions. Identify the faulty junction if (a) the voltage gain is higher than expected. (b) the
output voltage is near Vpp.

Figure17.32

An NMOS cascode current source used in a large circuit exhibits a substantially lower output
impedance than expected. Determine which fabrication error may have led to this etfect:
{a) channeling during S/D implant, (b) omission of the channel-stop implant. i) insufficient
gate oxide growth.

An NMOS cascode current source has a zero output current. If a single (smail) lithography
misalignment has caused this error, determine in which fabrication step(s) this may have
occurred.

A differential pair using an active current mirror as load suffers from a low small-signal voltage
gain. If the biax current is equal to the target value, Jetermine which fabrication error may
have led to this effect a) heavy n-well implantation. tby heavy threshold-adjust implantation.
(¢c) long gate oxidation evele,

The switched-capacitor anplifier of Fig. 17.23 exhibits a farge gain error, If the bias current
of the op amp is equal 1o the desired value. which fabneation error is likely to have happened:
(a) heavy threshold-adjust implantation. (by very heavy doping in the bottom plate of C,
{placed at node P (¢} channeling during the S/D implantation.
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17.10. [n Fig. 17.34. the digital circuit draws large transient currents from Vpp. Without M|, the
inductor Ly, would sustain a large transient voitage Ly fpp/dr. Transistor My with W/L =
100;0.5 is added to suppress this effect.

Ly {
VDD—JMN—]_X—_ED]
M: | Digital
_LJ_L_L Circuit
- - J_ .
= Figure 17.34

(a) Calculate the equivalent series resistance of M.
{b) Calculate the maximum value of L, that resuits in a critically-damped response at node
X. Model the digital circuit by a transient cuirent source,

17.11, In the circuit of Fig. 17.27, Vp = L2 V. N = 32, and (W/L) _y = 20/0.5. Determine the
maximum vaiue of r for 2 maximum current mismatch of 1%.

17.12, SupposeinEq.(17.41),r = I pmand & = 3 pem. For what value of W are the parallel-plate
and fringe capacitances equal? What if h = 5 um?
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Chapter 18

Layout and Packaging

In the past 20 years, analog CMOS circuits have evolved from low-speed. low-complexity,
small-signal, high-voltage topologies to high-speed, high-complexity, low-voltage “mixed-
signal” systems containing a great deal of digital circuitry. While device scaling has en-
hanced the raw speed of transistors, unwanted interaction between different sections of
integrated circuits as well as nonidealities in the layout and packaging increasingty limit
both the speed and the precision of such systems, Today’s analog circuit design is very
heavily influenced by iayout and packaging.

In this chapter, we study principles of layout and packaging. emphasizing effects that
manifest themselves when analog and digital circuits coexist on a chip. For the sake of
brevity, we use the term analog to mean both “analog” and “mixed-signal.” Beginning with
an overview of layout design rules, we study a number of topics related to the layout of
analog circuits, including multifinger transistors. symmetry, reference distribution, passive
device layout, and interconnects. Next, we deal with the problem of substrate coupling.
Finally, we describe packaging issues, analyzing the effect of self- and mutual inductance
and capacitance of external connections to integrated circuits.

18.1 General Layout Considerations

The layout of an integrated circuit defines the geometries that appear on the masks used
in fabrication. From Chapter 7, the geometries include n-well, active. polysilicon, n™ and
p~ implants, interlayer contact windows. and metal layers.

Figure {8.! shows an example, where the mask geometries required for a PMOS tran-
<istor are drawn. It ts important to note the following: (1) the n-well surrounds the device
with enough margin 10 ensure that the transistor is contained in the well for all expecied
misalignments during fabrication: (2) each active area (S/D regions and #~ contact (0
the well) is surrounded by a proper implant geometry with enough margin: (3) from the
tabrication steps described in Chapter 17. the gate requires its own mask: (4) the con-
tact windows mask provides connection from active and poly regions to the first layer
of metal.

631
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Metal 1

Poly

Contact

P

n-weli

Active

%

Figure 18.1 Layout of a PMOS
ransisior.

g Implant

In most modern layout tools, the implants. and even the n-wells are automatically gen-
erated from the remainder of transistor geometries. reducing the number of layers that the
layout designer sees on the computer screen and simplifving the task.

18.1.1 Design Rules

While the width and length of each transistor is determined by circuit design, most of the
other dimensions in a layout are dictated by “design rules.” i.e., a set of rules that guarantees
proper transistor and interconnect fabrication despite various tolerances in each step of
processing. Most design rules can be categorized under one of four groups described below.

Minimum Width The widths (and lengths) of the geometries defined on a mask must
exceed a minimum value imposed by both lithography and processing capabilities of the
technology. For example. if a polvsilicon rectangle is excessively narrow, then, owing 1o
fabrication tolerances, it may simply break or at least suffer from a large local resistance
(Fig. 18.2). In general, the thicker a laver, the greater its minimum allowable width, indi-

Y

W.
m‘ ! Figure 18.2 Excessive width varia-

' tion in a narrow poly line.

cating that as technologies scale, the thickness must be decreased proportionally. Fig. 18.3
depicts examples of minimum widths in a 0.25-pm technology. Note that the thickness of
the lavers is not under the conirol of th: layout designer.

~
Metal 1
POly i
0.5 um
-
025 um

| Substrate

- Figure 18.3 Widths and thicknesses of poly and metal lines.
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Poly Line
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(a) (b)

Figure 18.4 (a) Short between two excessively close poly lines, (b) minimum
spacing between active and poly.

Metal 1

.;_: Figure 18.5 Enclosure rule for poly
2 and metal surrounding a contact.

Minimum Spacing The geometries built on the same mask or. in some cases. different
masks must be separated by a minimum spacing. For example. as shown in Fig. 18.4(a), if
two polysilicon lines are placed too close to each other, they may be shorted. As another
example, consider the case shown in Fig. 18.4(b), where a pelysilicon line runs close to
the S$/D area of a transistor. A minimum spacing is required here to ensure the implant
surrounding the transistor does not overiap with the poly line.

Minimum Enclosure We mentioned above that in the layout of Fig. 18.1. the n-well
and the p* implant must surround the transistor with sufficient margin to guarantee that the
device is contained by these geometries despite tolerances. These are examples of minimum
enclosure rules. Fig. 18.5 depicts another example. where a poly contact window connects
a poly line to a metal 1 line. To ensure that the contact remains inside the poly and metal |
squares, both geometries must enclose the contact with enough margin.

Minimum Extension Some geometries must extend beyond the edge of others by a
minimum value. For example, as shown in Fig. 18.6. the gate polysilicon must have a
minimum extension beyond the active area to ensure proper transistor action at the edge.

In addition to the minimum dimensions specified in the above four categories, some
maxinmon allowable dimensions may ai=0 be enforced, For example, for long metal wires.,
the minimum width is typically larger than that for short wires to avoid “liftott™ problems.
Other such rules relate 1o the “antenna 2ffect.” described in the next section,

Fig. 18.7 summarizes a small subset of design rules governing the layout of an NMOS
differential pair with PMOS current-source loads. Modern CMOS technologics typically
involve more than 150 layout design rules.
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Figure 18.6 Extension of poly
bevond the gate area.

: Active—Active Spacing

: Metal Width

: Metal—-Metal Spacing

: Enclosure of Contact by Active
: Poly—Active Spacing

: Active—-Wel! Spacing

: Enclosure of Active by Well

: Poly—Poly Spacing

Figure 18.7 Lavour of a differential pair with PMOS current-source loads.

18.1.2 Antenna Effect

Suppoese the gate of a small MOSFET is tied to a metal 1 interconnect having a large ared
[Fig. 13.8¢a)}. During the etching of metal 1, the metal area acts as an “antennit.” collecting
ions and rising in potential. [t is therefore possibie that the gate voltage of the MOS device
imcreases so much that the gate oxide breaks down (irreversibly ) during fubrication.

The untenna effect may occur for any large piece of conductive material tied to the ¢
including polysilicon itself. For this reason. submicron CMOS technologies tvpicallv It

the total area of such geometries. thereby minimizing the probability of gate oxide damage.
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Figure 18.8 (a) Layout susceptible to antenna effect. 1b) discontinuity in me=al | laver to avoid antenna

effect.

If large areas are inevitabie. then a discontinuity can be created as illustrated in Fig. 18.8(b)
so that, when metal { is being etched, the large area is not connecied to the gate.

18.2 Analog Layout Techniques

The extensive sets of design rules enforced by mainstream CMOS processes aim 1o maxi-
mize the yield of digital ICs while allowing moderately aggressive circuit design. Analog
systems, on the other hand, demand many more layout precautions <0 as to minimize effects

such as crosstalk, mismatches, noise, etc.

18.2.1 Multifinger Transistors

As mentioned in Chapter 2, wide transistors are usually “foldec™ 0 as to reduce both
the S/D junction area and the gate resistance. A simple folded siructure such as that in
Fig. 18.9(a) may prove inadequate for very wide devices. necessitzting the use of multiple
“fingers” [Fig. 18.9(b)]. As a rute of thumb. the width of each finger is chosen such that the
resistance of the finger is less than the inverse transconductance as:ociated with the finger.
In low-noise applications. the gate resistance must be one-fitth to cne-tenth of 1/g,,.

D
R i
il | L e B
— M
S
(a}

Figure 18.9 () Simple folding of a MOSFET, (b) use of multiple finger.
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Example 18.1

.

A 100-pm/0.6-p4m MOSFET biased at | mA exhibits a transconductance of 1/(200 Q). If the sheey
resistance of the gate polysilicon is equal to 5 /0, what is the widest finger that the structure can
incorporate while ensuring the gate thermal noise voltage is one-fifth of the input-referred channel
thermal noise voliuge?

Selution

It the transistor is laid outas .V parallel fingers, each finger exhibits a transconductance of 1/(200N @,
and a total distributed resistance of 5 €2 x (100/0.6)/N. Using the long-channel approximation for
the input-referred channe! thermal noise from Chapter 7. we have

e —_—
Channel Noise = ‘/41\-1"%(:0& V VHz (18.13
500 1
Gate Noise = ,/4kT -~ V/VHz 18,
=Y eV (18.2)

where the factor } /3 on the right hand side of (18.2) accounts for the distributed nature of the resistance
{Chapter 7). Equating (18.1) to five times (18.2), we have

16.25

= 7.2 (18.4)

Thus, a minimum of 8 fingers is required.

While the gate resistance can be reduced by decomposing the transistor into more parailel
fingers, the capacitance associated with the perimeter of the source/drain areas increases. As
exemplified by the structures depicted in Fig. 18.10." with three fingers, the total perimeter
of the source or the drain is equal to 2(2F + 2W/3) = 4E + 4W/3, whereas with five

(a) {h)

Figure 18.10 Luavout of a transistor using (a) three fingers. (b) five fingers.

'The use of multiple fingers is sometimes called “interdigitization,”
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fingers, itis equal to 3(2E +2W/5) = 6 £ + 61 5. In general, for an odd number of fingers
N, the S/D perimeter capacitance is given by

N+ 1 2W
N+
= (Ar+})E+—N"—*W Cj.rw‘ (186)

Thus, the number of fingers multiplied by £ must be much less than WV so as to mini-
mize the S/D perimeter capacitance contribution. In practice. this requirement may conflict
with that for minimizing the gate resistance noise. mandating a compromise between the
W0 or contacting the gate on both ends to reducs the resistance.

For transistors having a large number of gate fingers. the structure may be modified
to that shown in Fig. 18.11, thereby avoiding long geometries and hence disproportionate
dimensions in the lavout of the overall circuit.

Figure 18.11 Lavout of a wide
tr.sistor with many fingers.

The layout of a cascode circuit can be simplificd if the input device M, and the cascode
evice M have equal widths, As shown in Fig. 18. 2(a), the drain of M, and the source of
M can share the same junction. More importantly. since this junction is not connected to any
other node. it need not accommodate a contact window and can therefore be quite smaller
[Fig. 18.12(b)]. Consequently, the capacitance at th2 drain of M| is reduced substantially,
improving the high-frequency performance. For wile transistors, each transistor may use
twa or more fingers (Fig. 18.12(¢)].

18.2.2 Symmetry

Recall from Chapter 13 that asymmetries in fully differential vircuits introduce input-
referred offsets. thus limiting the minimum signal level that can be detected. While some
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mow .
Ii\- o ™, , :
m . volw| W
M 1M, |
= =
(al (b) ' (c)

Figure 18.12 Lavout of cascode devices having the same width.

mismatch is inevitable, inadequate attention to symmetry in the layout may result in large
offsets—much greater than the values predicted by the statistical treatment of Chapter 13.
Symmetry also suppresses the effect of common-mode noise and even-order nonlinearity.
It is important to note that symmetry must be applied to both the devices of interest and
their surrounding environment. We return to this point later.

Let us consider the differential pair of Fig. 18.13(a) as the starting point, If, as depicted
in Fig. 18.13(b), the two transistors are laid out with different orientations, the matching
greatly sutfers because many steps in lithography and wafer processing behave differently
along different axes. Thus. one of the configurations in Fig. 18.13(c¢}and (d) provides a more

{a}

ol

o

[ — I { [,

=
|

(dy

(c}

Figure 1813 (a) Differennal pair. (b) layout of M| and M>
with different _rientations. (c) layout with gate-aligned devices.
) luyout with paraliel-gate devices.
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Source/Drain Implant

Y,

Shadowed o | '\ / n*

Region Asymmetry

Figure 18.14 Shadowing due to implant tilt.

plausible solution. The choice between these 1wo is determined by a subtle effect calied
“gate shadowing.” [Hustrated in Fig, 18.14. the shadowing is caused by the gate polysilicon
during the source/drain implantation because the implant (or the wafer) is tilted by about
77 to avoid channeling (Chapter 17). As aresult, a narrow strip in the source or drain region
receives less implantation, creating a small asymmetry between the source and drain side
diffusions after the implanted areas are annealed.

Now consider the structures of Figs. 18.13(c) and (d) in the presence of gate shadow-
ing {Fig. 18.15). In Fig. 18.15(a), if the shadowed terminal is distinguished as the drain
(or the source), then the two devices sustain no asymmetry resulting from shadowing. In
Fig. 18.15(b). on the other hand, the transistors are not identical even if the shadowed ter-
minals are distinguished because the source region of M “sees™ M» to its right whereas
the source region of M» sees only the field oxide. Similarly, the drains of M, and M- see
different structures to their left. In other words, the surrounding environment of M, is not
1dentical to that of M. For this reason, the topology of Fig. 18.15(a) is preferable.

{u) ib)

Figure 18.15 Effect of shadowing on (a) gate-aligned and (b) parallel-gate
transistors.

The asymmetry inherent to the structures of Fig. 18.13(b) can be ameliorated by adding
“dummy” transistors to the two sides so that M, and M sce approximately the same
environment (Fig. 18.16). However, in more complex circuits. e.g.. in a folded-cascode op
amp. such measures cannot be easily applied.

We should emphuasize the importance of maintaining the same environment on the two

sides of the axis of symmetry. For example, in the structure of Fig. 18.17, an unrelated

metal line passing over only one transistor indeed degrades the symmeltry, increasing the
mismatch between M und M,. In such cases. either a replica must be produced on the other
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- o ] .

Figure 18.16 Addition of dummy devices to improve symmetry.

{a) (b)

Figure 18.17 (a) Asymmetry resulting from a metal line passing over M2. (b} removing
the asymmetry by replicating the line on top of M.

side [Fig. 18.17(b)] (even though the replica may remain floating) or, preferably. the source
of asymmetry must be removed.

Symmetry becomes more difficult to establish for large transistors. In the differential pair
of Fig. 18.18, for example, the two transistors have a large width so as to achieve a small

1 " k: 1
R N im m
- i ; L
L LRI

1 [

N m LI

>

Gradient

Figure 18.18 Etfect of gradient in a differcrial pair.

input offset voltage, but gradients ulong the x-axis give rise wo appreciable mismartches. To
reduce the error, a “common-centroid™ configuration may be used such that the etfect v*
first-order gradients along both axes is cancelled. Hlustrated in Fig. 18.19, the 1dea is ©
decompose each transistor into two halves that are placed diagonally opposite of each other
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.
5”1[

Figure 18.18 Common-centroid layout.

and connected in paraliel.” However, the routing of interconnects in this layout is quite
difficult, often leading to systematic asymmetries of the type depicted in Fig. 18.17(a) or in
the capacitances from the wires to ground and between the wires. For a larger circuit, e.g.,
an op amp, the routing may become prohibitively complex.

The effect of linear gradients can also be suppressed by “one-dimensional” cross cou-
pling, as depicted in Fig. 18.20. Here, all four half transistors are piaced along the same axis
and M, and M, are formed by connecting either the near ones and the far ones [Fig. 18.20(a)]
or every other one [Fig. 18.20(b})]. (For clarity, the connections between the sources and
drains are not shown.) To analyze the effect of gradients in these structures. let us assume
that, for example, the gate oxide capacitance varies by AC,, from each half transistor to
the next.’ Placing M\, and My, in parallel, we have

l W .
IDla + JrDd»a = 'i,u-ﬂ(co,\' +Co.r +3AC01)“‘E‘(VGS - VTH’"- (187)

and for M, and Ms,:

I w .
1rﬂ.'!a + !Da3 = Eﬂvn(cnx + Acox + Cm' - 2AC0I)"L‘(VGS - ".TH)-- (188)

This type of cross coupling therefore cancels the effect of the gradient. Now. for the con-
figuration of Fig. 18.20(b), we have

1 W )
Ipip + Ipse = Eﬂn(cﬁrr +Cor + 3-‘—\Cox)—L-(Vcs ~Vrgr. (18.9)
and

1 w N
!D:b + ID-“J = :;,un{cn,\: + acn_t + Cl'l’ +3ACH_\')'E(VG,§‘ - VTH}-- (]810)

Equations (18.9} and (18.10)) suggest that this approach removes the error to a l2<ser extent.

“The interconnect lines shown in this figure are only conceptually correct.
“In reality. variation of C,. influences the threshold voltage as well. We neglect this effect hers.
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Cox Coxt ACoy  Coxt 2AC,,  Copt 3AC,,

- 1 — ¥
Cox Coxt A Cox Coxt 280 Cpy Cuyt 3AC,,
(b)

Figure 18.20 One-dimensional cross-coupling.

The reader can prove that for small gradients in other device parameters, similar results
are obtained, concluding that the topology of Fig. 18.20(a) contains smaller errors than that
of Fig. 18.20(b). However, since the environment seen by M-, — M-, differs from that seen
by Mz + My,, dummy transistors must be added to the left of .My, and right of M,,.

18.2.3 Reference Distribution

In analog systems. the bias currents and voltages of various building blocks are derived from
one ur more bandgap reference generators. The distribution of such references across a large
chip entails a number of important issues. Consider the example depicted in Fig. 18.21,
where [zg¢ 1s produced by a bandgap reference and M,-M, serve as bias current sources
of building blocks that are located far from Mgzgr and from each other. If the matching
between Ipi-Ip, and [ggr is critical. then the voltage drop along the ground line must be
taken into account. In fact, for a large number of circuits connected to the same ground line.
the systematic mismatch between the current sources and /g g may be unacceptable.

To remedy the above difficulty, the reference can be distributed in the current domain
rather than in the voltage domain. Illustrated in Fig. 18.22, the idea is 1o route the reference
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Figure 18.21 Distribution of a reference veltage for current-mirror
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Figure 18.22 Distribution of current to reduce the effect of inter-
connect resistance,

current to the vicinity of the building blocks and perform the current mirror operation
locally. Placing the interconnect resistance in series with current sources, this approach
lowers systemnatic errors if the building blocks appear in dense groups in different ragions
on the chip. However, mismaiches between /pgr; and fpgra and between Mgz r) and
Mg g 2 introduce error. In large systems, it may be advantageous to employ several local
bandgap reference circuits so as to alleviate routing problems.

Another issue in the circuits of Figs. 18.21 and 18.22 relates to the orientation of the

have different orientations. then substantial mismatches anise. Since circuits I, 2, ... . n may
be aid out individualiv, particular attention must be paid to the orientation of their current
sources before and after the entire chip is composed.

The scaling of currents in Figs. 18.21 and 18.22 alsn demands careful choice of device
dimensions and lavout. Suppose the circuit of Fig. 18.21 requires Ip, =0.5Jggr and Ip» =
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Figure 18.23 Properscaling of device dimensions for adequate matching of current sources.

21 3er. How do we choose (W /L) and (W /L), with respect to (W/L)gere? Recall from
Chapter 2 that, owing to the side diffusion of the source/drain regions, the effective channel
length 1s less than the drawn length by 2L p. a poorly controlled quantity. Thus, to avoid
large mismatches, the lengths of the transistors must be equal and the currents must be
scaled by proper choice of the widths. We then postulate that W, = 0.5Wger and Wy =
2Wyger. Figure 18.23 shows how Mggr, M. and M: in this example are laid out to ensure
reasonable matching. Note that all equivalent widths are integer multiples of a unit value,
W,,. Transistor M, is identical to Mg r except that half of uts source remains floating (or
connected to the drain). To improve the matching, the array can be surrounded by dummy
devices.

18.2.4 Passive Devices

The implementation of passive devices in mainstream CMOS technologies continues to
pose difficult chailenges. When introduced for production, a new generation of a CMOS
process provides only NMOS and PMOS devices. rarely allowing the use of polysilicon
resistors (with silicide biock) or high-density linear capacitors. Since it takes approximately
two years to add such modules to the technology. we say “analog” processes are about two
years behind “digital” processes. This is an important observation because in two years
the next generation of the basic CMOS process is launched (Fig. 18.24), providing scaled
transistors having a higher “raw” speed.

Which generation should a manufacturer use at 1 = f; + 2 years: generation N A with
well-characterized passive components but a minimum dimension of L, or generation
N + 1 with no high-quality passive devices but a scaled dimension of L, /27 Considering
the difficulties in analog design without such passive clements. we may choose generation
N 1, forsaking the speed advantages of generation .V + 1. However, since the design of
digital circuits is immediately moved to the scaled technology. the analog building blocks
must follow suit if they are to be integrated on the same chip along with the digital system.
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¢ Generation N + Generation N + 1
~Minimum Dimension =L, —Minimum Dimension =4,/ 2
—No High-Quality Passive ~No High-Quality Passive
| Devices J Devices
ty t, + 2 years T

Figure 18.24 Devclopment of digital and analog generations of a CMOS technology.

In practice, different IC manufacturers have adopted different approaches: some develop
products in analog technologies, exploiting the well-characterized properties of the devices
to design aggressively, whereas others utilize digital processes. taking advantage of more
relaxed power-speed trade-offs and maintaining compatibility with digital circuits.

Let us now study the implementation of passive devices.

Resistors Polysilicon resistors using a silicide block exhibit high linearity, low capac-
itance to the substrate, and relatively small mismatches. The linearity of these resistors
in fact depends on their length [1]. necessitating accurate measurement and modeling for
high-precision applications. Fig. 18.25 depicts an example where the nonlinearity of the
resistor is critical. Since V., — Iy R, the accuracy of current-to-voltage conversion
depends on the linearity of Rr.

A
’in AWy
h_c”‘/out . -
N Figure 18.25 Feedback amplifier

- converting a voltage to current.

It "

As with other devices. the matching of polysilicon resistors is a function of their dimen-
sions. For example. resistors having a length of 5 um and width of 3 um display typical
mismatches on the order of 0.2%, Most of the symmetry rules described for the layout of
MOS devices apply to resistors as well. For example, resistors that are required to bear a
well-defined ratio must consist of identical units placed in parallet or series (with the same
orientation).

Example 18.2 -

Consider the bandgap circuit shown in Fig. 18,26, Choose the values of 11, R;. und Ra such that V,,,,
exhibits a zero tlemperature coetficient and the layout can be designed for high precision.
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Figure 18.27 Layoutof R and R: with(a) R2/8) = 5.1b) R2/R| = 534 = 16/3.

Solution

Since Vi, = Vags + Vr(R>/R 1lnn. we must find convenient values of #. ), Ry such that
{R3/R\}Inn = 17.2 (Chapter 111, If n = 31.then R:. R) = 5, vielding the layout of Fig. 18.27{a
Note thit Ry is placed in the middle to partially cancel the effect of gradients.

Now suppose we choose n =23, obtaining R2/R; = 5.34. Such a value cunnot be accuritely
established by simply adjusting the dimensions of R- znd R|. Rather. we write R2/R| = 16/3 and
construct the resistors as shown in Fig. 18.27(b).

it -
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For large values, resistors are usually decomposed into shorter units that are laid out
in parallel and connected in series {Fig. 18.28(a)]. From the viewpoint of matching and
reproducibility, this structure is preferable to “serpentine” topologies [Fig. 18.28(b)], where
the corners coniribute significant resistance.

{a) (b}

Figure 18.28 (a) Layout of large resistors. th) serpentine topology.

The sheet resistance, R-, of polysilicon resistors varies with temperature and process,
necessitating provisions in the design for this variation. The temperature coetficient depends
on the doping type and level and must be measured for cach technology. Tvpical values are
+0.1% /~Cand —0.1% /°C for p* and n™ doping, respectively. The variation with process
is usually less than +20%.

In technologies lacking a silicide block mask, resistors may be made of n-well, source/
drain p~ or n* material, silicided polysilicon, or metal. with R- decreasing in this order.
The sheet resistance of n-well is typically around 1 k& but it may vary by a large frac-
tion, e.g., £40%, with process. Furthermore, R- depends on the width of the resistor, as
exemplified by the plot of Fig. 18.29. This is because. with a depth of several microns,
n-well regions exhibit width-dependent diffusion at the edges. Also. R- is a strong func-
tion of the n-well-substrate voltage difference, giving rise to both nonlinearitv and poor

1 2 Width

Figure 18.28 Dependence of n-well
(pm) 9 P

sheet resistunce upon resistor width.

definition of the value of the resistor, For example. in the circuit of Fig. 18.30. resistors
Rs and Rp suffer from large mismatches in 8 becsuse the depletion region below Rs
is gquite narrower than that below Ry, Also. as V,,,, vuries. so does the sheet resistance
of Rp, introducing nonlinearity. Resistors made of n-well display a TC of +0.2% to
+0.5% /°C.
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p—substrate Depletion Region

Figure 18.30 Common-source stage using n-well resistors.

Example 18.3

An A/D converter incorporates a resistor ladder consisting of 128 units made of n-weli to generate
equally-spaced reference voltages (Fig. 18.31). If the two ends of the ladder are connected to V| =
+1 Vand V3 = +2 V. calculate the ratio Ry28/R;.

»
= Aq29
t— VReF128

:R127

+— VREF127

Figure 18.31 Resistor ladder used in
an A/D converter.

Solution

The width of the depletion region inside the n-well is given by 1y = e (dg + Va)/gNueth
where ¥V, .y denotes the n-well doping level und Vg the reverse bias voltage. Assuming the zero-b1as
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depth of the n-well is equal to £y, we have

2e,, 2es
Riy _ 0~ \/QMM s+ Yo+ \'/qN“"“ ’r (18.11)
Y aNwelr V g Nyt
o+ m(lﬁ f';I _'_l)
_ _ Valu ¥ ¢8/ (18.12)
to + ./ —iﬁba (1 - 1 - E?“)
V g Nueir Voo s

If the difference between R; and R)»g is small, we can divide the numerator and denotminator of
(18.12) by 1o and approximate the result as

R 1 e V I 2¢,i V
B LT Ty P Sy By U | Ly L RO O P
Ry to{ gNwent T 10Y Nyt ®p

(18.13)

1 2e;; Va Vi
~ 14— 1+ —= — f14+— ). (18.14
ro\/qNu;eu(pB (\/ oF ] \/ ¢8) )

For example, if 1o = 2 um, Nyer = 10'® cm™!, and ¢ = 0.7 V, the mismatch between Ryag and
Ry is nearly 60%.

The p™ and n™ source/drain regions can also be used as resistors. With a sheet resistance
of 3 to 5 ohms per square, silicided S/D regions are suited to only low-value resistors, but
their variation with process can be as high as 50%. Furthermore, the junction between these
areas and the bulk introduces substantial capacitance and voltage dependence.*

Silicided polysilicon has a sheet resistance of 3 to 5 ohms per square and can be utilized
for low resistor values. While suffering from less capacitance to the substrate than n* or
p* resistors, silicided polysilicon has a process-dependent R-, with variations as high as
60 to 70%. Thus, it can be used only if its absolute value is not critical, for example, in the
resistor ladder of Fig. 18.31. The temperature coefficient of this type of resistor is between
+0.2 and +-0.4%/°C.

The metal layers in a process can provide very low resistor values. For example, in high-
speed A/D converters, the ladder of Fig. 18.31 may be constructed as simply a long metal
line having equally spaced taps (Fig. 18.32). Note. however. that if the width of the metal

*The nonlinearity of n-well resistors is much higher because the low doping level in the s well results in a
greater sensitivily Lo the voltage with respect to the subsirate,
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VREF128

VREF127

o VReFiz

—

— VRreF1

V. Figure 18.32 Resistor ladder made
1 of metal.

resistor is small, matching suffers. The temperature coefficient of the resistance is about

0.3%/°C for aluminum.

Capacitors As explained in Chapter 1 7. high-density linear capacitors can be fabricated
using polysilicon over diffusion, polysilicon over polysilicon, or metal over polysilicon,
with a relatively thin layer of oxide grown between the two plates. Owing to its simplicity,
the first structure is more common in today s analog processes even though it exhibits lower
linearity than do the other two.

In the absence of the above structures. linear capacitors must be designed using sand-
wiches made of the available conductive lavers. For example, in a process having four layers
of metal, the capacitors can be formed as shown in Fig. 18.33. The choice of one topol-
ogy over another is determined by two factors: (1) the area occupied by the capacitor and
(2) the ratio of the bottom-plate parasitic capacitance 1o the interplate capacitance, Cp/C.
In typical technologies. the capacitance between consecutive metal layers [e.g., Cy, ..., G
in Fig. 18.33(d)] is on the order of 35 to 40 aF/u m* and that between metal | and polysili-
con is about 60 aF/um-. Thus, the structure of Fig. 18.33(d) provides more than four times
the density of that in Fig. 18.33(a). On the other hand, the value of Cp increases from
Fig. 18.33(a) to Fig. 18.33(d). With typical values. Cp/C reaches a minimum—about 0.2
to 0.25—for the structure of Fig. 18.33(a) or - b and increases to about 0.3 for the sandwich
of Fig. 18.33(d).

Since the absolute value of interlayer capacitances is poorly controlled in digital tech-
nologies, the capacitors of Fig. 18.33 may experience process variations as high as 20%. By
contrast, the gate oxide capacitance is typically controlled with less than 5% ervor. Interest-
ingly, the structure of Fig. 18.33(d) may surfer from less variation than the others becausé
random variations in the capacitances between various layers tend to “average out.”

We have thus far neglected the fringe capzcitance. As depicted in Fig. 18.34. the electric
field lines emanating from the edge of each plate must terminate on the edge of the other
plate or on the substrate. giving rise to a fringe capacitance that must be taken into account.
The fringe capacitance can be calculated using Eq. (17.11) or from tabulated values in the
process design munual.
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As explained in Chapter 17. a MOS transistor with its source and drain tied together can
act as a capacitor if the gate-source potential is sufficient to establish an inversion layer,
However, the voltage dependence of the capacitance fimits the use of this structure,

The layout of capacitors for high-precision circuits must follow the principles describeg
above for transistors and resistors. For example, in applications where an array of well-
matched capacitors 1s required. dummy devices must be placed on the perimeter of the
array.

Example 18.4

The circuit of Fig. 18.35(a) is designed for a nominal gain of C(/C> = 8. How should € and C1 be
laid out to ensure precise definition of the gain?

Cy
Cz
11
C1 Lk}
Vipo— o, 'f-»————-"‘ C2
au
Dummy
Units =
(a) . (b)

Figure 18.35

Solution

We form C| as 8 unit capacitors. each equal to C2, and place all of the units in a square array
{Fig. 18.35(b)]. Note that (1) C1 is symmetrically surrounded by the units comprising C) so that the
effect of vertical or horizontal gradients is cancelled to the first order; (2) dummy capacitor units are
placed around the main array, creating approximately the same environment for the units of Cy as
that seen by (.

For large capacitor arrays. cross-coupling techniques such as those illustrated in
Figs. 18.20 and 18.26 can be applied. However, unlike transistors and resistors. capacitors
are guite sensitive to the wiring capacitance, demanding great care in the interconnection of
the units. Even in the simple array of Fig. 18.35(b), it is difficult to route all of the top-plate
and bottom-plate connections while introducing no additional capacitance. As the layout
of Fig. [8.36 exemplifies, the wiring inevitably ieads to some error in the ratio C,/Ca.

Diodes Two types of pn junctions can be tormed in a standard CMOS technology: oné
it the p-substrate and another in an #-well (Fig. 18.37). The former must remain reverse
biased and can therefore serve only as a voltage-dependent capacitor ( varactor”), £.8., i
voltage-controlled oscillators.
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—1  Figure 18.36 Layout of capacitors
along with interconnections.

p-substrate

Figure 18.37 Diodes in CMOS technology.

The diode formed in an n-well also faces difficulties if forward biased. Recall from
Chapter 11 that the p region in the n-well, the n-well itself, and the p-substrate constitute
a bipolar pnp transistor whose collector is typically grounded. Thus, if the pn junction in
the n-well is forward biased, substantial current flows from the p* terminal to the substrate.
In other words, the structure must not be viewed as merely a two-terminal floating diode.
Nonetheless, if reverse-biased, the device can serve as a varactor.

Owing to these difficulties, analog CMOS circuits rarely incorporate forward-biased
diodes.

18.2.5 Interconnects

Modern CMOS processes offer tive metal layers for interconnection. By comparison, as
late as 15 years ago, CMOS technologies provided only one layer of metal. Nevertheless,
many effects related 10 wires must still be taken into account when a high-precision and/or
high-speed circuit is laid out.

The parallel-plate and fringe capacitance of wires may degrade the speed if long inter-
connects are required. For example. in a mixed-signal system {e.g.. using many switched-
capacitor circuits), the clock signal must be distributed over long wires to access various
building biocks. thereby experiencing significant line capacitance. More importantly, the
capacitance between lines introduces substantial coupling of signals.

Fig. 18.38 iHustrates an example of cross-taik between signals, Here, a common-source
stage and a NAND gate are located next to each other and the two inputs to the gate, V,
and Vg, cross over the analog signal, V;,. Furthermore. the clock wire, CK, is laid out
in parallel with V,,, and the output of the NAND gate has some overlap with the output



654 Chap. 18 Layout and Packaging

cK v,

Voo 4

Ar, A

OVA.B
Vao i
VB° = t— Vout
1L M,
Figure 18.38 Capacitive coupling

between varicus lines in a typicai layout,

of the common-source stage. Each of the coupling capacitances in this layout may consi-
derably corrupt V;, or V,,,. Note that, even though the coupling capacitances are smatl, the
signal corruption may be appreciable because typical voitage swings on V4, Va, V4.5, and
C K are quite large. For example, if the overlap of V4 and Vi, gives a capacitance of 50 aF.
and the total capacitance seen from V;, to ground is 50 fF, then a 3-V change in ¥, may
result in a 3-mV corruption at Vj,.

Crosstalk can be reduced through the use of two techniques. First, differential signaling
converts most of the crosstalk to common-mode disturbance. For example, if the circuit of
Fig. 18.38 is modified to that shown in Fig. 18.39. the coupling of V4 and Vg to V} and V;,

in

VI; CK V,,
Voo = =
A dE | [
o} c; o Va5
Vao |
Vge ‘}E
C, c, Il T—° Yout®—¢
Dummy//’ oM, M, |'|
Line

Figure 18.39 Reduction of capacitive coupling through the use of
ditferential signaling.
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produces no differential error if C; = €} and C> = C;. Even for 10% mismatch between the
capacitances, the differential corruption is one order of magnitude less than thatin Fig. 18.38.
Note that a dummy wire is added to the layout so as to create an overlap capacitance between
CK and V;, equal to that between CK and V.. As mentioned in Chapter 4, it is desirable
to employ differential clocks as well to suppress the net coupling further.

Second, sensitive signals can be “shielded™ in the layout. Depicted in Fig. 18.40(a), one
approach places ground lines on the two sides of the signal. forcing most of the electric ficld
lines emanating from the “noisy” lines to terminate on ground rather than on the signal.
Note that this method proves more effective than simply allowing more space between the
signal and the noisy lines [Fig. 18.40(b)]. The shielding. however, is obtained at the cost of
more complex wiring and greater capacitance between the signals and ground.

' A

( = ( { {
VA Vin VB
(a)
Va Vin Vg
{b)

Figure 18.40 (a) Shielding sensitive signals by additional ground lines, (b) greater
spacing between lines to reduce coupling.

Another shielding technique is shown in Fig. 18.41, Here. the sensitive line is surrounded
by a grounded shield consisting of a higher and a lower metal layer and hence fully isolated
from external electric field lines.” However, the signal experiences higher capacitance to
ground and the use of three metal layers here complicates the routing of other signals.

Metal 3 Metal 2

Figure 18.41 Shielding a sensitive
line (metal 2) by lower and upper ground

Metal 1 Contact
planes.

The resistance of interconnects also requires atiention. In low-noise applications. long
signal wires—with sheet resistances of 40 to 80 m§2 /C-—may introduce substantial thermal
noise. Furthermore. the contacts and vias also suffer from a high resistance. For example,

$\Wa assume that the ground connection itself dogs not contain noise. We return 10 this issue in Section 18.4,
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a 0.3-um x 0.3-um metal contact to silicided polysilicon exhibits a resistance of 5to 10
and a via between metal | and metal 2, a resistance of 3 €2.

Example 18.5

In the layout of Fig. 18.42, a 100-4m metal 4 line is connected to a sequence of vias and contacts 1o
reach the gate of a transistor. Calculate the thermal noise contributed by the line and the contacts.

|
2 ym Metal 4 o,
| S
I
Metal3 Metal 1
Figure 18.42
Solution

Assuming Rp = 40 m€2/0 for metal 4, a via resistance of 3 , and a contact resistance of 10 Q, we
have Rjor = 2+4+2.5+2.5+2.5+45 = 14.5 £2. The thermal noise voltage is thus equal to 0.49 aV//Hz
at room lemperature.

= Ty '--l—
Figure 18.43 Delay and dispersion of a signal in a long line.

The distributed resistance and capacitance of long interconnects may introduce signifi-
cant delay and “dispersion” in signals. Mustrated in Fig. 18.43, the delay can be approxi-
mated as

1 -
TD:-—-ERHC;,L'. (18.15)

where R, and C, denote the resistance and capacitance per unit length, respectively, and
L is the total length. For example. consider the circuit shown in Fig. 18.44, where an array
of samplers senses the anaiog input Vi, and is activated by CX. If the delays experienced
by CK and V,, from the ieft side to the right side are not equal. then the levels sampled by
Cio.. .. C, are not equal, resulting in distortion in the sampled waveform. Even if the clock
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and signal lines and their capacitive loading are identical, C X and V;, may still suffer from
unequal delays because the former is a rectangular wave and the latter is not.

The term “dispersion” refers to the significant increase in the transition time of the signal
as it propagates through a line, a particularly troublesorne effect if a clock edge is to define
a sampling point. In the example of Fig. 18.44, the clock waveform applied to §, displavs
long rise and fall times, making the sampling susceptible to both noise and distortion {<].
The clock edges can be sharpened by inserting an inverter between CX and every switch
but at the cost of greater uncertainty in the delay difference between CK and V.

As mentioned in Chapter 17, the design of power and ground busses on a chip requires
attention to a number of issues. In large ICs, the dc or transient voltage drop along the
busses may be stgnificant, affecting sensitive circuits supplied by the same lines. Further-
more, electromigration mandates a minimum line width to guarantee long-term reliabiliry.
With multiple interconnect levels available in today’s CMOS technology, it is possible to
connect two or more layers in parallel, thereby reducing the series resistance and alleviating
electromigration constraints. Since the thickness of the top meral layer is typically twice
that of the lower ones, at least three layers must be placed in parallel to relax these issues
by a factor of two. As a result, routing signals and bias lines across the busses may become
difficult if only one or two more layers of metal are available,

If the bias currents drawn from a long bus are relatively well-defined, then the bus width
can be “tapered” from one end to the other so as to create a relatively constant voltage drop
along the line. Illustrated in Fig. 18.45, this technique can be used if the metal resistance
and its temperature coefficient are known.

QO - @

Ground Bus Figure 18.45 Tapered ground line for
reduction of voltage drops.

18.2.6 Pads and ESD Protection C-

The interface between an integrated circuit and the external environment involves a num-
ber of important issues. In order to attach bond wires to the die. large “pads” are placed
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Bond Pads

/

Bond / ’7 B
Wires \ \ ‘ ’

Circuit Core

Figure 18.46 Addition of bonding pads to a chip.

on the perimeter of the chip and connected to the corresponding nodes in the circuit
(Fig. 18.46).

The pad dimensiois and structure are dictated by the reliability issues and margin for
manufacturing tolerances in the wire bonding process. With bond wire diameters ranging
from 25 um to 50 pm, the minimum pad size falls between roughly 70 um x 70 pum
and 100 um x 100 um. Adjacent pads are usually separated by at least 25 um. From the
circuit design point of view, the pad dimensions must be minimized so as to reduce both
the capacitance of the pad to the substrate and the total die area.

A simple pad would consist of only a square made of the top metal layer. However, such
a structure is susceptible to “lift-off” during bonding. For this reason, each pad is typically
formed by the two topmost metal layers, connected to each other by many smalj vias on
the perimeter (Fig. 18.47). Note that this structure suffers from a larger capacitance to the
substrate than a pad made of only the top layer.

Substrate Figure 18.47 Structure of a typical
bonding pad.

Example 18.6

Calculate the capacitance of a metai-4 pad and a metal-4/metal-3 pad. Assume dimensions of
75+ .n x 73 um and use the capacitance data shown in Fig, 18.48.
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Figure 18.48

Solution

For a metal-4 pad.

Cror =75 x6+75 x4 x 15 (18.16)
= 38.35 {F. (18.17)
For a metal-4/metal-3 pad.
Cror =75 x9+75 x4 x (17 +15) (18.18)
= 60.22 fF. (18.19)

Note that the fringe capacitances of metal 4 and metal 3 are directly added here, This is a rough
approximation.

The interface between an IC and the external world also entails the problem of electro-
static discharge (ESD). This effect occurs when an external object having a high potential
touches one of the connections to the circuit. Since the capacitance seen at each input or
output is quite smali. the ESD produces a large voltage, possibly damaging the devices
fabricated on the chip. .

A commion case of ESD arises when ICs are handled by human beings. For this effect.
the human body can be modeled by a capacitance of a few hundred picotarads in series
with a resistance of a few kiloohms. Depending on the environment. the voltage across the
capacitance ranges from a few hundred volts to several thousand volts. Thus. if a person
touches a line connecting to the chip. the chip is easily damaged. Interestingly. electrostatic
discharge may occur even without actual contact because at high electric fields. the person’s
finger “arcs™ to the connection through the air if the finger is sutficiently close to the line.

It is important o note that ESD may vccur even without human intervention. it not
properly grounded, various objects in a typical chip assembly line accumulate charge.
rising to high potential levels, Furthermore. charge indry air may create substantial potential
gradients with respect to ground.

MOS devices sustain two types of permanent damage as a result of ESD. First, the gate
oxide may break down if the electric field exceeds roughly 107 Vicm ie.g.. 10V for an
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oxide thickness of 100 f\), typically leading to a very low resistance between the gate ung
ihe channel. Second, the source/drain junction diodes may melt if they carry a large curren
in forward or reverse bias, creating a short to the bulk. For today’s short-channel devices,
both of these phenomena are likely to occur,

In order to alleviate the problem of electrostatic discharge, CMOS circuits incorporate
ESD protection devices. Illustrated in Fig. 18.49, such devices clamp the external discharge
to ground or Vpp, thereby limiting the potential applied to the circuit. Resistor R, is usually

necessary so as to avoid damaging Dy or Ds due to large currents that would otherwise flow
from the external source.

Voo
D
A+ 1
To Circuit
Pad D
2 Figure 18.49 Simple ESD protection
circuit,

The use of ESD protection structures involves three critical issues. First, the devices
introduce substantial capacitances from the node to ground and Vpp, degrading the speed
and the matching of impedances at the input and output ports of the circuit. Since the
protection devices, e.g., Dy and D> in Fig. 18.49, must be large enough so that the
chip sustains a high ESD voltage without damage, their capacitance may reach several
picofarads. The thermal noise of Ry may also become significant.

Second, the parasitic capacitance of the ESD devices may couple noise on Vpp to the
input of the circuit, corrupting the signal. We return to this issue in Section 18.4.

Third, if not properly designed, ESD structures may lead to latchup in CMOS circuits
when electrostatic discharge occurs during actual circuit operation (or even when the circuit
is turned on). For this reason, process engineers fabricate and characterize many different
ESD structures for each generation of a technology, eventually providing a few reliable
configurations that can be used in circuits.®

18.3 Substrate Coupling

Most modern CMOS technologies use a heavily-doped p™ substrate to minimize latchup
susceptibility. However. the low resistivity of the substrate (on the order of 0.1 .cm)
creates unwanted paths between various devices in the circuit, thereby corrupting sensitive
signals. Called “substrate coupling™ or “substrate noise,” this effect has become a serious
1ssue in today's mixed-signal ICs [2).

To understand this phenomenon. suppose a CMOS inverter sensing a clock is laid out
next to a common-source stage amplifving an analog signal [Fig. 18.50(a)]. Note that the

®In general, a circuit designer should not use an ESD structure that has not been tested and qualified for the
technology. Uncharacterized ESD devices are likaly to cause latchup.
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Figure 18.50 (a) Mixed-signal circuit including the effect of substrate coupling.

(b) sideview of device layout. (c) signal waveforms.
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substrate is connected 1o ground through a bond wire that exhibits an (unwanted) inductance
of L. With the aid of the cross section depicted in Fig. 18.50(b), we observe that the large
voltage excursions at the drain of M are coupled to the substrate through the drain junction
capacitance, disturbing the substrate voltage because of the finite impedance of Ly,

How does the substrate noise influence M;? The principal coupling mechanism here
occurs through body effect, varying the threshold voltage of M; with the substrate voltage.
Since the drain current of M, depends on V,, — Vr . variations in Vr g are indistinguish-
able from those in V,,,. In other words, as illustrated in Fig. 18.50(c), every transition of
C K disturbs the analog output.

The problem of substrate coupling becomes more noticeable as the number of “noise”
generators increases. In a mixed-signal environment. thousands of digital gates may inject
noise into the substrate—especially during clock transitions——introducing hundreds of mil-
livolts of disturbance in the substrate potential. The disturbance is also proportional to the
size of the noise-injecting devices, an important issue if large transistors are used as buffers
driving heavy external loads.

[t may seem that substrate coupling can be decreased by increasing the physical spacing
between sensitive butlding blocks and digital sections of a chip. In practice, however, this
remedy may not be effective or feasible. If heavily doped, the substrate operates as a low-
resistance plane, distributing a relatively uniform potential across the chip regardless of the
position of the noise generators [3]. Furthermore, in many mixed-signal systems, the analog
and digital functions are so heavily blended that it is difficult to separate their corresponding
circuits. Fig. 18.51 shows a slice of an A/D converter consisting of a comparator, a flipflop,
a NAND gate, and a read-only memory (ROM). Various logical swings in the comparator
and the digital circuits generate substrate noise, but increasing the distance between any
two blocks necessitates long interconnects. degrading the performance.

............................................................................................

AR
Ty

Flipflop

CK

Figure 18.51 A slice of an A/D converter.

In order to mimmize the effect of substrate noise, the following methods can be applied.
First. differential operation should be used throughout the circuit, making the analog sec-
non less sensitive to common-mode noise. Second, digital stgnals and c¢locks should be
distributed in complementary form. thereby reducing the net amount of the coupled noise.
Third. critical operations. e.g.. sampling a signal or transferring charge from one capaci-
tance to another, should be performed well after clock transitions such that the substrate
voltage settles. Fourth, the inductance of the bond wire connected to the substrate should
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be minimized (Section 18.4). Also, op amps using a PMOS differential input are preferred
because the well of the transistors can be tied to their common source, reducing the effect
of substrate noise,

In circuits fabricated on lightly-doped substrates. “guard rings” can be employed to
isolate the sensitive sections from the substrate noise produced by other sections. A guard
ring may be simply a continuous ring made of substrate ties that surrounds the circuit.
providing a low-impedance path to ground for the charge carriers produced in the substrate.
With its large depth. the n-well can also augment the operation of a guard ring by stopping
the noise currents flowing near the surface (Fig. 18.32).

Substrate Tie

N

n-well

Sensitive Circuit

Figure 18.52 Use of guard ring to protect sensitive circuits.

In large mixed-signal [Cs. it may not be possible to avoid substrate “bounce” with respect
to the external ground because of the high transient currents drawn by the devices and the
finite impedance of the bond wire connected to the substrate. However, we recognize that if
the ground of the chip bounces in unison with the substrate, then the transistors experience
no noise. Illustrated in Fig. 18.53. this idea suggests that the ground and the substrate should
be connected on the chip and brought out through a single wire.

Packaged IC
Ly, A 'Aﬂ ,4*; Chip Ground
Global 4 - /
FE8: N
Ground l J _l A,
T Lr ] n* o] n*

p—substrate

Figure 18.53 Subsirate bounce.

The connection of the substrate to the chip ground nonetheless faces two difficulties.
The first relates to ““ground bounce.” As shown in Fig. 18.54 and explained in Section [8.4.
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most mixed-signal circuits employ at least one “analog ground” and one “digital ground”
so as to avoid corrupting the analog section by the large transient noise produced b the
digital section. To which ground should the substrate be connected? If the analog ground
is used, then the large substrate noise current must flow through L4, creating noisz on
GND, [Fig. 18.55(a)], and if the digital ground is used then the substrate voltage is hezvily
disturbed by the large noise on GNDp [Fig. 18.55(b)]. Of course, connecting the subsirate
to both GND,4 and GNDp gives rise to a low-resistance path between the two, defezling
the purpose of separating the analog and digital grounds.

Analog Digital GND~ Lo
D
Ly GNOL Section Section
Loy = - =
i " Substrate
p-substrate Current
{a)
Analeg Digital
L
A GND4|  gection Section — GNDp Lo
= i 'I am |
p—substrate S:L::f::t‘g
]

Figure 18.55 Connection of substrate contact to (a) analog ground, (b) digital
ground.

The choice between the configurations shown in Figs. 18.55(a) and (b) depends or. the
transient currents drawn by the digital section from the substrate and the ground as well
as the magnitudes of L, and L 5. In most cases, the topology of Fig. 18.535(a) is preferred
because it ensures the analog ground voltage and the substrate potential vary in untson.
As illustrated in Fig. 18.56(a), if the analog ground and the substrate experience unequal
bounce, then the drain current of M, is corrupted by the substrate noise. The contiguration
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Figure 18.56 (a)Large source-bulk noise voltage due to sepzrating substrate contact from analog
ground, (b} suppression of the effect.

of Fig. 18.56(b), on the other hand, introduces less noise in Ip,. In general, careful, realistic
simulations of the overall environment (including the package) are necessary to determine
which approach yields less noise.

The second issue in allowing the substrate and a chip ground to bounce together is the
difficulty in defining a reference potential for the input signals. As shown in Fig. 18.57(a),
a single-ended input is heavily corrupted as its reference point changes from the off-chip
ground to the on-chip ground. For the differential structure of Fig. 18.57(b), the effect is
much less pronounced but in high-precision applications. asymmetries in the circuit and
interconnections convert a fraction of the common-mode noise to a differential component.

Voo

'tf—
0
-
G

» .

Figure 18.57 {a) Input signal corruption due to ground and subsirate bounce. (b) less
corruption in a differential environment.
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18.4 Packaging

After fabrication and dicing, integrated circuits are packaged. The parasitics associated with
the package and connections to the chip introduce many difficulties in the evaluation of the
actual performance of the circuit at high speeds and/or high accuracies.

Let us first consider a simple dual-in-line package (DIP) [Fig. 18.58(a)]. Here. the die
1s mounted in the center cavity and bonded to the pads on the perimeter of the cavity,
These pads are in fact the tip of each trace that ends in each package pin. Such a structure
exhibits the following parasitics: bond wire self-inductance. trace self-inductance. trace-to-
ground capacitance. trace-to-trace mutual inductance. and trace-to-trace capacitance. Thus,
as shown in Fig. 18.38(b), the connections between the circuit and the external world are
far from ideal.

Integrated

a,/y ;U%F%K
(b)

Figure 18.58 (a) Dual-in-line package, (b} electrical model of the
package.

While. owiny to both circuit innovations and device scaling. the speed and accuracy
of integrated circuits have steadily increased, the performance of packages. especially tor
low-cost applications. has not improved significantly. This limitation originates from the
unscalable nature of packages and the environment in which they are used. For example,
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the diameter of the bond wires, the width and spacing of package pins, and the width and
spacing of the traces in printed circuit (PC) boards are determined by mechanical stress, ease
and cost of assembly, series resistance at high frequencies (skin effect), etc. In the past 20
years, these dimensions have scaled by less than a factor of five whereas the speed of many
mixed-signal circuits has increased by two orders of magnitude. As a result, packaging
continues to limit the achievable performance of today’s high-performance ICs.

The foregoing difficuftics mandate that the package parasitics be taken into account in
the design of integrated circuits—sometimes from the very beginning. Thus, simulations
must include a reasonable circuit model of the package, and the design and layout must
take many precautions to minimize the effect of package parasitics.

{c}

Figure 18.59 Common geometries in packaging.

Since many package manufacturers do not provide circuit models for their products,
IC designers often develop the models themselves by caiculations and measurements.
Fig. 18.59 depicts three common cases of self- and mutual inductance. From [6]. we have
for a round wire above a ground plane [Fig. 18.79(a)]:

2h
L=02ln — nH/mm, (18.200

which amounts to roughly 1 nH/mm for tvpical bond wires. For a flat trace above a ground
plane [Fig. 18.59(b)}:

1.6 o
e _ET W tH/mm. t18.21)

where K, denotes the fringe factor and from the data in [6] can be approximated as
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0.72{(d/ W) + 1. For two round wires above a ground plane, the mutual inductance js

(6]
2h\"
L,=01In I:l + (F) :I nH/mm. (18.223

The parasitic capacitances can be calculated with the simple interplate equation and Eq,
(17.11).
Let us now study the effect of each type of package parasitic. We categorize the connec-

tions to the chip into five groups: power and ground lines. analog and clock inputs, outputs,
reference lines, and substrate connection(s).

Self-Inductance Each bond wire and its corresponding package trace exhibit a finite
self-inductance, with a total value between approximately 2 nH and 20 nH depending on
the length of the wire and the type of the package. To understand how the self-inductance
of supply and ground lines impacts the performance, suppose a mixed-signal circuit incor-
porates a CMOS inverter as a clock buffer to drive a moderate on-chip capacitance, e.g.,
0.5 pF (Fig. 18.60). Also, assume that the buffered clock must have transition times less
than 0.3 ns, thereby demanding a current of CAV/Ar = 3 mA. Since this current is drawn
from Vpp; and GND, in 0.5 ns, we can estimate the voltage drop across Lp or Lg as’
LAT/Ar=6x 10°L. For example, if Lp = Lg = 5 nH. then the transient voltage across
each inductor equals 30 mV. This effect is called supply and ground “bounce™ or noise.”
Note that if the inverter is replaced by a differential pair, the supply bounce decreases
substantially {(why?), another advantange of differential operation.

V.
Lo Voor A U

/ Vout L___/_—_-—
oo /pp N\

+—° Vout
! J_ ! GND'—/.L
GND

c
; - Voo /\/\N\-——
GND1 GND 1 S\ A A~

L

Figure 18.60 CMOS inverter driving a load capacitance.

A supply noise of 30 mV may seem quite benign. especially if the analog circuits
feeding from the same supply line are fully differental. However, in a tvpical mixed-
signal [C. hundreds or thousands of digital gates may switch during each clock transition.
creating enormous noise on their supply and ground connections. For this reason. most such

T This caleulation iy guite rough because the current produced by the bulfer varies during the transition,
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systems employ separate supply and ground lines for the analog and digital sections, hence
the terminology “analog supply” and “digital supply.”

Separating power lines into analog and digital groups is not always straightforward.
As an example, suppose a sampling circuit is clocked by an inverter {Fig. 18.61). Should
the inverter be supplied from anatog or digital power lines? It the inverter is connected
to the digital supply. then the large noise on Vpp couples through the gate-drain overlap
capacitance of M. corrupting V,,, when the transistor is off. On the other hand. if many
such inverters are supptlied from the analog Vpp, they collectively draw large transient
currents, corrupting the supply voltage. These cases may require a third type of power line
so that 1t remains less noisy than the digital supplies.

Voo |
CK -
J_) Cap
Vin Vout
GND Cu Figure 18.61 Noise in a sampling

circuit resulting from the clock buffer's
supply bounce.

lll—l

For characterization and troubleshooting purposes, it is sometimes desirable to monitor
the supply noise, Figure 18.62 illustrates a simple method whereby a PMOS device sensing
the noise between the on-chip supply and ground lines injects a current into an external
50-£2 transmission line and measurement apparatus [2]. Since the transconductance of M,
can be determined by a small. static change in Vjp, the measurement readily reveals both
the magnitude and the shape of the supply noise.

Voo
M,

500
Figure 18.62 Measurement of supply

- noise,

In cases where a single connection to the chip sustains a prohibitively large transient
voltage (e.g..if in Fig. 18.60 or 18.61 many inverters switch simultaneously). multiple pads.
bond wires. and package pins are used, decreasing the equivalent inductance {Fig. 18.63).

Example 18.7

[n 1 600-MHz. 2-V CNMOS microprocessor containing |3 million transistors. the supply current varies
by 25 A in approximately 5 ns [5]. If the processor provides 200 bond wires for ground and 200 for
Vo p. estimate the resulting supply bounce.
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integrated
Circuit

GND o—/Jf—L1 [] [I—Ffh—s GND

Figure 18.63 Use of multiple wiresto
reduce overall inductance.

Solution

Assuming a total inductance of 3 nH for each bond wire and its corresponding package trace and pin,
we have
Al

AV = L— (18.23)
At
_5x 10—9 25 (18.24)
T200 5% 1070 '

125 mV (18.25)

In the worst case, the supply bounce and the ground bounce add in-phase, yielding a total noise of
roughly 250 mV, greater than 10% of the nominal supply voltage. To further suppress the noise, an
external 1-u4F MOS capacitor is placed on top of the chip and another 160 supply and ground bond
wire pairs are connected from the chip to the capacitor [5].

In some applications, high transient currents drawn from the supply make it difficult to
maintain a small bounce on the supply and ground individually. In such cases, a large on-
chip capacitor may be used to stabilize the difference between Vpp and ground. [llustrated
in Fig. 18.64, the idea is that it C, is sufficiently large. then Vpp, and GND, bounce in
unison. As mentioned earlier. the residual noise on GND| may be negligible if the input
signals are differential.

This remedy nonetheless invelves several issues. First. the value of the capacitor must
be chosen carefully because it may otherwise resonare with the package inductance at the
operating frequency of the chip te.g., the clock frequency or its harmonics or sibharmonics).,
thereby amplifving the supply and ground noise. For this reason, some resistance iy added
i series with the capacitor tor a MOS capacitor 1s sized such that its channel resistance
dampens the resonance) | 3). Even in the absence of exact resonance, an insufficient value of
the decoupling capacitor may simply give rise to slower ringing on the power lines. Second,
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I I GNb1 Figure 18.64 On-chip capacitor used

to lower supply-ground noise voltage,

since the capacitor is usually formed by a very large MOS transistor {(actually. as explained
in Section 17.7.2 , a large number of MOSFETs in parallel), the yield of the circuit may
suffer. This is because. for the capacitor to be effective. its total area is typically comparable
with the total gate area of all of the transistors in the circuit, e.g.. it is as if the number of
transistors on the chip were doubled.

Self-inductance also manifests itself in the connection to the substrate. As mentioned
in Section 18.3. with the large transient currents injected by the devices into the substrate,
a low-impedance connection is necessary to minimize the substrate bounce. As shown in
Fig. 18.65, some modern packages contain a metal ground plane to which the die can be
attached by conductive epoxy. The plane ends in several package pins that are tied to the
board ground. Avoiding bond wires and long, narrow traces in the substrate connection,
such packages substantially reduce the substrate noise with no additional assembly cost. In
more expensive packages, the ground plane is exposed on the bottom and can be directly
attached to the board ground, thus avoiding the inductance of the package pins. Also, the
ground pads of the circuit can be “downbonded” to the underlying plane to minimize their
inductance (while increasing the cost).

Downbond
Chip Ground
Plane
Conductive \/
Epoxy Package
R s -rx;;; = Backside

Figure 18.65 Package using a ground plane fur substrate connection.

The 2ffect of self-inductance must also be considered “or input signals. The inductance
along wath the pad cupacitance and the circuit’s input cupacitance forms a low-pass filter,
attenuating high-frequency components and/or creating ~evere ringing in transicnt wave-
forms. For example, in the precision multiply-byv-two circuit described in Section 12.3.3,
when the two capacitors are switched to the input. package inductance - 1ay limit the settling
speed.



672

Chap. 18 Layout and Packaging

Some ICs require constant voltages that must be provided externally. Such volta_ < .av
serve as an accurate reference, e.g., in A/D or D/A converters, or to define some bias pony:-
on the chip. The package inductance degrades the settling behavior if the circuit injects
significant switching noise into the reference.

Example 18.8

Differential pairs are often used as “current switches.” As shown in Fig. 18.60, the circuit toutes s
tail current to either of the outputs according to the large swings controlling the gates of M| and M.
Explain what happens at node X during switching. If the tail currents of a large number of differentisl
pairs feed from node X. should this voltage be provided externally?

Figure  18.66 Differential  pair
operating as a current switch.

Solution

Recall from Chapter 4 that for the differential pair 1o experience complete switching, the differential
swing | V2 — Vi| must exceed ﬁ(VGS — Vri)eqg. where (Vs — Vry )eq is the overdrive of M, and
M, inequilibrium, i.e.. when {p} = Ipz. We denote the voliage at node P when the pair is completely
switched by Vp, and in equilibrium by Vp4. Thus.

Vpp =V, — VE(VGS — VT H)eq- {18.26}
In equilibrium,

Vi+ Vo

Vpy = = (VG5 = VT #)eq. (18.27)

Assuming Va — V) = \;”E{'VGS — Vrgleg and hence V| = 1 — \/E(VGS ~ V7 )y, we have

3
v -

Vp::"__—(]-i»—;—-)(Vg_g—V',rH)eq_ (1828

Thus, Ve is lowerthan Vpy by (V= V272)(Vgs — VT H Jeq. indicating that during switching Vp dreps
by this amount. This voltage change is coupled to node X through the gate-drain overlap capacitance
of My, disturbing fp3 and hence fypr1 OF Foyez.
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- Y
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Figure 18.67 Addition of on;chip bypass capacitor to suppress noise at node X.

With @ large number of current switches connected to node X, the disturbance may
be quite significant, demanding that a decoupling capacitor be connected from node X to
ground (Fig. 18.67). However, such a capacitor along with the small-signal resistance of M
introduces a long settling time at node X, possibly degrading the overall speed. To avoid this
effect, Cy may need to be 100 to 1,000 times the rotal gate-drain overlap capacitance that
injects noise into X. If such a large capacitor is placed off-chip, it actually appears in series
with the package inductance (Fig. 18.68). In general, careful simulations are necessary to
determine the preferable choice here. In many cases, leaving node X agile yields the fastest

settling.
Lp %

Zha

X

Flgure 18.68 Addition of bypass capacitor externally.

The self-inductance of package connections also impacts the performance of digital
output butfers. In high-speed systems, these drivers must deliver tens of milliamps of current
to the load with fast transitions. With many such buffers operating in a mixed-signal circuit.
the resulting voltage drops on the power lines may become very large. increasing the risetime
and falltime of the digital outputs and corrupting their timing.

Mutual Inductance While dedicating separate power lines to analog and digital sections
reduces the noise on the analog supply, some noise may still couple to sensitive signals
through the mutual inductance of bond wires and package traces. As illustrated in Fig. 18.69.
both analog supplies and analog inputs are susceptible to noise or transitions on digital
supplies. clock lines. or output buffers. With an arbitrary pad configuration. even differential
signaling cannot eliminate this etfect because the noisy lines may not surround the sensitive
lines symmetrically. Thus, the design of the pad frame and the position of the pads play a
critical roie in the performance that can be achieved.
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/-* Yoo,a
r\/ Vin e

| | Voo.p

Figure 18.69 Coupling due (0 mutual inductance between wires,

Mutual inductance also manifests itself in parallel bond wires used to lower the overgll
self-inductance of a connection (Fig. 18.70). For two such wires, the equivalent inductance
1s equal to (Ls -+ M)/2, where M denotes the muteal inductance, rather than Lg/2.

VDD

VDD
.
L]

*
L]
VDD
Figure 18.70 Multiple supply bond

wires with mutual coupling.

Two methods can reduce the mutual coupling between inductors. First, the wires can be
connected such that they are perpendicular to each other, i.e., they terminate on perpendicular
sides of the chip [Fig. 18.71(a)]. Second. {quiet) ground or supply lines can be interposed
between critical bond wires [Fig. 18.71(b)}. As shown in Fig. 18.71(c), even if several
parallel lines are surrounded by ground wires. the effect of mutual inductance drops to
negligible values.

Va

N

A oy N N

tit)

Figure 18.71 Reductien of mutual coupling by «a) perpendicular lines, (b) additional ground lines.
(et uecasional ground lines.

It is also interesting to note that mutual inductance dec reases the self-inductance of two
wires if they carry currents in opposite directions. If, as shown in Fig. 18.72, the supply and
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Figure 18.72 Reduction of mutual in-
Jductance between two wires carrying
equal and opposite currents.

ground lines of a circuir are in parallel, then the total inductance equals 2L ¢ — M rather
than 2Lg. This observation proves useful in designing the pad frame and determining the
package connections.

Self- and Mutual Capacitance The capacitance seen from each trace of the package
to ground may limit the input bandwidth of the circuit or load the preceding stage. More
importantly . this capacitance and the total inductance of the bond wire and the package trace
yield a finite resonance frequency that may be stimulated by various transient currents drawn
by the circuit. Since the wires and traces exhibit a small series resistance, a high quality
factor (Q) resulis, giving rise to a sharp resonance and amplifying the noise considerably.
The capacitance between the traces leads to additional coupling between lines and must be
included in simulations.

Problems:

Unless otherwise stated. in the following problerns. use the device data shown in Table 2.1 and assume
Vpp = 3 V where necessary. Also, assume all transistors are in saturation.

18.1. In Fig. 18.3. polysilicon has a sheet resistance of 30 ©2/C (before silicidation) and metal 1 a
sheet resistance of 80 mQ /0. What is the ratio of the resistivities of the two materials?

18.2. A MOSFET with W' L = 100 um/0.5 cm undergoes ideal scaling by a factor of two. What
happens 1o the sheet rasistivity and the total resistance of the gate?

18.3. A cascode structure uses W/L = 100 um 0.3 um for both the input device and the cascode
device. If the sheet resistance of polysilicon is 5 €T and the maximum tolerable gate resis-
tance 10 €. draw the lavout of the structure w hile minimizing the drain junction capacitances.

18.4. In Fig. I1B.7. explain what happens to the ditferential amplifier if each of the design rules
Ap-Ays s violated.,

18.5.  The input differential patr of an amplifier 15 to be taid out as in Fig. 18.19 but with each half
device fe.g.. [/2M)) using four gate fingers. What is the minimum number of interconnect
layers required here?

18.6. Large integrated circuits may suffer from significant temperature gradients. Compare the
performance of the circuits shown in Fig. 13,21 and 18.22 in such an environment.

18.7.  Suppose polysilicon with silicide block has a sheet resistance of 60 /0 and a parallel-
plate capacitance of 100 aFfem- to the ubstrate, Also, assume that these parameters are
respectively equal w 2 K2/Z and 1000 aF/um- for the n-well. Determine which material
should be used 1o construct a 500-Q resistor if matching considerations require a minimum
poly width of 3 zom und a minimum n-wetl length of 6 ;em. Neglect fringe capacitances.

18.8.  Using the data in Table 17.1, calculat= € and Cp for each structure in Fig. 18.33 and identify
the one with minimum Cp/C. Neglect fringe capacitances,
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18.9. A meial 4 wire with a length of 1000 pem and width of 1 um isdrven by a source impedance
of 500 2. Using the data in Table 17.1 and assuming a sheet resistance of 30 m&2 Z, calculate
the delay through the wire and compare the result with the lumped time constant obtained by
multiplying the source impedance by the total wire capacitance.

18.10. Repeat Problem 18.9 if the width of the wire is increased to 2 um.

18.11. An interconnect having a length of {000 pum is required in a circuit. Using the data in
Table 17.1 and assuming that the sheet resistance of metal 1-3is 80 m©? T and that of metal
4 is 40 m /0, determine which metal fayer must be used to obtain the minimum delay,

18.12. Some new technologies use copper for interconnects because its resistivity is about half thay
of aluminum. Repeat Problem 18.11 with copper interconnects.

18.13. In the circuit of Fig. 18.50(a), (W/LY, = 100/0.5 and /p| = | mA. If tha substraie noise,
Vs, has a peak-to-peak amplitude of 30 mV, what is the effect referred to the gate of M?

18.14. Suppose two bond wires are placed 5 mm above ground with a center-to-center spacing of
1 mm,
(a) What is the total mutual inductance if each wire is 4 mm long?
{b) If one wire carries a 100-MHz sinusoidal current with a peak amplitude of 1 mA, what is
the voltage induced across the other wire?

18.15. In Problem 18.14b, what center-to-center spacing is required to decrease the induced voltage
by a factor of four?

18.16. In order to reduce the total bond wire inductance, a package uses 4 supply pads and 4 ground
pads. Suppose the self-inductance of each wire is 4 nH and the mutual inductance between
adjacent lines 2 nH. Neglecting mutual inductance between nonadjacent lines. calculate the
equivalent inductance of the supply and ground connections if (a) all of the supply wires are
placed next to each other and so are the ground wires, (b) every supply wire is placed next 1o
a ground wire.

18.17. The input bandwidth of high-speed circuits may be limited by the bond wire inductance and
the pad capacitance. Consider two cases: (a) the bond wire diameter is 50 .em and the pad size
100 um x 100 pm; (b) the bond wire diameter is 25 um and the pad size 30 pum x 50 pum.
If all other dimensions are constant. which case is preferable?
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